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Preface

Active MOSFET devices can be modeled by nonlinear current and charge sources
that depend on the device voltages. These nonlinear sources give rise to distortion
when driven with a modulated signal. When the input signal driven into the
amplifier semiconductor is increased, the output is also increased until a point
where distortion products can no longer be ignored. The harmonics and higher order
distortion of the output signal are generated by nonlinearities of MOSFET devices.

A highly-linear optical transmitter with fully-integrated broadband design lin-
earization capability is required to address linearity improvements. In response to
the need to correct the broadband distributed amplifier (DA)’s nonlinear distortion,
a number of DA linearization techniques have been developed. However, most of
the published DA linearization methods reported do not provide fully-integrated
distortion cancellation techniques with large third-order intermodulation (IM3)
distortion reduction.

In this book, we demonstrate a fully-integrated fully-differential linearized
CMOS distributed bidirectional amplifier that achieves large IMD3 distortion
reduction over broadband frequency range for both RF paths. The proposed
linearized bidirectional DA has the drain and gate transmission-lines stagger-
compensated. Reducing the DA IM3 distortion by mismatching the gate and drain
LC delay-line ladders. The proposed fully-differential linearized DA employs a
cross-coupled compensator transconductor to enhance the linearity of the DA
gain cell with a nonlinear drain capacitance compensator for wider linearization
bandwidth. The proposed linearized CMOS bidirectional DA achieves a measured
IM3 distortion reduction of 20 dB with frequency of operation from 0.1 to 9.5 GHz
and a two-way amplification of 5 dB in both RF directions. The proposed linearized
DA is implemented in 0.13 pm RF CMOS process for use in highly-linear UWB
communications.
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Chapter 1
Introduction

1.1 Motivation

RF photonics technology such as Radio-over-fiber (RoF) is a way to distribute
RF signals to base stations and Cable TV networks [3-5]. In RoF direct modu-
lation transmission systems, the input current of a semiconductor laser is directly
modulated by the information-bearing RF signal. Due to the nonlinear relationship
between the input current and the output optical power of the semiconductor laser,
distortion is introduced to the RoF transmission system.

Transmitter nonlinearity produces harmonics and intermodulation distortion
(IMD) products. Some of these products fall within the transmission band and can
degrade the RoF system performance. For good service quality, it is required to keep
the distortion below a certain level [6-8]. Cable TV networks requires a carrier
to distortion ratio better than 50 dB [6—8]. Other wireless services such as micro-
cellular and pico-cellular require a dynamic range up to 90 and 55 dB respectively
[6-9]. Thus making a highly-linear optical RoF transmitter necessary in order to
achieve the required signal dynamic range [10]. Linearization techniques are often
employed to the power amplifier transmitter to improve system performance.

Increasing demand for spectral efficiency in radio communications makes
multi-level linear modulation schemes, such as quadrature amplitude modulation
(QAM) and orthogonal frequency division multiplexing (OFDM), in more demand
[3-5,11]. However, the use of such linear modulation schemes have increased
the linearity requirements of RF components such as power amplifiers. Since
their signals’ envelopes fluctuate, these modulation schemes are more sensitive
to power amplifier nonlinearities, the major contributor of nonlinear distortion in
a transmitter. Therefore the power amplifier is required to process high data rate
non-constant envelope signals [11]. For achieving good power efficiency the power
amplifier should work around its compression point which makes the output signal
distorted nonlinearly. These nonlinear distortions generate in-band interferences
which results in amplitude and phase deviation of the modulated vector signal.
It also generates out-band interference in the adjacent channel creating spectrum

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 1
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_1, © Springer Science+Business Media New York 2012
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spreading. When a non-constant envelope signal goes through a nonlinear PA,
spectral regrowth broadening appears in the PA output causing adjacent channel
interference [11]. PA linearization is often necessary to suppress spectral regrowth
and reduce bit error rate (BER).

Active MOSFET devices can be modeled by nonlinear current and charge
sources that depend on the device voltages [12, 13]. These nonlinear sources will
give rise to distortion when driven with a modulated signal. The real MOSFET
device output impedance is nonlinear and the mobility w is not a constant but
a function of the vertical and horizontal electric field. We may bias the active
MOSFET device where the device behavior is more exponential. And there is also
an internal feedback so when the input signal driven into the amplifier is increased,
the output is also increased until a point where distortion products can no longer be
ignored [12, 14].

The harmonics of the output signal are generated by nonlinearities of the
MOSFET devices. The major three nonlinear elements of the MOSFET devices
are nonlinear transconductance g, the device drain capacitance C; and gate
capacitance Cy, [12,15] as shown in Fig. 1.1c. The real MOSFET devices generate
higher order distortion [12, 16]. Models are used to characterize the nonlinear
behavior of a semiconductor device in order to predict the resultant signal properties.
The simple polynomial approximation is a nonlinear transfer function based upon
the Taylor series expansion [15, 16].

Ideal RF power amplifier has an output signal that is a precise scaled copy of
the input signal. Unfortunately real amplifiers are characterized by some degree of
nonlinearity. No transistor is perfectly linear since the inherent nonlinearity of the
diode junctions that comprise many of the active devices found in most amplifiers.
Equivalent circuit of n-section CMOS distributed amplifier including nonlinear gen-
erators in the drain and gate lines is shown in Fig. 1.1a. Fully-integrated broadband
linearization techniques are required to address linearity improvements for UWB
communication such as bidirectional RoF systems [17, 18]. Traditional broadband
amplifiers only allow broadband amplification in one direction. However integrating
the bidirectional element into a linearized DA allows for broadband amplification
in both directions eliminating the need for RF switches that degrade performance
and increase insertion loss. The versatility of broadband distributed amplifier (DA)
configurations makes them useful for performing several circuit functions integrated
in RoF systems and wireless transceivers as shown in Fig. 1.1b, ¢ [19-22]. The
data-carrying RF signal is imposed on the lightwave signal for modulating light
before being transported over the optical link and then converted from optical to
electrical domain at the base stations or remote antenna unit before being amplified
and radiated by an antenna as shown in Fig. 1.1a. A mixer and oscillator components
are added to the remote antenna unit for RF signal processing as shown in Fig. 1.1a.
As can be depicted in Fig. 1.1b, an application of a CMOS bidirectional DA based
active circulator has port(1) and port(4) as input ports and port(3) and port(4) as
output ports.
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Fig. 1.1 (a) Application of CMOS distributed bidirectional amplifier integrated in bidirectional
radio-over-fiber remote antenna unit with RF downstream and IF upstream transmission. (b) Active
circulator based bidirectional distributed amplifier. (¢) Equivalent circuit of n-section CMOS
distributed amplifier including nonlinear generators in the drain and gate lines

In response to the need to correct the DA’s nonlinear distortion, a number of DA
linearization techniques have been developed and have been reported in literature
[10-23]. However, most of the published DA linearization methods reported do
not provide fully-integrated distortion cancellation technique with large third-
order intermodulation (IM3) distortion reduction. Since they involve system-level
linearization with bulky discrete components which is not suited for fully-integrated
circuit miniaturization. Due to the discrete component performance variation with
frequency, they suffer from limited linearization over broad bandwidth [10, 23].
Other DA linearization techniques involve circuit-level linearization, however they
have narrow linearized bandwidth and apply DC-based linearization technique only
[24,25].
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A CMOS DA based multi-tanh linearization technique is also reported in
literature [26]. However the CMOS DA based multi-tanh linearization technique
offered a limited 5dB IM3 distortion reduction only [26]. Another linearized
DA that has been reported in literature is a differential DA with circuit-level
feedforward linearization technique [27]. It operated over a very wide band from
0.1 to 12 GHz, however only simulation results were presented [27]. Lau and Chan
proposed a linearized DA that achieved a 10dB IM3 reduction over a limited
2.3 GHz bandwidth range [23]. Recently, Lu and Pham [28, 29] proposed a multi-
gated transistor (MGTR) topology based CMOS linearized DA. The MGTR-based
linearized distributed amplifier operated over a limited bandwidth of 4 GHz range
and had only a 11 dB IM3 reduction. Comparing the proposed CMOS linearized DA
in this work [30] to other published ones, the proposed linearized CMOS DA offers
a 20 dB IM3 distortion reduction with 9.5 GHz operational bandwidth and with the
least power consumption [30].

In this book, we demonstrate a fully-integrated fully-differential linearized
CMOS distributed bidirectional amplifier that achieves large IMD3 distortion
reduction over broadband frequency range for both RF paths. The drain and gate
transmission-lines were stagger-compensated. Reducing the DA IM3 distortion by
mismatching the gate and drain LC delay-line ladders. A CMOS cross-coupled
compensator transconductor is proposed, in Sect. 5.3, to enhance the linearity of
the DA gain cell with a varactor-based active post nonlinear drain capacitance
compensator for wider linearization bandwidth. The proposed linearized CMOS
bidirectional DA achieves a measured IM3 distortion reduction of 20 dB over ultra-
wideband from 0.1 to 9.5 GHz frequency of operation with a two-way amplification
of 5dB in both RF directions. It is implemented in 0.13 wum RF CMOS technology
with a silicon chip area of 1.5mm? for use in highly-linear UWB wireless
communication systems and in bidirectional RoF transmission as shown in Fig. 1.1a.

1.2 Book Research Objectives

The main objective of this book research is aimed at the broadband amplifier
linearization providing broadband linear amplification for use in UWB wireless
communication systems and bidirectional RoF transmission. The specific research
design goals in pursuit of the main objective are as follows:

1. The development of linearized CMOS stagger-compensated bidirectional dis-
tributed amplifier with 20 dB IM3 distortion reduction.

2. The development of a highly-linear CMOS cross-coupled compensator transcon-
ductor with enhanced tunability.

3. The application of linearization techniques to distributed circuit designs such as
power splitters, matrix amplifier and paraphase amplifier.
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1.3 Outline of the Book

The research objectives are introduced in Chap. 1. In Chap. 2, modulation schemes
effects on RF power amplifier nonlinearity and RFPA linearization techniques
are presented. In Chap. 3, distributed amplification principles and transconductor
nonlinearity compensation are presented. Various applications of linearized dis-
tributed circuit functions are presented in Chap. 4. Chapter 5 describes in detail the
proposed fully-integrated linearized CMOS bidirectional distributed amplifier and
the proposed highly-linear CMOS cross-coupled compensator transconductor with
enhanced tunability. Chapter 6 presents the proposed linearized CMOS bidirectional
distributed amplifier layout techniques and considerations. Chapter 7 presents
the proposed linearized CMOS bidirectional DA experimental test setups and
measured results. Chapter 8 draws conclusions of the book work and lists research
contributions.



Chapter 2

Modulation Schemes Effect on RF Power
Amplifier Nonlinearity and RFPA Linearization
Techniques

2.1 Introduction

In this chapter, RF modulation schemes effects on RF power amplifier nonlinearities
are presented. A review of various power amplifier RF linearization techniques are
discussed.

2.2 RF Modulation Scheme in Bandpass Radio
Communication Channel

In radio communications, modulation can be described as the process of conveying a
message signal by superimposing an information bearing signal onto a carrier signal
by varying the signal characteristic [31-33]. Modulation is the process of changing
a higher frequency signal in proportion to a lower frequency one or vise versa. The
higher frequency signal is referred to as the carrier signal and the lower frequency
signal is referred to as the information bearing message signal or modulating signal
[31-33]. The characteristics (amplitude, frequency or phase) of the carrier signal
are varied in accordance with the information bearing signal. These high-frequency
carrier signals can be transmitted over the air, over fiber or coax cable. The use
of high frequency signals will make the amplifier and antenna design easier for
effective radio design [32,33].

Figure 2.1 shows the up conversion of the complex-valued baseband signal
x’(t) to the passband then the transmission of the real-valued bandpass signal x(t)
through the communication channel [31]. After the bandpass signal goes through
the channel, a down-conversion of the bandpass output Y(t) into a complex-valued
baseband signal Y’(t) occurs. The baseband signal x’(t) is up-converted to the
bandpass signal by amplitude, phase or frequency modulation in order to transmit
it. The modulated bandpass signal x(t) can be described as

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 7
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_2, © Springer Science+Business Media New York 2012
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Fig. 2.1 A general universal illustration of a bandpass communication channel system
x(t)=A@t)cos Qrfot + ¢ (1)) (2.1

where f, is the carrier frequency, A(t) is the amplitude and ¢(t) is the phase
modulation.

The bandpass signal x(t) has an envelope bandwidth lower then the carrier
frequency f,. Using trigonometric identities, this signal can be re-written as

x (1) = I (t)cos 2nfut) — Q (1) sin 27 f,t) (2.2)
where I(t) is the in-phase component and Q(t) is the quadrature component
I (1) = A(1)cos [0 (1)] (2.3)
0 (1) = A(t)sin[0 (1)] 2.4)
Consequently, the bandpass signal x(t) can be re-written in complex form as
x (1) = A (1) cos [0 (t)] cos 2mfot) — A () sin [0 ()] sin @ fut) (2.5

x (1) = A(t)cos[2mfet 4+ 0 (1)] = Re [A (1) e/ Vel /el ] (2.6)
x (1) = Re[x' (1) e/27 /el 2.7)

where x’(t) is the baseband input signal and can be represented as

X'(@)=1@)+jo () (2.8)
X (1) = A(t)el?® (2.9)

Therefore, the real-valued bandpass input signal x(t) can be obtained from the
complex valued baseband input signal x’(t) as [31,33]

x (1) = Re {x' (1) e/ 2o} (2.10)



2.2 RF Modulation Scheme in Bandpass Radio Communication Channel 9

Antenna
cl
\ bata ! Channet ‘Broadcast
Baseband
Processor
(Data Information)
QData

Amplify to broadcast the
Data-carrying
signal

Modulator H
Add data info to carrier:
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where f, is the carrier frequency. Similarly, the baseband output signal y’(t) can
be obtained from the bandpass output signal y(t) through demodulation process
26_/ 2”.f0t .

The communication channel can be linear or nonlinear. The choice of a modula-
tion scheme depends on the physical characteristics of this channel, required levels
of performance and hardware trade-offs [33].

2.2.1 Ideal Radio Transmitter

As shown in Fig. 2.2 the baseband processor converts the information we want to
send into data. The data can be either analog (continuously varying) or digital (in
discrete states) in format [31,33,34].

An ideal radio quadrature upconverter transmitter generates a high-frequency
carrier for the data information to ride on. To do this we use a component called
an oscillator as shown in Fig. 2.2. Ideal radio quadrature upconverter transmitter as
shown in Fig.2.2 has an oscillator that converts DC bias into a radio-frequency
carrier. Then the carrier is combined with the data using a component called
a modulator [32-34]. The data adjusts or modulates the characteristics of the
carrier (amplitude, frequency or phase) in a controlled manner. The third step is
to increase the signal strength with a power amplifier so that it can be detected by
the receiver. The output of the power amplifier feeds an antenna which broadcasts
the information carrying signal into the air. It also can be transmitted through other
communication mediums such as fiber or coax cable [32-34].

2.2.2 RF Power Amplifier Linearity for Non-Modulated Signal

Active MOSFET devices can be modeled by nonlinear current and charge sources
that depend on the device voltages [12, 13]. These nonlinear sources will give rise
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to distortion when driven with a modulated signal. The real MOSFET device output
impedance is nonlinear and the mobility | is not a constant but a function of the
vertical and horizontal electric field. We may bias the active MOSFET device where
the device behavior is more exponential. And there is also an internal feedback
so when the input signal driven into the amplifier is increased, the output is also
increased until a point where distortion products can no longer be ignored [12, 14].

No transistor is perfectly linear since the inherent nonlinearity of the diode
junctions that comprise many of the active devices found in most amplifiers. The
harmonics of the output signal are generated by nonlinearities of the MOSFET
devices. The major three nonlinear elements of the MOSFET devices are nonlinear
transconductance g,,, the device drain capacitance C; and gate capacitance Cgg
[12,15]. The real MOSFET devices generate higher order distortion [12,16]. Models
are used to characterize the nonlinear behavior of a semiconductor device in order
to predict the resultant signal properties [15, 16].

Power amplifiers can be classified in to two categories, linear and nonlinear. Lin-
ear power amplifiers preserve amplitude and phase information where as nonlinear
power amplifiers only preserve phase information [32,33]. Linear power amplifiers
employ transistors as current sources with high impedance. Nonlinear power am-
plifiers employ transistors as switches with low impedance. Linear power amplifiers
can drive both broadband and narrowband loads. Nonlinear power amplifiers usually
drive a tuned circuit narrowband load. Models are used to characterize the nonlinear
behavior of a semiconductor device in order to predict the resultant signal properties.
The simple polynomial approximation is a nonlinear transfer function based upon
the Taylor series expansion. Typically the first-order (gain), second-order (squaring)
and third-order (cubing) terms are considered [15, 16].

Power amplifier device nonlinearity can be modeled by a polynomial [14,35]

N
vo(t) = f i) = apvi(t) + avi(t) + asvi(t) + ---ayv) (1) = Y anv (1)
n=1

(2.11)
Applying a single-tone RF signal to the power amplifier transistor

vi(t) = Ajcos (wot + ¢1) (2.12)

vo(t) = ay Ay cos (wot + ¢1) —l—azAl2 cos® (wot + 1) ++-- +a, A7 cos” (wot + ¢1)
(2.13)

Writing out the response v, (¢) by performing trigonometric expansion [36,37]

2 2

vo(t) = a1 Ay cos (wot + @) + az?1 — a27‘ cos’ 2wot + 2¢1)

a7, 347
+a3T cos” (Bwyt + 3¢1) + a3T cos” (wot + ¢1) (2.14)
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Table 2.1 One tone signal
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2
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3
as % cos? Bw,t + 3¢1) Third harmonic distortion
3
as %L cos? (w,t + ¢1) (AM AM and AM PM)
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Fig. 2.3 Output spectrum of a power amplifier that includes the desired fundamental signals as
well as the spurious products created by intermodulation distortion

Another method of testing power amplifier linearity is the two-tone method
with two closely spaced fundamental signals tones applied to the test amplifier
(Table 2.1). The amplitude is increased until the third-order cross-product produces
a signal above the noise floor [32-34].

As shown in Fig. 2.3 the result of applying two tones to amplifiers that exhibit
a degree of nonlinearity is intermodulation distortion (IMD) and third-order har-
monics grouped in harmonic zones. As can be depicted from Fig. 2.4 that the third
order intermodulation products (2 f; — f») and (2 f, — f1) are the main contributor
to distortion in that they are very near the fundamental tones and are not filtered out
as is the case of the second order intermodulation products ( fi — f2,2f1, f1 + f>
and 2 f>) [32-34].

Typically the third-order intermodulation distortion product (IM3) are of most
concern since distortion products which are far away in frequency from the desired
output can be removed by filtering as shown in Fig. 2.4 [32-34].

Applying a two-tone RF signal to the power amplifier

vi(t) = vcos(wit) + vcos (wat) (2.15)

The two-tone signal covers the complete dynamic range of the amplifier

(Table 2.2). The amplifier output is a power series expansion up to the fifth-order is
given by Rogers and Plett [32]

2 3 4 5
Vo = ayvi + avi + azv; +agv; +asvy --- (2.16)

The output voltage with two-tone signal
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Fig. 2.4 Intermodulation products falling in-band
Vo(t) = ayv[cos (w11) + cos (wyt)] + av? [cos (wit) + cos (wa1)]?
+a3v’ [cos (w11) + cos (wa1)]> + asv* [cos (wi1) + cos (wat)]*
+asv° [cos (w1 1) + cos (wa1)] (2.17)

Figure 2.5 shows a plot of IM3 versus P;, and P,,, versus P;,. If the 1:1 slope
line of the fundamental Pout and the 1:3 slope line of the third order intermodulation
product are extended, they will intersect at a point called IP3, the third-order
intercept point. IP3 is an approximation because the slope assumption is not truly
valid outside the linear region. The higher the IP3 point the less distortion at higher
power levels. In the linear part of Fig. 2.5, the Pout versus Pin curve has a slope of
1:1. The P1dB point which is the power where the gain drops by 1 dB compared to
the linear gain was another way to characterize power amplifiers [32—-34].

In the nonlinear region in Fig. 2.5 higher efficiency is gained over 50%, however
distortion is increased significantly. Constant amplitude modulation schemes like

AMPS or FM radio use saturated power amplifiers that are more efficient than linear
ones [32-34].
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Table 2.2 Two tone signal
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Dynamic range is the signal range in which the signal can still be processed with
high quality. It is the signal range whose lower limit is defined by the sensitivity
level and whose upper limit is defined by the acceptable maximum level of signal
distortion [32-34]. SFDR (spurious free dynamic range) can be found from the two
linear equations (2.18) and (2.19) for the harmonic and third-order intermodulation
product where MDS is the minimum detectable signal [33].

SFDR = /3 (IIP3 — MDS) (2.20)

All amplifiers have maximum output power capacity which is called saturation
output power. There are a number of ways to specify the nonlinear behavior of a
power amplifier. One method of defining amplifier’s linearity is third-order intercept
point (IP3) [32-34]. This method relies on a figure of merit that is determined by
graphical extrapolation of amplifier data taken well below saturation. The IP3 is a
theoretical point obtained by extending the two functions until they intersect. If an
amplifier was operated at a given level below this third order intercept point then its
linear performance was considered adequate. Figure 2.5 is a plot of the output versus
input transfer function of the power amplifier whose desired fundamental outputs
(f1 and f) describe a function with a slope of one. The third order intermodulation
products are also plotted in Fig.2.5. The output level continues to increase with
an increase of input power until a point is reached where output device begins to
saturate resulting in a gradual roll-off of output power.

When the actual output power level differs by 1 dB compared to the ideal output
value, the P1dB compression point is reached. In other words, P1dB is the output
power level point at which the gain is 1 dB compressed. The P1dB is another main
power amplifier identification parameter. The higher the intercept point, the better
the amplifier is at amplifying large signals [32-34]. However, with variety of new
modulation methods, the P1dB compression point is not enough for power amplifier
performance prediction [32-34].

IIP3 can be described by

APp
IP3 48, = Pinjam + |

2.21)

IP5 may be determined using the two-tone test as well. Similar to IP3 equation,
IP5 can be described by

APy
IP5\4gm = Pinjapm +

(2.22)

2.2.3 RF Power Amplifier Linearity for Modulated Signals

The new generation of mobile communication technologies employ linear mod-
ulation (QPSK, QAM) and wide bandwidth for increasing bit rate and spectrum
efficiency. Therefore the power amplifier is required to process high data rate
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Table 2.3 Different PAR
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non-constant envelope signals. For achieving good power efficiency, the power
amplifier should work around its compression point however making the output
signal distorted nonlinearly [38,39].

Spectrally efficient modulation schemes in wireless systems non-constant enve-
lope signals have high peak to average power ratio. These modulation techniques
require a highly linear PA to process high data rate non-constant envelope signals.
In general the higher the data rates the higher the peak to average power ratio (PAR)
[2]. High peaks can cause the power amplifier to move toward saturation. This
causes intermodulation distortion which generates spectral regrowth as shown in
Fig.2.6. Spectral regrowth is a condition that interferes with signals in adjacent fre-
quency bands and can be reduced by using power amplifier linearization techniques
[38,39]. Table 2.3 shows the different PAR values for different modulated signal
types [1]. The PAR is a strong function of the type of modulation. For 1 dB of PAR
that means operating the power amplifier at 1 dB lower power or power back-off
which is not as power efficient [40].

Power peaks develop in wireless digital communication signal such as CDMA
waveforms [2, 38, 39]. A wireless digital communication signal is generated from
a quadrature modulator as shown in Fig.2.6. The waveform is composed of an I
waveform and a Q waveform and these waveforms are the summation of multiple
channels. Whenever the channel waveforms simultaneously contain a bit in the same
state a high power peak occurs in the summed waveform as shown in Fig.2.6.
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The I and Q waveforms combine in the quadrature modulator to create an RF
waveform [38,39]. The magnitude of the RF envelope is determined by the I squared
plus Q squared modulator equation where the squaring of I and Q always results in a
positive value. The simultaneous positive peaks in the I and Q waveforms combine
to create a greater peak as shown in Fig. 2.6.

Power amplifier nonlinearity effects over modulated signals are out-of-band
distortion and in-band distortion effects. The out-of-band distortion effects produces
a spectrum widening which results in higher ACPR (Adjacent Channel Power Ratio)
value. The in-band distortion effects produces a constellation distortion which
results in higher BER (Bit Error Rate).

2.2.4 RF Power Amplifier Spectral Regrowth: Out-of-band
Distortion

Adjacent-channel power ratio is the linearity figure-of merit for wireless commu-
nication systems employing non-constant envelope modulation techniques such as
QAM and I1/4-DQPSK [38, 39]. These linear modulation techniques, although
spectrally efficient, produce modulated carriers with envelope fluctuations. This
envelope fluctuation results in signal distortion and spectral spreading when the
modulated carrier is passed through a saturated RF power amplifier.

RF power amplifier nonlinear effect impacts the CDMA signal’s out of band
emission levels. A general mathematical model of a CDMA signal’s spectrum, s(t)
can be described as [38,39,41,42]

s (1) = /2x (t) cos 2 fot + 0) (2.23)

where x(t) is a base-band white Gaussian process with phase 6.

The input—output relationship can be approximated using Taylor polynomial of
the input signal for a weak nonlinearity. A general mathematical model of a RF
power amplifier can be described as [41,43]

y(t)=F (s(t) =ais(t) +ass’ (1) (2.24)

A nonlinear power amplifier transfer function leads to odd-order intermodulation
products. These third-order intermodulation products cause distortion. Only the
odd-order terms in the Taylor series are considered. The effect of spectra generated
by the even-order terms on the passband are negligible since they are at least f.
away from the center of the passband.

Coefficient a; describes the linear gain of the amplifier and a3 is the nonlinear
coefficient. For a linear power amplifier the expression for the a; and a3 coefficients
can be expressed as [41,43]

a; = 10% (2.25)
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and

—1P3

as; = %10( 10 +3% (2.26)

Coefficient a3 is by far the major contributor to the distortion in a power amplifier
since it’s product appear around carrier frequency f.
The spectrum P, (f) of the RF power amplifier can be expressed as [41,43]

Py (f) = [P0—6P 1070 + 9P 10—*']
3 2
T [6B —(f= 1) ] f—fil<B (27
Py(f) = @P 107 (3B — |f = fe)>.B<|f—f|<3B (2.28)
Py(f)=0 (2.29)
when
3B < |f — f.| <3B (2.30)

Using the results from P, (f), the emission power level within the band P73 can
be described as [43,44]

Piws = /f TR (N df = P10 [3B- £ - 3B 1] @31

IP3 can be expressed in terms of Pjs3 as [38,39,44]

Pius (fi — f) B®
Pius [(3B — ) = 3B - f2)]

IP3 = —5log + 22.2dBm (2.32)

Equation 2.32 describes IP3 in terms of the out-of-band emission power of
a CDMA signal power amplifier [43]. Figure 2.7 Effects of PA nonlinearity on
adjacent channel power ratio. Figure 2.8 shows the predicted output power spectral
density (PSD) spectrum for CDMA signal of an RF power amplifier and its
distortion effects. A nonlinear power amplifier transfer function leads to odd-order
intermodulation products in which these third-order intermodulation products cause
spreading of the distortion. These effects lead to spectral regrowth in adjacent
channels [38, 39, 44].

Adjacent Channel Power Ratio (ACPR) is defined as the ratio of the main channel
output power to the power in the adjacent channel [38,42]. ACPR helps in deter-
mining the amount of signal energy leaked from the main channel to the adjacent
channel and is used in testing of CDMA-based communication systems [45].
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High crest factor can be defined as [38,39,44]
P
£ = IOIOg( peak ) (2.34)
P average
ACPR = —20.75dB + 1.6§ + 2 (P;, — I P3) (2.35)

RF power amplifier linearization techniques can enhance the overall system
response of non-constant modulated signals by reducing ACPR in the PA output
power spectral density.

2.2.5 Error Vector Magnitude Signal Modulation Quality:
In-band Distortion

For achieving good power efficiency, the power amplifier should work around
its compression point which makes the output signal distorted nonlinearly. These
nonlinear distortions generate in-band interferences which results in amplitude and
phase deviation of the modulated vector signal. In band interference causes errors
in the symbol vectors. While ACPR describes the effects of nonlinearity on other
channels, the error vector magnitude (EVM) is used to analyze in-band distortion
[46]. EVM is the measure between the ideal reference target symbol vector and the
transmitted measured symbol vector as shown in Fig. 2.9. Signal and error vectors
are defined in the I-Q constellation diagram. EVM is defined as a percentage of
peak signal level, it measures the modulation quality of the signal and indicates
modulation accuracy.
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The ratio of the error vector magnitude to the original symbol magnitude defines
the EVM as

EVM = £ (2.36)
P,
where E is the error vector and P, is the transmitted measured symbol vector. An
unimpaired 16-QAM digitally modulated signal would have all of its symbols land
at exactly the same 16 points on the constellation over time. Real-world impairments
cause most of the symbol landing points to be spread out somewhat from the ideal
symbol landing points as shown in Fig. 2.9a.

2.3 Role of RF Power Amplifier Linearization Techniques

This section will discuss techniques for the cancellation of power amplifier dis-
tortion that are also known as linearization. Linearization of power amplifiers for
radios, using advanced modulation schemes with large peak-to-average ratios, is
important in achieving high efficiency as shown in Fig.2.10. Many linearization
techniques have been developed to improve power amplifier linearity and to
decrease adjacent channel interference ACPR [44]. The basic idea is to run the
power amplifier as close to saturation as possible to maximize its power efficiency,
and then employ some linearization technique to suppress the distortion introduced
in this near saturated region [35].

There are many linearization techniques for minimizing power amplifier nonlin-
ear distortion. Linearization can be conducted at either circuit-level or sub-system
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Fig. 2.10 Role of linearization techniques
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level. Linearization techniques such as RF power amplifier power Back-off, RF
predistortion, feedback and feedforward are often used. Here is a brief review of
the major techniques for improving power amplifier linearity [35].

2.3.1 RF Power Amplifier Power Back-off

A simple way to improve power amplifier linearity performance is the Back-off
operation [35]. To reduce distortion to an acceptable level one must operate the
power amplifier at reduced power level (back-off from saturation). The back-off is
the distance between the saturated point and the average power level. Increasing the
back-off of the power amplifier means that the signal is contained better in the linear
range, and thus the effects of nonlinearities are reduced. However, power efficiency
is reduced as well. When a power amplifier is driven with decreased input power,
the linearity of the power amplifier is improved as shown in Fig.2.11.

Input Power = IP145 — IBO (2.37)

The benefits of the Back-off linearization technique is that it is simple. However,
output back-off results in poor efficiency of DC-to-RF power conversion. Since
efficiency has a high impact on cellular units talk time, allowances for output
back-off have significantly been reduced [35]. So a trade off between efficiency
and linearity must be made. Linearization techniques prove to be the best solution
in order to improve power amplifiers linearity without having negative impact on
efficiency as shown in Fig. 2.10.
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2.3.2 RF Power Amplifier Feedforward Linearization

The feedforward linearization technique was invented by H. S. Black and has since
found applications in many communication systems [35] and [47]. The feedforward
linearization architecture is shown in Fig.2.12 and it is based on splitting the input
signal x(t) into two branches. In the main branch the input signal x(t) is amplified
by the main power amplifier yielding the PA output z(t). In the secondary branch
the PA output z(t) is scaled and compared with the original input x(t) [35].

The resulting error signal e(t) goes through a second PA known as the error
PA. After the error signal e(t) is obtained it is amplified and subtracted from the
delayed output of the main PA. Since the error signal e(t) is the nonlinear distortion,
removing it from the PA output linearizes the PA [35].

The following equations describes the feedforward linearization. Once the PA
output z(¢) is attenuated to the same level of the input signal x(¢) by Webster and
Parker [35]

) =320, (2.38)

then obtaining the distortion by comparing z1(¢) with the input signal x (¢)
e(t) = x(t) = z1(t) = x(t) — X/ (2.39)

The distortion can be amplified with the auxiliary error PA and subtracted from
the original PA output as shown in Fig.2.12

y(t)=1z(t) +e(t)- Ap = z(t) + [x(t) - szl_t):| <Ay = Ag - x(1) (2.40)
0

Feedforward linearization is stable however it suffers from poor efficiency since
an auxiliary error PA is needed.
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2.3.3 RF Power Amplifier Cartesian Indirect Feedback
Linearization

Many types of feedback linearization techniques exist including cartesian feedback
and polar feedback [7, 35, 48]. Cartesian feedback linearization technique is based
on feedback control system [7].

In cartesian feedback linearization as shown in Fig.2.13 [2], the distorted PA
output is fed back through an I-Q demodulator to build two negative feedback loops
[49]. The distorted RF signal from the antenna is split into distorted Cartesian
components I’ and Q’ [35]. The undistorted I and Q signal from the input and
the distorted I’ and Q’ signal from the antenna are fed into differential amplifiers.
The differential amplifiers compare two input signals and the amplified error signal
e(s) are up-converted to an RF signal using a modulator. Because the feedback
technique takes the output of the power amplifier as a reference during the correction
process and it overcomes the behavior variation of the power amplifier [35]. The
main objective of the cartesian feedback is to keep feedback phase ¢ aligned with
the input signal phase. Cartesian feedback technique is simple and power efficient
however it suffers from limited bandwidth [2, 35, 50].
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2.3.4 RF Power Amplifier Polar Feedback Linearization

Like cartesian feedback the polar feedback linearization technique is a baseband
feedback scheme [47,51]. The polar feedback uses the magnitude and the phase of
the PA output signal as feedback signals opposed to the cartesian feedback which
uses inphase and quadrature signals [35, 52]. It seems more appropriate to use the
envelope signal as one of the feedback signals because the distortion (AM/AM and
AM/PM) is directly related to this signal [35,47,51,52].

First the output from the PA is down converted to an intermediate frequency as
shown in Fig. 2.14. Then the envelope of the signal is extracted. This is carried out
by mixing the signal with an amplitude limited version of itself [35]. The amplitude
of the input signal and the PA signal is subtracted to calculate the amplitude error.
This signal is fed into the power regulator of the PA where the amplitude is adjusted.
The phase error is calculated by the phase detector and used to adjust the phase of the
VCO. This way the phase distortion of the PA is compensated by a phase change in
the VCO. Polar feedback linearization technique provides relatively high efficiency
since the power amplifier can operate completely nonlinearly [35].

2.3.5 RF Power Amplifier RF Predistortion Linearization

RF Predistortion is a popular linearization technique [53], it actively tracks and
applies an inverse to the amplifier nonlinearity [11]. If the amplifier exhibits a
gain compression the predistortion linearizer is designed to have a gain expansion



2.3 Role of RF Power Amplifier Linearization Techniques 25

a \L/
Baseband | % quad Analog
Data Q— Modulation Predistorter
LO
b &/
Baseband | ™ Quad Digital @
Data Q— Modulation Predistorter|
LO
) T
Baseband | % quad : Post :
Data Q— Modulation : distortion | :

...............................

Fig. 2.15 RF power amplifier RF predistortion linearization

characteristic. The linearizer can be either active, passive, shunt or series [35].
As input power is increasing it will absorb less power to compensate the power
gain roll-off of the following PA. When the input power is decreasing the effect is
reversed. The fundamental principle of these predistortion techniques is to adjust
the amount of input power [6].

An RF predistortion system uses an active or passive analog nonlinear element
operating at the radio carrier frequency to generate the predistorted signal as shown
in Fig.2.15. IF predistortion implements the predistortion at some intermediate
frequency allowing the system to be used at a number of different carrier frequencies
[18]. Another implementation of predistortion is baseband predistortion where the
inverse transfer function is applied prior to upconversion of the signal.

A possible simplified implementation of adaptive digital predistortion is shown in
Fig.2.16 [2]. Adaptive digital predistortion solves the problem of power amplifier
variations in RF predistortion. It maintains a dynamically updated model of the
power amplifier. Adaptive digital predistortion has an advantage of not suffering
from bandwidth limitations incurred by feedback techniques [35,54]. A comparison
of different RF power amplifier linearization techniques is shown in Table 2.4
[2,35,52].
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Table 2.4 Comparison of different RF power amplifier linearization techniques

Linearization Linearization Compensation Control

technique performance  bandwidth Cost Issues applied at

Feedforward Good Wider High Low efficiency Output

Cartesian indirect Moderate Narrow Moderate Reduced gain Input
feedback stability

Analog RF Low Wide Low Reduced gain Input
predistortion

Digital Moderate Wide Moderate Easy to control Input
predistortion depends on DSP

Polar feedback Moderate Wide Moderate Reduced gain Input

2.4 Radio-over-Fiber for Wireless Communication

Radio-over-Fibre (RoF) is a technology that integrates radio and optics [4,5]. Radio
transmission over fiber is used in cable television networks and in satellite base
stations. The RoF system generally consists of commonly used components such as
light sources, modulators, photo-detectors and optical fibers [3,6,7].

In RoF architecture, light is modulated by a data-carrying radio signal and
transmitted over an optical fiber link as shown in Fig. 2.17. RF signals are optically
distributed to base stations directly at high frequencies and converted to electrical
domain at the base stations before being amplified and radiated by an antenna
[3-8]. In IF-over-Fiber architecture, an IF (Intermediate Frequency) radio signal
with a lower frequency is used for modulating light before being transported over
the optical link as shown in Fig. 2.18.

Some of the advantages of RoF system are low attenuation, lower cost and low
complexity [3, 4, 6,7, 55]. In the basic RoF transmitter design, light intensity is
modulated by the (modulated) RF signal, either directly modulating the laser current
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or by applying an external modulator. Typically direct modulation is available
for frequencies less than 1 GHz. External modulators such as the MachZehnder
modulator are used for higher frequencies such as 1 GHz as shown in Fig. 2.19 but
at additional cost [3,5-7]. At the receiver side, the intensity of the transmitted RF
signal guided by the optical fibre is detected with the aid of a photodetector and such
a process is commonly referred to as intensity-modulation direct-detection (IM/DD)
[6-8].

In RoF the optical fiber is used to carry RF signals. Since RoF involves detection
of light, it is fundamentally an analog transmission system. Although the RoF
transmission system itself is analog, the radio system being distributed does not
have to be analog as well. It may be digital using comprehensive multi-level signal
modulation formats such as QAM or Orthogonal Frequency Division Multiplexing
(OFDM). RF communication systems use advanced forms of modulation to increase
the amount of data that can be transmitted in a given amount of frequency spectrum
by combining multiple single-carrier into a single transmitter such as OFDM [3, 5].
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Radio technologies such as ultra wideband (UWB) are able to provide high bit-rates.
UWB ROoF utilize OFDM modulation scheme for high rate networks with data rates
reaching up to 480-Mbps [3,4,6,7,55].

However, combining several carrier signals within the transmitter power ampli-
fier creates large variations in the instantaneous output power, a condition described
as high peak-to-average ratio (PAR) [3, 5]. Signal impairments such as distortion,
which are important in analogue communication systems, are important in RoF
systems as well. Large PAR can generate performance degradation and transmitter
power amplifier may exhibit nonlinear behavior as a result of the high PAR. These
impairments tend to limit the dynamic range of the RoF links. Dynamic range is
an important parameter for wireless communication systems because the power
received at the base station varies widely [3-5, 55].

In applications requiring a linear PA due to PAR, back-off from the peak power
point must be applied to avoid clipping the waveform. Another way to minimize
distortion is to apply power amplifier linearization techniques.

2.5 Summary

In this chapter, RF modulation schemes effect on RF power amplifier nonlinearities
was presented. RF power amplifier linearity for non-modulated and modulated
signals was presented as well. RF power amplifier spectral regrowth out-of-band
distortion and in-band distortion was discussed. A review of various power amplifier
RF linearization techniques such as feedforward, cartesian feedback, polar feedback
and RF predistortion were discussed.



Chapter 3
Distributed Amplification Principles
and Transconductor Nonlinearity Compensation

3.1 Introduction

In this chapter, analysis of the distributed amplification principles are presented in
this chapter. Different linearized transconductors to compensate for the nonlinearity
are also presented.

3.2 Distributed Amplification Principles

A distributed amplifier is recognized as one of the most popular broadband amplifier
designs. A detailed paper by Ginzton et al. [56] turned Percival’s patented concept
of distributed amplification into an actual implementation. A high gain-bandwidth
product is usually the aim in amplifier design. The gain-bandwidth product is
proportional to transconductance over capacitance and is defined as [16,46,57-59]

gm
G-Bw =22 3.1
C @-1)

3.2.1 Additive Distributed Versus Product Cascaded
Amplification

In a cascaded amplifier system, if the amplifier stages are identical, the overall
bandwidth of N stages f, is related to single stage 3 dB bandwidth f; by Refs.
[16,57-59]

fi

f =083 x ﬁ (3.2)

where N is the number of amplifier stages and f, the overall bandwidth of N stages.

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 29
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_3, © Springer Science+Business Media New York 2012
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The gain-bandwidth product GBP of a single stage in a cascaded amplifier system
is given by Refs. [16,57-59]

8m

GBP =
ZJTCD

(3.3)

where g, is the amplifier transconductance.
The gain A; of a single stage and the GBP in a cascaded amplifier system is given
by Refs. [16,57-59]
A; x fi = GBP (3.4)

The gain A, of N stage cascaded amplifier system is given by Refs. [16,57-59]

GBP)N (0.83xGBP)N
— ) = (3.5)

Ji VN f,
When the number of stages N is increased in a cascaded amplifier system the

gain increases however the bandwidth decreases.
For a distributed amplifier the gain is calculated as follows [46,57,60,61]

Ay = (A)Y = (

N mZ()
4= Y8mLod (3.6)
2
where Z,, is given by
1
Log = ———— 3.7
od ZJTCd fc ( )

For the distributed amplifier the gain is proportional to the number of stages and
the bandwidth increases as well. Distributed amplification allows operation beyond
cut-off frequency [57,60-62]. The gain-bandwidth product of a distributed amplifier
is limited by fi,.x and can be shown to be [57] Fig. 3.2.

A. fiap = 0.8 finax (3.8)

where f145 is the frequency at which the gain falls 1 dB below nominal bandwidth.
The maximum available power gain cut-off frequency fiax is given by Wong [57]

Jr

fmax = (3.9
2 /R
Rys
where f7 is the unity current gain cut-off frequency and it is given by
8&m
= 3.10
Jr 2wCys (3.10)

where g, is the device transconductance and the Cg; is the device gate capacitance.
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Combining amplifiers in parallel does not help as it increases the total capac-
itance. MOS devices have capacitive input and output impedances as depicted in
Fig.3.1. However, these capacitances can be incorporated in or counted as capaci-
tors in a transmission-line. A physical structure that guides an electromagnetic wave
from place to place is called transmission line [57,60]. A low-pass transmission-line
can easily be constructed of inductors and capacitors and two transmission-lines can
be coupled by amplifiers as can be seen in Fig. 3.1. Input and output capacitances of
the amplifier can be used to replace the transmission-line capacitors [57,60,61].

Conventional distributed amplifiers use low-pass w-sections to form an artificial
transmission line topology (Fig.3.1). Amplification gain stages are connected so
that output currents are combined in an additive manner at the output terminal [57,
60, 61]. The advantages of a distributed amplifier topology are its wide bandwidth,
flat gain and compact size. It Provides a good isolation from output to input resulting
in a stable amplifier configuration with no oscillation tendency. It also Provides a
good input and output match so gain stages can be cascaded. The disadvantages
of the distributed amplifier topology are its higher power consumption and lower
efficiency.
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The artificial transmission-line topology enables distributed amplifiers to have
wider bandwidth [57, 60, 61] Fig. 3.2. Transmission-line capacitors, in conjunction
with inductors coupled by the transconductance of the FETSs provide a propagating
medium in which signal waves can travel [63]. If these artificial transmission-lines
are well designed, the maximum operating frequency of the amplifier would be
limited by the cut-off frequency of the transmission-line [57,60,61]

1
fom 3.11
a~LC ( )

where L is the transmission-line lumped series inductance and C is the lumped shunt
capacitance per section.

The transconductance networks isolate the shunt capacitance of the transistors
from one another. The capacitances form the integral parts of a filter structure,
whose bandwidth is determined by the amount of inductance and capacitance
of the filter section. The gain can be increased by introducing more and more
sections. We can now trade delay, rather than bandwidth, for gain. As the RF input
signal travels down the gate transmission-line, each FET transistor is excited by
the traveling power wave and transfers the signals to the drain line through its
transconductance [57,60,61].

If the phase velocities on the gate and drain lines are equal, then the power signals
on the drain line add in the forward direction and an RF output signal is generated
[61,64-66]. The waves traveling in the reverse direction are absorbed by the drain
line termination [21, 57, 60, 61]. Artificial transmission-lines are usually modeled
by cascading T-sections as shown Fig.3.3a. This structure is usually referred to
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Fig. 3.3 (a) Constant-k T-sections (b) m-derived T-sections

as low-pass Constant-k T-section filter. Constant-k T-section transmission-lines
are matched to a load using an m-derived section in order to provide constant
Z-impedance over a wider range as can be seen in Fig.3.3b. The parameter m
is usually equal to 0.6 and is identified as a practical rule of thumb value. An
m-derived section with parameter m equal to 1 corresponds to a constant-k T-section
[57,60,61].

The image impedance Z;, for a reciprocal symmetric two-port, can be defined
as the impedance looking into port 1 or 2 of a general two-port network when the
other terminal is also terminated in Z; [67]. To achieve an impedance match over a
broad range, the load and source impedance must be transformed into the image
impedance Z;. The m-derived section serves this purpose well. The m-derived
impedance matching network provides an improvement to the variation over the
broadband frequency. It can also be used to match directly to Z, = 50 2. The
impedance looking into the gate and drain line when transformed by the m-derived
section is approximately constant over a broad range of frequencies [57,60,61].

3.2.2 Lumped Constant Delay Line Characteristics

Transmission lines that are designed to intentionally introduce a time delay in the
path of an electromagnetic wave are known as delay line. Delay lines are made
of lumped elements of L and C. The inductors are connected in series and the
capacitors are connected from the junctions between inductors to the ground. The
parasitic L and the C from the transistors are used as well. The lumped constant
delay line can be considered as a special purpose low pass filter composed of
series inductors and shunt capacitors used to delay (phase shift) the input signal
by a specified increment of time (degrees). Time delay can be realized with lumped
LC delay-lines. The delay of the line, 7, is a function of the total inductance and
capacitance [57,60,61].

The LC artificial transmission line time delay of each section as shown Fig. 3.4
can be expressed as inductance and capacitance per section [46,57,60,61,67-69]

T, = VLC (3.12)
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where L is the transmission-line lumped inductance and C is the lumped capacitance
per section.
The input and output delay lines are designed to achieve a characteristic

impedance of [46,57, 60,68, 69]
Zo =Y (3.13)

The phase velocity of the LC delay lines can be expressed as [46,57, 60, 68, 69]

1
= — 3.14
K VvLC G-19

The LC delay line also forms a low-pass filter whose cutoff frequency is [46, 57,

60, 68,69] .
.= (3.15)
% w~ LC

The propagation constant of the LC delay lines is in general a complex quantity
and so may be defined as [46,57,60,68,69]

y=a+jp (3.16)

« is called the attenuation constant and is measured in decibels or nepers per unit
length of the transmission line. The propagation constant y is a measure of the phase
shift and attenuation per unit length along the line. 8 known as the phase constant
is the phase shift per unit length of transmission line and is measured in radians per
unit length of this line [46,57, 60, 68, 69].

B =27, (3.17)
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where A is the distance along the line corresponding to a phase change of 27 radians.
The phase constant j is expressed as [46, 57,60, 68, 69]

B =wVLC (3.18)

The propagation velocity on the line or phase velocity of a wave is the rate at
which the phase of the wave propagates in space. The phase velocity is given in
terms of the wavelength (lambda) and period T or inverse of time delay [46, 57, 60,

68, 69] )
1
Vpm o= = (3.19)
r g JLC

The input voltage can be described as [46,57, 60, 68, 69]
v(t) = Vcos(wt) (3.20)

where o is the angular frequency (rad/sec).
The traveling wave can be described as [46, 57,60, 68, 69]

v(z,t) = V cos(wt — fBz) (3.21)

where f is the propagation constant (rad/m).
If the line is terminated in characteristic impedance, the traveling wave voltage
distribution on the line will be reduced due to attenuation [46,57, 60, 68, 69].

v(z,t) = Ve * cos (ot — Bz) (3.22)

where « is the attenuation coefficient (nepers/meter).
A phasor can be used to represent the amplitude of a sinusoidal voltage. This
phasor does not include any frequency representation [46, 57,60, 68, 69].

v(z,t) = Ve *cos (wt — Bz) = Re (Ve_“ze_jﬂzej“”) (3.23)

The voltage wave traveling down the lumped constant delay line, as shown
Fig. 3.4, is continuously attenuated if the line is terminated in Z, the characteristic
impedance of the line. The voltage at the nth section is given by Refs. [46,57, 60,
68,69]

Vo = Ve " (3.24)

where Vj, is a sinusoidally varying input function.
V, = Ve “e= P (3.25)

The delays of the input and output lines can be made equal through the selection
of propagation constants. Delay mismatches occur when the output currents do not
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add in phase due to the phase delay in the gate being different than the one in the
drain [46,57,60, 68,69].

The gain for a distributed amplifier with N transistors assuming zero attenuation
is given by Refs. [46,57,60, 68, 69]

N
% = ngZ,, Ze—i(n—lﬂ)(ﬂg—ﬁd) (3.26)

n=1

It can be seen that the gain becomes maximum when 8, — 84 = 0

3.2.3 Lossless Distributed Amplification

In the case of a lossless lumped cascade of T-section, the image impedance and the
propagation coefficient are respectively given by Refs. [46, 57,60, 68, 69]

Z; = \/L/c (1 - (“’/wc)z) (3.27)
2w

2 2w [w?
eyzl—w—g—f‘w—g w—g—l (328)

where w, is the line cut-off frequency of the transmission line given by Refs. [46,
57,60, 68,69]

(3.29)

The characteristic impedance Z, of the lossless artificial transmission-line is given
by Refs. [46, 57,60, 68, 69]
L

Zy == 3.30
C (3.30)

where L and C are the inductance and capacitance per unit length of the
transmission-line. The artificial transmission-line has a cut-off frequency f, given
by Refs. [46,57,60,68,69]

1

fe — e (3.31)
The bandwidth is determined by the input capacitance of the transistor and the
inductance of the transmission-line yielding a wider bandwidth than that of lumped
element circuits. The Cgs and Cy; of MOS device capacitances are absorbed into

the transmission-line.
To get a better understanding of the CMOS DA operation, it useful to consider
the wave propagation behavior along the lossless transmission line. Assuming ideal
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transistors with no parasitics, the common-source amplifier output drain current on
the drain line is given by Refs. [16,64,66]

Ig = &m " Vgs (3.32)

The RF input signal is fed into the gate line, where it excites the FET transistors
along the gate line as it propagates, until it reaches the gate line termination, where
it is ideally dissipated without reflections [42, 70].

Assuming gate and drain line have equal propagation velocity and zero loss,
Be = Ba and o = O for the lossless condition, where « is defined as attenuation
factor and B is also known as phase constant [13,39,61,64,70].

An input wave v, propagating on a lossless line can be expressed as in (3.33)
[39, 46], where v, appears at the transistor inputs as v, and half of V; being the
amplitude of the input wave that flows into the terminating gate resistance [61].

Ve .
Ve (2) = 5 e jbz (3.33)

An input wave propagating along the gate line to the output on the drain line is
given by Refs. [60,61]

Vi .
Ven = - e~ DJbels (3.34)

where n =1 when it is the first stage, implies there is no delay. The output drain
current and output voltage relationship is given in (3.35) [60,61]

vo =14+ Z4 (3.35)

The output drain current across the n-th FET, /;, can be expressed as [46,47,61]
N )
1 . v\ JBata
I, = Enz_:lldn (e W ">) (3.36)

where n = N represents the last stage [60,61]
ign = 8m * Vgs (3.37)

Substituting (3.34) and (3.36) into (3.37) we get [46,47,61]

I, - _&m V.. ZN: (e—(n—l))jﬂglg . (e_(N_n))jﬂdfd (3.38)
4 n=1
I = &y Nt gifety ZN: (=) Petepats) (3.39)
4

n=1
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Fig. 3.5 T-sections structure of gate and drain lines of the distributed amplifier

Each FET injects current into the output line as seen in Fig. 3.5, if the phase
constant of both transmission-lines are equal, the currents add constructively at
the output, while out-of-phase signals are dissipated on the drain termination [46].
If under normal operating conditions, the waves in the gate and drain lines are
synchronized [71]

Bele = Bala = BL
_8m y e NIBE L iU N
4

In the case of ideal lossless constant-k lines, the expression for the power gain of
N section distributed amplifier is thus given by Heutmaker and Michael [46]

(3.40)

Iy (3.41)

_ P,y _ %|1d|2 Zy
= — = 5
Po " /g,

For the ideal lossless transmission line case the gain increases relative to N2 as
can be seen from (3.42), and the bandwidth is infinite.

 G2Z4ZN?

(3.42)

3.2.4 Lossy Distributed Amplification

In the presence of attenuation, the gate signal decays as it propagates down the line.
Hence, there will be a point at which the gain added by an additional device will
not overcome the losses induced by the extra section in the gate and drain lines. The
reason for this is that the devices added are not driven sufficiently to overcome the
losses in the drain line cause of high signal attenuation.

A transmission-line can be constructed by a cascaded T-section structure with a
characteristic impedance of [57,60-62]
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Fig. 3.6 Gate and drain transmission lines of a CMOS distributed amplifier

Zor = \/g@ (1 - (%)2)2 - (%)2 (3.43)

where o, = % is the cut-off frequency and w, = JLle is the drain line inductor

self-resonance frequency. The presence of gate resistance r, and drain resistance
rqs affects the frequency variation of the transmission-line characteristic impedance
Z oT-

Figure 3.5 shows an equivalent gate line circuit.

A common-source amplifier gate resistance R; in series with parasitic capaci-
tance Cg, introduces a frequency dependent attenuation per line section [46]. The
impedance of the gate line, shown in Fig. 3.6, can be approximated as [57,60-62,71]

Z = joL, (3.44)

where L, is the per-unit-length inductance of the gate line as shown in Fig. 3.5.
The propagation constant of the gate line, y, can be expressed as [13]

Ve =0g + jBg =~vVZ Y (3.45)

where the gate transmission-line equivalent impedance Z and admittance Y param-
eters are given by Refs. [13,57]

ijgS/l

Y=jwCg+— & 3.46
v g+1+ij,-cgs (346)

(3.47)
\/7 Cy + gs/l
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Substituting (3.46) and (3.47) into (3.45) we get the propagation constant of the
gate line as follows

ja)Cgs/l
— iwL . e 4
Vg JoLg | joCq + 1+ joR,Cq (3.48)
v = \/_szg (Ce + Cos (1= JoRi Cas), ) (3.49)

where L, is the per-unit-length inductance of the gate line.
The equivalent drain line circuit is shown in Fig. 3.5. The impedance of the drain
line can be approximated as [57,60-62,71]
Z = joLy (3.50)

where L, is the per-unit-length inductance of the drain line.
The propagation constant of the drain line, y; can be expressed as [13]

Yo =4+ jBa=~VZ-Y (3.51)

where the drain transmission-line equivalent impedance Z and admittance Y
parameters are given by Refs. [13,57]

Y

1
= / Cds
o T (Cd + Cay, d) (3.52)

where Ry, is the shunt resistance of the MOSFET and w is the operating frequency

[57,60-62,71]
Z L
Zg= 2 [— 24 (3.53)
Y C;+ Cds/ld

Substituting (3.52) and (3.53) into (3.51) we get the propagation constant of the
drain line as follows

1 .
Ya = \/ijd (Rdsld +Jjo(Ca+ Cds)/ld) (3.54)

Assuming the jw(Cy 4+ Cgs/ls) term dominates in (3.54), the propagation
constant of the drain line, y,; can be expressed as

Zq . C
= [ ds .
va = g+ joyla (Cd + /ld) (3.55)
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The output drain current with the lossy condition can be approximated as follows
[57,60-62,71]

N
I = _%T’" SV e Nvata L prets Z (e—n)(ys‘fg—yd‘fd) (3.56)
n=1
_ gm Vs e—Nyg(g _ e—Ny,ﬂd
lo=— 4 ' e—)’g[g — e~ vala (3.57)

When losses are incorporated in the analysis, the power gain can be determined
as, assuming unilateral devices [57,60-62,71]

— _ 2
g,%, . Zd . Zg (e Notg[g —e Notd[d)

G = 2
4 (e—ag(g _ e—ocdld)

(3.58)

where o, and «y are the attenuation per section in Nepers on the gate and drain line.
e %l — pmtd oy Ogly —aqly (3.59)

Equation 3.58 indicates that the gain is no longer a monotonic function of N, the

number of DA gain stage sections, but peaks at a finite N. In other words, adding

H . LI gm'VgA(N"'l)'Zd
an extra stage will only improve gain if the product of =*———-—%

gm'Vgs (N+1)-Zy

is greater than

‘eyd ta ‘, where is the extra gain and <% is the attenuation on the
drain line. Therefore, the loss due to the extra transmission-line exceeds the gain
of the Nth FET. Eventually the polynomial additive increase in DA gain due to the
extra stage will not outperform the exponential loss.

By taking the derivative of the gain function in (3.58), we can then find the
optimum number of CMOS gain cells for maximum gain [57,60-62,71]

In (“gﬁg/adgd)

No =
pt
Oégeg — C\{dﬁd

(3.60)

where o, and «g are the attenuation per section in Nepers on the gate and drain line.
We also notice that the gain is not flat with frequency due to frequency dependence
of ag and ay.

An increase in number of sections, n, increases gain linearly. However, line losses
and parasitics prevent an infinite increase in DA gain stages. The attenuation on the
gate line will drive the input signal to negligibly small values and adding further
stages will increase the attenuation on the drain line.

The expression for the forward power gain of a DA is given by Refs. [57, 60—
62,71]
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g,%,lzogzgd Sinh2 [% (Old — ag)] e_n (ad + ag)/z

4 [1 + (w/wg)z}l/2 [1 = (W/wg)z} sinh? [ 1 (g — arg)]

where Z,, and Z,, are the characteristic impedance of the gate and drain lines,
respectively, o, and B, are the attenuation and phase shift per section on the gate
line, oy and B, are the attenuation and phase shift per section on the gate line and w,
is the gate cut-off frequency. In order to maximize the forward gain and minimize
the ripple, o, would be set equal to y. As the number of sections increases, the
signal level on the gate line is attenuated and so is the power to the drain line. The
loss in the drain line includes an exponential factor that is a function of the per
section drain line attenuation.
The reverse gain in a DA can be written as [19, 20]

G for = (3.61)

g2 ZogZode_"(“d +atg) (cosh (n (ag — rg)) — cos2np)

4 [1 + (w/wg)z}l/2 [1 - (w/wc)z} (cosh (cta + org) — cos 2) |

(3.62)

Grev =

The DA isolation is dependent on G,.,. The directivity can be derived as [19,20]

2 2
G in2 (6, — 0 inl (6, + 6
D = IOIOg Gf — 1010g (Sln% ( d g)) (Sln ( d g)) (363)
2

1
2
rev sin (ed — Gg) sin% (9d + Gg)

3.3 Transconductor Gain Cells for Fully-Differential
Distributed Amplifiers

Active MOSFET devices can be modeled by nonlinear current and charge sources
that depend on the device voltages [12, 13]. These nonlinear sources will give rise
to distortion when driven with a modulated signal. The real MOSFET device output
impedance is nonlinear and the mobility p is not a constant but a function of the
vertical and horizontal electric field. We may bias the active MOSFET device where
the device behavior is more exponential. And there is also an internal feedback
so when the input signal driven into the amplifier is increased, the output is also
increased until a point where distortion products can no longer be ignored [12, 14].

No transistor is perfectly linear since the inherent nonlinearity of the diode
junctions that comprise many of the active devices found in most amplifiers. The
harmonics of the output signal are generated by nonlinearities of the MOSFET
devices. The major three nonlinear elements of the MOSFET devices are nonlinear
transconductance g,,, the device drain capacitance C; and gate capacitance Cg;
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[12,15]. The real MOSFET devices generate higher order distortion [12,16]. Models
are used to characterize the nonlinear behavior of a semiconductor device in order
to predict the resultant signal properties [15, 16].

External linearization circuitry can be added to the amplifier, to compensate for
the nonlinearity [34,72]. This allows the nonlinear amplifier to be used to amplify
signals utilizing spectrally efficient linear modulation techniques without causing
interference.

Inradio transceivers, a differential pair transconductor is often used to convert the
RF input voltage signal to a current that is either amplified or frequency translated.
External linearization circuitry can be added to the differential pair amplifier in
order to compensate for the transconductance nonlinearity. This allows the nonlinear
amplifier to be used to amplify signals utilizing spectrally efficient linear modulation
techniques without causing interference. Many techniques have been developed to
improve the linearity of the basic differential pair transconductor such as source
degeneration, Caprio’s cross-quad [21] and Quinn’s cascomp transconductor [73]
as shown in Fig.3.7a—c respectively. However, their transconductance second-
derivative gm” nulling is not sufficiently wide and their gm flatness is limited
[63, 74]. Other published linearized BJT V-I converters, such as the proposed
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linearized transconductor in [75], does not linearize the total transconductor drain
current instead only linearizing the inner translinear loop current. Other published
linearized transconductors lack on-chip tuning [56].

A three-stage bidirectional distributed amplifier with a differential pair transcon-
ductor as a gain stage is shown Fig. 3.7a coupling the drain and gate transmission-
lines. The linearity characteristic of the differential pair is determined by the non
ideality of the transistors. The transconductance g,, of the MOS device varies with
the input voltage level. This causes distortions in the drain current which results in
a distorted output voltage at the load of the distributed amplifier.

The transfer characteristic function of the differential pair transconductor can be
expressed as [16, 58]

bias _pyo (3.64)

1 w
AVoy = _E,Uvncox_RdAVin W - in
L

L Kn Cox

The small-signal gain A, of the differential pair transconductor can be obtained
through differentiating the transfer characteristic function in (3.64)

5V0ut W
Av = =—-R nCox—Ipias = —R m .
7 a\ HnC. b G (3.65)

where G,, = gm1 = &m2 is the overall transconductance of the differential pair
transconductor.

The linearity characteristic of the differential pair transconductor is determined
by the non-ideality of the transistors. To observe the linearity characteristics of the
differential amplifier transconductor, its transfer function in (3.64) can be modeled
by a third order polynomial Taylor series

Vour = a1Viy + a2V32 + a3 V3 (3.66)

The polynomial coefficients can be simplified by partial derivatives

Wour / w
= vin=0 = —Rd 1 Cox —Ipias 3.67
a v | 0 M 7t ( )

82Vaut
@ = Tyz im0 =0 (3.68)
3
0 Vou 3 (Nn Cox %) :
g — o = SRy HnCor ) 3.69
3 8V,Z Izn 0 4 d m ( )

Since the differential pair transconductor generates no second order nonlinearity.
The denominator of a3 in (3.69) consists of the square root of bias current
Ipiqs. Consequently, increasing the bias current /5, lowers the coefficient a3 and
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improves the linearity of the differential pair transconductor and hence overall
distributed amplifier linearity. However, improving the linearity by increasing bias
current Ip;4s has its limits. A higher ;s increase power consumption.

The overall linearity of the DA can be improved as well by using Caprio’s cross-
quad transconductor as a gain stage shown in Fig. 3.7b. Caprio proposed a precision
differential voltage-current converter linearization technique [21]. The cross-quad
linearization technique shown in Fig.3.7b uses a unity gain positive feedback in
cross quad to synthesize a virtual ground across a passive element R;. The positive
feedback Caprio’s cross-quad linearization technique is independent of g,, as in
conventional degeneration method. Assuming perfect matching and ignoring body
effects, the gate-source voltages of M3 and M, are compensated by gate-source
voltages of M, and M, shown in Fig. 3.7b.

+
V, = (V 2) — Vs — Voss (3.70)

where Vs, is the gate-source voltage of transistor M, and Vg3 is the gate-source
voltage of transistor M3 of Caprio’s transconductor shown in Fig. 3.7b.

Vp = (Vt:/z) — Vis1 — Visa (3.71)

where Vg is the gate-source voltage of transistor M and Vg4 is the gate-source
voltage of transistor M, of Caprio’s transconductor shown in Fig. 3.7b.

Therefore, the overall Caprio’s transconductor drain current is linearly propor-
tional to the input voltage

Va—=V in
Ai = (u) _ Vv (3.72)

where Ai is the overall Caprio’s transconductor drain current and V;,, is the input
voltage.

In Caprio’s cross-quad, all four transistors M;—M, have the same (W/L)
transistor size and are perfectly matched. The gate-source voltages for M|—M3 are
the same as the gate-source voltages for M,—M, since the current flowing through
the left branch of the cross quad is the common to M—M3, while the current flowing
through the right branch is common to M,—My.

The overall linearity of the DA can be improved by using the cascomp (cascode
compensator) transconductor as shown in Fig.3.7c. A three-stage bidirectional
DA with a cascomp transconductor as a gain stage is shown in Fig.3.7c. The
Cascomp transconductor circuit as shown in Fig. 3.7¢ for feedforward linearization
was proposed by Quinn [73]. Ignoring body effects, the inner differential pair M5
and M, subtracts the difference in gate-source voltages of M| and M, to linearize
the transconductance [73] as shown in Fig. 3.7c.

Veb = Vin + Vst — Voo = Vin — AVgs = VrpAi (3.73)
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where Vg5 is the gate-source voltage of transistor M and Vs> is the gate-source
voltage of transistor M, of Cascomp transconductor shown in Fig. 3.7c.

Vag = (Vaias — Vass) — (Vpias — Vasa) = Vast — Vasz (3.74)

where Vg3 is the gate-source voltage of transistor M3 and Vg4 is the gate-source
voltage of transistor M, of Cascomp transconductor shown in Fig.3.7c.

Once AVgs is applied to the differential pair of M5 and M, it drives the inverse
drain currents for M3 and M. Therefore, if

&ms = &me = 2/Rb (3.75)
i Vin (3.76)
I —1Iy = .
1 2 Rb

Therefore, the overall Cascomp transconductor drain current is linearly propor-
tional to the input voltage.

3.4 Chapter Summary

In this chapter, analysis of the distributed amplification principles were presented in
this chapter. Different linearized transconductors to compensate for the nonlinearity
such as cascomp and caprio’s transconductors were also presented.



Chapter 4
Distributed RF Linearization Circuit
Applications

4.1 Introduction

The interest in high-level integration and highly linear multi-functional broadband
subsystems motivates the development of linearized distributed circuit applications.
In this chapter, the application of RF linearization to distributed circuit functions
such as fully-integrated CMOS linearized distributed active power splitter (unbal-
anced input, balanced output) and a linearized CMOS distributed matrix amplifier
are presented. Also the linearized CMOS distributed paraphase amplifier employing
derivative superposition linearization is presented as well.

4.2 Linearized CMOS Distributed Active Power Splitter

The design of a fully-integrated CMOS distributed active power splitter (unbalanced
input, balanced output) incorporating multiple-gated transistor linearization that
allows for broadband distortion reduction is presented in this section. Broadband
power splitters are common elements found in many communication systems.
Power splitters are found in phased antenna arrays [76, 77]. The Wilkinson power
splitter was invented around 1960 by an engineer named Ernest Wilkinson [78,79].
It splits an input signal into two equal phase output signals however the passive
Wilkinson power splitter commonly used has an inherent 3dB loss. The active
power splitter provide an attractive alternative to the conventional Wilkinson or
other planar power splitters in terms of gain, isolation and size. Hence, am active
ultra-wideband circuit that can perform the same splitting function is presented.
The CMOS linearized distributed power splitter provides two outputs, with equal
phase over a wide microwave band with minimal phase and amplitude imbalance.
Compared to passive power splitter circuits, the linearized CMOS distributed power
splitter’s advantage is that it provides gain and allows for broadband distortion

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 47
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_4, © Springer Science+Business Media New York 2012
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cancellation. The proposed CMOS linearized distributed power splitter makes up
for the inherent 3 dB loss of passive power splitters and be used to drive balanced
antennas and wideband phase shifters.

The wideband distributed power splitter is based on the concept of the distributed
amplifier [19,20]. The distributed amplifier is a classical topology for wideband
amplifiers since the distributed amplifier has several attractive characteristics such
as flat gain, good input and output matching as well as small size. The distributed
amplifier design guidelines given by Beyer [20] can be extended to include
linearized CMOS distributed power splitter. Figure 4.1 shows a schematic of an
n-stage distributed power splitter and its equivalent circuit. It consists of n-stage
distributed FET amplifiers. The balanced output transmission lines both have a
distributed common-source amplifier. They share a common unbalanced input
transmission line. A simple circuit model for the distributed active power splitter
is shown Fig. 4.1.

The power gain of the common-source section of the distributed power splitter
shown in Fig. 4.1 is given by [20]

G2 RygRou
41+ (/)] 1 - wpmo?]

sinh? [% (atg — o) | e (@atey)

int? [T s )]

Ges =

.1

where G,, is the transconductance and oy and o, are the attenuation per section and
R,y and R, are the characteristic resistance and @, and @, are of the drain and
gate line respectively.

The amplitude imbalance of the distributed active power splitter can be expressed
as [20]

1+ cosh (%“—")
AA(dB) = ZOlog—Z"’d“’ + 201log ‘
1+ 5% cosh (%z—")

—10log |:exp (n %)} 4.2)

ag and o are the attenuation per section and G, is the transconductance.
The first term results from the gain difference between the two stages while the
latter two terms stem from the difference in attenuation on the two output lines.
The phase imbalance of more practical concern is given by [20]

C C
8¢ = arctan lw—d — arctan lw d (4.3)

2
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Fig. 4.1 Block diagram illustration of CMOS distributed active power splitter

where G, is the transconductance. The critical design parameters are output line
impedance level and device G,, transconductance. For instance, if output line
impedance is dictated by circuit constraints the device can be chosen to minimize
the phase imbalance.
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4.2.1 Amplitude and Phase Imbalance of Linearized CMOS
Distributed Active Power Splitter

The inherent broadband characteristics of the distributed amplifier is applied to
a linearized CMOS distributed active power splitter design. The balanced output
transmission lines both have a distributed common-source amplifier. They are fed
by a single input transmission line. The characteristic low pass response of the
distributed amplifier then yields two RF outputs from one RF input signal, the
amplitudes of both RF output signals are equal and their phase are equal over a wide
band [78, 79]. Figure 4.2 shows the schematic of the proposed linearized CMOS
distributed power splitter. A distributed pre-amplifier stage is added which not only
supplies gain but serves as an active impedance transformer.

The lumped transmission lines tend to provide a constant input and output resis-
tance over a wide passband. As a result, the phase difference between the balanced
output distributed common-source amplifier transmission lines is theoretically 0°,
independent of the frequency, if the phase velocities of the signals on the three
transmission lines are identical. The drain and gate transmission-line inductors have
an inductance value of 1.1 nH and the drain transmission-line m-derived inductance
is 120 pH with 50 Ohms terminations. The device dimensions [M,M3] (W/L) and
[M.51,M.5>] (W/L) have a width equal to 44 um with all devices having L. minimum
channel length of 120 nm. The device dimensions [M,,M.] (W/L) and [ M54, M 5p]
(W/L) have a width equal to 22 pm with all devices having L minimum channel
length of 120 nm. The power gains of the common-source amplifier on both outputs
are almost the same with nearly equal output power as can be seen in Fig.4.3 and
as a result, a wideband CMOS distributed power splitter is obtained.

The linearized CMOS distributed power splitter has a 7.8dB S,; power gain
peak as shown in Fig. 4.3 and rolls off to a unity gain bandwidth of 10.5 GHz. The
phase imbalance is less than 5° as shown in Fig.4.4 and the amplitude imbalance
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Fig. 4.4 Simulated phase imbalance for the proposed linearized CMOS distributed power splitter

is less than 1 dB over the band as shown in Fig.4.5. The simulated phase S21 and
phase S31 for the proposed linearized CMOS distributed power splitter is shown in
Fig.4.6.

4.2.2 CMOS Distributed Active Power Splitter Using
Multiple-Gated Transistor Linearization

Active MOSFET devices can be modeled by nonlinear current and charge sources
that depend on the device voltages [12, 13]. These nonlinear sources will give rise
to distortion when driven with a modulated signal. The real MOSFET device output
impedance is nonlinear and the mobility u is not a constant but a function of the
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vertical and horizontal electric field. We may bias the active MOSFET device where
the device behavior is more exponential. And there is also an internal feedback
so when the input signal driven into the amplifier is increased, the output is also
increased until a point where distortion products can no longer be ignored [12, 14].
No transistor is perfectly linear since the inherent nonlinearity of the diode junctions
that comprise many of the active devices found in most amplifiers. The harmonics of
the output signal are generated by nonlinearities of the MOSFET devices. The major
three nonlinear elements of the MOSFET devices are nonlinear transconductance
&m- the device drain capacitance C, and gate capacitance Cg [12, 15]. The real
MOSFET devices generate higher order distortion [12, 15, 16].

There are many linearization techniques to increase the linearity of the amplifier
such as feedforward or multi-tanh [80-83] However they are better suited for dif-
ferential circuits and hence consume more power and silicon area than linearization
techniques applied to single-ended circuits. A simple linearization technique using
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multiple-gated common source transistors is used to linearize the single-ended
CMOS distributed power splitter, where gate drive width and gate drive (Vg — Vi)
of each transistor are chosen to compensate for the nonlinear characteristic of the
main transistor. Using Taylor series expansion, the drain current of a common source
FET can be expressed as [84—86]

”

ias = lac + &mvgs + gﬂvgsz + %vgss + ... 4.4)

2
where g,/ and g, ~ are the first and second transconductance derivatives, respec-
tively, with respect to the gate to source voltage. The negative g, ~ of the main
transistor can be canceled by the positive g, of the secondary transistor which
is biased at a smaller gate drive as can be depicted in Fig.4.7. The amount g, ~
compensation can be chosen by adjusting the width of secondary transistor. The
compensated flat region of the overall transfer characteristic curve of both main and
secondary transistor can be extended farther with proper bias voltage and transistor
size to synthesize an overall transfer function with reduced nonlinearities [78,79].

In this section, the multiple-gated transistor linearization technique is applied
to the single-ended linearized CMOS distributed active power splitter design. The
tuning of the power series nonlinear coefficient, transconductance g, 7, and its effect
on IIP3 is shown in Figs. 4.8 and 4.9. As can be seen in Figs. 4.8 and 4.9 with proper
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bias voltage and transistor sizes the third-order nonlinearity can be canceled. Both
IIP3 is improved by 8.5 dB and the third order intermodulation (IMD?3) is improved
by 10 dBc improvement, at output power of —10 dBm, can be seen in Fig. 4.9.

A common way to characterize the non-linear amplitude distortion of an
amplifier under a two tone input is using the third order intercept point. This is
the operating point where the power in the fundamental and the power in the
third order intermodulation product are the same. In the linear region, third-order
products increase by 3dB for every 1dB increase of input power, while output
power increases by 1dB. The output power where the two would intersect is the
third order intercept point, and is a good indicator of the linearity of an amplifier

The design of a fully-integrated linearized CMOS distributed active power
splitter that allows for broadband distortion reduction is presented in this section.
Simulation results has yielded a peak S»; and S3; peak power gain of 7.8 dB and then
rolls off to a unity gain bandwidth of 10.5 GHz with less than 5° phase imbalance
and amplitude imbalance of less than 0.9 dB over the band. The simulation results
show an 8.5dB IIP3 improvement and a 10 dBc improvement at output power of
—10dBm and it has broadband signal transmission gain that compensates loss.
The proposed fully-integrated design eliminates the need for off-chip discrete
components and is suitable for ultra-wideband wireless transceiver applications.
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4.3 Linearized CMOS Distributed Matrix Amplifier
Architecture

The interest in high-level integration and multi-functional subsystems motivates the
development of broadband amplifiers. Distributed amplifiers have become the lead-
ing candidate for ultra-wideband amplification at microwave frequencies. A major
design challenge for ultra-wideband amplifiers is the stringent linearity requirement
over a wide bandwidth range, due to large numbers of in-band interferences in ultra-
wideband wireless communication systems. Distributed Matrix amplifiers find many
applications in broadband microwave applications and wireless communications
[87-90]. A fully-integrated CMOS linearized interleaved distributed 2 x 3 matrix
amplifier employing active post distortion and optimum gate bias linearization
technique is presented in this section. The proposed CMOS linearized interleaved
distributed 2 x 3 matrix amplifier incorporates a third-order intermodulation distor-
tion IM3 suppression technique with simple circuit implementation and negligible
extra power consumption that is well suited for integrated wireless broadband
transceivers.

To apply the additive and multiplicative gain mechanism simultaneously for
optimum amplifier performance, a matrix architecture for distributed amplifiers
has been employed for circuit implementations [59, 91, 92]. Distributed matrix
amplifier is a type of amplifier that combines the additive and the multiplicative
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Fig. 4.10 Schematic topology of the proposed fully-integrated linearized CMOS interleaved
distributed 2 X 3 matrix amplifier employing active post distortion and optimum gate bias
linearization technique

principles in one and the same module. It is possible to achieve both additive
and multiplicative amplification by having two distributed amplifiers in a way
that resembles the distribution of elements in an array therefore the name matrix
amplifier as shown in Fig.4.10. This two-tier matrix amplifier, which consists of
a rectangular array of CMOS active devices, is composed of three periodically
loaded artificial transmission lines: input line, central line, and output line. The input
signal is amplified from one tier to the next before the final output signal leaves the
uppermost drain-line output. This means that both multiplicative gain (one transistor
output feeding the next’s input) and additive gain (the summing of transistor outputs
on the same drain-line) are provided within the single module. The structure is
quite compact and allows circuits with higher gain per unit area as compared with
conventional distributed amplifiers [21,64,66,73,93]. Figure 4.10 shows a schematic
of a interleaved distributed 2 x n matrix amplifier and its equivalent circuit.

4.3.1 CMOS Distributed 2 x 3 Matrix Amplifier
with Interleaved Distributed Loading Technique

In conventional distributed matrix amplifier, heavy loading on the central transmis-
sion line limits the bandwidth performance. Introducing an interleaved distributed
loading technique would reduce the loading on the central artificial transmission
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line thus extending the bandwidth. The output loading of the first tier and the
input loading of the second tier are separated by an equivalent inductance Lc in
the proposed circuit topology as shown in Fig.4.10. With the distributed loading
technique, a significant performance improvement in terms of the bandwidth of the
matrix amplifier can be achieved.

The central transmission line frequency f, and characteristic impedance Z,. for
a conventional non-interleaved distributed matrix amplifier can be defined as [75]

1
f(?,cenrer = (4‘5)
/L (Cdz + Cg3)
C
Zoe = —glzo 4.6)
Cd2 + Cg3

where Cy is the drain capacitance and Cy is the gate capacitance. The transmission
line central frequency f. and characteristic impedance Z,. for the interleaved
distributed matrix amplifier with distributed loading technique can be defined as [17]

1 1
c,center = = 4.7
N N o “r
c C
Zpe = Sz =87 (4.8)
a2 Ce3

where Cy is the artificial transmission line drain capacitance and C, is the gate
capacitance. The conventional non-interleaved central artificial transmission lines
of the matrix amplifier suffer from both gate and drain losses. The interleaved
distributed matrix amplifier with distributed loading technique has a central trans-
mission line frequency f, equation with less capacitance and thus exhibit higher op-
erational bandwidth, however it trades of with the small-signal gain of the amplifier.

The linearized CMOS interleaved distributed 2 x 3 matrix amplifier with dis-
tributed loading technique exhibit a 7.1 dB small signal S»; power gain peak as
shown in Fig.4.11 and rolls off to a unity gain bandwidth of 16 GHz with less than
—10dB return loss and isolation S, of less than —45 dB over the band.

4.3.2 Proposed CMOS Interleaved Distributed 2 x 3 Matrix
Amplifier with Post Distortion and Gate Optimum Bias
Linearization Technique

We may bias the active MOSFET device where the device behavior is more
exponential. The nonlinear MOSFET device sources will give rise to distortion
when driven with a modulated signal. When the input signal driven into the amplifier
is increased, the output is also increased until a point where distortion products can
no longer be ignored [12, 14]. No transistor is perfectly linear since the inherent
nonlinearity of the diode junctions that comprise many of the active devices found in
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Fig. 4.11 Simulated output power S21 peaks at 7.1dB and S-parameters for the proposed
linearized CMOS interleaved distributed 2 X 3 matrix amplifier

most amplifiers. The harmonics of the output signal are generated by nonlinearities
of the MOSFET devices. The major three nonlinear elements of the MOSFET
devices are nonlinear transconductance g,,, the device drain capacitance C; and gate
capacitance Cg, [12,15]. The real MOSFET devices generate higher order distortion
[12,15,16].

In this section, an interleaved distributed matrix amplifier with active post
distortion and optimum gate bias distortion cancellation capability which is highly
suitable for monolithic integration is presented [94]. The principle of active post
distortion is to eliminate the considerable contribution to the overall amplifier
distortion originating from the transconductance g,, nonlinearity. By introducing
a linearizer after the input gain stage amplifier, the voltage of the MOS varactor is
adjusted to synthesize a transfer function with reduced nonlinearities. The active
post distortion linearizer compensates for the transconductance nonlinearities of the
input gain stage amplifier producing a linear overall performance and the third-order
nonlinearity is canceled as can be seen from Figs.4.12 to 4.19.

The drain and gate transmission-line inductors have an inductance value of
1.3nH and the drain transmission-line m-derived inductance is 100 pH with 50
Ohms terminations. The device dimensions [M,Ms] (W/L) have a width equal to
48 wm with all devices having L minimum channel length of 120 nm. The device
dimensions [M,,M ;] (W/L) have a width equal to 24 um with all devices having
L minimum channel length of 120nm. The device dimensions M,; (W/L) have a
width equal to 40 wm with minimum channel length L of 120 nm.

ADS Simulation of IIP3 before CMOS distributed 2 x 3 matrix amplifier active
post distortion and optimum gate bias linearization is shown in Fig. 4.14. Simulation
of IIP3 after CMOS distributed 2 x 3 matrix amplifier active post distortion and
optimum gate bias linearization with a 9dB and a 18 dBc improvement at output
power of —10dBm is shown in Fig. 4.15.
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CMOS interleaved distributed 2 X 3 matrix amplifier

A common way to characterize the non-linear amplitude distortion of an ampli-
fier is with the 1 dB compression point. This is the point at which the amplifier gain
drops 1dB below the linear gain. Simulated 1-dB gain compression point before
linearization for the proposed linearized CMOS distributed 2 x 3 matrix amplifier
is shown in Fig.4.16. Simulated 1-dB gain compression point after linearization
for the proposed linearized CMOS interleaved distributed 2 x 3 matrix amplifier in
Fig.4.17.

Simulated Two-Tone before active post distortion linearization only at 5 GHz
for the proposed linearized CMOS interleaved distributed 2 x 3 matrix amplifier
is shown in Fig. 4.18. Simulated Two-Tone after active post distortion linearization
only at 5 GHz for the proposed linearized CMOS interleaved distributed 2 x 3 matrix
amplifier in Fig.4.19. The concept of optimum gate bias linearization technique
is that the negative third-order transconductance g,, peak of one transistor can
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be canceled by the positive peak of an auxiliary MOSFET with an optimum
gate voltage offset bias so that the magnitude of the its positive third-order
transconductance g,, peak is equal to the negative peak of the master transistor [25].
The combined transistors yield a third-order transconductance nonlinearity near-
zero and in turn improves its linearity. It can be concluded from simulations that
tuning the linearized CMOS distributed 2 x 3 matrix amplifier using active post
distortion and optimum gate bias improves its broadband linearity and in turn
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Fig. 420 The VSWR for the proposed linearized CMOS interleaved distributed 2 X 3 matrix
amplifier

improves its dynamic range as well. As can be seen in Figs. 4.16 and 4.17 by shifting
the bias point and superposing the device characteristics the third-order nonlinearity
can be canceled and 1-dB gain compression point is improved as well.

The varactor-based active post distortion enables one to tune the IM3 suppression
as can be seen in Figs.4.18 and 4.19, it provides repeatable electronically tunable
distortion cancellation at various combination of varactor voltages. The VSWR volt-
age standing wave ratio for the proposed Linearized CMOS Interleaved Distributed
2 x 3 Matrix Amplifier is shown in Fig. 4.20.

4.4 Linearized CMOS Distributed Paraphase Amplifier

Broadband paraphase amplifiers find many applications in microwave applications
and wireless communications. Circuits which are suitable for fully monolithic
integration in cost effective CMOS technology are of particular interest [95].
Sokolov and Williams [55] have reported on a narrowband MMIC GaAs paraphase
amplifier at 8.5 GHz and Levent-Villegas [96] has reported on another narrowband
GaAs paraphase amplifier over the range of 9-11 GHz.

A fully-integrated CMOS linearized distributed paraphase amplifier (unbalanced
input, balanced output) is presented in this section. The CMOS linearized distributed
paraphase amplifier or linearized active balun will provide two outputs, 180° out of
phase over a wide microwave band with minimal phase and amplitude imbalance.
Compared to passive balun circuits, the linearized CMOS distributed paraphase
amplifier’s advantage is that it provides gain and allows for broadband distortion
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Fig. 4.21 Block diagram illustration of CMOS distributed paraphase amplifier

cancellation. The proposed CMOS linearized distributed paraphase amplifier makes
up for the inherent 3 dB loss of balun and be used to drive balanced antennas and
wideband phase shifters.

The wideband distributed paraphase amplifier is based on the concept of the
distributed amplifier [27, 84, 97]. Figure 4.21 shows a schematic of an n-stage
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distributed paraphase amplifier and its equivalent circuit. It consists of n-stage
distributed FET amplifiers. One is a distributed common-source amplifier, the other
is a distributed common-gate amplifier. These two amplifiers share a common input
transmission line. A simple circuit model for the distributed paraphase amplifier is
shown Fig. 4.21.

The power gain of the common-gate section of the distributed paraphase
amplifier shown in Fig. 4.21 is given by [97]

("))

Gm Ry

4 [1 n (zU/wg)ZT/z [1 _ (W/wc)z} (1 + %)2
sinh? [% (otg — ot)] e~ (catag)

s [ 1 oy — )

GiRyRoa | 1+ -

Gecg =

(4.9)

where G,, is the transconductance and oz and o, are the attenuation per section and
R,y and R, are the characteristic resistance and @, and @, are of the drain and
gate line respectively.

The power gain of the distributed common-source amplifier in the distributed
paraphase amplifier shown in Fig. 4.21 is given by [29, 97]

GyanogRod
271/2 2
1+ (o) | - ()]
sinh? [5 (2a —og)] e~ (@atay)

sinb? [T oy — )

Ges =

(4.10)

where R,q and R, are the characteristic resistance and G, is the transconductance.
The amplitude imbalance of the distributed paraphase amplifier can be expressed
as [97]

1+ ﬁ cosh (%Z‘—i)
AA(dB) = 2010g—£’dd +20log ——F=
+ 3R cosh (%‘;i)

“101og [exp (n(;ﬂ):| @.11)

where G, is the transconductance. The first term results from the gain difference
between the two stages while the latter two terms stem from the difference in
attenuation on the two output lines.
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Schematic of Linearized CMOS distributed paraphase amplifier incorporating derivative superposition linearization technique.

Fig. 4.22 Schematic topology of the proposed fully-integrated linearized CMOS distributed
paraphase amplifier

The phase imbalance of more practical concern is given by [97]

de de
8¢ = arctan ———— — arctan — 5

Ry + Om Ri " Zix

4.12)

where the G,, is the device transconductance. The design parameters such as the
output line impedance is dictated by circuit constraints the device can be chosen to
minimize the phase imbalance.

4.4.1 Amplitude and Phase Imbalance of Linearized CMOS
Distributed Paraphase Amplifier

The inherent broadband characteristics of the distributed amplifier is applied to
a linearized CMOS distributed paraphase design. In the amplifier a distributed
common-gate amplifier and a distributed common-source amplifier are fed by a
single input transmission line. The characteristic low pass response of the distributed
amplifier then yields two RF outputs from one RF input signal, the amplitudes of
both RF output signals are equal and their phase difference is 180° over a wide band
[78,79,98]. Figure 4.22 shows the schematic of the proposed linearized CMOS
distributed paraphase amplifier. A distributed pre-amplifier stage is added which
not only supplies gain but serves as an active impedance transformer.

The lumped transmission lines tend to provide a constant input and output
resistance over a wide passband. As a result, the phase difference between the
output of the common-gate amplifier and the output of the common-source amplifier
is theoretically 180°, independent of the frequency, if the phase velocities of the
signals on the three transmission lines are identical. The voltage gains of the
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Fig. 4.24 Simulated phase imbalance for the proposed linearized CMOS distributed paraphase
amplifier with less than 10° phase imbalance

common-source amplifier and the common-gate amplifier are almost the same with
nearly equal output power as can be seen in Fig.4.23 and as a result, a wideband
CMOS distributed paraphase amplification is obtained.

The linearized CMOS distributed paraphase amplifier exhibiting an 5.3 dB small
signal S,; power gain peak as shown in Fig.4.23 and rolls off to a unity gain
bandwidth of 8.2 GHz with less than 10° phase imbalance as shown in Fig.4.24
and amplitude imbalance of less than 1.26 dB over the band as shown in Fig. 4.25.
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Fig. 4.25 Simulated amplitude imbalance for the proposed linearized CMOS distributed para-
phase amplifier amplitude imbalance of less than 1.26 dB

4.4.2 CMOS Distributed Paraphase Amplifier Employing
Derivative Superposition Linearization

The principle of derivative superposition is to eliminate the considerable contri-
bution to the overall amplifier distortion originating from the transconductance
G,, nonlinearity [99, 100]. By running different sized transistors in parallel the
direct current operating point of each single device is adjusted to synthesize a
transfer function which does not generate any nonlinearities. The drain and gate
transmission-line inductors have an inductance value of 1.2nH and the drain
transmission-line m-derived inductance is 110 pH with 50 Ohms terminations. The
device dimensions [M,M3] (W/L) and [M s ,M_s2] (W/L) have a width equal to
48 wm with all devices having L minimum channel length of 120 nm. The device
dimensions [M,,M.] (W/L) and [M s,,M.s»] (W/L) have a width equal to 24 pm
with all devices having L minimum channel length of 120 nm.

The derivative superposition technique [65] is based on the drain current depen-
dence versus V. When considering the related third order Taylor coefficient of this
current gm3, which represents the third order nonlinearity, this bias dependence
results in magnitude and phase reversals for gm3 in the threshold region. The
generalized circuit topology to be used with derivative superposition is shown in
Fig.4.26.

In this section the derivative superposition linearization technique is applied
to the linearized CMOS distributed paraphase design. The tuning of the power
series nonlinear coefficient, transconductance gm, and its effect on IIP3 is shown in
Figs.4.27 and 4.28. It can be concluded from simulations that tuning the linearized
CMOS distributed paraphase amplifier using derivative superposition improves
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Fig. 4.26 The derivative superposition linearization approach. The overall linearized transconduc-
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Fig. 4.28 ADS simulation of IIP3 after CMOS distributed paraphase amplifier derivative super-
position linearization with a 8.5 dB and a 13 dBc improvement at output power of —10dBm

its broadband linearity and in turn improves its dynamic range as well. As can
be seen in Figs.4.27 and 4.28 by shifting the bias point and superposing the
device characteristics the third-order nonlinearity can be canceled. Both 8.5 dB IIP3
improvement and 13 dBc improvement, at output power of —10dBm, can be seen
in Fig. 4.28.

4.5 Chapter Summary

The interest in highly-linear multi-functional broadband subsystems motivated the
development of linearized distributed circuit applications. In this chapter, various
applications of linearized distributed circuit functions such as fully-integrated
CMOS linearized distributed active power splitter (unbalanced input, balanced
output) and a linearized CMOS distributed matrix amplifier were presented. Also
the linearized CMOS distributed paraphase amplifier employing derivative su-
perposition linearization was presented as well. The proposed fully-integrated
linearized distributed circuit designs are suitable for highly-linear broadband wire-
less transceiver applications.



Chapter 5
Linearized CMOS Distributed Bidirectional
Amplifier with Cross-Coupled Compensator

5.1 Introduction

In this chapter, we demonstrate a fully-integrated fully-differential linearized CMOS
distributed bidirectional amplifier that achieves large IMD3 distortion reduction
over broadband frequency range for both RF paths. The drain and gate transmission-
lines were stagger-compensated. Reducing the DA IM3 distortion by mismatching
the gate and drain LC delay-line ladders. A CMOS cross-coupled compensator
transconductor is proposed to enhance the linearity of the DA gain cell with
a varactor-based active post nonlinear drain capacitance compensator for wider
linearization bandwidth.

5.2 Linearized CMOS Distributed Bidirectional Amplifier
Circuit Design Analysis

For wireless base station transmitters in UWB communications such as bidirectional
UWB RoF transmission, high linearity and broadband bandwidth are some of the
primary system requirements. Linear broadband amplification is required in order to
reduce signal spectral regrowth. The wide bandwidth of the DA structure makes it an
attractive component for use in systems requiring broadband operation. A detailed
paper by Ginzton et al. [56] implemented Percival’s patented concept of distributed
amplification [74]. Conventional DAs use low-pass -sections to form an artificial
transmission-line topology. Amplification gain stages are connected so that output
currents are combined in an additive manner at the output terminal. The advantages
of a DA topology are its wide bandwidth, flat gain and compact size circuit size.
A three-stage CMOS DA with MOSFET devices is shown in Fig.5.1. The major
three nonlinear elements of the MOSFET devices are g,,, C; and Cg,. An ideal
broadband amplifier should be a totally linear device. But in real world, amplifiers
are only linear within certain practical limits. When the input signal driven into

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 71
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_5, © Springer Science+Business Media New York 2012
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Fig. 5.1 A three-stage CMOS DA with MOSFET devices

the amplifier is increased, the output is also increased until a point where distortion
products can no longer be ignored. The harmonics of the output signal are generated
by nonlinearities of the MOSFET devices. The nonlinear element transconductance
&m 1s a function of Vg, and can be expressed by power series with coefficients g1,
gm2 and g3 asin (5.1).

The characteristic of the nonlinear transconductance can be approximated by a
three-term power series expansion for each MOSFET device in Fig. 5.1 [13, 16, 36,
83,101]

ig = 8mi1Vgs + ngVéy + gm3VZ-,S (51)

As the input signal increases the instantaneous value of g, changes with the level
of the input signal and the amplifier operating into its nonlinear region. We can write
Vgs as [13,84]

Ves = V cos (wt) (5.2)

where V is the amplitude signal and substituting (5.2) into (5.1), the expression for
the current at frequency w is given by [15,85,102-104]

3
i = gmV cos (wt) + ng3v3 cos (wt) (5.3)

In the three-stage CMOS DA shown in Fig. 5.1, the fundamental component of
the output current from each stage can be defined as [15, 102-104]

iy = gmVecos[wle 1P (5.4)
iy = g Vcos[w]e /e (5.5)
i3 = gmVcos [a)]e_ﬂﬁé' (5.6)
ix = gmVcos [a)]e_jkﬁé' 5.7)

where 8, is the phase constant of the gate line.
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The total fundamental output current delivered to the load for all three-stages can
be found as [15,102-104]

Liinear =

l (ile—j"ﬂd + ize—j("—l)ﬂd + i3e—j("—2)ﬂd) (5.8)
2
where f, is the phase constant of the drain line and n is a constant representing the
number of stages.

In the three-stage CMOS DA as shown in Fig. 5.1, the third-order intermodula-
tion IM3 component of the output current from each stage can be defined as

iml = %gm3V3cos[w]e_j3ﬂg (5.9)
iy = %gm3V3c0s[w]e_j65¥ (5.10)
im3 = %gmg,V?’cos[a)]e_j%g (5.11)
imie = %gm3V3cos(wt)e_j3kﬁg (5.12)

The corresponding total / M3 output current delivered to the load for all three-
stages can be found as

1 . ) )
Iz = 3 (imle_]"ﬁ“’ + imge_](n_l)ﬁ“’ + fm3€_j(n_2)ﬂd) (5.13)
Dividing (5.8) by (5.13) yields

(2Bt 4 eXibs 4 eI PatBD) g,
(ezjﬁd + eéjﬁg + ej(ﬂd+3ﬁg)) gm3V2

4
Linear/ Iz = ge“““ﬂg] (5.14)

It can be seen from (5.14) as well that the carrier power to third-order intermod-
ulation C /I M3 is dependent on the power series nonlinear coefficients g,,,; and g3
and that C' /I M3 can be improved by reducing the g,,,3 nonlinearity.

Equation 5.14 can be extended to an n-stage CMOS DA. The total fundamental
output current delivered to the load for n-stages can be found as

1 = : I
Miinear = 5 ngl Vecos[wt]e I Pe e=/(1=r+Dba (5.15)

r=1

The total fundamental output current delivered to the load for n-stages can be
simplified as

e~ inBa (_1 4 (ef(ﬂd—ﬂg))n) gmV Cos [tw]
2 (gjﬂd — efﬂg)

(5.16)

Injinear =
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The corresponding total / M3 output current for all n-stages flowing through the
drain load can be defined as

I3 . .
Inpiz = 3 Z ng3V3C0s[a)t]e—f3’ﬂge_/("_’+l)ﬂ" (5.17)

r=1

The total I M3 output current for n-stages flowing through the drain load can be
simplified as

3e/ba (—1 + (ef(ﬁd—3ﬂg))n) gm3V3Cos [tw]

Inpz = 8 (e/hs — &) (5.18)
Dividing (5.16) by (5.18) yields
JBi _ p3iBs) (1 4 (eJBa—B)"
Miinear/ Iz = : (e ? )1+ (e gn) ) g (5.19)
3 e/ —eife) (—1 + (e P0)) g, V2

From (5.16) the overall fundamental filter frequency response is expressed as

o—inba <_1 T (ej(ﬁd—ﬁg))")

F($)funa = > (gjﬁd — efﬁg) (5.20)
From (5.18) overall IM3 filter frequency response is expressed as
3~ /nBa (_1 + (ej (ﬁd—3ﬂg))n)
F(8)im3 = (5.21)

8 (ejﬂd — ijﬂg)

where the phase constant of the gate line is given by 8, = w,/L,.C, and B, =

w+/Lyg.(Cyq + C,y,) is the phase constant of the drain line.

The characteristic impedance of the drain line is given by Z, 4 = ,/ f—j and the

1
. . . . . L.d Cd ) . . .
Designing a staggered bidirectional DA with mismatched time-delay for the drain

and gate line can be achieved by mismatching the drain and gate line capacitance.
A simulation of a staggered drain and gate transmission-lines with mismatched
time-delay to filter out the IM3 distortion improving the C/I M3 in broadband
CMOS bidirectional DAs is shown in Fig. 5.2a. Further increase in the time-delay
mismatch will shift the /M; attenuation frequency response inside the in-band
of the DA cutoff frequency as can be seen in Figs.5.2b and 5.3. Thus, having a
staggered distributed structure helps in improving the carrier power to third-order
intermodulation distortion power ratio C /I M3 in broadband CMOS amplifiers [30].

drain cut-off frequency is given by w, =
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Fig. 5.2 (a) Designing a staggered bidirectional DA structure with mismatched time-delay for the
drain and gate line will shift the IM3 attenuation frequency response inside the in-band of the
DA cut-off frequency and in turn out the IM3 distortion. (b) Further increase in the time-delay
mismatch will shift the /M5 attenuation frequency response inside the in-band of the DA cutoff
frequency

5.3 CMOS Cross-Coupled Compensator Transconductor
as DA Gain Cell for Linearity Improvement
and Enhanced Tunability

In radio transceivers, a differential pair transconductor is often used to convert
the RF input voltage signal to a current that is either amplified or frequency
translated [32, 34]. External linearization circuitry can be added to the differential
pair amplifier in order to compensate for the transconductance nonlinearity [58].
This allows the nonlinear amplifier to be used to amplify signals utilizing spectrally
efficient linear modulation techniques without causing interference [33, 34]. Many
techniques have been developed to improve the linearity of the basic differential
pair transconductor such as source degeneration, Caprio’s cross-quad [105] and
Quinn’s cascomp transconductor [106]. However, their second derivative device
transconductor transistor parameter gm” nulling is not sufficiently wide and their
device transconductor parameter gm flatness is limited. Other published linearized
BJT V-I converters such as proposed in [80] does not linearize the total transcon-
ductor drain current instead only linearizing the inner translinear loop current with
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Fig. 5.3 More increase in time delay mismatch by increasing the drain and gate line capacitance
mismatching will shift the IM3 attenuation frequency response even more inside the in-band of the
distributed amplifier cut-off frequency further filtering out IM3 distortion

no on-chip tuning. The proposed linearized cross-coupled compensator transcon-
ductor achieves a wide tunable gm” nulling and increase in device transconductor
parameter gm flatness.

In this chapter, we propose a 0.13pm RF CMOS highly-linear differential
cross-coupled compensator transconductor that combines both cross-quad and
cascomp linearization techniques with enhanced tunability [80]. The proposed
cross-coupled compensator linearize the total drain current while maintaining a
high input voltage swing range. It achieves a wide tunable second derivative device
transconductor parameter gm” nulling over 500mV differential input signal and
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a tunable 50° increase in the device transconductor parameter gm flatness. The
proposed linearized transconductor offers significant improvement in linearity for
the use in highly-linear broadband high-frequency amplifiers [30]. The proposed
cross-coupled compensator transconductor [99] maintains a high input voltage
swing range due to the aid of the second translinear loop that is not implemented in
the other published BJT V-I converter in [80].

The proposed differential CMOS cross-coupled compensator transconductance
is implemented as shown in Fig.5.4a. A source degeneration resistor Ry, is placed
across the outer cascode differential pair in between the identical current sources
Ibias,. Similarly a source degeneration resistor R; is placed in between current
source Ibias, inner cascode differential pair. To achieve a distortion-less V-I linear
conversion of the transconductor total current Al,,, both bias current sources
Ibiasy, and Ibias, are tuned to ensure both currents A/, and A, become linearly
proportional to the input voltage AVj,. Hence the proposed CMOS cross-coupled
compensator total current Al,, = Al, + Al is linearly proportional to the
input voltage AV}, contrary to the linearized BJT transconductor in [107]. In the
linearized BJT transconductor the inner translinear loop only considers the inner
loop current Al which becomes linearly proportional to the input voltage
AViy = (2Ree).Alyyer and does not consider the total current Al,, of the
transconductor.

Lets consider the cross-coupled compensator sum of voltages around the first
translinear loop comprising the signal generator and gate-source voltages of (M|,
My, My, M>) and the degeneration resistor R, as shown in Fig. 5.4a. Ignoring body
effects yields the following expression:

AV, — (V¢ Ve — Vi — Vi
Al = Ves1 + ;S9 Gsi0 — Vas2) (5.22)
t

Next, consider the sum of the voltages around the second translinear loop
comprising the gate-source voltages of (M3, M7, Ms, M,) and the degeneration
resistor R, as shown in Fig.5.4a. Ignoring body effects yields the following
expression:

_ (Vos3 + Ves7 — Vess — Visa)

Al 5.23
b R (5.23)
Adding both loops together yields the total current A, osai
A](mt_mtal = Alt + Alb (524)
A AViy — (Vgsi + Voso — Visio — Vasa)
Iout_total =
R,
Vi Ves1 — Vgss — Ve
+( 653+ Vis1 — Voss — Visa) (5.25)

Ry
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Fig. 5.4 (a) Proposed topology of the three-stage bidirectional distributed amplifier with CMOS
cross-coupled compensator transconductor gain cells coupling the staggered drain and gate
transmission-lines with nonlinear drain capacitance compensator. (b) A varactor-based active post
nonlinear drain capacitance compensator in the CMOS distributed structure for wider linearization
bandwidth

AVin — (Vesi + Viso — Vasio — Vasa)
R, R,
(Voss + Vos1 — Vioss — Visa)

+ R,

Al out_total =

(5.26)

For the total differential output current Al,, to achieve a linear relationship
with the input differential voltage V;, and hence enhancing linearity, only when the
following relationship is satisfied,

(Vast + Vaso — Vasio — Vas2) _ (Vess + Vis1 — Viss — Visa)

5.27
R, R (5.27)
For (5.27) to be satisfied, the following (5.28) and (5.29) must be true:
(Vess — Vast) + (Vasio — Vass) = 0 (5.28)

(Ves2 — Visa) + (Ves7— Vgsg) =0 (5.29)
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Fig. 5.5 CMOS cross-coupled compensator tunable gm flatness versus input signal

Equations 5.28 and 5.29 are met by adjusting both bias current sources Ibias,
and Ibias,. Having the device sizes with unequal dimensions, (5.28) and (5.29)
can be satisfied by tuning both bias current source Ibias, and Ibiasj. Transistors
with smaller device size (W/L) mean that their equivalent gate-source voltage Vi
changes faster. Transistors with larger device size (W/L) have their gate-source
voltage Vg, change slower. When both bias current source Ibias, and Ibias;, are
adjusted, the cross-coupled compensator g,, is tuned achieving higher linearity.
Hence the total differential output current A/,,, achieves a linear relationship with
the input differential voltage V;,,.

To ensure circuit stability the device dimensions were optimized dimension of
[M,M,] width (W/L) equal to 96 um and [M3,M,] (W/L) equal to 72 um and
[M;,Mg] (W/L) equal to 32 um and [My,M;o] (W/L) equal to 20 um with all
devices having L minimum channel length of 120nm. Simulation results show
that the proposed linearized transconductor achieves a tunable 50° increase in the
device transconductor parameter gm flatness over wide differential input signal as
shown in Fig.5.5 and a wide second derivative device transconductor parameter
gm” nulling over 500mV as shown in Fig. 5.6. The proposed transconductor [99]
maintains a high input voltage swing range due to the aid of the second translinear
loop (M3 — My).

The distributed three-stage CMOS cross-coupled compensator transconductor
structure is formed through adopting a low-pass artificial transmission line into
a bidirectional DA as shown in Fig.5.4. Each CMOS cross-coupled compensator
transconductor stage is separated with series on-chip spiral inductors used to extend
the operation frequency range. The currents from each stage are combined at
the output terminal and therefore the third-order intermodulation IM3 distortion
reduction is effective over a broad bandwidth.
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5.4 Effect of Nonlinear Drain Capacitance
on DA Linearization Bandwidth

Another source of nonlinearity in CMOS bidirectional DAs is the transmission
line nonlinear drain capacitance C;. A nonlinear drain current is induced flowing
out of the drain of an NMOS transistor. This nonlinearity can be reduced by
introducing a parallel inverse nonlinearity at the transmission drain line at the output
of the CMOS distributed structure to compensate for the drain capacitance of the
active element as depicted in Fig.5.4b. The PMOS varactor-based active PMOS
nonlinear capacitance compensator tunes the nonlinear drain capacitance providing
IM3 distortion cancellation at various varactor voltages. The transmission-line
capacitance is part of the filter structure whose bandwidth is determined by
the amount of transmission-line inductance and capacitance of the filter section.
The transmission-line cut-off frequency f, is widened when the transmission-line
capacitance is reduced [84,97]

1
= —— 5.30
o= TJiE (5-30)

The nonlinear element drain capacitance C; is a function of v, and can be
expressed by power series with coefficients Cz9, C41 and Cy;

Ci = Cao+ Car1Vas + Ca2V,j, (5.31)
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Fig. 5.7 The proposed schematic of the three-stage bidirectional distributed amplifier with CMOS
cross-coupled compensator transconductor gain cells coupling the staggered drain and gate
transmission-lines with nonlinear drain capacitance compensator

The nonlinear element C,,, is a function of v4; and can be expressed by power
series with coefficients C,40, Cyar1 and Cy;2

Coar = Coaro + Crar1vas + CvarZVi- (5.32)

Adding both nonlinear capacitances in (5.31) and the inverse nonlinear capaci-
tance (5.32) compensate the total amount of nonlinear drain parasitic capacitance
by tuning the varactor PMOS active nonlinear compensator.

Ccompensator =Cq+ Cu» (5.33)

The varactor-based active PMOS distortion linearizer compensates for drain
capacitance nonlinearities. Figure 5.4b illustrates that the linearity of the parasitic
drain capacitance in the CMOS distributed structure can be adjusted by adding an
inverse parallel varactor PMOS device to reduce the nonlinearity of the overall DA
drain capacitance hence achieving highly-linear performance [97]. Figure 5.7 shows
the proposed schematic of the linearized CMOS bidirectional DA.

The bidirectional properties of a conventional distributed amplifier have been
compared to that of an ideal duplexer/circulator [19,21]. The four-port distributed
amplifier is inherently bidirectional because of the symmetry in its architecture. It
can be excited either from port (1) or port (4). Thus it can be driven from both
ends of the gate lines simultaneously. In Fig. 5.7, the proposed CMOS bidirectional
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distributed amplifier based tunable active duplexer has port (1) and port (4) as input
ports and port (2) and port (3) as output ports. Signal power fed into port (1) emerges
from port (TX?2) as depicted in Fig. 5.7 and isolation is provided between port (1)
and port (3).

We define the gain of the distributed amplifier as the ratio of the forward output
power at port (2) to the input power at port (1) and the directivity for the distributed
amplifier as the ratio of the reverse output power at port (3) to the forward output
power at port (2). In dB this is given as [19, 20,73, 107]

G = 10log [P,f;,/Piﬂ = 201og [Sy] (5.34)

D = ~10log [ Pou/ p+ | = ~2010g [S3/g, | (5.35)

The distributed amplifier based active duplexer directivity can be improved
through the tuning of S3; isolation over broad bandwidth. In the case of ideal
distributed amplifier with no losses, S»; and S3; can be defined as [19,20,73,107]

N
1 .
Sy = _Ezﬂe—fﬁ’v [Z s (5.36)

i=0 .

N ;
1 .
Ss1 = —5Znx [E gme P (5.37)

i=0 .

where S is the phase shift per 7-section along the lines and n represents the number
of devices in the amplifier. Z, is the rr-section image impedance of the drain line
and g, is the transconductance of the ith device.

From (5.34) and (5.36) the gain of the amplifier can be expressed as
[19,20,73,107]

G =20log

N
%Z,,e_jﬂN [Z gmi:| ' . (5.38)

i=0

From (5.35) and (5.37) the directivity of the amplifier is

. N
‘—%Zne_’“ [Z gm,-”

i=0

D =20log (5.39)

1 N . . .
=32 |:Z gmie_]ﬂ2':| )

i=0
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Fig. 5.8 Simulated differential S,; power gain, S;; and S, return losses and S, isolation for the
three-stage fully-differential linearized CMOS bidirectional distributed amplifier

From (5.34) the directivity can be expressed in the form [19,20,73, 107]

N
1 a
__ _ E —jB2i ||,
227,|: 20log » gme’ :|

i=0

D =G —20log (5.40)

The power gain increases with the increase of number of DA gain cell stages.
Amplification gain stages are connected so that output currents are combined in an
additive manner at the output terminal. The gain can be increased by introducing
more sections. As the RF input signal travels down the gate transmission-line, each
FET transistor is excited by the traveling power wave and transfers the signals to the
drain line through its transconductance. The advantages of a distributed amplifier
topology are its wide bandwidth, flat gain and compact size circuit size. However,
in the presence of attenuation, the gate wave signal decays as it propagates down the
line. Hence, there will be a point at which the gain added by an additional device
will not overcome the losses induced by the extra section in the gate and drain lines.
The reason for this is that the devices added are not driven sufficiently to overcome
the losses in the drain line cause of high signal attenuation.

Figure 5.8 also shows the simulated return loss Sy, S and S, differential
power gain of the three-stage bidirectional distributed amplifier peaks at 6 dB and
then rolls off to a unity gain bandwidth of 11.5 GHz. The simulated input and output
matching S1; and S;, are both below —10 dB indicating less of the power transferred
would be reflected. The simulated isolation S|, performance is better than —26 dB.

Simulated IIP3 before and after linearization results for linearized CMOS
bidirectional distributed amplifier are shown in Fig. 5.9. A 10dB IIP3 improvement
can be seen from Fig. 5.9.
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Fig. 5.9 Simulated IIP3 before and after linearization for linearized CMOS bidirectional dis-
tributed amplifier
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Fig. 5.10 Simulated IM3 before linearization at 1 GHz for linearized CMOS bidirectional dis-
tributed amplifier

Intermodulation distortion (IMD) nonlinearity appears as a result of applying
2 tones to the distributed bidirectional amplifier at 1 GHz with IP3 of 6 dBm.
Simulated IM3 before linearization is shown in Fig. 5.10.

The degree of intermodulation distortion (IMD) nonlinearity appears less with
IP3 improving to 12 dBm. Simulated IM3 after linearization at 1 GHz for linearized
CMOS bidirectional distributed amplifier is shown in Fig.5.11.

Intermodulation distortion (IMD) nonlinearity appears as a result of applying
2 tones to the distributed bidirectional amplifier at 5 GHz with IP3 of 1.8dBm.
Simulated IM3 before linearization at 5 GHz for linearized CMOS bidirectional
distributed amplifier is shown in Fig.5.12.
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Fig. 5.11 Simulated IM3 after linearization at 1 GHz for linearized CMOS bidirectional dis-
tributed amplifier
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Fig. 5.12 Simulated IM3 before linearization at 5 GHz for linearized CMOS bidirectional dis-
tributed amplifier

The degree of intermodulation distortion (IMD) nonlinearity appears less with
IP3 improving to 10.3 dBm. Simulated IM3 after linearization at 5 GHz linearized
CMOS bidirectional distributed amplifier is shown in Fig. 5.13.

Simulated fundamental and third-order intermodulation distortion for one-stage
CMOS cross-coupled cascomp transconductor is shown in Fig. 5.14.

Simulated stability factor K y and B;s characterizing the linearized bidirectional
distributed amplifier stability is shown in Fig. 5.15.



86 5 Linearized CMOS Distributed Bidirectional Amplifier. . .

@ ] R e

it | After Linearization /AP =50.6 dBm

g P3 =A\P /2 + Pin

= IP3 = 50.6/2 + -15dBm
-40

§ IP3 = 10.3 dBm

3

o.

a 50— —_————f——

=]

s

3
B B e e B B B L B

45 46 47 48 49 50 51 52 53 54 55

freq, GHz

Fig. 5.13 Simulated IM3 after linearization at 5 GHz for linearized CMOS bidirectional dis-
tributed amplifier
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5.5 Transmission-Lines Multi-level Inductor Modeling
in Transmission-Lines for Silicon Chip Area Reduction

The CMOS linearized distributed amplifier has been optimized using multi-level
lumped inductor elements in order to obtain a circuit that is silicon area efficient.
Further reduction in chip area is achieved using multi-level inductors [32, 108, 109].
These multi-level structures benefit from strong mutual coupling between vertically
adjacent metal layers, and can generate the same inductance in less area as compared
with planar inductors as shown in Fig.5.16.

Two-port interconnect lumped model for multi-level inductor broadband
equivalent circuit is shown in Fig.5.19. Equivalent circuit model parameters
are extracted from the frequency dependent quasi-static solution of the physical
substrate structure and consists of ideal R, C and L components. Substrate loss for
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Fig. 5.15 Simulated stability factor K ; and B, characterizing linearized bidirectional distributed
amplifier stability

Fig. 5.16 HFSS linearized
CMOS bidirectional
distributed amplifier
transmission-lines multi-level
inductor modeling RF CMOS
0.13 wm. The HFSS modeled
inductor has an outer
diameter of 91 pm and
spacing of 5 wm with width
of 10 um

interconnect is modeled by the resistor Ry, and capacitor network that consists
of C,, and Cj,; representing the oxide layer parasitic capacitances between the
conductors and the bulk substrate [75,97,107,109] (Fig.5.19).

Accurate modeling at microwave frequencies requires electromagnetic simula-
tions using ADS Momentum or HFSS EM engines as shown in Fig.5.18. A 0.13 um
CMOS silicon substrate was constructed in both HFSS and ADS Momentum, based
on the available data from process foundry Fig.5.17. The IBM 0.13 pm CMOS
process offers three thick RF metal layers suitable for high-Q inductors and the
top metal layer (MA) is composed of aluminum. In order to reduce the loss and
improve the quality factor (Q), the metallization layer with the lowest loss is chosen
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Fig. 5.17 ADS linearized
CMOS bidirectional
distributed amplifier
transmission-lines multi-level
inductor modeling RF CMOS
0.13 pm

for the design. Inductor Q as shown in Fig.5.18 is frequency dependent. It is clear
that inductor Q is strongly affected by the metal thickness (which related to metal
loss) and substrate resistivity.

Stacked inductors implemented in two or three metal layers were designed with
inductance values 900 and 450 pH. The gate transmission-line 450 pH inductor has
an outer diameters of 70 um and spacing of 5 um and width of 9 um and number
of turns n of 1.5. The drain transmission-line 900 pH inductor has an outer diameter
of 91 wm and spacing of 5 um and width of 10 wm and number of turns n of 1.75.
Both stacked inductors were implemented on MA and El top metal layers which
corresponds to the eight and seventh top metal layers. The gate transmission-line m-
derived 280 pH inductor has an outer diameter of 59 wm and spacing of 5 um and
width of 9 pm and number of turns n of 1.5. The drain transmission-line m-derived
230 pH inductor has an outer diameter of 55 um and spacing of 5 um and width of
9 pwm and number of turns n of 1.5.

As with planar inductors, reducing area over substrate is paramount in increasing
the resonance frequency (SRF) of stacked inductors [15,75,97,107]. The nearly 50°
reduction in total area with more metal layers yields higher SRF, even though the
bottom metal layer is slightly closer to the substrate. EM simulations in HFSS and
ADS were performed on the gate and drain transmission-lines multi-level inductors.
The EM simulation results of Q and inductance L in RF CMOS 0.13 pum are
shown in Fig.5.18. The ADS EM calculations were performed using the methods
of moments where as in HFSS the 3D full-wave EM calculations were performed
using the finite element method. The EM simulations results for both calculations
are shown in Fig.5.18.

CMOS processes have low resistive substrates which cause significant losses
which makes design of high Q inductors challenging. At low frequencies, metal
losses are mainly determined by the sheet resistance of the process layers used to
create the device. However, at high frequencies, skin effect, proximity effects and
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Fig. 5.18 HFSS and ADS linearized CMOS bidirectional distributed amplifier gate transmission-
lines multi-level inductor modeling Q and L Modeling RF CMOS 0.13 wm. The ADS EM
calculations were performed using the methods of moments where as in HFSS the 3D full-wave
EM calculations were performed using the finite element method

current crowding have a major impact on the loss mechanism [27,29, 75,97, 107].
The skin effect drives the ac current toward the surface of the conductor. Skin effect
increases the ac resistance of the conductor leading to lower Q [110-113].

Inductor performance is strongly affected by the metal loss and substrate loss.
Increasing metal thickness to reduce metal loss could significantly improve inductor
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Fig. 5.19 ADS transmission-lines multi-level inductor broadband equivalent circuit model in RF
CMOS 0.13 pm. The multi-level inductor broadband equivalent circuit component values were
determined by curve-fitting with the EM HFSS and ADS simulated results

Q for RF applications. A CMOS inductor’s performance is also affected by the oxide
thickness beneath the inductor and its lateral dimensions, such as metal strip width,
spacing, and outer diameter [65, 114, 115].

Proximity effect metal loss degrades the performance of on-chip inductor at high
frequency due to the influence of the magnetic field created by a nearby conductor
and thereby increasing the effective series resistance. The two-level inductor has a
peak of approximately 15 and it peaks at 25 GHz with a self-resonance frequency of
50 GHz. Effective inductance of 450 pH and quality factor Q of 13 for the stacked
inductor are shown in Fig.5.18. The multi-level inductor broadband equivalent
circuit model in RF CMOS 0.13 um is shown in Fig. 5.19. The multi-level inductor
broadband equivalent circuit component values were determined by curve-fitting
with the EM HFSS and ADS simulated results. The drain transmission-line multi-
level inductor quality factor Q and inductance L modeling for RF CMOS 0.13 pm
with inductance of 910 pH and Q of 15 is shown in Fig. 5.20.

5.6 DA Based Duplexer with Integrated Antenna on Silicon
Replacing DA M-Derived Matching Network

An on-chip differential loop antenna is suitable for an antenna/inductor design as it
is inherently inductive in nature and delivers a broad radiation pattern [13, 16]. This
antenna/inductor structure is not operating at resonance and is integrated on a lossy
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Fig. 5.21 ADS simulated inductance and quality factor curve fitting for on-chip differential loop
antenna inductor radiator and its equivalent circuit for L =0.49 nH with Q =29 at 5.5 GHz

silicon substrate [16]. The inductor is optimized to radiate efficiently and therefore
serves as an on-chip radiating antenna as well.

The proposed CMOS bidirectional DA based tunable active duplexer connects
the radiating inductor element to its receive path input port as can be seen in
Fig.5.21. The on-chip differential loop antenna replaces the gate line m-derived
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image impedance transforming section on receive gate line input port. The signal
attenuation along the gate line can be overcome by amplifying the signal with the
DA gain cells.

The on-chip differential loop antenna provides the required inductance to replace
the bidirectional DA based active duplexer m-derived inductor component. The on-
chip differential loop antenna with dimension 280 x 220 um designed in HFSS,
exhibits a simulated inductance of L =0.49 nH replacing the required m-derived
matching network inductance performance and has a quality factor of Q =29.1 at
5.5 GHz as can be seen in Figs. 5.21 and 5.22.

Figure 5.22 shows an HFSS model for a stand alone on-chip differential loop
antenna with matched testing loop antenna model. Each antenna is fed differentially
through a wave port. The S,; power is extracted for both the on-chip loop antenna
and the matched testing loop antenna. Simulation results in Fig. 5.22 show that the
co-design DA based tunable active duplexer with on-chip loop antenna has 6 dB S5,
power gain added improvement from DC up to 5.2 GHz compared to stand alone
on-chip loop antenna S,; power performance.

5.6.1 Varactor-Tuned LC Networks

The proposed linearized CMOS bidirectional distributed amplifier achieves lin-
earization on two parameters, transconductance using the proposed CMOS cross-
coupled cascomp and drain nonlinear parasitic capacitance compensation using the
MOS varactors. The MOS capacitor is gate voltage dependent, so when using a
MOS capacitor depending on biasing condition, the capacitance will be small, lossy,
and highly nonlinear.

The test schematic showing the testbench when the MOSCAP varactor (variable
reactors or voltage controlled capacitors) with source and drain connected together
to act as an inversion mode capacitance by varying the voltage is shown in Fig. 5.23
with the MOSCAP minimum and maximum value of the varactor capacitance
simulation results. Simulated Performance of the linearized CMOS bidirectional
distributed amplifier is shown in Table 5.1. The power gain S; of the three-stage
bidirectional distributed amplifier peaks at 6 dB and then rolls off to a unity gain
bandwidth of 11.5 GHz. The simulated input and output matching S;; and S, are
both below —10 dB indicating less of the power transferred would be reflected. The
simulated isolation S|, performance is better than —26 dB.

5.7 Chapter Summary

In this chapter, a fully-integrated fully-differential linearized CMOS distributed
bidirectional amplifier that achieves large IMD3 distortion reduction over broad-
band frequency range for both RF paths was demonstrated. The drain and gate
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Fig. 5.22 HFSS model for stand alone on-chip differential loop antenna with matched testing
antenna model. (b) Co-design of DA based active duplexer with on-chip loop antenna has 6 dB S5,
power gain added improvement up to 5.2 GHz compared to stand alone on-chip loop antenna Sy,
power performance. The on-chip differential loop antenna with dimension 280 x 220 pm designed

in HFSS
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Fig. 5.23 (a) MOSCAP varactor test setup schematic with source and drain connected together
to generate a highly non-linear capacitance-voltage curve behavior (b) C-V characteristic of the
minimum and maximum MOSCAP varactor capacitance

Table 5.1 Simulated

performance of the linearized Tec.hnolo.gy . RF CMOS 0.13 pm
CMOS bidirectional Unity gain bandwidth 11.5GHz
distributed amplifier S21 peak power gain 6dB

Linearized I11P3 >10dB

S1» isolation <—26dB

Silicon area 1.887 % 0.795 mm

transmission-lines were stagger-compensated. Reducing the DA IM3 distortion by
mismatching the gate and drain LC delay-line ladders. A CMOS cross-coupled
compensator transconductor is proposed to enhance the linearity of the DA gain
cell with a varactor-based active post nonlinear drain capacitance compensator for
wider linearization bandwidth.



Chapter 6
Linearized CMOS Distributed Bidirectional
Amplifier Silicon Chip Implementation

6.1 Introduction

This chapter presents several practical layout guidelines of the fully-integrated
fully-differential linearized distributed bidirectional amplifier implemented in IBM
CMOS RF 0.13 pum silicon process. The total chip silicon area is 1.5 mm? including
testing pads. The circuit elements forming the linearized CMOS bidirectional
distributed amplifier are discussed in terms of their physical arrangement and layout.

6.2 Linearized CMOS Bidirectional Distributed Amplifier
High Frequency Layout Considerations

CMOS technologies offer the capability of integrating both baseband and RF
front-end transceiver components on a single chip allowing low cost implementation
[116]. However, CMOS has inherent technology limitations such as low current
drive, lossy substrate, low breakdown voltage and poor transconductance [32-34].
These technology drawbacks have negative impact on implementing fully-integrated
power amplifier using CMOS process. For this reason, a fully differential topology
has been adopted since differential power amplifier have several advantages over
single-ended ones. For instance, the voltage doubling effect lowers the burden of low
breakdown voltage limit. Also, the virtual ground of source prevents gain reduction
from source inductance degeneration and stability can be easily achieved [32-34].
The design of the proposed linearized bidirectional DA has been fully-integrated
in 0.13 wm RF CMOS technology. Proper layout techniques are used such as main-
taining device matching and use of symmetry in circuit layout design. The use of
balanced modular layout design results in balanced current distribution and supply
routing [32-34]. With interdigitating wide transistors, with multi-gate finger layout,
the gate resistance of the polysilicon becomes smaller. Grounded “guard ring”
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are added surrounding sensitive active devices to improve device isolation and acts
as an effective shield to noise and crosstalk. ESD were added to the gates in order
to protect the chip from antenna effects [32-34].

Technology process parameters such as substrate resistivity, number of metal
layers, distance between metal layers, and metal layer thickness are all set by
0.13 wm CMOS technology [117]. The 0.13 pm CMOS top most metal layer has
lower sheet resistance and suffers less loss. The top metal layer has the largest
thickness which helps in improving component quality factor Q and it is commonly
utilized for routing critical high frequency signals. CMOS 0.13 pm technology
offers eight metal layer (M1-MS8) [117] including three thin metal (M1, M2, and
M3) layers, two thick metal (MQ and MG) layers and three RF (LY, E1, and MA)
layers. Modeling the substrate definition includes the number of layers, position of
each layer and composition of each layer.

The drain transmission line signal conductor dimensions are made wide in order
to reduce the resistivity on the drain transmission lines which greatly affects the
high-frequency performance of the device. Gate tie-downs where added to long
metal traces in order to cancel antenna effect preventing the collection of charges
that may destroy the device gates. ESD double diode protection were added to I/O
pads and multiple contacts are placed where needed to ensure good connections
[32-34].

6.3 Silicon CMOS RF Multi-level Inductors Implementation

On-chip inductors play a crucial role in radio frequency integrated circuits. Several
factors degrade the performance of on-chip passive components at high frequencies
such as skin effect, proximity effect, electric field penetration into substrate, and
substrate eddy current losses [20]. The main parameters that characterize an inductor
are its self-inductance value, L, its quality factor, Q, and its resonant frequency
Fres [751.

A good understanding of loss mechanisms is essential in designing silicon RF
CMOS on-chip inductors. Loss mechanisms include metal losses, substrate losses
and high frequency losses [20]. The main source of the loss of the on-chip inductor
is the conductive silicon substrate. At lower frequencies, metal losses are mainly
determined by the sheet resistance of the process layers used to create the device
[39]. At higher frequencies, skin effect, proximity effects and current crowding have
a major impact on loss mechanism [118].

The skin effect drives the ac current toward the surface of the conductor [118].
Skin effect increases the ac resistance of the conductor leading to lower Q. Eddy
current substrate losses are caused by the magnetic field of the conductor inducing
a current in the substrate [118].

Strong mutual coupling in multi-layer inductors allows the generation of the
same inductance in less area as compared to planar inductors [32]. In distributed
broadband amplifiers, a large number of inductors are necessary, leaving a small
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Fig. 6.1 Micrograph of silicon RF CMOS 0.13 pm multi-level drain line inductors with outer
diameter of 91 wm and spacing of 5 um and width of 10 um and number of turns n of 1.75

silicon area for each [17]. A good candidate for this purpose is the stacked structure
shown in Fig. 6.1, where two planar spirals are placed in series each on different
metal layer.

Multi-level inductors can be implemented by connecting two or more layers in
series [108]. This will let the same silicon area to be realized with an increased
inductance value. Since the current flows through both metal layers in the same
direction, the magnetic flux lines in the same direction result in higher mutual
inductance. The flux through the two windings will strengthen one another and the
total inductance of a stacked spiral consists of the sum of the two planar spiral
inductances plus their mutual inductance [108]. One drawback with this approach is
the lower self-resonant frequency resulting from the large feed through capacitance
between the layers [111].

Square inductors are generated easily with ASITIC [119]. The physical pa-
rameters have to be determined, including number of turns N, conductor width
W, the edge-to-edge spacing between adjacent turns, S, and the outer diameter,
OD. The geometrical parameters were chosen to realize an inductance value while
minimizing parasitic capacitance and area. ASITIC generates the inductor pi model
parameters of spiral inductors through electromagnetic field solutions at a given
frequency [119]. The layout is then imported to Cadence and ADS simulation
environments.

Separation between on-chip spiral inductors should be large enough to minimize
magnetic coupling effects between them as shown in Figs.6.2 and 6.1 [120].
On-chip separation between inductors involves spacings that is a function of the
layout size of the inductor [29]. Surrounding the CMOS 0.13 pm multi-level induc-
tors is a metallization ground shield rings as shown in Fig. 6.2 which acts as the path
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Fig. 6.2 Cadence layout of silicon RF CMOS 0.13 pm multi-level inductor

for the return current in the structure and to reduce the substrate loss. The guard ring
consists of P+ or N + diffusion regions connected to ground. The guard ring pre-
vents eddy currents from being induced in the substrate. The staggered transmission-
line gate (450 pH) and drain (900 pH) on-chip inductors are modeled using both
Ansoft’s High Frequency Structure Simulator (HFSS) and Momentum ADS.

6.4 CMOS Bidirectional Distributed Amplifier
Cross-Coupled Compensator Gain Cell Layout

Layout techniques such as interdigitated transistor layouts, symmetry for
transmission-line differential paths, multiple finger transistor layout to minimize
gate resistance [32-34]. Guard rings were placed surrounding the devices and
inductors to reduce noise. All these RF layout techniques adopted to enhance the
CMOS 0.13 pm linearized bidirectional distributed amplifier performance as shown
in Fig. 6.3.

Minimizing the MOSFET gate resistance was achieved by properly sizing the
finger width used during the layout of the transistor to Wpuer =4 um. Another
important consideration in the linearized CMOS bidirectional distributed amplifier
layout is the series gate resistance of the MOS transistor since it reduces gain
significantly at higher frequencies. To prevent this effect, the gate poly was split
into many fingers as depicted in Fig. 6.3 in order to keep the total resistance down
as shown in Fig. 6.4.
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Fig. 6.3 Silicon RF CMOS 0.13 pum linearized bidirectional distributed amplifier full active cross-
coupled compensator gain cell with enhanced tunability

6.5 Linearized CMOS Bidirectional Distributed Amplifier
Full Layout

Most of the interconnections are done at the top metal eight layer (MA) which has
the highest conductivity Fig. 6.5. The first metal layer was used as a ground plane
(Fig. 6.6). The layout of the gain cell blocks are done symmetrically as can be seen
in Fig. 6.6. The width of metal interconnections was chosen according to the amount
of current flowing through them. In order to meet pattern density requirements for
the layout, filling cells are placed in the blank space surrounding the gain cells as
shown in Figs. 6.6 and 6.7. Eight pin probing pads are used in Cadence layout design
of the linearized bidirectional amplifier.
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Fig. 6.4 Silicon RF CMOS 0.13 pm linearized bidirectional distributed amplifier cross-coupled
compensator gain cell with multi-level inductors

As can be seen in the layout in Figs. 6.6 and 6.7, the chip area is dominated
by the passive on-chip inductors components. The micrograph of the proposed
fully-integrated fully-differential silicon RF CMOS 0.13 pum linearized bidirectional
distributed amplifier co-designed with the on-chip antenna is shown in Fig. 6.7. The
total chip silicon area is 1.887 x 0.795 mm? including testing pads.
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I
1 \
Fig. 6.5 Silicon RF CMOS 0.13 um linearized bidirectional distributed amplifier co-designed

with on-chip antenna. The on-chip differential loop antenna with dimension 280 X 220 pm
designed in HFSS

0.795 mm

Fig. 6.6 Fully-integrated silicon RF CMOS 0.13 pum linearized bidirectional distributed amplifier
layout co-designed with on-chip antenna with multi-level inductors. The total chip silicon area is
1.5 mm? including testing pads
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Fig. 6.7 Micrograph of fully-integrated fully-differential silicon RF CMOS 0.13 pm linearized
bidirectional distributed amplifier co-designed with on-chip antenna

6.6 Chapter Summary

In this chapter, high-frequency layout design techniques used in implementing the
fully-integrated linearized distributed bidirectional amplifier in silicon RF CMOS
0.13 wm process have been discussed. The circuit elements forming the linearized
CMOS distributed bidirectional amplifier were presented in terms of their physical
arrangement and layout.



Chapter 7

Linearized CMOS Distributed Bidirectional
Amplifier Experimental Setups and Chip
Measurement Results

7.1 Introduction

This chapter presents the experimental test setups for the fully-integrated linearized
CMOS RF 0.13 pm bidirectional distributed amplifier. The chip measurements that
are carried out include small-signal s-parameters such as gain and return loss,
harmonics power measurements such as 1-dB compression, IMD (intermodulation
distortion) and noise figure measurements. All RF measurements are performed
with on-wafer probing.

7.2 High-Frequency On-Wafer Measurement System

All RF measurements were carried out with on-wafer probing. On-wafer probing as
shown in Figs. 7.1 and 7.3 was performed on an analytical probe station eliminating
all of the problems inherent in packaging removing any uncertainty about bond wire
inductances. The measurement test bench setup included network analyzers, high-
frequency wafer probes and programmable DC source units.

Automated chip measurement characterization are carried out with test instru-
ments connected using GPIB. To minimize test time, matlab scripts were compiled
to control the instruments. The results are instantly graphed to view acquired
measurement data from test equipment through the GPIB interface.

The testing instruments include an RF signal generator, a power meter and
Agilent RF signal generator as shown in the Fig.7.1. The testing instruments also
includes an Agilent RF spectrum analyzer for characterizing frequency content,
a vector network analyzer, modulation analyzers for characterizing modulated
content in the presence of undesired blocking signals such as those from simulated
cellular base stations, other cellphones, and broadcast radio stations Fig.7.2. The
measurements were conducted utilizing 8-pin high-frequency wafer probes.

Z. El-Khatib et al., Distributed CMOS Bidirectional Amplifiers: Broadbanding 103
and Linearization Techniques, Analog Circuits and Signal Processing,
DOI 10.1007/978-1-4614-0272-5_7, © Springer Science+Business Media New York 2012
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Fig. 7.1 On-wafer RF automated GPIB chip testing of the 0.13 pum RF CMOS linearized CMOS
distributed bidirectional amplifier
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Fig. 7.2 RF automated GPIB testing of the 0.13 um RF CMOS three-stage fully-differential
linearized CMOS distributed bidirectional amplifier with high-frequency RF probes
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7.3 S-Parameter and Harmonics Power Measurements

The S-parameter test setup is shown in Fig. 7.3 and includes DC-supplies, 8-pin high
frequency probes and a vector network analyzer. The S-parameter measurements
were carried out using the Anritsu 37347C Vector Network Analyzer and multi-
contact wedge 8-pin high frequency differential probes with two RF needles up to
40 GHz. The network analyzer is capable of accurately extracting the S-parameters
of the device up to 20 GHz. The Anritsu 37347C was calibrated up to the probes with
the Open-Short-Load-Through calibration method [22, 67, 118, 121]. A full two-
port calibration from a start frequency of S0 MHz to a stop frequency of 20 GHz
are performed. The device under test was connected as shown in Fig.7.3. The
measured data collected using network analyzer in the form of S-parameter relating
the electromagnetic waves scattered from the device under test to those EM waves
incident upon the vector network analyzer.

— —
Analytical Probe Station

Fig. 7.3 Test setup for S-parameter measurements for the linearized CMOS distributed bidirec-
tional amplifier
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Fig. 7.5 IIP3 Comparison of measured reverse path output power versus input power with and
without linearization for both (a) forward and (b) reverse RF paths

To characterize the linearity of the linearized CMOS bidirectional distributed
amplifier, one-tone and two-tone power measurements were conducted for char-
acterizing 1-dB compression point Pj;p and third-order interception point (IP3)
respectively. The output power measurement setup is shown in Fig.7.4. IIP3
measurements used two Rohde and Shwartz tone signal generators and a high-
frequency power combiner with the 8975A spectrum analyzer.

An external 12 GHz power combiner was used to combine the tones from signal
generators. At the output stage, the RF signal was fed to a spectrum analyzer which
provided a load resistance of 50 2. On-wafer two-tone IMD3 measurements was
performed. The 8975A spectrum analyzer was used for single-tone compression
measurements as well.

Two-tone power measurements were conducted to characterize the third-order
input interception point (IIP3) of the linearized CMOS bidirectional DA. IIP3
comparison of measured output power versus input power with and without
linearization is shown in Fig. 7.5. A measured IIP3 improvement of 10dB at 5 GHz
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Fig. 7.6 Comparison of simulation and measured differential S-parameters for both (a) forward
and (b) reverse RF paths

with 100 MHz spacing is achieved for both forward and reverse RF paths. The
CMOS linearized bidirectional amplifier achieves a highly linear output power of
18.5dBm.

The small-signal S-parameters measurements were carried out using an Anritsu
37347C vector network analyzer with proper calibration techniques. The measured
RF forward path and reverse path S-parameters for the linearized CMOS bidi-
rectional DA achieves a measured peak gain of 5dB and unity gain bandwidth
of 9.5 GHz as shown in Fig.7.6a, b for both forward and reverse RF paths. The
measured input and output return losses are better then —10dB over the frequency
range with better than —26 dB isolation.

The IM3 distortion reduction measurement of the linearized bidirectional ampli-
fier was examined at four different two-tones frequencies at (1, 3, 5 and 5.9 GHz)
with 100 MHz spacing using an Agilent E4440A spectrum analyzer. A comparison
of the measured output spectra with and without linearization for these frequencies
is shown in Figs. 7.7-7.10. Intermodulation distortion (IMD) nonlinearity appears
as a result of applying two tones to the distributed bidirectional amplifier. The
measured IM3 distortion reduction is 20dB for both forward and reverse RF
paths. The intermodulation distortion (IMD) nonlinearity improvement match the
simulation results. A comparison of the measured IM3 distortion reduction with
and without linearization over broadband frequency of operation for both RF paths
is shown in Fig.7.11. The linearization over broadband frequency measurement
characterization were carried out with both RF signal generators and the Agilent
E4440A spectrum analyzer test instrument connected using GPIB. The intermodu-
lation distortion (IMD) nonlinearity results are instantly graphed to view acquired
measurement data from spectrum analyzer test equipment.

Unmodulated carrier signals have been used as stimuli for distortion mea-
surements. However, digitally-modulated stimulus signals are used as well as
they provide more realistic measurement results [122]. For a digitally modulated
carrier, distortion produces spectral regrowth. Nonlinear spectral analysis with
digitally modulated signal as input was carried out [122]. To demonstrate the
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Fig. 7.7 Comparison of measured output spectra with and without linearization for two-tones
frequencies at 1 GHz with 100 MHz spacing for both (a) forward and (b) reverse RF paths
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Fig. 7.8 Comparison of measured output spectra with and without linearization for two-tones
frequencies at 3 GHz with 100 MHz spacing for both (a) forward and (b) reverse RF paths
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Fig. 7.9 Comparison of measured reverse path output spectra with and without linearization for
two-tones frequencies at 5 GHz with 100 MHz spacing for both (a) forward and (b) reverse RF
paths

linearization capability of the bidirectional amplifier, it was measured using an Ag-
ilent E4438C ESG vector signal generating communication-specific test signals for
testing wireless communication systems such as I1/4-differential QPSK (DQPSK)
modulated signals [122]. These modulation schemes are commonly used in many
commercial wireless systems on the market today due to their spectral efficiency and
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Fig. 7.11 Comparison of the measured IM3 distortion reduction with and without linearization
over broadband frequency of operation for both (a) forward and (b) reverse RF paths

simple modulator/demodulator construction. A performance test was done using a
narrowband T1/4-DQPSK signal. The signal used for this test is a standard IT/4-
DQPSK signal at 125 ksymbols/s (250 kbits/s) and was pulse shaped using a square
root Nyquist 40 MHz filter using a roll-off factor § = 0.35.

Measured normalized output power spectral density PSD with and without
linearization at 2 GHz for a standard I1/4-DQPSK digitally modulated carrier signal
is shown in Fig. 7.12. We can see that the nonlinearity of the amplifier has caused the
output signal to be spread in frequency and the third order nonlinearity has caused
the first set of shoulders on the output signal, which are around 45 dB down from
the signal peak. This output signal is unacceptable from a system perspective, as
the distortion spills out of the channel used by the signal and into nearby channels
that are occupied by signals from other users. This is known as adjacent channel
interference, and reduces the spectral efficiency of the system. Spectral regrowth
due to amplifier nonlinearities are fully compensated for, resulting in a 20dB
improvement in adjacent channel interference relative to the output signal.

To further demonstrate the performance of the linearized bidirectional DA, using
an Agilent E4438C ESG vector signal generator a custom multi-tone waveform test
was generated using a ten-tones 5 MHz bandwidth each [122]. Measured normalized
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Fig. 7.12 Measured output PSD with and without linearization at 2 GHz for T1/4-DQPSK digitally
modulated carrier signal using a square root Nyquist filter using a roll-off factor B = 0.35.
Spectral regrowth due to amplifier non-linearities are fully compensated for, resulting in nearly
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Fig. 7.13 Measured output PSD with and without linearization at 2 GHz for ten-tones 5 MHz
bandwidth each multi-tone modulated signal

output PSD with and without linearization at 2 GHz for Multi-tone modulated signal
is shown in Fig. 7.13. A 20dB of improvement is achieved through linearization.

QAM is another common modulation technique used in modern communications
systems due to its bandwidth efficiency. The measured normalized output PSD with
and without linearization at 2 GHz for 4-QAM digitally modulated carrier signal is
shown in Fig.7.14.
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Fig. 7.14 Measured output PSD with and without linearization at 2 GHz for 4-QAM digitally
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Fig. 7.15 Comparison of the IM3 distortion reduction under different varactor bias voltage
adjustment from 1 to 1.8V there exist an optimal bias at which IM3 suppression is formed at
1.45V

The varactor-based active post distortion enables one to tune the IM3 reduction
with ease and precision. It provides distortion cancellation tuning at various
combination of varactor voltages. The varactor bias voltage is adjusted from 1 to
1.8 V. An optimum bias condition is observed for IM3 distortion suppression which
is formed at 1.45V as can be seen in Fig. 7.15.
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7.4 Noise Figure Setup and Measurement

The noise figure test setup includes noise figure analyzer N8975A, high-frequency
noise source, DC-supplies, device under test, RF 8-pin wafer probes as shown
in Fig.7.16. A noise figure measurement of the linearized CMOS bidirectional
distributed amplifier was performed. After calibration, the measurements indicate
that the noise figure of the amplifier shows a minimum of 7.8 dB at around 1 GHz
and is below 9 dB for frequencies up to 9.5 GHz as shown in Fig.7.17.

A summary comparing previous state-of-the-art published measured linearized
DAs is presented in Table 7.1. Table 7.1 highlights the proposed linearized
bidirectional DA large 20 dB IMD3 reduction over broadband frequency range for
both RF paths with the least power consumption and minimum silicon chip area
compared to other published resutls. Table 7.1 presents all the previously published
Linearized DA’s to the author’s knowledge. It shows that the proposed linearized DA
has the lowest power consumption and minimum silicon chip area in comparison
to all the previously published linearized DAs. The proposed linearized DA is
implemented with three-stage gain cells to optimize for silicon chip area of 1.5 mm?.
The proposed linearized bidirectional DA power consumption is 128 mW.

Calibration Setup

Noise Source

Measurement Setup

Noise Source

DUT

Fig. 7.16 Noise figure calibration and measurement setup for the linearized CMOS distributed
bidirectional amplifier



7.4 Noise Figure Setup and Measurement 113

20 ! ! ! : ! ; ;

-
(Sl

Noise Figure [dB]
[=)

(5

o

0 2 4 6 8 10 12 14
Frequency [GHz]

Fig. 7.17 Measured noise figure for the linearized CMOS distributed bidirectional amplifier

Several linearized DAs have been published [10-123] and [65, 66] as shown
in Table 7.1, however most of the published DA linearization methods reported
do not provide large IM3 distortion reduction. Since they involve system-level
linearization with bulky discrete components which is not suited for fully-integrated
circuit miniaturization. Due to the discrete component performance variation with
frequency, they also suffered from limited linearization over broad bandwidth. Other
DA linearization techniques have narrow linearized bandwidth at lower frequencies
[13, 15] and apply only DC-based linearization techniques.

A CMOS DA based multi-tanh linearization technique is also reported in [26].
However the CMOS DA based multi-tanh linearization technique offered a limited
5 dB IM3 distortion reduction [26]. Another linearized DA that has been published
is a differential DA with circuit-level feedforward linearization technique [27]. It
operated over a wide band from 0.1 to 12 GHz, however only simulation results
were presented [27]. Lau and Chan proposed a linearized DA that achieved a 10 dB
IM3 reduction over a limited 2.3 GHz bandwidth range [23]. Recently, Lu and
Pham [28, 29] proposed a multi-gated transistor (MGTR) topology based CMOS
linearized DA. The MGTR-based linearized distributed amplifier operated over a
limited bandwidth of 4 GHz range and had only a 11 dB IM3 reduction. Comparing
the proposed CMOS linearized DA in this work [30] to other published ones,
the proposed linearized CMOS DA offers a 20dB IM3 distortion reduction with
9.5 GHz operational bandwidth and with the least power consumption [30].

Measurement setup of the 0.13um RF CMOS three-stage fully-differential
linearized CMOS bidirectional distributed amplifier on analytical probe station is
shown in Fig. 7.18. The testing instruments include an RF signal generator, a power
meter and Agilent RF signal generator and programmable DC source units as shown
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Fig. 7.18 Measurement setup of the 0.13 pm RF CMOS three-stage fully-differential linearized
CMOS distributed bidirectional amplifier on analytical probe station

in the Fig.7.18. The testing instruments also includes an Agilent RF spectrum
analyzer for characterizing frequency content, a vector network analyzer, modu-
lation analyzers and 8-pin high-frequency wafer probes.

7.5 Summary

In this chapter, the experimental measurement test-setups and measurement results
for the fully-integrated fully-differential linearized CMOS distributed bidirectional
amplifier are presented. The linearized distributed bidirectional amplifier achieves
large 20 dB IMD3 distortion reduction over ultra-wideband frequency range for both
RF paths with least power consumption and minimum silicon chip area solution
compared to other published linearized DAs. The proposed fully-integrated DA
linearization technique greatly suppresses the third-order intermodulation (IM3)
distortion with drain and gate transmission-lines staggered to filter out the IM3
distortion. The proposed fully-differential linearized DA employs a CMOS cross-
coupled compensator to enhance the linearity of the DA gain cell with a nonlinear
drain capacitance compensator for wider linearization bandwidth. The proposed
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linearized CMOS bidirectional DA achieves a measured IM3 reduction of 20dB in
both RF directions with a two-way gain of 5dB over ultra-wideband 0.1-9.5 GHz
frequency of operation eliminating the need of RF switches which degrade perfor-
mance and increase insertion loss. The proposed linearized DA is fully-differential
suppressing substrate noise thus providing better dynamic range compared to single-
ended linearized DA designs and with the least power consumption of 128 mW and
chip silicon area compared to previous published work. An IIP3 of 18.5dBm is
achieved for both RF paths with a 10dB IIP3 improvement. It is implemented in
0.13 um RF CMOS technology and with a silicon chip area of 1.5 mm? for use in
highly-linear low cost ultra-wideband communications.



Chapter 8
Conclusion

8.1 Summary

The emphasis on higher data-rates has driven the industry towards linear modulation
techniques such as QPSK, QAM and multi-carrier configurations. Spectral
efficiency has become a significant factor in the use of such linear modulation
techniques. The result is a signal with a fluctuating envelope which generates
intermodulation distortion from the power amplifiers. Linear modulation techniques
are more spectral efficient however requires a linear power amplifier. Broadband
power amplifiers are important RF components in a wireless communications
system. All power amplifiers exhibit inherent nonlinearity which causes spectral
regrowth in systems using non-constant envelope digital modulation schemes. The
main source of spectral regrowth is the intermodulation distortion of the modulated
carrier by nonlinearities in the transmitter power amplifier. Requirements for
suppression of spectral regrowth have become more stringent and the improvement
in spectral regrowth suppression is the primary reason for using power amplifier
linearization techniques.

Active MOSFET devices can be modeled by nonlinear current sources that
depend on the device voltages [12—14]. These nonlinear sources will give rise to
distortion when driven with a modulated signal. The real MOSFET device output
impedance is nonlinear and the mobility [ is not a constant but a function of the
vertical and horizontal electric field. We may bias the active MOSFET device where
the device behavior is nonlinear.

In this book, we demonstrated a fully-integrated fully-differential linearized
CMOS distributed bidirectional amplifier that achieves large 20 dB IMD3 distortion
reduction over ultra-wideband frequency range for both RF paths with least power
consumption and minimum silicon chip area solution compared to other published
linearized DAs. The proposed fully-integrated DA linearization technique greatly
suppresses the third-order intermodulation (IM3) distortion with drain and gate
transmission-lines stagger-compensated. Reducing and filtering out the DA IM3
distortion by mismatching the gate and drain LC delay-line ladder’s time-delay.
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The proposed fully-differential linearized DA employs a CMOS cross-coupled
compensator to enhance the linearity of the DA gain cell with a nonlinear drain
capacitance compensator for wider linearization bandwidth. The proposed lin-
earized CMOS bidirectional DA achieves a measured IM3 reduction of 20dB in
both RF directions with a two-way gain of 5dB over ultra-wideband 0.1-9.5 GHz
frequency of operation eliminating the need of RF switches which degrade perfor-
mance and increase insertion loss. The proposed linearized DA is fully-differential
suppressing substrate noise thus providing better dynamic range compared to single-
ended linearized DA designs and with least power consumption of 128 mW and
chip silicon area compared to previous published work. An IIP3 of 18.5dBm is
achieved for both RF paths with a 10dB IIP3 improvement. It is implemented
in 0.13 wm RF CMOS technology with a silicon chip area of 1.5mm? for use in
highly-linear low cost bidirectional ultra-wideband communications. Comparing
the proposed CMOS linearized DA in this work [30] to other published ones,
the proposed linearized CMOS DA offers a 20dB IM3 distortion reduction with
9.5 GHz operational bandwidth and with the least power consumption [30].

The book objectives were introduced in Chap. 1. In Chap. 2, modulation schemes
effect on RF power amplifier nonlinearity and RFPA linearization techniques
were presented. In Chap. 3, distributed amplification principles and transconductor
nonlinearity compensation were presented. Various applications of linearized dis-
tributed circuit functions were presented in Chap. 4. Chapter 5 described in details
the proposed fully-integrated linearized CMOS bidirectional distributed amplifier
and the proposed highly-linear CMOS cross-coupled compensator transconductor
with enhanced tunability. Chapter 6 presented the proposed linearized CMOS
bidirectional distributed amplifier layout techniques and considerations. Chapter 7
presented the proposed linearized CMOS bidirectional distributed amplifier experi-
mental test setups and measured results. Chapter 8 drew conclusions of the research
work and listed research contributions.

8.2 Book Research List of Contributions

In summary, the main objective of this book research was aimed at the broadband
amplifier linearization for providing broadband linear amplification for use in
future Radio-over-Fiber communication and wireless transceiver applications. The
following is a summary of the research contributions:

1. The development of linearized CMOS stagger-compensated bidirectional dis-
tributed amplifier with 20 dB IM3 distortion reduction.

2. The development of a highly-linear CMOS cross-coupled compensator transcon-
ductor with enhanced tunability and its theoretical analysis.

3. The application of linearization techniques to distributed circuit designs such as
power splitters, matrix amplifier and paraphase amplifier.
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8.3 Research Future Work

There are a few interesting new ideas that await exploration in future research of
fully-integrated adaptive RF power amplifier linearizer modules for multi-carrier
modulation schemes such as OFDM. Nonlinear signal distortions are generated
since most transmitters operate their power amplifiers near saturation to achieve
maximum power efficiency. This nonlinear distortion generates spurious spectral
sidelobes and spreads the transmitted signal into the adjacent channel causing
interference. To resolve this issue, advanced power amplifier linearization modules
employing filters will be implemented in the power amplifier optimized transcon-
ductor linearization to suppress the sideband lobes.

Future research work will focus on the development of new generation of fully-
integrated CMOS linearized broadband power amplifier modules. These advanced
linearized power amplifier modules will include build-in optimized transconductors
with digitally enhanced distortion compensation system-on-chip. Signal condition-
ing adaptive linearization circuits will be investigated that allow broadband power
amplifiers to run closer to compression (saturation) with improved efficiency and
reduced spectral regrowth for linear modulation techniques.

The work presented in this book presents various integrated circuit techniques
applied to power amplifiers for spectral regrowth suppression and distortion can-
cellation. There are a number of improvements that can be made to the proposed
linearized bidirectional distributed amplifier such as adaptive digital predistortion
circuitry. The added circuitry will assist in maintaining a dynamically updated
model of the broadband power amplifier optimizing distortion cancellation. Perform
improvements to increase the circuit bandwidth by developing optimized transcon-
ductors with reduced gate and drain parasitic capacitance.



Appendix A
Quadrature Signal Processing

A.1 Analog Modulation Transmission

Signal modulation involves changes made to signal waves such as sine waves
in order to encode information. There are two types of modulation transmission
processes, analog and digital modulation.

In analog modulation, the modulation can be achieved by various methods such
as amplitude modulation (analog AM), frequency modulation (analog FM) and
phase modulation (analog PM) [31, 33]. Amplitude modulation is the process of
changing the amplitude of a high frequency carrier signal with an analog signal
modulating signal (information).

A.2 Why Digital Modulation Transmission?

Modern communications systems demand more information capacity and higher
signal quality. AM and FM modulation methods do not meet the needs for higher
data rate traffic. In digital modulation, an analog carrier signal is modulated by a
digital bit stream (0 and 1). Once the baseband signal has been digitized, it is then
transferred over an analog passband channel. Digital modulation can be achieved
by various methods such as phase-shift keying (digital PSK), frequency-shift keying
(digital FSK) and amplitude-shift keying (digital ASK) [31-33].

In advanced phase shift keying modulation signals are represented in phase
domain. Phase domain uses a vector (or a point) in the plane to represent the signal.
The length of the vector is the amplitude and the angle represents the phase. Higher
order phase modulation schemes such as QPSK (Quadrature Phase Shift Keying)
are often used when improved spectral efficiency is required. We can improve on
information density by shifting between four states with each symbol having two
bits of data. QPSK is capable of processing two bits for each symbol. QPSK has
a higher tolerance level for channel link degradation [31, 32]. This is due to the
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Fig. A.1 Simulink model test bench schematic for quadrature I7/4-DQPSK modulator and
demodulator transmission

fact that QPSK has four possible states. QPSK is implemented in transmitters and
receivers used by Wireless LAN communication systems. QPSK enables the system
to efficiently utilize its bandwidth resources.

QPSK uses four points on the constellation diagram equispaced. In the case when
the phase shift is 180°, the modulated carrier is turned off briefly as the I and Q
values go through the origin of the I/Q plane. The transmitter output power amplifier
must be linear over a wide dynamic range to prevent spectral splatter and therefore
interference with adjacent frequency channels [32,33].

To avoid the problem of splatter, cellular telephone systems such as NADC-
TDMA uses [1/4-DQPSK [31-33]. A second set of four possible phase states is
utilized with one set is on the 1/Q axes and the second is offset by 45°. Differential
means that the information is carried by the transition between states. In [1/4-
DQPSK the set of constellation points are toggled each symbol, so transitions
through the origin does not occur therefore less spectral splatter compared to QPSK.
This scheme produces the lowest envelope variations. An extremely attractive
feature of [7/4-DQPSK is that it can be non-coherently detected, which greatly
simplifies receiver design. A noisy-channel can distort the constellation of a
transmitted communication signal as shown in Fig. A.1. Simulink model test bench
schematic for quadrature 16-QAM modulator and demodulator transmission is
shown in Fig. A.1. Figure A.2 shows the simulink model test bench constellation
output of a I7/4-DQPSK signal and its distorted version. Transmitter nonlinearity
produces harmonics and intermodulation distortion (IMD) products. Some of these
products fall within the transmission band and can degrade the system performance.
Nonlinear distortions generate in-band interferences which results in amplitude and
phase deviation of the modulated vector signal as shown in Fig. A.2.

Higher data rate communication requires large bandwidth and higher order
constellation. QAM (Quadrature Amplitude Modulation) is another advanced mod-
ulation technique used in modern communications systems due to its bandwidth
efficiency. Many fixed wireless radio systems use QAM for broadband applications.
In order to increase the data rate in communication systems, the modulation scheme
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Fig. A.2 Simulink model test bench constellation output of a [7/4-DQPSK signal and its distorted
version

can incorporate higher order constellations, however at the cost of tighter transmitter
linearity requirement. It is therefore desirable to develop linearization techniques for
RF power amplifiers transmitters.

Like all modulation schemes, QAM conveys data by combining amplitude
and phase modulation. QAM takes advantage of the fact that greater number of
symbols achieves greater system efficiency. Occupied bandwidth is determined by
the symbol rate so the more bits (fundamental information units) per symbol thus
achieving higher efficiency. It is possible to code n bits using one symbol. Discrete
levels n equal to 2 is identical to QPSK. A 16-QAM corresponds to 4 bits equals
one symbol. To transmit a symbol a modulator adjusts the vector to the point in
signal space that corresponds to the desired symbol. A noisy-channel can distort the
constellation of a transmitted communication signal as shown in Fig. A.3. Simulink
model test bench schematic for quadrature 16-QAM modulator and demodulator
transmission is shown in Fig. A.3. Figure A.4 shows the simulink model test bench
constellation output of a 16-QAM signal and its distorted version. Transmitter
nonlinearity produces harmonics and intermodulation distortion (IMD) products.
Some of these products fall within the transmission band and can degrade the system
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performance. Nonlinear distortions generate in-band interferences which results in
amplitude and phase deviation of the modulated vector signal as shown in Fig. A 4.
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A.2.1 Time Domain Transmitted Signal Mapping
into Phase Plane

The transmitted signal can be viewed in different domains. Signal performance is
usually analyzed in time or frequency domain. However, for devices operating on
a signal’s phase, the phase domain becomes useful. A single sine wave cycle can
be mapped from the time domain into phase plane as shown in Fig. A.5 [31-33].
Changes in phase in the time domain show up as changes in location in the phase
plane. Where the signal angle corresponds to the location in the cycle and the length
corresponds to the signal strength [31,33].

A.2.2 IQ Data Modulation Technique in Quadrature
Processing Systems

The function of a modulator is to add data to a carrier by altering the carrier’s
amplitude, frequency and phase in a controlled manner [33, 34]. The simplest
modulators are VCOs (FM) and variable amplifiers (AM) as shown in Fig. A.6
[34]. By altering the output power in a controlled manner, an amplifier becomes
an amplitude modulator. Phase modulation is achieved using a mixer component.
The mixer is used for a bi-phase (two-state) modulator [34]. By summing data and
carrier, that is by multiplying the carrier by 1 and —1, a mixer becomes a bi-phase
modulator.

For QPSK modulation we need two mixers and a summer [33]. This allows the
creation of any point in the phase plane with one mixer for the I axis and one for
Q. The data is split into two streams called I (in phase) and Q (quadrature). These
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data streams need to be offset by 90°. By summing two orthogonal data streams and
a carrier, we get a phase modulator producing any angle in the phase plane. If we
add amplitude control we get a vector modulator producing any point in the phase
plane. IQ modulation technique is an efficient way to transfer information and it
also works well with digital formats in RF communications systems [34]. When we
modulate a carrier with a waveform that changes the carrier’s frequency slightly, we
can treat the modulating signal as a phasor. It has both a real and an imaginary part.
If we build a receiver that locks to the carrier then we can retrieve information by
reading the I and Q parts of the modulating signal. The information appears on a
polar plot. The I/Q plane shows us what the modulated carrier is doing relative to
the unmodulated carrier and what baseband I and Q inputs are required to produce
the modulated carrier [124].

For a circuit that uses I and Q waveforms it is difficult to precisely vary the
phase of a high frequency carrier sine wave in a hardware circuit according to an
input message signal [33]. Both the flexibility and simplicity of the design of an IQ
modulator are the main reasons for its widespread use and popularity. A hardware
signal modulator that manipulated the magnitude and phase of a carrier sine wave
would be expensive and difficult to design. To understand how we can avoid having
to manipulate the phase of an RF carrier directly we first return to trigonometry.

The three fundamental parts of a RF signal are amplitude, frequency and
phase [41]

A cos (wct + ¢) = Acos (w.t) cos (¢) — Asin (w,t) sin (¢p) (A.1)

I = Acos(¢) (A.2)
Q = Asin(¢) (A.3)
Acos (ot + ¢) = 1 cos (w:t) — O sin (w.t) (A4)

where I is the amplitude of the in-phase carrier and Q is he amplitude of the
quadrature phase carrier.
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Figure A.7b shows a block diagram of an IQ data modulator [32,33]. I and Q data
are used to represent any changes in magnitude and phase of a message signal. Since
the IQ modulator is basically reacting to changes in I and Q waveform amplitudes
it can be used for any modulation scheme. This technique is known as quadrature
up-conversion [33]. The mixer device performs frequency multiplication and either
up-convert or down-convert signals. The IQ modulator mixes the I waveform with
the RF carrier sine wave and mixes the Q signal with the same RF carrier sine wave
offset by 90° in phase [32,33].

The Q signal is subtracted from the I signal as in (A.1) producing the final RF
modulated waveform. The shifting of the carrier by 90° is the source of the names
for the I and Q data. I refers to in-phase data (since the carrier is in phase) and Q
refers to quadrature data (since the carrier is offset by 90°). I/Q modulator output
is plotted on the I/Q plane as vector phasors and symbols with Sine on Q axis and
Cosine on I axis as shown in Fig. A.7 [32,33]. A cosine wave and a sine wave
with the same frequency are similar except for a 90° phase offset between them.
The is very important since it means that we can control the amplitude, frequency
and phase of a modulating RF carrier sine wave by manipulating the amplitudes of
separate I and Q input signals. This way we don’t have to directly vary the phase of
an RF carrier sine wave instead we can achieve the same effect by manipulating the
amplitudes of input I and Q signals. A 90° phase shifter hardware circuit is included
between the carrier signals used for the I and Q mixers which is a simpler simpler
design issue than the direct phase manipulation [32,33].
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