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Preface

D/A-converters synthesize analog signals at the very heart of digital transceivers,
thus linking the world of digital signal processing to the analog signal domain. The
integration of the digital signal processor (DSP) together with data converters and
analog signal processing functions in advanced CMOS technologies finally enables
the realization of complete transceivers on a single silicon chip. This so-called
system-on-chip (SoC) integration drastically reduces the cost and the form factor of
the overall system, a highly desirable situation in cost-driven hardware development.

The topic of this work is the modeling and the implementation of high-
performance current-steering D/A-converters for digital transceivers in nanometer
CMOS technology. To comply with the target of SoC integration, the designed
converter modules are fully embeddable in a mixed-signal system. They use only
core devices, operate from a single supply voltage, and are optimized for small
silicon area and low-power dissipation.

In the first part of this book the fundamental performance limitations of
current-steering DACs are investigated. Based on simplified models, closed-form
expressions for a number of basic nonideal effects are derived and tested. A special
focus is put on the signal-dependent noise performance in multitone systems, show-
ing that the traditional full-scale single-tone criteria are not adequate and may lead
to substantial overdesign of biasing and/or clocking circuits. The knowledge of the
basic performance limits allows to optimize the converter and system architecture
already in an early design phase, essentially trading off circuit complexity, silicon
area, and power dissipation for static and dynamic performance.

The second part of this book describes the design and experimental verification
of four different current-steering DAC testchips, implemented in standard 130 nm
CMOS. The converters use a single 1.5 V supply and have a resolution in the range
of 12–14 bits for an analog bandwidth between 2.2 MHz and 50 MHz. Sampling
rates between 100 MHz and 350 MHz are used. Dynamic element matching (DEM)
and advanced dynamic current calibration techniques are employed to minimize
the required silicon area. High-resolution converters with an active output stage to
maximize the analog output signal swing, traditionally only used for low-frequency
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applications, are demonstrated to reach signal bandwidths of 30–50 MHz, while
maintaining a dynamic linearity larger than 70 dB over the whole bandwidth.

This book is organized into seven chapters:

• Chapter 1 provides an overview of D/A-converter fundamentals, especially
focusing on the current-steering architecture and segmentation strategies.

• In Chap. 2 the generally accepted performance figures used to characterize
D/A-converters are reviewed. The impact of correlated bias noise and sampling
jitter on the noise performance of a current-steering DAC is analyzed, and, based
on simplified models, exact descriptions of the noise spectra for single-tone and
multitone signals are derived. The jitter noise expressions obtained for multitone
signals in an NRZ-DAC are also verified experimentally.

• In Chap. 3 the static linearity limited by random mismatch of the current
sources is explored. Based on a statistical description of the fabrication yield,
expressions for the required minimum current-source area fulfilling a given yield
specification are derived. The code-dependent output resistance of the current-
source array is identified as a further limiting factor for the static linearity.
Expressions for the INL of the single-ended and the fully differential converter
as a function of the finite output resistance of the unit current cell are given.
The second part of Chap. 3 gives a general overview of two known methods to
improve the static linearity: DEM and current calibration.

• Chapter 4 analyzes the three basic effects that limit the dynamic linearity of
a current-steering D/A-converter. Under the idealizing assumption of perfectly
matched current cells, which are also not influenced by any other large-scale
imperfections, it is possible to derive closed-form expressions for the nonlinear
distortion of a synthesized sine wave. The first effect is given by switching
asymmetries that result in unsymmetrical current pulses. These are shown to
generate even-order harmonic distortion in fully differential converters. The
second effect is caused by the finite feed-through of the output voltage to
the parasitic capacitance connected at the common tail node of the current
switch pair. The resulting code-dependent error charge packets injected into the
output generate odd-order harmonic distortion. The third effect that limits the
dynamic linearity of a current-steering D/A-converter is the frequency-dependent
distortion due to the code-dependent output impedance of the current-source
array. It is shown that in a fully differential converter with standard current-cell
architecture this effect is at least within the boundaries of practical sampling
frequencies, not likely to become dominant compared to the switching errors.
Nevertheless, it is a fundamental limitation to the achievable dynamic linearity,
since it cannot be compensated straightforwardly, e.g., by applying a special
switching algorithm. The second part of Chap. 4 describes various known circuit
techniques to improve the dynamic linearity of current-steering D/A-converters.

• Chapter 5 describes the implementation of two †� D/A-converter testchips
targeted at wireline communication applications. The first design is a 14-bit
DAC targeted at the ADSL2C downstream bandwidth of 2.2 MHz. It uses a
second-order noiseshaper together with a very simple barrel-shift algorithm and
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is optimized for low-power dissipation. The second design is a multi-mode
†�-converter for ADSL and VDSL. An interleaved current-cell architecture
implements an effective return-to-zero (RZ) for the single current cell and also
allows to use a modified data weighted averaging (DWA) algorithm. With a
sampling rate of 350 MHz and an oversampling ratio of only 6, a dynamic
range of 12 bits in a bandwidth very close to 30 MHz is demonstrated. Due to
the effective RZ, the dynamic linearity around 30 MHz remains above 75 dB.
The converter module is readily scalable—by register programming—to lower
signal bandwidths, with not only drastically reduced power consumption but also
increased resolution.

• In Chap. 6 two Nyquist-rate D/A-converter testchips using dynamic current cali-
bration in the background are described. Both designs implement a segmented
13-bit converter core. The first module is a classical, resistively terminated
single-polarity DAC, while the second converter uses a dual-polarity core with
active transimpedance output stage to maximize the available voltage swing. In
conjunction with an interleaved current-cell architecture this DAC achieves a
signal bandwidth of 50 MHz with a dynamic linearity exceeding 70 dB over the
full signal bandwidth. The periodicity of the background calibration, normally a
source of low-frequency tonal disturbances, is destroyed by the introduction of
a randomized calibration slot length. Thereby the calibration refresh tones are
spectrally shaped and merged with the noise floor. This randomization also helps
to suppress the image tone due to dynamic calibration effects in an interleaved
architecture. Two novel strategies to trim the elements in converter segments
with different weights are employed. The first design tries to match the segment
boundaries by appropriately summing together uncalibrated and previously
calibrated DAC elements for comparison with a unique reference element. The
second design performs direct calibration of single DAC elements in differently
weighted segments. In order to generate the required scaled reference currents
with an accurate ratio, a reference cell array is introduced, which calibrates its
constituting elements in a separate calibration loop, also running fully in the
background.

• Finally, Chap. 7 summarizes the main results of this work, while trying to draw
general conclusions. Also, it provides an outlook on future developments that
are expected to happen in the area of CMOS current-steering D/A-converters
targeted at digital communication systems.

Villach, Austria Martin Clara
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Chapter 1
Introduction

1.1 Integrated D/A-Converters

A digital-to-analog converter (DAC) is designed to perform an accurate summation
of a given number of electrical unit quantities. This number is specified by the
digital input code applied to the converter. The result of the summation appears as an
analog electrical signal at the converter output. Thus, the output signal of the DAC
represents, with more or less accuracy, the digital input code in the analog domain
and can be further processed by subsequent analog circuitry, e.g., filters, amplifiers,
mixers, or transducer interfaces. Fundamentally, it is the summing operation of
appropriate electrical unit quantities that marks the actual transition from the digital
into the analog domain. This data conversion process is also subject to a number of
error sources that introduce distortion, as well as additional noise, into the analog
output signal. Since these nonideal effects tend to limit the performance of practical
converters, they should be adequately considered already during the design phase.
The modeling of conversion inaccuracies is believed to be of central importance
for close-to-optimum, system-specific DAC design. Indeed, a large part of this
work is dedicated to providing theoretical insight into fundamental nonidealities
of integrated D/A-converters with a focus on the current-steering architecture and,
wherever appropriate, linking it to the system-level perspective.

The DAC unit cell comprises one or more primary circuit elements that generate
the summable electrical unit quantity in the first place, as well as a couple of analog
switches that allow to connect the unit cell to common circuit nodes within the
converter. Primary circuit elements in integrated converters are capacitors, resistors,
or transistors. Important types of DAC unit cells used in integrated converters are
shown in Fig. 1.1. The complete D/A-converter is eventually constructed using a
suitable number of such unit cells, together with a couple of auxiliary circuits
required for proper operation of the DAC. Auxiliary circuits include, e.g., biasing
and clocking circuits, an output stage interfacing the converter to subsequent analog
processing blocks, decoders and control circuitry, as well as digital interfaces.

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 1,
© Springer-Verlag Berlin Heidelberg 2013
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2 1 Introduction

a b c d

Fig. 1.1 DAC unit cell types: (a) charge, (b) voltage, (c) current, and (d) current

In general, a D/A-converter can have a voltage or a current output, depending
on the type of input the circuitry connected to the converter provides. In high
dynamic range AFEs the preferred method for analog signal interfacing is usually
voltage mode, which in turn requires the D/A-converter to perform an accurate
conversion from the previously summed up primary electrical quantity into the
corresponding output voltage. In other circumstances, the electrical unit quantity
is already available as a voltage, but a direct connection to the load would destroy
the accuracy. In such cases, the data converter must include a sufficiently low-noise
and linear voltage buffer.

Charge-based D/A-conversion is performed by storing electrical unit charges
QUNIT on an array of integrated capacitors (Fig. 1.1a) and appropriately
redistributing them onto a summation capacitor. Such converters are called
Switched-Capacitor DACs and are especially popular as subsystems in more
complex integrated MOS A/D-converters [1]. The main reason is that MOS
technologies offer high-quality and easy-to-drive switches. Equally important,
many integrated capacitor types are very linear1 and can be laid out to exhibit good
matching behavior [2]. Switched-capacitor DACs are also found as stand-alone
building blocks, especially for high-resolution, low-frequency applications, e.g.,
in audio front ends [3, 4]. Figure 1.2 shows the principle of a multibit Switched-
Capacitor DAC [5]. The charge stored on the unit capacitors Ci in phase ˆ1 is
transferred to capacitor CF during phase ˆ2, provided that the corresponding input
bits are set, i.e., bi D 1. The charges of those capacitors Ci , for which bi D 0, are
instead dumped to ground in phase ˆ2 and do not contribute to the output signal.
The low-impedance node required for complete charge transfer from Ci to CF is
provided by the virtual ground node of the operational amplifier. The output voltage
at the end of phase ˆ2 is additionally stored on the holding capacitor CH , which is
then put in the feedback of the operational amplifier during the subsequent phase ˆ1.

1An exception are diffusion- and MOS-based capacitors, which display a relatively strong voltage
dependency. High-precision converters therefore tend to use poly–poly, poly–metal and metal–
metal structures to form integrated capacitors.
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Fig. 1.3 Multibit pipelined switched-capacitor DAC

This clock phase is also used to precharge the unit capacitors Ci to VREF and
discharge the summing capacitor CF , in effect preparing the converter for the next
conversion cycle, while the actual output voltage is held on CH .

Another approach is the pipelined switched-capacitor DAC [6] shown in Fig. 1.3.
Using only N C1 identical capacitors C0-CN , an N -bit converter can be constructed,
which is very area efficient. The operating principle is in some sense similar
to a charge-coupled device (CCD), but with additional input-code-dependent
precharging of the single capacitors. Using three clock phases and appropriately
delayed input bits, the binary-weighted output charge corresponding to the digital
input word is building up by successive charge redistribution along the capacitor
pipeline. The reconstructed “analog” charge on the last capacitor CN can finally be
transferred to the output via a SC-amplifier. Drawbacks of this DAC architecture
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a b

Fig. 1.4 Basic resistor-DAC types: (a) R-string and (b) R-2R multiplying DAC

are the latency of N C2 clock cycles and, possibly, a certain limit on the achievable
resolution due to error progression along the capacitor pipeline. Nevertheless, due
to the pipelining of the conversion process, it allows operation at respectably high
sampling rates, as demonstrated for example in [7].

Integrated matched resistors can be arranged either as a programmable voltage
divider (Fig. 1.1b), also called resistor string, or as a programmable current divider
in the form of an R-2R ladder (Fig. 1.1c). In the voltage divider case, the output
node must display a sufficiently high impedance compared to the total resistance
of the string. Since the output impedance of a tapped resistor string depends on
the actual position of the tap, the voltage distribution within the resistor stack
is (code-dependently) disturbed, in case a significant current is flowing into the
output. In the current divider case, on the other hand, the output node must be
of very low impedance, otherwise the current distribution within the R-2R ladder
will depend on the actual setting of the switches, i.e. on the digital input code.
In practical implementations, both types of resistor-based D/A-converters require
not only a precise voltage reference driving the resistor array but also a high-
quality operational amplifier as output stage.2 This amplifier either serves as a
high-impedance voltage amplifier/buffer in the string-type converter, or it provides
the low-impedance current-summing node for the current divider, along with the
implicit current to voltage conversion using resistive feedback.

Figure 1.4 shows the two basic resistor-type DACs in greater circuit-level detail.
Figure 1.4a shows the resistor string DAC or string-DAC [8]. The converter in
Fig. 1.4b with accessible reference voltage VREF is called R-2R multiplying DAC
[9], owing to the fact that the output voltage is the product of the reference
voltage and the digital input code [10], both applied externally. With the amplifier
configured as a voltage buffer, the R-2R ladder can also be tapped in voltage
mode, as shown in Fig. 1.5. In this case, the ladder behaves like a programmable
voltage divider. Such an arrangement is called voltage-mode R-2R ladder DAC [10],
sometimes also R-2R back-DAC [11].

2This is certainly true for general purpose instrumentation applications. However, for on-chip
control applications with known suitable loading a dedicated op-amp is often not necessary.
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Fig. 1.5 Voltage-mode R-2R
DAC (R-2R back-DAC)

a bFig. 1.6 Transistor-based
current sources: (a) BJT and
(b) MOS

As stand-alone converters, resistor-based DACs are heavily used not only in
instrumentation and control applications but also in high-end digital audio products
[12–14]. In conjunction with resistor (and reference) trimming, these converters can
achieve exceptional accuracy, linearity, and long-term stability at very low power
dissipation [15,16]. The signal bandwidth covered by resistor-based D/A-converters
is normally quite small, nevertheless sufficient for the usual target applications.
A notable exception that covers video bandwidths, albeit displaying also consid-
erably less resolution, can be found in [17].

Integrated current sources based on active elements require at least one transistor
operated in the active region (Fig. 1.1d). In most cases, either resistive degeneration
or cascoding is employed to further boost the output resistance to sufficiently high
values. Traditionally, bipolar designs tend to use resistive emitter degeneration,
while MOS current sources are normally in favor of cascoding. Both techniques
are shown in Fig. 1.6. Extensive treatments of integrated current sources can be
found in reference texts on integrated analog circuit design; see, e.g., [5, 18–20].
D/A-converters built with active current sources are called current-steering DACs
because the unit cell currents must not be turned on and off. Instead, they have to
be steered, rather cautiously, to the appropriate summing node(s) in order not to
disturb the potentially delicate biasing required for these circuits. Current-steering
DACs implemented in CMOS-technologies are the main subject of this book and
described in more detail starting from Sect. 1.4.

In general, every unit cell contains at least one high-accuracy switch. This switch
connects the unit cell, when triggered by the digital input code, to an appropriate
common node within the converter circuitry, where, e.g., the summation of the
electrical unit quantities occurs. Differential architectures (see below) have two
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a bFig. 1.7 Single-ended (a)
and differential output (b)
DAC

output nodes, obviously requiring at least two high-accuracy switches within each
unit cell. Additional switches may be needed to establish a proper behavior of
the unit circuit element during subsequent conversion cycles. For example, in
charge-based converters, as described above, the unit capacitors must be correctly
precharged prior to each summation operation.

In a D/A-converter, the unit cells need not necessarily be all of the same
type. Nevertheless, true hybrid D/A-converters are not very common, an example
using voltage division plus charge redistribution is reported in [21]. On the other
hand, resistor-based current division of transistor current sources appears to be
quite popular in bipolar designs [22–24], because it allows the construction of a
true binary-weighted current-cell array, while employing only equal-sized current
source transistors. This architecture has already been used3 in the feedback DAC of
EPSCO’s 1954 11-bit 50 kS/s SAR-ADC (the “DATRAC”), an all-valve 500 W (!)
A/D-converter system [10, 25].

On a more architectural level, we can distinguish between single-ended output
and differential output D/A-converters; see Fig. 1.7. Single-ended output DACs are
mostly found in low-frequency instrumentation and control applications, whenever
the output node is single-ended by definition. Differential output DACs, on the other
hand, are nowadays the primary choice for dynamic signal synthesis, whenever
the spectral purity, i.e., the signal quality with respect to noise and distortion,
is of primary importance. According to common understanding, this has to do
with the doubled signal swing of differential architectures, leading to 3 dB better
signal to noise performance. Additionally, defining the output signal as being
the difference of two single-ended, opposite polarity signals4 has the tendency to
suppress even-order harmonic distortion, as well as providing a certain immunity
against disturbance and noise present on common circuit nodes, e.g. the supply rails.
Note, also, that any differential output DAC can be converted into a single-ended
DAC by using only one of its two output nodes and discarding the other. Of course,
by doing so, any previously present common-mode rejection is given up on as well.

On system level we can distinguish between Nyquist-rate and noiseshaped
D/A-converters. Nyquist-rate converters exhibit a flat quantization noise spectrum
(see Sect. 2.3.1), and, in principle, allow to exploit the full converter bandwidth
for signal synthesis. Since virtually all communication systems require a certain

3According to [10] for the first time in data converter history.
4The two single-ended signals in a differential configuration are opposite in polarity relative to a
fixed common-mode level above on-chip ground. Ideally, the differential output appears floating
with respect to any fixed ground-referenced potential.
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amount of oversampling, e.g., to facilitate the necessary analog filtering, in practical
applications, only a certain fraction of the full Nyquist bandwidth, as defined by half
the sampling rate, is actually used.

Noiseshaped D/A-converters, on the other hand, try to concentrate the major part
of the quantization noise outside of the signal bandwidth of interest, thereby greatly
improving the in-band resolution. As a consequence, they can only be used for signal
synthesis within a relatively small fraction of the Nyquist bandwidth. Noiseshaped
D/A-converters are also called †�-DACs.

The MOS-transistor based, current-steering, and differential output converter
topology (see Sect. 1.4) has become the most prominent DAC architecture for
signal synthesis in communication systems, because it offers high-speed and
high-accuracy capability at moderate power consumption. Whether oversampling,
or even noiseshaping is employed, largely depends on the overall system
specification, because these decisions usually have a rather big influence on the
overall AFE architecture. In any case, current-steering D/A-converters can be
realized quite straightforwardly, even in standard digital CMOS processes, and are
easily combined with a fair amount of digital circuitry, e.g., to control DAC-element
shuffling or calibration algorithms. This “digital assistance” is used extensively in
the hardware examples in later chapters of this book, with the goal to improve the
converter performance, while keeping the required silicon area small.

1.2 DACs for Highly Integrated Transceivers

Digital communication systems have become an integral part of the infrastructure
in our modern information society. Although the bulk of the signal processing is
already done in the digital domain, still the transmission medium, or channel, across
which the connection of the so-called data link is finally established, is analog by
nature [26]. Therefore, the digital data must be converted into an appropriate analog
signal by the transmitter and back into digital data samples by the receiver.

Figure 1.8 shows a generic (unidirectional) digital communication link. In the
transmitter (TX) a digital signal processor (DSP) performs the necessary coding
and modulation of the input bit stream. In the AFE the encoded digital data is
then converted into an analog signal by a DAC. After suitable filtering and power
amplification, the analog transmit signal is finally applied to the channel.

The input signal of the receiver (RX) consists of the attenuated and spec-
trally distorted wanted signal together with noise and interferers. This composite
signal is first amplified by a programmable gain amplifier (PGA), then filtered,
and subsequently converted back into a digital signal by an analog-to-digital
converter (ADC). Only then can the DSP in the receiver recover the original
bit stream sent by the transmitter down through the channel. For bidirectional
(duplex) operation a complete receiver and transmitter module must be implemented
at both data terminals. This combination of transmitter and receiver is often
called transceiver. If transmitter and receiver are active at the same time, i.e.,
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Fig. 1.8 Digital communication link

a bidirectional data link is established simultaneously, we speak of full-duplex
operation, whereas in so-called half-duplex systems transmitter and receiver are
active and transmitting/receiving only alternately. A typical example for full-
duplex systems is the current xDSL-families using DMT modulation, while today’s
WLAN-standards and most PLC-systems operate in half-duplex.

In wireless systems we additionally find an analog mixer in the transmitter
for spectral upconversion of the signal to the desired center frequency. In the
corresponding receiver there is at least one analog mixer for downconversion of
the antenna signal, either directly to the baseband frequency, or first to some
intermediate frequency for further amplification and filtering, before the signal
is downconverted to the baseband and digitized by the ADC [27]. In case the
A/D-converter is able to sample the signal at an intermediate frequency (IF), the
final downconversion can also be performed in the digital domain [28].

In any case, the two inverse data conversion operations in the analog front-end
(AFE), D/A in the transmitter and A/D in the receiver, constitute very central signal
processing functions that can be found in every digital communication system. The
fidelity with which the data conversion can be accomplished on either side of the
analog channel has an immediate impact on the quality of the data link. Therefore,
considerable effort is spent in optimizing the performance of the data converters in
the context of a limited power budget and silicon area constraints. These boundary
conditions tend to become especially stringent in multi-channel integration, where
multiple transmit and receive channels must be integrated together on the same
silicon die.
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Fig. 1.9 DSL frequency-band plan examples

Special difficulties also arise when a single AFE-design must cover multiple
transmission standards with considerably different bandwidth and linearity speci-
fications. This feature is sometimes called multi-mode capability. As an example,
Fig. 1.9 shows exemplary frequency band plans for two popular digital subscriber
line (DSL) standards. The asymmetric digital subscriber line (ADSL) standard
employs a single upstream and downstream5 band from 25 kHz up to 138 kHz and
from 138 kHz up to 1.1 MHz, respectively. On the other hand, the very high-speed
digital subscriber line (VDSL) revision 2 system (30a profile in this example) uses
a spectrum that is split into several interleaved upstream and downstream bands
in the frequency range between 25 kHz and 30 MHz [29]. In practice, a myriad
of different, even country-specific DSL-standards and substandards exist, all with
different frequency band plans and sometimes even different transmit power masks.

The resolution and linearity requirements for the ADSL and VDSL system are
also strongly differing. While ADSL requires around 14-bit performance, 11–12 bits
are generally sufficient for VDSL, depending on the amount of out-of-band filtering
and echo attenuation achieved for a given loop. Including enough flexibility into
the analog building blocks to cover strongly differing operating modes, while still
maintaining close-to-optimum silicon area and power consumption, considerably
complicates the design of a multimode AFE.

5In wireline systems “upstream” is the data transfer from customer premises equipment (CPE) to
central office (CO). “Downstream” is the reverse direction.
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Table 1.1 D/A-converter requirements for digital communication systems

System Signal bandwidth Resolution Sampling rate

WLAN 802.11a/g 10 MHz 8 bit 80 MS/s
WLAN 802.11n 20 MHz 9 bit 160 MS/s
Bluetooth 2 2 MHz 10 bit 13 MS/s
Cable modem 8 MHz 10 bit 160 MS/s
1000Base-T 62.5 MHz 5 levels 125 MS/s
ADSL 1.1 MHz 14 bit 100 MS/s
ADSL2 2.2 MHz 14 bit 100 MS/s
VDSL2 30 MHz 11–12 bit 200 MS/s
PLC 30–100 MHz 11 bit 400 MS/s

In many situations the accuracy of the analog signal synthesis in the transmitter
limits the maximum bitrate for a given loop length of the data link. In full-duplex
systems with frequency division muliplexing (FDM) noise and distortion generated
in the transmitter can eventually leak into the near-end receive path and limit the
achievable signal-to-noise ratio (SNR) in the ADC, which is trying to digitize
the signal from the far-end transmitter. This problem is especially encountered in
systems with interlaced or even partly overlapping transmit and receive spectra,
e.g., in DSL. Consequently, the D/A-converter in the transmitter of a digital
transceiver is a very important building block with considerable impact on the
overall system behavior.

In Table 1.1 coarse performance specifications for the TX-DAC of different
digital communication systems are reported. Note, that the actual choice of the
physical resolution and the sampling rate of the data converters may vary in different
implementations. For example, it may be advantageous to run the D/A-converter at a
higher clock rate, since this generally relaxes the order of the analog reconstruction
filter that follows the DAC in the transmit chain. Although a higher sampling
rate means a somewhat higher power consumption in the DAC, this is eventually
overcompensated by a much simpler analog filter. On the other hand, the last
stage of the digital interpolation filter preceding the DAC then also has to run at
a higher clock rate. Likewise, it is in general more difficult to achieve a certain
performance level, if the DAC is run at a higher sampling rate, because nonideal
effects generated by the switching of DAC-elements will occupy a larger relative
portion of the sampling interval. A careful optimization of the AFE-architecture
is therefore mandatory to optimize the area and power consumption of the overall
transceiver for a given performance target.

D/A-converters for modern digital transceivers are almost exclusively designed
in advanced CMOS technologies. The main reason for this choice is that CMOS
allows the data converters to be integrated together with analog and RF circuits, as
well as a powerful DSP. This highest possible level of integration is often termed
system-on-chip (SoC). To simplify the system integration, DAC-modules designed
for the transmit path of digital transceivers must be fully embeddable macros and
preferably run from a single supply with lowest possible power dissipation.
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1.3 The Ideal D/A-Converter

As already stated previously, a DAC generates an analog output signal by summing
together as many electrical unit quantities as represented by the actual digital input
code. The electrical unit quantity can be a voltage, current, or an electrical charge,
and it is usually derived from a reference circuit, e.g., a bandgap voltage. We can
write a B-bit binary digital input code vector d as a weighted sum of the input bits
bi that constitute the digital word:

d D
B�1X

iD0

2i � bi bi 2 Œ0; 1�: (1.1)

The bit with the smallest weight (b0) is called the least significant bit (LSB), while
the bit with the largest weight (bB�1) is called the most significant bit (MSB). An
ideal B-bit D/A-converter, fed with the digital input code of Eq. (1.1), produces an
output signal u given by

u D � �
B�1X

iD0

2i � bi : (1.2)

� is the smallest output step that the D/A-converter can perform. It is commonly
called the unit quantity or LSB-quantity. The maximum and minimum value that
the output signal can assume is called positive and negative full-scale (FS) value,
respectively. The difference between these two values is called the full-scale range
(FSR) of the converter:

FSR D � � �2B � 1
�

: (1.3)

According to Eq. (1.2) the output of the D/A-converter can only take on integer
multiples of the unit-quantity �. This discretization of the amplitude range is a fun-
damental property of digital signal processing and commonly called quantization.
Likewise, the difference between a continuous-amplitude signal and its quantized
counterpart is called the quantization error. For an ideal converter the quantization
error is always in the range of � 1

2
� and C 1

2
� and is essentially a nonlinear

error [30]. However, if the amplitude range of a quantized signal comprises many
LSB-levels and the signal is not correlated with the quantization error, then we can
treat it, to a good approximation, as noise [31]. This quantization “noise” obviously
becomes smaller when the LSB-size is decreased relative to the full-scale range,
meaning that the resolution of the converter is being increased. Note that the
quantization error is not introduced by the ideal D/A-converter itself, still it is
a fundamental limitation to the accuracy with which an analog signal can be
reproduced. The relationship between the amplitude quantization and the achievable
converter resolution is further explored in Sect. 2.3.1.

Digital signals are not only discrete in amplitude, but also discrete in time. As
such, they are only defined at equidistant sampling instants, spaced T seconds apart.
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T is called the sampling clock period, sampling period, or clock period. In practice,
a D/A-converter must hold the corresponding output value for a significant fraction
of the sampling period, in order to deliver sufficient signal power to the load.

1.3.1 The Non Return-to-Zero DAC

We define the unit impulse response of an ideal non return-to-zero (NRZ) D/A-
converter, pNRZ.t/, to the (digital) Dirac sequence ık as a perfectly rectangular pulse
with the height of 1 LSB and a duration T D 1=fCLK. In the following, we normalize
the LSB-size � to 1, such that

pNRZ.t/ D rect

0

B
@

t � T

2
T

1

C
A : (1.4)

The standard rect()-function is defined to be equal to 1 if its argument is between � 1
2

and C 1
2
, and 0 otherwise. The DAC unit pulse in Eq. (1.4) is additionally shifted

by half a clock period to the right on the time-axis in order to make the sampling
instants fall on integer multiples of T . The ideal time-domain analog output uNRZ.t/

is given by multiplying the input data sequence dk with the ideal unit impulse
response pNRZ.t/ of the D/A-converter:

uNRZ.t/ D
X

k

dk � pNRZ .t � k � T / D
X

k

dk � rect

0

B
@

t � k � T � T

2
T

1

C
A : (1.5)

The digital input code sequence dk can assume only integer values and is updated
with the sampling clock of frequency fCLK D 1=T . The output of the ideal NRZ
D/A-converter is a staircase signal whose value stays constant within the whole
sampling period T ; see Fig. 1.10.

Equation (1.5) can also be written as the convolution of the continuous-time
signal d.t/, which has been “sampled” (multiplied) with the Dirac comb, and the
unit impulse response pNRZ.t/ [26]:

uNRZ.t/ D
"

d.t/ �
X

k

ı.t � k � T /

#

� pNRZ.t/: (1.6)

At first, d.t/ is a purely hypothetical continuous-time signal that corresponds
exactly to the digital input code sequence dk at the sampling instants t D kT , but
could take on arbitrary values elsewhere. A more likely scenario, however, consists
in d.t/ being a real-valued continuous-time signal obeying the Nyquist criterion,
which has been digitized by an ADC. In this case Eqs. (1.5) and (1.6) formalize the
reconstruction process using an ideal NRZ-DAC.
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Fig. 1.10 Ideal DAC output signal

In the frequency domain, Eq. (1.6) is equivalent to the product of the repetitive
spectrum of the input signal d.t/, as obtained by the ideal sampling process, and the
Fourier transform of the ideal unit pulse PNRZ(j!).

UNRZ.j!/ D 1

T

X

m

D

�
j

�
! � m

2�

T

��
� PNRZ.j!/: (1.7)

The Fourier transform of the ideal rectangular unit impulse response of Eq. (1.4) is
given by

pNRZ.t/ D rect

0

B
@

t � T

2
T

1

C
A � � PNRZ.j!/ D T �

sin
!T

2
!T

2

� e� j!T
2 : (1.8)

The ideal NRZ-DAC thus represents a zero-order hold (ZOH) [31]. Its transfer
function is the well-known sin(x)/x or sinc(x) function, with zeros at multiples
of fCLK. Figure 1.11a shows the spectrum of the original signal d.t/, before and
after sampling. According to the Nyquist–Shannon theorem [26], only signals
with a bandwidth smaller than 1

2
fCLK can be reconstructed unambiguously after

being sampled with fCLK. Therefore, 1
2
fCLK is also called the Nyquist frequency.

Figure 1.11b displays schematically the ZOH transfer function PNRZ.j!/, and
Fig. 1.11c shows the spectrum of the reconstructed signal at the output of an ideal
NRZ DAC, UNRZ.j!/. At the Nyquist frequency 1

2
fCLK the sinc function introduces

an amplitude error of 2=� , corresponding to �3:92 dB.
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Fig. 1.11 Spectrum of ideal NRZ DAC: (a) (Repetitive) input spectrum, (b) NRZ DAC unit pulse
spectrum, and (c) NRZ DAC output spectrum

1.3.2 The Return-to-Zero DAC

If the unit impulse response is made shorter than the sampling period T , we speak
of a return-to-zero (RZ) DAC. As shown in Fig. 1.12a, the output of the DAC is
only active for TS < T and reset to zero for the rest of the sampling period. We call
the fraction D D TS=T with D 2�0::1Œ the duty-factor of the RZ-DAC. The unit
impulse response and the corresponding Fourier transform (shown in Fig. 1.12b) are
given by

pRZ.t/ D rect

0

B
@

t � TS

2
TS

1

C
A � � PRZ.j!/ D TS �

sin
TS

2
!TS

2

� e� j!TS
2 : (1.9)

The first zero in the frequency response is now shifted out to 1=TS D 1=D � fCLK,
such that the relative amplitude error introduced by an RZ-DAC is smaller, as long
as the reset period, or gap, .T � TS/ consumes a significant fraction of the clock
period T (Fig. 1.12c).
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a
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c

Fig. 1.12 Spectrum of ideal
RZ-DAC: (a) ideal
time-domain output
waveform, (b) RZ DAC unit
pulse spectrum, and (c) RZ
DAC output spectrum

As discussed in Sect. 4.2.6, the primary motivation to use RZ is to improve
the dynamic performance of D/A-converters. A major drawback is, however, that
at the same time, the signal power residing in the baseband that can be delivered to
the load is also reduced by the factor .TS =T /2 D D2. In an oversampled converter
employing an active transimpedance stage, the resulting high slew-rate at the output
of an RZ-DAC may be problematic (see Sect. 1.4.3). In addition, the increased jitter
sensitivity of the RZ-DAC, especially for low signal frequencies, requires in general
a much higher-quality clock as compared to NRZ-implementations (see Sect. 2.3.3).

The frequency band from DC to 1
2
fCLK is sometimes called the first Nyquist

band. Here, we find the reconstructed signal d.t/ that has been filtered with the unit
impulse response of the DAC. Likewise, the frequency band from 1=2 �fCLK to fCLK

is called the second Nyquist band, from fCLK to 3=2 � fCLK the third Nyquist band,
and so forth. The majority of D/A-converter designs is intended for signal synthesis
in the first Nyquist band, while the signal components residing in the higher Nyquist
bands are eliminated by an analog filter.

An example of a D/A-converter intended for operation in higher Nyquist bands
is described in [32]. The implemented half-clock RZ moves the first zero of the unit
impulse response to 2fCLK, and the extraction of the second or even the third Nyquist
band by an analog bandpass filter is proposed. Although this method potentially
allows the translation of the baseband signal to very high frequencies without the use
of an analog mixer, it requires a precise and sufficiently linear analog bandpass filter.
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Moreover, with signal content near DC the filter order must be correspondingly
high to suppress the adjacent image. Note, also, that the signal spectrum in the even
Nyquist bands is mirrored with respect to the baseband spectrum. This must be
taken into account when generating the digital input sequence for the DAC, in case
an even-order Nyquist band is intended for signal transmission.6

1.4 The Current-Steering DAC

Current-mode D/A-converters represent the digital input code by summing together
the corresponding number of unit currents. Because the major part of analog signal
processing still takes place in the voltage domain, the output current of the DAC is
in most cases converted into an output voltage. The output stage, i.e., the circuit that
provides the I-V conversion, must be viewed as an integral part of the D/A-converter
because its properties also do influence the behavior of the current sources. In the
simplest case, the output stage is a pair of resistors connected to a supply rail.

1.4.1 General Description

At a very basic level, a current-steering DAC consists of an array of current sources.
A pair of current switches is connected to each current source to steer the current to
either the positive or negative output node. The current switches are controlled by
the digital input code—depending on the array coding—via a suitable decoder (see
Sect. 1.5.1).

In single-ended implementations (see Fig. 1.13a), one switch connects the current
source to the output, while the second switch, when switched on, diverts the current
to a low-impedance node (e.g. a supply rail), without putting it to further use.

Most modern implementations, especially for transceiver applications, are
differential designs that use both complementary output nodes (see Fig. 1.13b). One
reason is, that the analog circuits, to which the D/A-converter in a digital transceiver
must interface, are usually differential as well. A single-ended DAC-output would
then require a single-ended to differential conversion, which is never trivial in high-
performance applications. More importantly, differential implementations double
the available signal swing, while at the same time the resulting structural symmetry
improves other properties, like immunity to certain common-mode disturbances.

Current sources are built with active circuit elements, i.e., MOS or bipolar
transistors operated in the active region. MOS-implementations are generally
preferred in transceiver applications because they can be integrated in the most
basic digital CMOS process together with a large DSP. However, modern digital

6Alternatively, the flipped spectrum must be handled correctly in the receiver DSP.
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Fig. 1.13 Single-ended (a) and differential current-steering (b) DAC

Fig. 1.14 Principle of MOS-based current cell

transceivers are usually fabricated in “analog” CMOS technologies, featuring also
high-quality passive circuit elements like linear resistors and capacitors. Such
processes offer a much broader range of possibilities to integrate together digital
signal processing, data converters and linear analog signal processing circuits.

Figure 1.14 shows the principle of a (single-polarity) current-cell in MOS
technology. It consists basically of three parts. The current source (MSRC, MCASC)
generates the cell current Icell, which is then steered to either OUTP or OUTN
with the current switches SP and SN , depending on the input data (DATA).
Because a D/A-converter contains many current cells, the input data must be locally
resynchronized with a high-quality clock (CLK), to ensure that all current cells
switch at exactly the same time. Also, the switching signals SWP and SWN have
to be properly aligned to minimize the dynamic voltage change at the drain node
of the cascode transistor MCASC during switching. These tasks are accomplished by
the current switch control.
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Fig. 1.15 Single-polarity (a) and dual-polarity (b) current cell

1.4.2 Single-Polarity and Dual-Polarity Current Cells

A single-polarity current cell contains a single current source Icell and can therefore
only source (or sink) its current at one of the two output branches, while the other
output is left open-circuited. As shown in Fig. 1.15a, when the right switch is closed
(xk D high) the current Icell flows out of OUTP, while OUTN is disconnected.
With xk D low, the left switch connects the current source with OUTN. The
impedance seen at the output branches thus depends on the value of the switching
bit xk . Because single-polarity current-steering DACs are usually working into a
low impedance load, this fundamental asymmetry is not problematic.

A dual-polarity current cell (Fig. 1.15b) can source and sink current. The two
complementary current sources in the upper and lower half nominally carry the same
current Icell. When xk D high, the upper current source is connected to OUTP and
the lower current source to OUTN, the differential output current IOUTP � IOUTN

being 2 � Icell. With xk D low the connections are reversed and the currents in
both output branches change polarity. The differential output current is now �2 �
Icell. Provided that both current sources have identical properties, the impedance
seen at both output branches is equal and independent of the switching bit xk . This
symmetry is important to guarantee code independent settling when an active output
stage is used.

1.4.3 Passive and Active Output Stage

Single-polarity and dual-polarity current-cell arrays also require a different type of
output stage that converts the signal current into a voltage. Assuming a differential
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Fig. 1.16 Current-mode DAC output stages

output, the simplest I-V conversion is provided by a pair of resistors connected to
one of the supply rails; see Fig. 1.16a. This output stage is preferred in conjunction
with a single-polarity current-cell array. If IFS is the maximum output current,
the so-called full-scale current, then the available voltage range at each of the
single-ended outputs is Œ0I RLIFS�, while the differential output voltage range is
Œ�RLIFSI CRLIFS�. The common-mode voltage of the differential output is at
1
2

� RLIFS, which is quite close to one of the supply rails.
The maximum output voltage of a single-polarity current-steering DAC with

resistive loading is limited by the compliance voltage range of the current cell that
still allows it to achieve a high accuracy. As a rule of thumb, in a single-supply
environment with core supply voltage VDD, the maximum single-ended output
voltage for high-linearity applications is typically limited to one quarter of VDD.
The maximum differential FSR is thus 50 % of the supply voltage. Op-amp-based
analog circuits on the other hand typically use a differential voltage range of 100–
120 % of VDD, with a common-mode voltage about halfway between the supply
rails. Therefore, if the D/A-converter of Fig. 1.16a interfaces to an active analog
circuit, e.g., a reconstruction filter, then this block must provide a voltage gain of
typically 6 dB. Unless a high input impedance buffer circuit is used, a common-
mode current ICM will flow into the load resistors RL. This common-mode current
offsets the single-ended output voltage by RLICM and further decreases the linear
differential voltage range by 4 � RLICM. Additionally, the input impedance of the
following stage also appears in parallel to the load resistors RL. As an advantage, the
single-polarity current-cell array together with a passive output stage is an open-loop
structure, and therefore allows the highest conversion speed and signal bandwidth.

Dual-polarity current-steering D/A-converters usually employ an active output
stage, as shown in Fig. 1.16b. The I-V conversion is performed in the feedback
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branch of the operational amplifier by the resistors RL. If IFS is the maximum
output current of each half of the current-cell array, then the full-scale differential
output voltage range is Œ�2RLIFSI C2RLIFS�, with the common-mode voltage set
by the operational amplifier. The output nodes of the current-cell array are also
maintained at the same common-mode level and the voltage swing at these nodes
is very small due to the large gain of the amplifier. The active output stage thus
decouples the current-cells from the output nodes and the full-scale voltage can be
optimized. Typically, the output voltage range of the DAC can be made equal to the
voltage range of the other op-amp-based building blocks connected to the converter.
Thus, no further amplification is required, and no loading effects occur, since the
output voltage is buffered by the operational amplifier. However, the dual-polarity
current-steering DAC with active output stage is a closed-loop system and therefore
not suited for very-high-bandwidth applications.

In summary, the choice of the current cell structure and associated output stage
for the transmit-DAC of a digital transceiver heavily depends on overall system
considerations.

1.5 Array Coding

As already mentioned, a D/A-converter relies on the ability of accurately summing
together an appropriate number of unit quantities and providing the result at its
output port. In every sampling period the number of unit quantities to be summed is
given by the digital input word. We call the way in which the possible digital input
codes are represented internally by arrays of circuit elements and their respective
weights relative to the full-scale value array coding. The following three array types
are commonly encountered in D/A-conversion:

• Unary array
• Binary array
• Segmented array

1.5.1 Unary Array

A B-bit unary array consists of 2B �1 identical unit elements, each having LSB-size,
as shown in Fig. 1.17. To represent a binary digital code, the unary array requires
a digital decoder that maps the binary input data to an equivalent number of DAC-
elements. Because the unit elements are not distinguishable, this mapping function
is not unique. This means that a specific input code can be represented by more than
one set of DAC-elements. Only the full-scale values, i.e., all zeros or ones, have a
unique representation, all other codes do have at least 2B �1 different combinations
of unit elements that generate nominally the same output value. Dynamic element
matching (DEM) techniques (see Sect. 3.2) try to average out the unit element
mismatch over time and make extensive use of this property of unary arrays.
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The drawback of unary arrays is that the complexity of the digital decoder is
exponentially related to the resolution. In practical implementations the resolution
of a unary array is therefore limited to typically 4–8 bits.

On the other hand, unary arrays offer the best possible performance. Because
of their strictly incremental nature, monotonicity is always guaranteed. As shown in
Sect. 2.1.2, the differential nonlinearity (DNL) of unary arrays is unequaled, because
for every code transition it depends only on the accuracy of one single DAC-element
of LSB-size. The same is true for a limited class of dynamic effects. When switching
from one code to the next, certain transitional errors are linearly related to the code
step. If the DAC-elements and the associated switching errors are additionally well
matched, then, supposedly, only linear errors can occur in the output signal [33].
However, it will be shown in Sect. 4.1, that even perfectly matched unary current-
steering arrays are subject to certain switching imperfections that cause nonlinear
distortion.

Unary arrays are also the architecture of choice for multibit current-steering
†�-DACs. Two design examples using a 6-bit unary array consisting of 64 current
sources are described in Chap. 5.

1.5.2 Binary Array

In a binary array the elements are binary weighted and thus directly correspond to
the respective weight of the bits of a binary digital input code. The LSB-element
has unit weight, while the MSB-element has a weight of 2B�1. Because of the direct
correspondence between input bits and single DAC-elements, digital decoding is
not necessary—the input bits can directly control the respective DAC-cells. For a
binary array the mapping function is always unique: each input code is represented
by exactly one combination of DAC-elements (Fig. 1.18).
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Binary arrays have the simplest possible implementation and minimum overhead
for digital logic. In terms of performance, however, they are inferior to unary arrays.
Monotonicity is not guaranteed, and the DNL of binary arrays is generally worse,
because major carry transitions rely on addition and subtraction. For the same
reason, dynamic errors related to the switching of the DAC-elements, commonly
called glitches, are also much more pronounced. For these reasons, binary arrays
are believed to be limited to the lower resolution range. As a counter-example, a
250 MS/s 10-bit binary-coded current-steering DAC having a SFDR>60 dB within
the first Nyquist band is described in [34].

1.5.3 Segmented Array

Segmented arrays consist of different sub-arrays, or segments, each with a
potentially different array coding. Figure 1.19 shows an example of a segmented
converter with two sub-arrays. The MSB-segment is a unary array with 2M � 1

elements and represents the upper M bits. The LSB-segment realizes the lower L

bits in a binary array. The overall resolution of the converter is B D M C L. The
MSB-elements all have an equal weight of 2L and are controlled by a binary to
2M � 1 decoder. The LSB-elements on the other hand can be directly controlled
by the lower L bits of the digital input code. In order to equalize the delay of the
MSB-decoder, usually a dummy decoder is inserted to align the timing for the
LSB-segment [35].

Segmented arrays offer an attractive compromise between the superior static and
dynamic performance, but increased complexity of unary arrays and the simplicity,
but inferior performance of binary arrays. Therefore, in a segmented architecture the
MSB-segment is virtually always a unary array, while the LSB-segment is typically
a binary array. The higher the amount of segmentation, i.e., the resolution of the
unary MSB-array relative to the overall converter resolution, the better the dynamic
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Fig. 1.19 Segmented D/A-converter with two segments

performance will be. On the other hand, the complexity and silicon area needed for
the binary to thermometer decoder is exponentially related to the resolution of the
MSB-segment.

In [33] the optimum amount of segmentation for current-steering DACs is
empirically stated to be at the point where the analog area (current sources) and the
digital area (decoder) are equal. Along this line of reasoning, with the continuing
migration to finer geometry technologies the optimum amount of segmentation
should be shifting towards fully unary arrays, because analog and digital circuits
do not scale equally. At least in uncalibrated D/A-converters the analog area will
be dominated by the current source transistors, and these are subject to accuracy
and noise requirements. Although the matching generally improves with smaller
minimum channel length, various process related effects tend to counteract this
trend in deep-submicron technologies [36–38]. Moreover, the continuous reduction
of the supply voltage decreases the gate overdrive voltage that can be applied to
the current source transistors. This generally worsens the drain current matching
for a given transistor area [39]. Because the output voltage swing is also reduced
along with the supply voltage, the full-scale current must be increased accordingly,
in order to maintain a constant SNR. In a given technology with already maximized
gate overdrive this can only be achieved by increasing the transistors’ aspect ratio.
All these effects taken together do not allow the analog portion of the converter to
follow the aggressive “digital” scaling rules.

However, in present technologies segmentation is still generally used for
converters having a resolution above 8 bits. The unary MSB-segment in these
designs typically realizes 4–8 bits. For still higher resolutions, typically starting
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M K

Fig. 1.20 Segmented D/A-converter with three segments

around 12 bits, an additional low-resolution (2–3 bits) intermediate segment
is inserted between the MSB-array and the LSB-array [40–42]. Although the
performance is slightly compromised by splitting the current-cell array into more
segments, the total area required for the digital circuitry is greatly reduced. In
Fig. 1.20 a segmented converter with three sub-arrays is shown. The MSB-segment
again represents M bits in a unary array with 2M � 1 equal elements and thus
requires a binary to 2M � 1 decoder. The middle segment, sometimes called the
upper-LSB array (ULSB), codes the next K bits, also in a unary array with 2K � 1

elements. Since K is usually small, the ULSB-decoder will not add significantly to
the overall digital complexity. Finally, the lower-LSB array (LLSB) represents the
remaining L bits in a binary array. The overall resolution of the converter is thus
B D M C K C L. The MSB-elements and ULSB-elements each have a weight of
2KCL and 2L, respectively.

Two examples of segmented current-steering D/A-converters are described in
Chap. 6. Both designs realize a 13-bit converter using three segments:

• MSB-segment: 6-bit unary array
• ULSB-segment: 2-bit unary array
• LLSB-segment: 5-bit binary array

This choice of the segmentation mainly depends on practical considerations.
A 6-bit MSB-segment is a compromise between a moderate amount of decoding
logic, but considerably improved dynamic performance. The 2-bit thermometer-
coded intermediate segment provides a somewhat smoother transition to the
binary-coded 5-bit LLSB-array, while the required decoder complexity for the
ULSB-segment remains practically negligible.



Chapter 2
Performance Figures of D/A-Converters

2.1 Static Accuracy

Static accuracy parameters describe the DC-characteristic of the D/A-converter. In
all cases the difference between the actual characteristic and the presumed ideal
converter behavior is quantified. The static performance figures are mostly referred
to the LSB-size of the converter, in some cases also to the full-scale range. In the
following, we assume a D/A-converter with voltage output.

2.1.1 Gain and Offset Error

If the converter resolution is sufficiently large, the granularity of the output voltage
is not visible on a macroscopic level when looking at the static output characteristic.
In this case the converter output voltage, as a function of the input code, appears as
a smooth curve. The linear deviation of the measured output characteristic from the
ideal output is expressed as gain and offset error.

In the differential output characteristic of Fig. 2.1 the offset error VOFFSET is
measured as the output voltage deviation at the midscale code (MS), where the ideal
characteristic passes through 0.

The gain error of the D/A-converter is defined as the difference in the full-scale
range VFSP �VFSN between the measured and the ideal characteristic, after the offset
error is removed [5]. Referring to Fig. 2.1, the gain error GE, normalized to the
LSB-size, can be expressed as

GE D �VFSP � �VFSN � VOFFSET

VLSB
ŒLSB�: (2.1)

Gain and offset error are linear errors that affect the whole code range of the
converter in the same way. Both errors can relatively easily be trimmed to zero

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 2,
© Springer-Verlag Berlin Heidelberg 2013
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Fig. 2.1 Gain and offset error

by changing the value of the reference voltage or current (gain) and by adding a
constant voltage or current at the converter output (offset). Note that the linearity of
the converter is not affected by gain and offset deviations.

2.1.2 Differential Nonlinearity

The differential nonlinearity (DNL) of a D/A-converter for a given code transition
.k �1/ ! k is defined as the difference between the actual step height and the ideal
output step, i.e., the LSB-step VLSB. Normally, the DNL is referred to the LSB-size,
such that (see Fig. 2.2).

DNL.k/ D Vk � Vk�1 � VLSB

VLSB
ŒLSB� k 2 Œ1; 2; : : : ; 2B � 1�

DNL.0/ D 0: (2.2)

The DNL is defined for all codes k by additionally setting DNL.0/ D 0. Often, the
DNL of a converter is characterized by reporting only the maximum and minimum
value of DNL(k).

If the absolute value of the DNL is smaller than 1 LSB for all codes, the converter
is guaranteed monotonic [5, 31]. In this case the output is strictly increasing for
increasing input codes, meaning that the slope of the output characteristic does
not change sign for any given code transition. In a binary-weighted structure non-
monotonicity can occur, when the DNL exceeds ˙1 LSB.
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Fig. 2.2 Differential
nonlinearity (DNL)

Fig. 2.3 Integral nonlinearity
(INL)

2.1.3 Integral Nonlinearity

The integral nonlinearity (INL) is defined for every code k as the deviation of the
actual output characteristic from a straight line, see Fig. 2.3. The INL is normally
referred to the LSB-level:
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INL.k/ D Vk;meas � Vk;ideal

VLSB
ŒLSB� k 2 Œ0; 1; : : : ; 2B � 1�: (2.3)

Also the INL of a converter is often specified by the maximum and minimum value
of INL.k/. While the DNL is a measure for the local step-size deviation at single
code transitions, the INL represents the cumulative effect of errors in the output step
size, and thus is a measure for the macroscopic deviation from the ideal converter
characteristic.

In Fig. 2.3, the straight line that represents the ideal output characteristic is drawn
between the “endpoints” of the actual output characteristic given by the full-scale
output values. This so-called endpoint-INL is easy to measure and is therefore
preferred in the characterization of D/A-converters.1

The endpoint-INL and the DNL of an arbitrary converter are related by:

INL.n/ D
nX

kD0

DNL.k/ n 2 Œ0; 1; : : : ; 2B � 1�: (2.4)

A sufficient, but not necessary condition for the monotonicity of a converter is that
the endpoint-INL is smaller than or equal to ˙ 1

2
LSB [31].

2.2 Dynamic Performance

Because the transmit-DAC of a digital transceiver is used for signal synthesis, its
dynamic performance is even more important than the static accuracy. Although the
latter gives a lower bound on the achievable linearity near DC, at higher signal
frequencies other effects, which tend to further deteriorate the linearity of the
converter, can become dominant. Also, spurious tones that are not directly related
with the synthesized signal may be injected into the DAC output.

2.2.1 Harmonic Distortion

The output signal of a nonlinear circuit under sinusoidal excitation contains not only
the fundamental sine wave, also called the carrier, but also frequency components at
integer multiples of the fundamental frequency, also called carrier frequency. These
spectral components generated by the nonlinearity are called harmonic distortion

1Another INL-definition uses the straight line corresponding to a least mean square (LMS) fit as
ideal characteristic [43]. In practice, however, the difference is sufficiently small, such that the
actual choice of the “best-fit” straight line is not of highest importance for the static linearity
characterization of a D/A-converter.
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Fig. 2.4 Harmonic distortion

components, or harmonics. Given the carrier frequency f1, the kth-order harmonic
distortion at frequency k � f1 is given by

HDk D 20 log10

�
Ak

A1

�
; (2.5)

where A1 is the magnitude of the fundamental sine wave and Ak the magnitude
of the kth harmonic. Note that nonlinear distortion components generated in a
sampled-data system also experience aliasing, i.e., the kth order harmonic distortion
is found at jkf1 � nfCLKj, with n the smallest integer fulfilling 2kf1 > nfCLK.

In a current-steering D/A-converter, distortion components that experience
aliasing are necessarily generated before the current switches, e.g., HD5 in Fig. 2.4.
Nonlinearities in the output stage, located after the current switches, can only gen-
erate frequency multiples of the existing spectral components, without folding them
back at the Nyquist frequency. In Nyquist-rate DACs, this effect can sometimes help
to localize the source of the nonlinearity.

2.2.2 Intermodulation Distortion

When two sine waves, usually with similar frequencies, are injected into a weakly
nonlinear system, intermodulation distortion products are generated, as shown in
Fig. 2.5. Like harmonic distortion components, intermodulation products are subject
to aliasing, provided they are generated before the current switches.

With the carrier frequencies f1 and f2, a quadratic nonlinearity generates the
second-order intermodulation products IMD�

2 at f2 � f1 and IMDC
2 at f2 C f1,

the latter eventually aliased back at the Nyquist frequency. A cubic nonlinearity
generates third-order intermodulation products IMD�

3;R at 2f2 � f1 and IMD�
3;L at

2f1�f2. Furthermore, also third-order intermodulation products IMDC
3;R at 2f2Cf1
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Fig. 2.5 Intermodulation
distortion

and IMDC
3;L at 2f1 C f2, of course eventually subject to aliasing, are generated by a

cubic nonlinearity.
Assuming f1 < f2, the subscripts L and R denote the left- and right-hand

position of the corresponding nonlinear distortion component on the frequency axis,
at least as long as aliasing is avoided. If generated by a memoryless polynomial
nonlinearity, the L and R components have equal magnitude. The IMD�

3;LR compo-
nents appear close to the carriers and are therefore more important for narrowband
applications, since they are perceived as in-band distortion. The same is true for the
higher odd-order intermodulation components.

In general, a nonlinearity of order p produces intermodulation products up to
order p, thus located at jmf1 ˙ nf2j with m C n � p. In differential circuits the
odd-order nonlinearities are generally dominant.

2.2.3 Spurious Free Dynamic Range

Data converters are mixed-signal circuits and therefore can easily pick up digital
disturber signals, that subsequently show up at the output. When these digital
disturbers are not directly related with the input signal, they can appear in the output
spectrum at different frequency locations than the normal nonlinearity products.
Another potential source of disturbance is a continuously running background
calibration that necessarily influences the behavior of the DAC-elements (Sect. 3.3).
Figure 2.6 shows an example, where, besides second and third harmonic distortion,
other spectral lines that are not (aliased) multiples of the carrier frequency appear.

Independent of the origin of unwanted spectral components, the spurious free
dynamic range (SFDR) is defined as the distance from the carrier to the largest spec-
tral component, after the carrier has been removed. However, good mixed-signal
design practice should take care to minimize the injection of digital disturbances into
the DAC output signal, such that the SFDR is mostly limited by nonlinear distortion.



2.2 Dynamic Performance 31

Fig. 2.6 Spurious free
dynamic range
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Fig. 2.7 Dynamic range

2.2.4 Dynamic Range

The signal-to-noise ratio (SNR) of a converter is defined as the ratio of the signal
power divided by the total noise integrated over the signal bandwidth. Unless
defined otherwise, harmonic distortion components are usually treated separately
and therefore not included in the noise summation for the SNR. When the integrated
noise power deliberately includes harmonic distortion, then we often speak of
signal-to-noise and distortion ratio (SNDR). For practical purposes these definitions
typically assume a single-tone signal when applied to data converters.

Mainly in the context of †�-converters also the term signal-to-quantization
noise ratio (SQNR) is used. It includes the in-band noise and harmonic distortion
generated by the quantization operation in an otherwise ideal (digital) noiseshaper
[44]. SQNR is thus identical to the SNDR in this special case.

Figure 2.7 shows the typical SNR and SNDR characteristic of a †�-converter.
For low signal levels2 distortion products are usually not dominant and the two

2The x-axis is in dB relative to full-scale (dBFS). This means that the input signal is normalized to
the converter full-scale 0 dBFS.
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Table 2.1 Multi-carrier modulation systems

System Modulation Bandwidth Carriers Spacing

ADSL2C DMT 2.2 MHz 512 4.3125 kHz
VDSL2-17a DMT 17.66 MHz 4,096 4.3125 kHz
VDSL2-30a DMT 30 MHz 3,479 8.625 kHz
802.11a/g (WLAN) OFDM 20 MHz ICQ 48C4 312.5 kHz
DVB-T OFDM 7.6 MHz 6817 1.116 kHz

curves are on top of each other. At higher signal levels, however, the †�-modulator
gets increasingly overloaded and the SNDR-characteristic peaks and falls off
rapidly when approaching the full-scale level. In extreme overload also the SNR-
characteristic typically saturates.

The dynamic range (DR) of the converter is defined as the maximum value of
the linearly extrapolated SNR/SNDR-curves up to the full-scale value [45]. This
is equivalent to stating that the smallest signal that can be reliably detected has the
same power as the integrated in-band noise. The DR is primarily used to characterize
the resolution of noiseshaped converters.

2.2.5 Multitone Linearity

With more than two carriers, the possible number of cross-modulation products
increases drastically, even when only low-order nonlinearities are considered. Many
wideband digital communication systems use a multitude of individually modulated
carriers to optimize the data throughput over strongly varying channels. Digital
subscriber line (DSL)-systems, e.g., use the so-called discrete multi-tone (DMT)
modulation. Systems communicating over time-varying and rapidly fading channels
favor a special multi-carrier modulation technique called orthogonal frequency
division multiplexing (OFDM). In the following we will simply speak of DMT-
signals, or multitone signals, irrespective of the actual modulation format.

Since the number of carriers in all these systems is quite high see Table 2.1, the
direct calculation of a significant number of nonlinear products is computationally
not feasible. Therefore, a different definition for the effect of a nonlinear transfer
characteristic on multitone signals must be adopted.

We define a homogeneous single-band DMT signal (Fig. 2.8) to consist of NC C1

carriers, each with the same amplitude ADMT. The carriers are equally distributed
within the frequency band !min � ! � !max. The carrier spacing �! can thus be
expressed as

�! D !max � !min

NC

: (2.6)
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Fig. 2.8 Homogeneous
multitone signal

The Crest Factor CF , also called peak-to-average ratio (PAR), is defined for
an arbitrary signal as the ratio of its peak value Apeak to the rms value.3 In a
homogeneous DMT-signal the signal power is equally distributed among all carriers,
therefore:

ADMT D Apeak

CF
�
s

2

NC C 1
� Apeak

CF
�
s

2�!

!max � !min
: (2.7)

A multiband DMT signal consists of a number of distinctive frequency bands (n D
1; 2; : : : ; L) populated with carriers. If the carrier amplitude ADMT and the carrier
spacing �! are equal in each band, we speak of a homogeneous multiband DMT
signal.

The L frequency bands have a minimum and maximum frequency !min;n and
!max;n with n 2 Œ1I L�. The carrier amplitude ADMT can be calculated as:

ADMT � Apeak

CF

vu
u
ut

2�!

LP

nD1

.!max;n � !min;n/

:
(2.8)

Shown in Fig. 2.9 is an example of a homogeneous multiband DMT signal. All
carriers have the same amplitude ADMT and the same frequency spacing �! within
each band.

Missing Tone Power Ratio

To measure the effect of a nonlinear characteristic on a multitone signal, single
carriers at specific frequency locations fk are left out during signal synthesis.
The resulting cross-modulation products that fall into these gaps are observed.

3The Crest Factor of a single sinusoid is
p

2; a two-tone signal has CF D 2. For more than two
tones the Crest Factor depends on the relative phases of the single carriers.
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Fig. 2.9 Missing tone power ratio

The characteristic of the multitone signal is not altered significantly, at least as long
as the number of missing tones is small compared to the total number of tones.
The missing tone power ratio (MTPR) at the frequency of the missing tone (bin)
fk is then defined as the ratio of the power of the nonlinearly generated spectral
component at frequency fk and the power of the neighboring tone:

MTPR .fk/ D 20 log10

�
Ak

Ak˙1

�
D 20 log10

�
Ak

ADMT

�
: (2.9)

Note that the MTPR is measured with unmodulated carriers.

Missing Band Power Ratio

Cross-modulation products of a multitone signal typically also fall outside of the
frequency band(s) populated by the carriers, see Fig. 2.10. Due to the limited
isolation between transmitter and receiver, these nonlinear modulation products
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Fig. 2.10 Missing band
power ratio

generated by the transmitter eventually appear in the receive bands and can limit
the dynamic range of the receiver in a full-duplex system.

The missing band power ratio (MBPR) at a certain frequency fk , typically a tone
location in the receive-band, is defined as the ratio of the power of the nonlinearly
generated spectral component at frequency fk and the power of a single tone in the
neighboring transmit band.

MBPR .fk/ D 20 log10

�
Ak

ADMT

�
: (2.10)

2.3 Noise Performance

Besides the linearity, also the noise performance of a converter is of importance,
since it limits the dynamic range of the signals that can be synthesized or digitized.
Noise in a data converter comes in three basic flavors:

• Quantization “noise”
• Circuit noise
• Jitter noise

2.3.1 Quantization “Noise”

As already stated in Sect. 1.3, quantization sets the fundamental limit for the accu-
racy with which a signal can be represented in the digital domain. When digitizing
an analog signal in an A/D-converter the quantization error is irreversibly introduced
due to the granularity of the decision levels. A D/A-converter reconstructing an
analog signal preserves the quantization error already present in its input data. It
may, however, add additional errors due to several nonideal effects. This will be
discussed in the following sections and later chapters.
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If the converter resolution is sufficiently large, the variance of this quantization
“noise” q.t/, equivalent to its power, can be calculated as [31]:

�2
q D E.q.t/2/ D

1Z

�1
x2pq.x/dx D �2

12
; (2.11)

where E.�/ is the expectation operator, pq.x/ the probability density function of the
quantization error, and � the LSB-size.

Equation (2.11) represents the total noise power of the quantization process in
the frequency range from 0 to 1

2
fCLK, i.e., the first Nyquist band. The spectral shape

of the quantization noise depends on the type of the data converter.

Nyquist-Rate Converter

A so-called Nyquist-rate DAC exhibits a flat quantization noise spectrum. The (one-
sided) power spectral density (PSD) of the quantization noise is given by

Sq.f / D �2

12
� 2

fCLK
: (2.12)

The amount of quantization noise, the quantization noise power, within the band-
width of interest, denoted by fB , can be calculated as

Nq D
Z

fB

Sq.f /df D �2

12
� 2 � fB

fCLK
D �2

12
� 1

OSR
: (2.13)

The oversampling ratio (OSR) is defined as the Nyquist frequency 1
2
fCLK divided

by the signal bandwidth fB :

OSR D fCLK

2 � fB

: (2.14)

If we divide the power of a full-scale sine wave by the quantization noise power
residing in the signal bandwidth of interest, we can calculate the maximum Signal-
to-Noise Ratio (SNR) for the Nyquist-rate converter [31]:

SNRmax D 10 log10

�
3 � 22B�1OSR

� D 6:02B C1:76C10 log10 OSR ŒdB�: (2.15)

The last term in (2.15) is also called the oversampling gain. With a constant
integration bandwidth, every doubling of the clock frequency improves the effective
resolution by 3 dB, or half a bit. Figure 2.11 shows the effect of different sampling
rates on the quantization noise floor in a Nyquist converter.
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Noiseshaped Converter

A much more efficient use of oversampling can be achieved by spectral shaping of
the quantization noise, commonly called noise shaping [44]. By suitable filtering,
the major part of the quantization noise power is pushed outside the bandwidth of
interest, leading to a much higher in-band SNR as compared to using oversampling
alone. The principle of (low-pass) quantization noise shaping is shown in Fig. 2.12.

The spectral shaping of the quantization noise is described by the so-called noise
transfer function (NTF). Since the total quantization noise power is always given
by Eq. (2.11), the resulting noise in the frequency band of interest Œ0I fB� can be
calculated by integrating the modulus squared of the NTF:

Nq D �2

12
� 2

fCLK
�

fBZ

0

jNTF.f /j2df: (2.16)
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An ideal noiseshaper of order L has a noise transfer function in the z-domain given
by NTF.z/ D �

1 � z�1
�L

with L zeros at DC (z D 1). The theoretical maximum
SNR of a Lth-order noiseshaper is given by [46]

SNRmax;L D 6:02BC1:76C.20LC10/�log10 OSR�10 log10

�2L

2L C 1
ŒdB�: (2.17)

According to Eq. (2.17), with a noiseshaping of order L every doubling of the
OSR increases the maximum achievable SNR by 6L C 3 dB, or L C 0:5 bits.
Unfortunately, a NTF of the form NTF.z/ D �

1 � z�1
�L

with L � 2 cannot be
realized, because the resulting noiseshaper is not unconditionally stable. Practical
implementations must therefore use a less aggressive noise-shaping function by
introducing poles into the NTF [44]. To optimize the noiseshaper performance,
some of the zeros can additionally be moved away from the origin. In any case, the
theoretical SNR predicted by (2.17) cannot be reached in actual designs for L � 2.

A hardware example of a D/A-converter displaying a remarkable performance
boost due to noiseshaping is described in [47]. It describes an audio-DAC with a
physical resolution of only 6 bits. Nevertheless, using a second-order noiseshaper
and an OSR of 128, it achieves a theoretical in-band SNR of 125 dB, equivalent
to 20.4 bits, while Eq. (2.17) predicts a theoretical, but not realizable maximum of
130.34 dB, or 21.3 bits. The actually measured in-band SNR, limited by the output
stage noise, is still 111 dB in a 20 kHz bandwidth, equivalent to over 18 bits.

2.3.2 Circuit Noise

Data converters are affected by circuit noise, just like any other building block in the
analog signal processing domain. The amount of circuit noise visible at the output
of the converter puts an upper limit on the achievable dynamic range. For system-
level considerations it must therefore be put into context with the other two noise-
generating mechanisms, namely quantization noise and jitter noise.
In a current-steering D/A-converter we can identify three sources for the circuit
noise:

• Current sources
• Output stage
• Biasing circuit

Figure 2.13 shows a single-polarity current-steering DAC with resistive load,
together with the relevant noise sources. The (one-sided) PSD4 of the current noise

4In this text the power spectral density (PSD) is almost always assumed one-sided. However, to
avoid ambiguity, the qualifier “(one-sided)” is added at times. Examples of a two-sided PSD are
found in Eqs. (2.41) and (B.2).
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Fig. 2.13 Noise sources in a single-polarity current-steering DAC

in the long-channel MOS transistors MSRC in strong inversion can be approximated
by [5, 20, 48, 49]:

I 2
n;SRC.f / � 4kT � 2

3
gmSRC C KFF

W LC 2
oxf

gm2
SRC D 4kT � 2

3
gmSRC C KF IDS

CoxL2f
:

(2.18)

L is the channel length of the current-source transistor MSRC, Cox the oxide
capacitance per unit area, KFF and KF are (not bias independent) technology
constants related by KF D 2	 � KFF , with the carrier mobility 	. The factor 2/3
in the thermal noise component is an approximation for long-channel transistors
operating in strong inversion [20, 49]. More exact models include at least one
additional, bias dependent factor; see, e.g., [50].

Note that in a single-ended implementation the total output noise of the current-
source array is linearly dependent on the input code, such that the maximum output
noise is generated when all current sources are switched to the output node, i.e., at
positive full-scale. On the other hand, in a differential implementation, the noise
power of all current sources is always present in the differential output signal,
independent of the input code. Therefore, for the noise calculation in a differential



40 2 Performance Figures of D/A-Converters

converter we can assume that the current-source array consists of N identical
sources, each carrying a fraction 1

N
of the full-scale current IFS:

I 2
n;Array.f / D N � I 2

n;SRC.f / � 4kT � 2

3
� 2IFS

VGS � VT

C KF IFS

CoxL2f
: (2.19)

In (2.19) we use the following expression for the transistor transconductance in
strong inversion [20, 50]:

gm D 2IDS

VGS � VT

: (2.20)

Equation (2.19) shows that the thermal noise of the current-cell array can be
minimized by choosing the gate overdrive of the current-source transistors MSRC

as large as possible, thus making MSRC very long. This in turn also reduces the 1/f-
noise of the array, at least as long as the flicker noise current parameter KF does not
change significantly and the transistor does not enter velocity saturation.

The (differential) noise current of the output stage is simply given by the
contribution of the two load resistors:

I 2
n;OS.f / D 2 � 4kT

RL

: (2.21)

The current-source array is biased by the MOS-diode MB and a reference current
IREF. MB and MSRC are “matching” transistors, thus they have the same channel
length and gate overdrive voltage. The current noise of MB and IREF is mirrored
to each of the N current sources and is steered via the current switches toward
the positive or negative output, depending on the digital input code. Because the
mirrored noise current from the biasing is correlated, it has the same amplitude and
phase in all current sources. Therefore, the noise contribution of the biasing at the
output of the DAC depends on the absolute value of the digital input code.

At the positive and negative full-scale output the noise from the biasing is
maximum, while at midscale an equal number of current sources carrying the
correlated bias noise is switched to either output node. Therefore, the noise
contribution from the biasing is canceled in the differential output current at the
midscale code.5

If we denote the (frequency-dependent) ratio between the full-scale current IFS

and the reference current IREF with M.j!/, then the maximum bias current noise
injected into the differential output is

In;Bias.f /2 D jM.j!/j2 �
�
I 2

n;MB.f / C I 2
n;REF.f /

�
: (2.22)

5Standard DAC-architectures implement an odd number of LSB-steps, see Eq. (1.2). Thus, at
midscale the differential output current is not exactly zero but equal to the LSB unit current. If
the resolution is reasonably large, though, the bias induced noise in the differential output will be
practically negligible at midscale, and we may therefore safely ignore this subtlety.
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The total noise voltage PSD at the output of the single-polarity current-steering DAC
of Fig. 2.13 is given by

V 2
n;DAC D R2

L

�
I 2

n;Array C I 2
n;OS C jd jI 2

n;Bias

�
D R2

LI 2
n;DAC: (2.23)

The digital input code d in Eq. (2.23) is normalized to the full-scale value, jd j � 1.
The frequency dependent mirror factor M.j!/ in Eq. (2.22) displays a first-order
roll-off:

M.j!/ D M0

1 C j!
CB

gmMB

: (2.24)

M0 is the ratio of IFS and IREF at DC and is directly given by the mirror ratio,
equal to the sum of the widths of the current-source transistors MSRC divided by the
width of the bias transistor MB . The pole frequency of M.j!/ is the ratio of the
transconductance of the MOS-diode gMB and the capacitance CB connected to its
gate node.

We can approximate the transconductance of the MOS-diode MB with dimen-
sions W and L in the long-channel square-law model [5] as

gmMB � 	Cox
W

L
.VGS � VT /: (2.25)

With an additional MOS-capacitor MC of area �.1CM0/W L, i.e., an area overhead
of �, the total capacitance at the gate node of MB is approximately given by

CB � .1 C M0/ � 2

3
W LCox

�
1 C 3

2
�

�
: (2.26)

Assuming M0 >> 1, the pole frequency !p;BIAS of the mirror that biases the current
sources of the D/A-converter becomes

!p;BIAS D gmMB

CB

� 1

M0

� 3	

2L2
� VGS � VT

1 C 3

2
�

D !T

M0

�
1 C 3

2
�

� : (2.27)

The typical frequency dependence of Vn;DAC for a midscale and full-scale input
code is shown in Fig. 2.14. At low frequencies the noise from the DAC-bias becomes
dominant for jd j > 0.

To simplify the analysis with the goal to achieve a more general insight, we
neglect the 1/f-noise contribution. Furthermore, let the reference current noise be a
scaled version of the noise of the MOS-diode MB , I 2

n;REF D K � I 2
n;MB, such that:

I 2
n;Bias D jM.j!/j2 � I 2

n;MB � .1 C K/ : (2.28)
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In this case we can estimate the excess noise corner frequency !C :

!C D !p;BIAS � p

BIAS


BIAS D M 2
0 � R2

LI 2
n;MB .1 C K/

R2
LI 2

n;Array C 8kTRL

: (2.29)


BIAS is the excess noise factor of the DAC-biasing for frequencies below !p;BIAS.
It is the ratio of the maximum noise current injected from the biasing and the
noise of the current sources plus output stage. With the long-channel square-law
approximation for the transistor transconductance (2.20), the thermal noise current
of the current-source array and the MOS-diode MB becomes

I 2
n;Array � 4kT � 2

3
� 2IFS

VGS � VT

I 2
n;MB � 4kT � 2

3
� 1

M0

� 2IFS

VGS � VT

D I 2
n;Array

M0

: (2.30)

By introducing the ratio ˛ of the maximum peak output voltage to the current-source
transistors’ gate overdrive6:

˛ D IFSRL

VGS � VT

D 1

2
� VFS

VGS � VT

(2.31)

6˛ reflects, at least partly, the relative partitioning of the supply voltage between output range and
current-source headroom.
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we can write Eq. (2.29) as

!C D !p;BIAS � p

BIAS


BIAS D 2

3
� M0 � .1 C K/

˛

1 C 2
3
˛

: (2.32)

Below !C the excess noise of the DAC-biasing becomes dominant in the output
noise of the D/A-converter for jd j > 0. With (2.27) we get

!C D 1p
M0

� 	

L2
� VGS � VT

1 C 3

2
�

vuu
u
t

3

2
� ˛ .1 C K/

1 C 2

3
˛

/ !T : (2.33)

The excess noise factor 
BIAS can only be minimized by choosing the mirror factor
M0 as small as possible and at the same time minimizing the reference current noise
factor K . In general, both measures lead to an increase of the power dissipated by
the DAC-biasing. Less effect has the minimization of ˛ by maximizing the gate
overdrive voltage of the current source transistors relative to the output full-scale
voltage.

The excess noise corner frequency !C is inversely proportional to the square root
of the mirror factor, suggesting that a very large M0 would be beneficial. There are
however practical restrictions that do not allow to choose the mirror factor arbitrarily
large. An additional filter capacitor at the gate node of the current source transistors
(� > 0) can be used to decrease !C , but at the cost of additional silicon area. For
the same reference noise, i.e., equal K , PMOS implementations apparently perform
better due to their lower mobility, 	p < 	n.

Figure 2.15 shows the noise sources in a dual-polarity current-steering DAC with
active output stage. Assuming the same mirror factor M.j!/ for both polarities, the
total output noise is still given by Eq. (2.23) with the following contributions:

I 2
n;Array D I 2

n;ArrayN C I 2
n;ArrayP

I 2
n;OS D 2 � 4kT

1

RL

C v2
n;OP

R2
L

I 2
n;Bias D jd j � jM.j!/j2 �

�
I 2

n;MBN C I 2
n;MBP C I 2

n;REFN C I 2
n;REFP

�
:

(2.34)

The results obtained from the simplified analysis of the single-polarity current-
steering DAC are still valid in principle. However, the biasing of a dual-polarity
architecture requires at least one additional current mirror and is thus inherently
more noisy.
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A general circuit-noise model of a fully differential current-steering D/A-
converter is shown in Fig. 2.16. In this model the correlated bias noise I 2

n;BIAS is
generated with a (hypothetical) white current noise source having power �2

IB and
filtered by H.j!/.

The uncorrelated noise of the current sources and the output stage, I 2
n;Array C

I 2
n;OS, is directly added to the output current i.t/. The correlated bias noise I 2

n;BIAS,
however, is first multiplied with the input code sequence d.nT / before being added
to the output current. The conversion to the voltage domain is performed by the
multiplication with RL.
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Fig. 2.17 Sine wave and DMT-signal with correlated bias noise

Neglecting the sampling operation, the circuit noise PSD contained in the output
current can be calculated as

Si.!/ D I 2
n;Array C I 2

n;OS C D.j!/ � In;Bias.!/2: (2.35)

D.j!/ is the (baseband) spectrum of the input signal and “�” denotes the
convolution operation. Appendix A.1 derives the noise for a DMT-signal using a
single-pole model for the bias noise, thus neglecting 1/f-noise. In the case of a
sufficiently dense multitone signal with �! << !p;Bias the (one-sided) output noise
PSD can be approximated by

Si;DMT.!/ � I 2
n;Array C I 2

n;OS C 2

CF2
� A2

peak�2
IB

!max � !min
.Bn.!/ C Bn.�!//

Bn.!/ D arctan

�
!max � !

!p;Bias

�
� arctan

�
!min � !

!p;Bias

�
: (2.36)

Figure 2.17 shows a comparison of the calculated bias noise PSD and the result of
a time-domain behavioral simulation for a single-tone and a multitone signal with
equal peak value, corresponding to the converter full-scale. Both signals are sampled
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Fig. 2.18 ADC aperture
error

with a clock of 200 MHz and affected by a correlated bias noise with a total noise
power corresponding to a full-scale resolution of 12 bits and a noise bandwidth of
0.5 MHz. The multitone signal has the following parameters:

• Crest Factor CF D 4:5

• Minimum frequency fmin D 10 MHz
• Maximum frequency fmax D 30 MHz
• Number of carriers NC C 1 D 925

The difference of the peak noise density between single-tone and multitone
signal in this example is 20.2 dB. Broadband multitone systems are much less
susceptible to correlated bias noise, because the effect is distributed over many
carriers. Specifying the bias circuit of a converter intended for multitone systems
based on the assumption of a full-scale single-tone signal can thus lead to significant
overdesign of the DAC-biasing.

2.3.3 Jitter Noise

Data converters perform the transition from the analog domain to the sampled data
domain in the receiver (ADC), or from a digital code sequence to an analog signal in
the transmitter (DAC). The conversion is triggered by a dedicated clock signal, the
so-called sampling clock. Any timing uncertainty that affects the sampling has an
influence on the signal being digitized or synthesized. Figure 2.18 shows the effect
of a small timing error that slightly displaces the moment in which a sample of the
continuous-time signal x.t/ is taken. In ADC’s this effect is also called aperture
error, indicating the uncertainty about when exactly the converter front-end stops
tracking the analog input and starts the quantization process.

If the timing error is small compared to the clock period, j�Tkj << T , then the
amplitude error can be linearly approximated by the slope of the signal at time Tk

multiplied by the timing error �Tk:

�xk D dx.t/

dt

ˇ
ˇ
ˇ
tDTk

� �Tk: (2.37)
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Because the amplitude error is proportional to the slope, signals with high-frequency
content are much more affected by timing errors than slowly changing low-
frequency signals.

The timing uncertainty in a clocked system is commonly called clock jitter.
Different definitions to quantify jitter are in use, depending on which property is
most critical in the system at hand [51]. For data converters, the introduction of
(jitter-) noise into the sampled signal is of main interest. We assume that the timing
jitter �Tk is a stochastic process with rms value �tj , also called the absolute timing
jitter. Then the resulting SNR, evaluated over the first Nyquist band, when sampling
a sine wave of frequency fsin is given by [52]:

SNRjitter D �20 � log10

�
2�fsin�tj

�
: (2.38)

The quality of the sampling clock for data converter systems, normally generated by
a PLL-type clock generator, is usually specified in terms of its long-term rms jitter
�LT. The long-term rms jitter is the standard deviation of the clock edges measured
relative to a starting edge, at a distance where the accumulated jitter has already
settled [53]. Equation (2.38) then becomes

SNRjitter D �20 � log10

�
2�fsin

�LTp
2

�
: (2.39)

The division by
p

2 in (2.39) is necessary, because the reference edge of the
accumulated jitter measurement is not ideal, but also subject to the same jitter-
generating mechanism. From (2.38) and (2.39), the relation between the absolute
timing jitter �tj and the long-term rms jitter �LT is obviously given by [53]:

�tj D �LTp
2

: (2.40)

Figure 2.19 shows the obtainable full-Nyquist SNR as a function of the signal
frequency according to (2.39) with �LT as a parameter.

Practical clock sources exhibit a low-pass phase noise spectrum. For a first-order
PLL with noiseless input the (two-sided) PSD of the phase noise can be described
by a so-called Lorentzian spectrum [54]:

S'.!/ D
�

2�

T

�2
�2

LT

!PLL

1

1 C
�

!

!PLL

�2
: (2.41)

In hardware implementations, the phase noise spectrum observed at the output of
an integrated PLL has a much more complex behavior, due to a multitude of different
noise sources and their respective noise transfer functions [54–57]. Mathematically,
the sampling process can be described by a convolution of the phase noise PSD with
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the signal PSD, the latter additionally weighted with the square of the frequency.
In time domain this is equivalent to a multiplication of the jitter sequence with the
derivative of the signal [53]. Since in the following we are not interested in the exact
shape of the jitter noise spectrum in the proximity of the signal, we can neglect the
1=f n-terms appearing close to the clock carrier and use Eq. (2.41) to approximate
the phase noise of the sampling clock. The �3 dB bandwidth !PLL of the Lorentzian
spectrum also roughly corresponds to the PLL-bandwidth [51].

The (one-sided) jitter noise PSD generated when sampling a sine wave
Asin sin.!sint/ with a clock affected by Lorentzian phase noise (2.41) with
bandwidth !PLL and long-term rms jitter �LT can be approximated by (see also
Appendix B):

Sj .!; !sin/ �
A2

sin!2
sin

1

2
�2

LT

!PLL

2

6
6
6
4

1

1 C
�

! � !sin

!PLL

�2
C 1

1 C
�

! C !sin

!PLL

�2

3

7
7
7
5

: (2.42)

As stated above, this approximation does not take the sampling process into account,
nor the exact phase noise spectrum of a PLL-type clock generator [54–57]. Still, it
is sufficiently accurate for many practical purposes. As an example, Fig. 2.20 shows
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Fig. 2.20 Jitter noise PSD of sampled sine wave

the simulated jitter noise density of a 10 MHz sine wave with normalized amplitude
Asin D 1. The signal is sampled with a 200 MHz clock having a 10ps long-term
rms jitter and a PLL-bandwidth of 3.5 MHz.7 The y-axis is normalized to the peak
value of the sine wave. On this frequency scale, the approximate expression (2.42)
rather accurately describes the noise peaking around the sine wave frequency, where
most of the jitter noise power is concentrated. However, the signal frequency must
be sufficiently small compared to the Nyquist-frequency, since the aliasing of the
jitter noise due to the sampling process is not reflected in (2.42).

NRZ D/A-Converter

In NRZ D/A-converters the derivative in (2.37) is replaced by the difference of sub-
sequent digital input codes, dk�dk�1. As shown in Fig. 2.21, the height of the output
pulses does not change when the sampling instants jitter. Instead, the output pulses
of the DAC get longer or shorter by �Tk, leading to an error pulse sequence �u.t/:

7Typically, the PLL-bandwidth is around one tenth of the reference clock. We assume a 35 MHz
quartz oscillator.
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C
A : (2.43)

Since the error pulses of Eq. (2.43) are assumed to have a very short duration
compared to the clock period, their spectral content is approximately constant
within at least the first Nyquist band. The effect of the timing error sequence �Tk

on the output signal of the D/A-converter, observed in the first Nyquist band, can
therefore be modeled by an amplitude error sequence ek. The amplitude error
for each sample k corresponds to the area of the respective timing error pulse
normalized to the sampling clock period [58]:

ek D
X

k

.dk � dk�1/
�Tk

T
: (2.44)

This is a reasonable approximation, as long as we limit ourselves to frequencies
much smaller than the bandwidth of the error pulses. In this case only the area of
the error pulses is important, not their exact shape. A more detailed discussion can
also be found in Appendix D.1.

When the NRZ-DAC processes a sine wave dk D Asin sin.k!sinT /, then the (one-
sided) jitter noise PSD at the converter output becomes

Sj;NRZ.ej!T / D A2
sin!2

sinsinc2

�
!sinT

2

�
ST

�
ej .!�!sin/T

�C ST

�
ej .!C!sin/T

�

4
:

(2.45)
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ST

�
ej!T

�
is the (one-sided) PSD of the timing error sequence �Tk with power 1

2
�2

LT
(see also Appendix B):

ST .ej!T / D 2T � 1 � e�2!PLLT

j1 � e�!PLLT e�j!T j2 � 1

2
�2

LT

E
�
�T 2

k

� D 1

2�

�
TZ

0

ST .ej!T /d! D �2
LT

2
: (2.46)

Except for the sinc2 term, Eq. (2.45) can be approximated again by (2.42). In
contrast to an A/D-converter, where the differentiation of the signal occurs in
the continuous-time domain, the jitter error in a D/A-converter depends on the
difference of two consecutive samples. For this reason, the jitter noise PSD of an
NRZ D/A-converter is additionally weighted with the sinc2 term.

The total jitter noise power Nj;NRZ of the NRZ-DAC is found by integrat-
ing (2.45) over the first Nyquist band:

Nj;NRZ D 1
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Also the signal power residing in the first Nyquist band is weighted with the same
sinc2 term:

Psin D 1

2
A2

sinsinc2

�
!sinT

2

�
: (2.48)

Combining (2.47) and (2.48), again the generally valid expression for the SNR in
Eq. (2.39) results.

Figure 2.22 shows the behavioral NRZ D/A-converter model including the
normalized timing error of Eq. (2.44). To correctly describe the spectral shape of the
jitter noise PSD, the input sequence dk and the normalized timing error sequence
ek are applied to different pulse shapers. The input sequence is directly applied to
the unit impulse response pNRZ.t/ with length T , whose output represents the ideal
staircase signal. The normalized timing error sequence ek , on the other hand, is
converted to an analog error signal e.t/ by a pulse shaper p1.t/ with a short impulse
response T1 << T .

Return-to-Zero DAC

In a return-to-zero (RZ) DAC both edges of the output pulses are affected by
sampling jitter, see Fig. 2.23. We assume that the clock edges that control the current
switching are generated in a PLL by an ideal frequency divider connected to a high-
frequency VCO [59]. In principle, we only double the number of realizations of the
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Fig. 2.22 DAC timing error model

Fig. 2.23 Half-clock
RZ-DAC with sampling jitter

random process �Tk , while the underlying jitter generation mechanism is the same.
Therefore, the statistical properties of the clock jitter do not change when moving
from an NRZ to a RZ-implementation.
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Fig. 2.24 Behavioral and analytical jitter noise PSD for RZ-DAC

In the following, we assume a half-clock RZ-DAC, i.e., the output pulses have
a duty factor of D D 0:5. Because the PLL-bandwidth and the total power of the
timing error sequence must remain the same, the RZ timing jitter sequence can be

described by ST

�
ej! T

2

�
.

The (one-sided) phase noise PSD of a half-clock RZ-DAC processing a sine-
wave signal is derived in Appendix B.3:
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(2.49)
!0 is the sampling frequency of the converter. Figure 2.24 shows a comparison
between the time-domain behavioral simulation result and the analytical expression
according to Eq. (2.49) for a 200 MS/s half-clock RZ-DAC synthesizing a 25 MHz
sine wave.

A unique property of the RZ-waveform is that jitter noise is also generated with
a DC output signal. In an NRZ-DAC the switching activity is proportional to the
signal frequency. At DC no current switching occurs and therefore no jitter noise
is generated. In a RZ-DAC, on the other hand, the switching activity approaches
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a constant value for decreasing signal frequency. Jitter noise is therefore also
generated at DC. For a very low-frequency sine wave and assuming !PLL << !0,
we get in the limit !sin ! 0 for the total jitter noise power in the first Nyquist band
(see Appendix B.3):

lim
!sin!0

Nj;RZ � Nj;RZ;0 D 4

T 2
A2

sin
�2

LT

2�
� 4!PLL

3!0

: (2.50)

According to Eq. (1.9), the baseband amplitude of a RZ-DAC is reduced by the duty
factor D D TS=T . Therefore, the signal power residing in the first Nyquist band
with D D 0:5 is given by:

PS;RZ D 1
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2

�2

D A2
sin

8
: (2.51)

In contrast to an NRZ-implementation, the jitter-limited SNR of a RZ-DAC,
evaluated over the first Nyquist band, approaches a constant value for low signal
frequencies:

lim
!sin!0

SNRj;RZ � SNRj;RZ.0/ D �20 log10

�
4�LT

r
!PLL!0

3�3

�
: (2.52)

A comparison of the SNR as a function of the signal frequency for a 200 MS/s
NRZ and RZ D/A-converter suffering from a 10ps rms long-term jitter with a
PLL-bandwidth of 3.5 MHz is shown in Fig. 2.25. For high signal frequencies both
DAC-types follow Eq. (2.39) with a �20 dB/decade drop in SNR vs. fsin. While this
equation is generally valid for the NRZ-DAC, the SNR characteristic of the RZ-DAC
flattens out for low signal frequencies and approaches the value given by (2.52). The
approximation error is smaller than 0.5 dB. The RZ-architecture remains limited to
an effective resolution of about 10 bits in this example.

By equating (2.39) and (2.52) it is possible to calculate the cross-over frequency,
!RZ;3dB, for which the SNR of the RZ-DAC experiences a 3 dB loss:

!RZ;3dB � 4

r
2

3�3
!PLL!0: (2.53)

Finally, the jitter noise SNR of a RZ-DAC can be approximated with a first-order
behavior (also shown in Fig. 2.25):
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Fig. 2.25 Nyquist SNR with �LT D 10ps and fPLL D 3:5 MHz

Equation (2.54) describes the full-Nyquist, jitter-limited SNR of a RZ-DAC as
a function of the signal frequency and the sampling clock parameters. It is the
equivalent of Eq. (2.39), the latter being valid for an NRZ-DAC, as well as for
the sampling process of continuous-time signals in A/D-converters, i.e., the ideal
sampler.

The main drawback of a RZ-DAC is the increased sensitivity to clock jitter,
especially for low signal frequencies. The reason is that, in contrast to an NRZ-
DAC, the switching activity approaches a constant value when the signal frequency
is lowered toward DC. According to (2.52), the achievable resolution of a RZ-DAC
decreases by 3 dB/octave with the clock frequency and the PLL-bandwidth, while
the jitter-limited resolution of an NRZ-DAC for given rms jitter solely depends on
the signal frequency.

Besides the inherent 6 dB signal loss, the pronounced jitter sensitivity is one of
the reasons, why true RZ-implementations are seldomly used in embedded high-
resolution D/A-converters for digital transceivers. Very low-jitter on-chip clock
sources are always expensive in terms of silicon area and power dissipation.

Sampling Jitter in Multitone Systems

In a sampled multitone signal the individual carriers are independently affected by
sampling jitter. Therefore, the jitter noise PSD’s of the single carriers Sj .!; !k/



56 2 Performance Figures of D/A-Converters

Fig. 2.26 Homogeneous
multitone signal with
Lorentzian sampling jitter

can be summed to yield the total jitter noise PSD of a sampled multitone
signal (Fig. 2.26):

Sj;DMT.!/ D
NCX

kD0

Sj .!; !k/: (2.55)

When the sampling clock for the data converters is generated by a PLL, then the
phase noise contribution of each carrier can be approximated in its vicinity by
Eq. (2.42). It is shown in Appendix B.4 that with sufficiently high carrier density
and �! << !PLL the total jitter noise PSD of a homogeneous multitone signal
synthesized by a NRZ-DAC can be approximated by:
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(2.56)
Bj .!/ characterizes the spectral shape of the jitter noise PSD. It depends only on
the ratio of the maximum and minimum carrier frequency to the PLL-bandwidth.
Figure 2.27 displays the calculated jitter noise PSD for a single tone and multitone
signal with equal peak value corresponding to the converter full-scale. Also shown
are the results of a time-domain behavioral simulation. Both signals are sampled at
200 MS/s. The sampling clock is affected by a colored timing jitter with a long-term
rms value of �LT D 10ps and a PLL-bandwidth of 3.5 MHz.
The multitone signal has the following parameters:

• Crest Factor CF D 4:5

• Minimum frequency fmin D 1 MHz
• Maximum frequency fmax D 30 MHz
• Number of carriers NC C 1 D 1345
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Fig. 2.27 Sine wave and DMT-signal with Lorentzian sampling jitter

The difference in the peak jitter noise density is 17.2 dB. Again, the noise is
distributed over many carriers, making the multitone signal much less sensitive
to clock jitter than a full-scale single-tone signal. Also visible in Fig. 2.27 is
the inaccuracy of the analytical approximation close to the Nyquist frequency,
since aliasing effects inherent to the sampling process have been neglected in the
derivation of (2.56). The practical relevance of this limitation appears however
marginal.

As with the correlated bias noise, the above results show that specifying the clock
jitter for a broadband multitone system by using a full-scale single-tone criterion can
lead to drastically overdesigned clock systems.

We can use (2.56) to calculate the jitter-limited and frequency dependent SNR for
a single carrier embedded in a homogeneous multitone signal. Since, by definition,
each carrier occupies a frequency band �!, equal to the carrier spacing, we define
the SNR/carrier as the ratio of the signal power to the total jitter noise located in
that bandwidth. As shown in Fig. 2.28, in a sufficiently dense8 multitone signal
the variation of the jitter noise PSD Sj;DMT.!/ within the carrier bandwidth �!

is small, such that we can approximate it by the constant value Sj;DMT.!k/ obtained
at the carrier frequency !k . With the carrier amplitude given by (2.7), the carrier

8The criterion is again �! << !PLL.
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power is 1=2 � A2
DMT. Following the derivation in Appendix B.4, the SNR/carrier for

a homogeneous multitone signal results in [60]:

SNR.!k/ D 2�

�2
LT.!max � !min/.Bj .!k/ C Bj .�!k//

: (2.57)

Equation (2.57) is the narrowband equivalent of the jitter-limited full-Nyquist
SNR of a sampled sine wave given by (2.39). It is valid for a specific carrier at
frequency !k , embedded in a sufficiently dense homogeneous multitone signal.
Because both, the carrier power and the local jitter noise power are directly
proportional to the tone spacing �!, the carrier-specific jitter-limited SNR of a
sampled multitone signal is actually independent of the carrier bandwidth.

In an analogous way, the jitter noise PSD and the carrier-specific SNR can also
be derived for a homogeneous multiband multitone signal; see Appendix B.4.

Experimental Verification

To verify the developed formulas for the sampling jitter noise experimentally, the
measurement setup of Fig. 2.29 is used. The sampling clock for the D/A-converter is
generated with a sine wave coming from a low phase noise RF-generator (HP8644).
This spectrally pure sine wave is converted into a square wave signal by an on-chip
low-noise limiting amplifier. The initially low-jitter sampling clock is then fed to
the converter and synchronizes the current switching in the DAC-elements.

The D/A-converters used for this experiment are described in Chap. 6. The
on-chip limiting amplifier has a fully differential input and is optimized toward low-
jitter performance for clock frequencies in the range 150–300 MHz [61].

Colored jitter with a first-order frequency roll-off is produced by filtering a
wideband noise source (AWG420) with a first-order RC-filter. The filtered voltage
noise is added to the spectrally pure sine wave at the input of the limiting amplifier
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Fig. 2.29 Sampling jitter measurement setup

and randomly shifts the zero crossings. These random shifts are subsequently
preserved in the edges of the square wave clock signal applied to the DAC. The
sampling clock at the converter input thus exhibits a low-pass phase noise spectrum
with the corner frequency set by the low-pass pole of the noise filter. With the sine-
wave signal vCLK D ACLK sin.2�fCLKt/, the (absolute) timing jitter at the input of
the limiting amplifier is given by

�tj D �LTp
2

D vn;rms

2�fCLKACLK
: (2.58)

We use a sampling clock of 210 MHz and a long-term jitter of 200ps, i.e. 4.2 % of
the sampling period,9 with a first-order “PLL-bandwidth” of 4 MHz. Figure 2.30
shows the spectrum and the measured output noise of a synthesized 30 MHz sine
wave, as well as the calculated noise density according to Eq. (2.42).

The measured jitter noise for a homogeneous multitone signal with fmin D
300 kHz, fmax D 30 MHz and CF D 3:7 is shown in Fig. 2.31. The carrier spacing
is �f D 70 kHz, much smaller than the “PLL-bandwidth” fPLL. The calculated
noise according to Eq. (2.56) accurately predicts the measured jitter noise PSD. The
maximum prediction error in this example is below 0.5 dB.

A multiband-DMT signal is shown in Fig. 2.32. The three bands are each 5 MHz
wide with a 5 MHz gap in between. The carrier spacing is 35 kHz with CF D 3:45.
Equation (B.35) accurately predicts the measured jitter noise PSD with a maximum
error smaller than 1 dB.

9The sampling jitter is made intentionally large, such that no other effects limit the noise
measurement.
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Fig. 2.32 Multiband DMT sampled with �LT D 200ps; fPLL D 4 MHz
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The multitone jitter formula has been derived for the limit case of an infinite
number of carriers approaching zero frequency spacing. Figure 2.33 shows that
it can be applied with reasonable accuracy also to a relatively small number
of tones with considerably larger frequency spacing. In this example 4 carriers
with 1–2 MHz spacing centered around 25 MHz are used. The signal has a Crest
Factor of CF D 2:78. For practical purposes, the multitone formula, Eq. (2.56),
is still nearly as accurate as the curve obtained by direct summation of the single
carrier contributions described by Eq. (2.42). Only when the carrier spacing is made
perceptibly larger than the “PLL-bandwidth,” the single-tone summation becomes
increasingly more accurate, because in this case the noise contributions of the single
carriers overlap to an ever lesser extent.



Chapter 3
Static Linearity

3.1 Limitations for the Static Linearity

The static linearity of a D/A-converter is determined by the mismatch of
the DAC-elements. “Matching” denotes the achievable degree of similarity of
nominally identical devices and is ultimately limited by random fluctuations
of process parameters during the fabrication of the integrated circuit. The resulting
“random mismatch” solely depends on the specific process technology and is found
to be inversely proportional to the device dimensions. In general, the statistical
properties of the electrical parameters of closely spaced integrated circuit elements
subject to random mismatch can be described by a normal distribution [39].

In practical implementations, systematic errors further deteriorate the achievable
accuracy of the converter in addition to the random mismatch [35]. “Systematic
mismatch” is introduced during fabrication by large-scale inhomogeneities in the
layout patterns, process gradients, as well as packaging stress. During operation,
temperature gradients can cause a difference in the device temperature, while
unequal voltage drops along common supply rails displace the operating points
of physically distant circuit elements sharing a common bias line [62]. As a
consequence, systematic errors alone already cause deviations in the electrical
behavior of otherwise identical devices.

In most cases, systematic mismatch effects that occur in current-steering
D/A-converters can be efficiently suppressed by appropriate layout measures
[33, 35, 40, 62–64]. Some effects, like packaging stress or temperature gradients
are, however, difficult to predict beforehand. Furthermore, in a mixed-signal chip
there are a variety of practical limitations that often prevent the optimum placement
of a data converter to comply with all possible causes of systematic mismatch.

In this section we will first derive the expected static linearity error for different
current-steering D/A-converter architectures, limited solely by random mismatch,
under otherwise ideal conditions. The results can be interpreted as the “average”
static nonlinearity for a large number of converter realizations, assuming an ideal
layout and no other systematic errors due to fabrication, packaging and device

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 3,
© Springer-Verlag Berlin Heidelberg 2013
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operation, such as temperature gradients, for example. The knowledge of the
underlying statistical properties then allows to establish a lower bound for the device
sizes that comply with a given linearity specification and fabrication yield.

3.1.1 Matching of Current Sources

In a current-steering architecture the matching of the current sources constituting
the DAC-array determines the static linearity of the converter. The relative variance
of the drain current of a MOS-transistor in strong inversion is given by [37]:

�2 .�IDS/

I 2
DS

D A2
ˇ

W L
C A2

V T

W L
�
�

gm

IDS

�2

: (3.1)

In the long-channel approximation for the strong inversion region, Eq. (3.1)
becomes [65]
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� 4

.VGS � VT /2
: (3.2)

Note that in velocity saturation the factor 4 in (3.2) is replaced by 1, while in
weak inversion the factor for the threshold voltage contribution to the drain current
mismatch becomes q2=.nkT /2, with the subthreshold slope factor n [48]. AV T and
Aˇ are the technology specific matching constants for the threshold voltage and
current factor mismatch of MOS-transistors.1 The matching constants are the result
of a variety of physical effects and heavily related to specific characteristics of the
actual process technology [38].

Equations (3.1) and (3.2) suggest that the local drain current variation of a MOS-
transistor, for a given technology and bias condition, only depends on its active gate
area, irrespective of the actual W and L. However, if either of these geometrical
dimensions gets very small, other effects, which tend to average only over one of
them, will start to contribute significantly. In this case the matching behavior will
deviate from the “universal” 1=

p
W L law [39]. Examples include the so-called “line

edge roughness,” which is related to the accuracy of the photolithographic process,
as well as the influence of pocket implants in modern CMOS technologies [50].

In the following we assume that the current source transistors are sufficiently
large, such that eventual matching effects that happen to depend only on one of
the geometrical dimensions become small enough, such that they can be safely
neglected. Then, following the relation (3.2), the matching of devices can be
improved by increasing the device area W � L. Furthermore, the influence of the

1Usually the matching constants are specified for transistor pairs. The single-device deviation from
a (hypothetical) ideal device is then given by dividing the “pairwise” matching constants by

p
2.
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Fig. 3.1 INL-error
accumulation

threshold voltage mismatch on the drain current variance can be minimized by
choosing the gate overdrive voltage .VGS � VT / as large as possible.

To simplify the calculations, we introduce the combined current matching
constant � , defined by the technological matching constants Aˇ and AV T , as well
as the gate overdrive voltage of the current source transistor:

� D A2
ˇ C A2

V T � 4

.VGS � VT /2
: (3.3)

As already stated, we assume the current-source transistors to be operating in strong
inversion. With (3.3) Eq. (3.2) reduces to:

�2 .�IDS/

I 2
DS

D �

W L
: (3.4)

3.1.2 Statistical Description of the INL

The current sources of a current-steering DAC follow a normal distribution with
a standard deviation depending on the matching constants, the transistor size, and
the gate overdrive voltage; see Eq. (3.2). Moreover, the individual current sources
constituting a D/A-converter are assumed to be statistically independent. Since the
output signal of the DAC is the sum of an appropriate number of unit currents,
also the static linearity error at any given code can be described by a normal
distribution [66].

The output ramp of a B-bit D/A-converter is given by the cumulative sum of
the individual unit currents. After eliminating the offset at code 0, the statistical
deviation of the measured output voltage from the average ramp of a large ensemble
of devices will be largest at the full-scale code 2B �1. This is depicted schematically
in Fig. 3.1.

The endpoint-INL definition (see Sect. 2.1.3), on the other hand, compares the
measured output ramp with an ideal ramp having the same minimum and maximum
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output value. This effectively removes the variation at the full-scale code, since
the endpoint of the ideal ramp is made intentionally equal to the measured full-
scale voltage.

Therefore, the worst-case INL is expected at the midscale code 2B�1, and it is
given by summing the individual error contributions of all 2B � 1 DAC-elements
and subsequent division by two [33]. The standard deviation of the midscale INL
can thus be calculated as

�
�
INL

�
2B�1

�� D 1

2

vu
u
t

2B �1X

mD1

�2 .�ILSB/

ILSB
D 1

2

p
2B � 1 � � .�ILSB/

ILSB
: (3.5)

With (3.10) we can show that the standard deviation of the INL-error at midscale
for the binary array and also for the segmented array is equal to (3.5). However,
the maximum INL does not necessarily occur at the midscale code. In [67] the
analogy between the evolution of the INL-characteristic for increasing input codes
and Brownian motion is described. Specifically, the endpoint-INL of a unary
D/A-converter array with sufficiently many levels can be approximated with a
so-called Brownian Bridge, i.e., a one-dimensional Wiener process with defined
start and endpoint [68]. The standard deviation of the maximum INL is then given
by [67, 68]:

� .max .jINLj// D � .�ILSB/

ILSB

p
2B � 1 � max

t2Œ0;1�
.Bt / : (3.6)

Bt is the standard Brownian Bridge defined over the interval t 2 Œ0; 1�

3.1.3 Statistical Description of the DNL

The DNL is the step-size error of the output characteristic, compared to the ideal
ramp with equidistant steps of 1 LSB. Depending on the array coding, a different
number of unit current sources contribute to the accuracy of the unit step size at the
single code transitions. The expected DNL-error therefore strongly depends on the
D/A-converter architecture.

Unary Array

In a unary architecture only one DAC-element is switched on or off when the input
code changes by one digit. All current sources are identical and have a nominal
current equal to the LSB-current, ILSB, as well as the same standard deviation
�.ILSB/, which can be estimated with (3.2). Because the ideal LSB-step is equal to
the nominal current in one DAC-element, the standard deviation of the DNL-error
in a B-bit unary array at every code transition is directly given by
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Binary Array

In a B-bit binary array the DAC-elements are “power-of-two” multiples of the
smallest element, the so-called LSB-cell:

Ik D 2k � ILSB k 2 Œ0I B � 1�: (3.8)

The largest element in a binary array is called MSB-cell with the MSB-current
IMSB D 2B�1 � ILSB. If the kth element in the binary-weighted array is a parallel
combination of 2k identical LSB-elements, each with area W � L, then we can write
with (3.2) and (3.8):
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The standard deviation of the binary-weighted currents normalized to the LSB-
current is therefore given by
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The step-size error in a binary array is most critical at the MSB-transition, where all
DAC-elements are switched. For this so-called “major-carry” transition at midscale,
i.e., code 2B�1, we can calculate the standard deviation of the DNL-error

�
�
DNL

�
2B�1

�� D
vuu
t�2 .�IMSB/

ILSB
C

B�2X

kD0

�2 .�Ik/

ILSB
: (3.11)

Using (3.10) we get

�
�
DNL

�
2B�1

�� D
p

2B � 1 � � .�ILSB/

ILSB
: (3.12)

Following the same calculation as above, we can also derive a general expression
for the standard deviation of the DNL-error in a binary array at the code transitions
2B�k�1 with k 2 Œ0I B � 1�:

�
�
DNL

�
2B�k�1

�� D
p

2B�k � 1 � � .�ILSB/

ILSB
k 2 Œ0I B � 1�: (3.13)

The worst-case DNL at the midscale code transition 2B�1, given by (3.12), is a
special case of the general Eq. (3.13) with k D 0.
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Segmented Array

In a segmented array usually only the lowest segment is a binary-weighted
array, while the higher segments are unary arrays. Again we assume, that all
DAC-elements are multiples of the smallest unit, the LSB-element. In general, a seg-
mented N -bit converter consists of L segments with resolutions M1; M2; : : : ; ML

with M1 C M2 C � � � C ML D B . Let the first segment with resolution M1 be
a binary-weighted array with the largest element having a current of 2M1�1ILSB.
Consequently, the unit current in the second, unary coded, segment is therefore
2M1ILSB. The kth segment has a unit current size of

Ik D 2

k�1P

iD1
Mi

ILSB k 2 Œ0I L � 1�:
(3.14)

The worst-case DNL is expected at the major-carry transitions where the next
unit element of the highest segment is switched on, and all elements in the
lower segments are switched off. These transitions occur at the codes dj D j �
2M1CM2C:::ML�1 D j � 2B�ML with integer j 2 Œ1I 2ML � 1� and display a standard
deviation for the DNL-error of

�
�
DNL

�
dj

�� D
vu
ut�2 .�IL/

I 2
LSB

C
L�1X

kD2

2Mk �1X

mD1

�2 .�Ik/

I 2
LSB

C
M1�1X

nD0

�2 .�In/

I 2
LSB

dj D j � 2

L�1P

iD1

Mi D j � 2B�ML j 2 Œ1I 2ML � 1�: (3.15)

If we assume homogeneous sizing, i.e., all DAC-elements are parallel combinations
of an appropriate number of LSB-elements, then Eq. (3.10) holds and (3.15)
reduces to

�
�
DNL

�
dj

�� D
p

2B�MLC1 � 1 � � .�ILSB/

ILSB
: (3.16)

3.1.4 Minimum Area Requirements

The assumed statistical properties of the static linearity errors allow us to estimate
the minimum area required for the DAC-elements, such that the converter can satisfy
a given linearity specification with a certain fabrication yield. In general, for a given
performance parameter S , the yield is defined as the percentage of “good” devices
that meet a given specification, e.g., S � Smax. We therefore define the yield YS as
the probability that a single realization out of a large ensemble of fabricated devices
will meet this specification:

YS D P ŒS � Smax� : (3.17)
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In practical designs usually a yield larger than 99 % is targeted, i.e., YS > 0:99. The
standard procedure of 3� design aims at 99.73 % fabrication yield.

INL-Limit

The asymptotic maximum INL-error, compliant with the endpoint definition (see
Sect. 2.1.3), is given by Eq. (3.6), the scaled maximum of a standard Brownian
bridge. For sufficiently many output levels, the INL-yield of a unary array can be
approximated by [67]:

YINL � 1 � 2

1X

kD1

.�1/k�1e

�2k2 INL2
max

.2B
�1/�

�
�.�ILSB/

ILSB

�2

: (3.18)

Equation (3.18) is the asymptotic limit of the INL-yield according to the endpoint
definition when the number of output levels approaches infinity. In probability
theory Eq. (3.18) is also known as the Kolmogorov-Smirnov formula, used in the
asymptotic theory of empirical distribution functions [69, 70].

The formula given in [71], on the other hand, is a correct description of the yield,
but for a slightly different INL-definition. In this case the ideal ramp is constructed
by fixing only the startpoint and using the (ensemble) average of the slope of the
measured output characteristics. This means that the gain error is only compensated
for the ensemble average, but not for the actual device, such that the endpoint of
the ramp does not always coincide with the ideal ramp. Applied to an endpoint-INL
scenario this yield formula is too pessimistic [67].

An earlier result obtained in [65] for the yield with respect to endpoint-INL is
still more pessimistic, while the modified formula, derived by the same authors in
[72], appears to be too optimistic [67].

The simulated INL-yield of a 12-bit converter with different array coding and
INLmax D 0:5 � LSB is displayed in Fig. 3.2. The binary array has, on average, a
smaller INL-error and thus a higher yield than a unary array with the same accuracy.
However, in the practically relevant “high-yield” region the difference resulting
from the actual segmentation level is at best marginal. Therefore, (3.18) can safely
be used to describe the INL-yield, independent of the array coding [67].

For the calculation of the required current source area, we could make use
of tabulated values for the Kolmogorov-Smirnov distribution [73] to find the
inverse of Eq. (3.18). However, assuming a reasonably high INL-yield, we may also
approximate the infinite sum in (3.18) by using only the first term with k D 1:

YINL � 1 � 2e

�2
INL2

max

.2B
�1/�

�
�.�ILSB/

ILSB

�2

: (3.19)

In Fig. 3.2 we also find the Kolmogorov-Smirnovformula (3.18) and its “high-yield”
approximation (3.19). With (3.3), we can directly solve (3.19) for the minimum area
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of the LSB-element that satisfies INL � INLmax for a fraction YINL 2 Œ0; 1� of the
total number of fabricated devices:

.W L/LSB;INL D 2B � 1

INL2
max

ln

 s
2

1 � YINL

!

� �: (3.20)

The relative error in terms of INL-yield that we make by approximating (3.18)
with (3.19) is displayed in Fig. 3.3. For YINL > 0:95 the approximation error is
smaller than 1 ppm and therefore largely irrelevant in practical situations.

DNL-Limit for the Unary Array

The DNL-error is a Gaussian vector with 2B �1 elements and zero mean. In a unary
array all elements also have the same standard deviation described by (3.7). Because
the unit current sources are all statistically independent, the DNL-yield is given by:

YDNL;u D P Œmax .jDNL.k/j/ � DNLmax� D erf

"
DNLmaxp
2 � �.�ILSB/

ILSB

#2B �1

: (3.21)
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With (3.3) we can solve (3.21) for the minimum area of the current-source transistor
in a unary array that satisfies DNL � DNLmax for a fraction YDNL;u 2 Œ0; 1� of the
total number of fabricated devices:

.W L/DNL;u D 2

0

@
erf�1

h
.YDNL/

1

2B
�1

i

DNLmax

1

A

2

� �: (3.22)

erf�1.x/ is the inverse of the error function, defined by x D erf�1.erf.x//.

DNL-Limit for the Binary Array

In a binary array the DNL-error is statistically described by the standard deviation
given in (3.13). If we assume negligible correlation of the DNL-errors at different
code transitions, the DNL-yield of the binary array can be written as

YDNL;b D
BY

kD1

erf

"
DNLmaxp

2 � p
2k � 1 � �.�ILSB/

ILSB

#

: (3.23)

Since the midscale transition is expected to display the worst-case DNL-error,
we can approximate (3.23) by
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7
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Since Eq. (3.24) only considers the major-carry transition at midscale, it is an upper
bound to the actual DNL-yield characteristic. In the “high-yield” region, however,
the approximation error is practically negligible. This is also shown in Fig. 3.4 for a
hypothetical 8-bit converter and DNLmax D 0:5 LSB.

From (3.24) the required area of the current-source transistor in the LSB-element
can be calculated as

.W L/DNL;b D 2
�
2B � 1

� �
 

erf�1 ŒYDNL�

DNLmax

!2

� �: (3.25)

DNL-Limit for the Segmented Array

In a segmented array with 2ML �1 MSB-sources we encounter as many major-carry
transitions, where we would expect the DNL-error to assume its worst-case values.
Because all elements in the lower segments are reused in every of these code transi-
tions, the single DNL-errors described by (3.16) are not statistically independent.
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A lower bound on the DNL-yield can be derived by assuming statistical
independence of all major-carry transitions in the segmented array.2 The actual
DNL-yield is then approximated by

YDNL;s � erf

2

6
6
4

DNLmax

p
2 � p

2B�MLC1 � 1 � � .�ILSB/

ILSB

3

7
7
5

2ML �1

: (3.26)

For all practical purposes, the approximation error is sufficiently small in the “high-
yield” region. This is also shown in Fig. 3.5 for a segmentation of 8 C 4 and
DNLmax D 0:5 LSB. From (3.26) the minimum area of the current-source transistor
in the LSB-array can be calculated:

.W L/DNL;s D 2
�
2N �MLC1 � 1

�
0

B
@

erf�1
h
.YDNL/

1

2ML
�1

i

DNLmax

1

C
A

2

� �: (3.27)

2This is equivalent to having 2ML � 1 independent versions of the lower segments, such that no
element thereof is used twice in any major-carry transition.
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Table 3.1 3-sigma yield
LSB-area for a hypothetical
12-bit converter

Array coding .W L/INL .W L/DNL

Unary array 36:6 �m2 0:066 �m2

Binary array 36:6 �m2 99:7 �m2

Segmented 10C2 36:6 �m2 0:42 �m2

Segmented 8C4 36:6 �m2 1:63 �m2

Segmented 6C6 36:6 �m2 5:75 �m2

Segmented 4C8 36:6 �m2 19:4 �m2

As a numerical example, Table 3.1 shows the minimum area of the LSB-element
for a hypothetical, mismatch-limited 12-bit converter in a 3-sigma design, i.e., for a
yield of 99.73 %. The following parameters were used:

• INLmax D 0:5 LSB
• DNLmax D 0:5 LSB
• Aˇ D 1 % � �m
• AV T D 3 mV � �m
• VGS � VT D 0:25 V

Even for a 4C8 segmentation, the LSB-element area is still determined by the
INL-specification. Only for ML < 3 the area of the LSB-element is determined
by the DNL-specification and approaches the value for the binary array, which is
almost 3 times larger than the INL-limited area.

3.1.5 Code-Dependent Output Impedance

The current sources forming a current-steering D/A-converter display a finite output
impedance and thus form a code-dependent current divider with the load resistor.
Even at DC, this current division results in a small, signal-dependent error of
the output current delivered to the load resistor, and therefore distorts the INL-
characteristic of the converter. The general situation is depicted in Fig. 3.6. Since,
without mismatch, the unit current cells are indistinguishable, we can assume,
without loss of generality, that the converter consists of N identical unit current
cells, each with a unit current Iunit and output impedance Zunit. The full-scale current
of the converter core is thus N � Iunit with a minimum output impedance–seen into
one of the output terminals–of Zunit=N .

Single-Ended Converter

With the input code k 2 Œ0I N �, the output currents delivered to the single-ended
load impedances ZL are given by
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IOUTP.k/ D kIunit � Zunit

Zunit C kZL

IOUTN.k/ D .N � k/Iunit � Zunit

Zunit C .N � k/ZL

: (3.28)

For the static linearity only the real part of the impedances is relevant. With RL D
Re.ZL/ and Runit D Re.Zunit/ the voltage observed at the positive single-ended
output is given by:

VOUTP.k/ D kIunit � RLRunit

Runit C kRL

: (3.29)

Assuming Runit >> N � RL, the maximum deviation from the ideal output ramp
with the same endpoints as (3.29) can be derived as [74]

�Vmax � IunitR
2
LN 2

4Runit
: (3.30)

As shown in Appendix C.1, the maximum deviation of the converter output from
the ideal ramp occurs at about midscale. Dividing (3.30) by the single-ended LSB-
voltage VLSB D IunitRL, the achievable INL for a single-ended current-steering
D/A-converter is given by:

INLmax;s � �Vmax

IunitRL

D N 2

4
� RL

Runit
: (3.31)

For a single-ended DAC the INL-error resulting from the finite output resistance of
the current sources is an even function with respect to the midscale code.
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The DNL-error of a single-ended converter as a function of the input code is
derived in [75]. The authors also derive the resulting third-order intermodulation for
a fully differential converter.

Fully Differential Converter

In Fig. 3.6 the differential output current delivered to the load for input code k 2
Œ0I N � is given by

IOUT.k/ D IOUTP.k/ � IOUTN.k/

D kIunit � Zunit

Zunit C kZL

� .N � k/Iunit � Zunit

Zunit C .N � k/ZL

: (3.32)

The differential output voltage at DC is therefore

VOUT.k/ D kRLRunitIunit

Runit C kZL

� .N � k/RLRunitIunit

Runit C .N � k/RL

: (3.33)

The digital input codes giving the maximum deviation from the ideal output ramp
(endpoint-fit) are derived in Appendix C.2:

kINL;max � N � 3 ˙ p
3

6
D N

2
˙

p
3

6
N: (3.34)

Assuming once again Runit >> N � RL, we obtain the maximum deviation from
the ideal ramp in a fully differential implementation with perfectly matched load
resistors:

�Vmax �
p

3IunitR
3
LN 3

18R2
unit

: (3.35)

With the differential LSB-voltage VLSB D 2IunitRL the achievable INL for a
fully differential current-steering D/A-converter with finite current-source output
resistance becomes

INLmax;d � �Vmax

2IunitRL

D
p

3N 3

36
� R2

L

R2
unit

: (3.36)

In a fully differential implementation the finite output resistance of the current
sources results in a purely odd-order INL-characteristic.

Dividing (3.31) by (3.36) we get the ratio of the achievable INL for a single-
ended and fully differential version of the same current-steering D/A-converter:

INLmax;s

INLmax;d

D 9p
3N

� Runit

RL

> 1 , Runit >
Np
33

� RL: (3.37)
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Table 3.2 Minimum Runit for INLmax � 0:5 LSB

Resolution Differential Single-ended

10 bit 508 k� 26.2 M�

11 bit 1.44 M� 105 M�

12 bit 4.1 M� 420 M�

13 bit 11.5 M� 1.68 G�

14 bit 32.5 M� 6.7 G�

15 bit 92 M� 27 G�

16 bit 260 M� 107 G�

In practical situations we always have Runit >> N � RL. This means that the
differential architecture is way less sensitive to the finite output resistance of the
current sources than the single-ended implementation, although built with the same
set of current sources [75].

Figure 3.7 shows the maximum achievable INL of a differential converter as a
function of the DC output impedance Runit of the LSB-cell for 50 � load resistors.
Table 3.2 reports the minimum impedance required to achieve INLmax � 0:5 LSB
for a differential and single-ended output. For a resolution up to 14 bits a single
cascode transistor will be sufficient in a differential implementation, if the current
switch is kept in saturation. For 16 bits a current source with double cascode
transistor will become necessary, as described in [76].

Note that the finite output impedance of the unit current cells at DC fundamen-
tally limits the static linearity of the D/A-converter, since it cannot be corrected by
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element shuffling or by calibration methods based on the comparison with a single
reference element.3

Even if we can implement the current sources with sufficiently large output
impedance, the static linearity of the converter is still limited by the matching
of its unit elements. Once all systematic errors are eliminated, only the random
fluctuations of the current source transistors’ electrical properties will distort the
output characteristic of the converter. As discussed in Sect. 3.1.4, a given static
linearity specification is directly linked with a minimum gate area required for the
current sources. In the ideal case, once the converter architecture and the bias point
of the current source transistors have been chosen, the required silicon area only
depends on the matching constants of the used technology.

Although a static linearity of 14 bits based on intrinsic matching has been shown
in [64], the converter area seems to become prohibitively large for SoC-integration,
once a resolution of more than 11 bits is required.4

As an alternative, special circuit techniques to increase the static linearity beyond
the limits imposed by random mismatch can be employed. These allow the design
of compact high-resolution converter cores suitable for embedded integration into
complex mixed-signal chips. Two basic methods are available to increase the static
linearity of data converters:

• Time-domain averaging of unit elements
• Calibration of unit elements

Section 3.2 gives an overview on mismatch averaging achieved by element shuffling,
while Sect. 3.3 describes the principles and available circuit techniques to perform
unit element calibration.

3.2 Dynamic Element Matching Techniques

In unary arrays, the mapping function that determines which DAC-elements to use
for a given digital input code is not unique. Because the members of the array are,
at least in principle, not distinguishable, the digital input code can be represented
by different combinations of DAC-elements. In a unary array with N elements
only the full-scale codes have a unique representation, i.e., all elements switched

3Only a code-by-code calibration of the overall converter characteristic is able to correct also the
static error introduced by the finite output impedance of the current cells. This can, e.g., be achieved
with the method described in Sect. 3.3.4.
4An exception are perhaps †�-DACs with low physical resolution. With a small number of DAC
unit cells the converter can indeed be designed for an accuracy approaching 14 bits, while still
maintaining a reasonable silicon area. Of course, perfect layout is mandatory to even approach
such a high degree of intrinsic matching.
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Fig. 3.8 Principle of DEM in unary DAC

on or off. All other codes can be represented by more than one combination of
DAC-elements.5

Dynamic element matching (DEM) techniques take advantage of the redundancy
in the code representation of unary arrays by continuously representing each
output level with a different set of DAC-elements. If all members of the array are
appropriately included in the interchanging process, then the errors of the individual
components are averaged out over time. In this way, the percepted static accuracy
of the single DAC-levels increases considerably. The minimum averaging time is
given by the total interchanging time period [31].

The principle of dynamic element matching (DEM) in a D/A-converter is shown
in Fig. 3.8 [77]. The thermometer-decoder converts the binary input code d.n/ into
a thermometer coded data vector t.n/. Instead of addressing the N D 2B � 1 unit
DAC-elements directly with t.n/, a controlled interconnection network, or shuffler,
generates a modified data vector g.n/ D SŒt.n/� that contains the same number of
1’s and 0’s as t.n/, but in a different order for each consecutive sampling interval.
The DAC-elements are then selected according to the modified data vector g.

Depending on the shuffling algorithm S used, the static error resulting from
the mismatching DAC-elements is converted into wideband noise, or shifted in
frequency. The effect of DEM is thus first of all perceived as an apparent increase of
the static converter linearity. In conjunction with oversampling, a major portion of

5In an N -element unary array the number of possible combinations that represent a digital input
code k is given by the binomial factor rk D �

N
k

� D .N /Š

kŠ.N �k/Š
, with k 2 Œ0I N � 1�.



80 3 Static Linearity

Fig. 3.9 Clocked level
averaging

the mismatch noise, now placed outside the bandwidth of interest, can be eliminated
by filtering. Subsequently, the effective in-band resolution is increased as well.

3.2.1 Clocked Level Averaging

A barrel-shift algorithm using a constant pointer increment rotates the DAC-
elements in a periodic fashion and at a constant rate. In the literature, this method
is referred to as clocked level averaging (CLA) [78]. The interconnection network
in Fig. 3.8 is basically controlled by a counter that advances a pointer by a fixed
value P .

As shown in Fig. 3.9, in each sample, the DAC-elements are switched on starting
from the current pointer position, indicated by the arrow. When the end of the array
is reached, the process revolves around to the first element of the array. The pointer
position for the next sample n C 1 can thus be calculated as

p.n C 1/ D .p.n/ C P / mod N: (3.38)

With CLA the static nonlinearity of the transfer characteristic is modulated to
subharmonics of the clock frequency. Although the in-band resolution increases,
a potential problem is the generation of tones at multiples of the element
repetition frequency6:

frep D fCLK � gcd.N; P /

N
: (3.39)

gcd.a; b/ is the greatest common divisor of integers a and b. Additionally, due
to the modulation of the static nonlinearity with the element rotation process, the
input signal and its harmonic distortion products appear around these frequencies.

6After 1=frep s, the index pointer reaches again its starting point. Therefore, frep is the fundamental
frequency of the CLA-cycle.
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With a low oversampling ratio, the generated tones can even fall into the passband
and degrade the converter performance [79].

Figure 3.10 shows the measured output spectrum of a segmented 13-bit
D/A-converter using a CLA element rotation in the 6-bit MSB-segment. With a
clock frequency of 210 MHz, N D 64 elements, and a pointer step size of P D 4,
tones are generated at multiples of 4

64
� 210 MHz D 13:125 MHz. Also the signal

and its harmonics appear around these frequencies.
The advantage of CLA consists in a very simple hardware realization for the

digital circuitry. It is therefore often used if the tones around multiples of frep do not
fall inside the signal bandwidth, and can thus be adequately suppressed by analog
filtering. This algorithm is used in Sect. 5.2 to realize a 14-bit D/A-converter for
ADSL-applications with only 9 mW of total power consumption.

3.2.2 Data-Weighted Averaging

Data weighted averaging (DWA) is a rotation algorithm that cycles through all DAC-
elements at the maximum possible rate [80]. As shown in Fig. 3.11 the pointer
that indicates the first element to be switched on in the current sampling period
is pointing to the first switched-off element of the previous cycle:

p.n C 1/ D Œp.n/ C d.n/� mod N: (3.40)
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Fig. 3.11 Principle of DWA

DWA can be implemented as a barrel-shift algorithm that advances the element
pointer according to the actual data sample. Besides the interconnection network, it
requires an adder and a register to store the current pointer position.

A desirable property of the DWA algorithm is the first-order mismatch shaping,
by which the mismatch noise is shaped by a first order highpass filter [44]. For
sufficiently high oversampling, the in-band excess noise introduced by the element
mismatch is thus very small, since the majority is pushed to higher frequencies.

As a drawback, also DWA is subject to tone generation, especially when
processing a DC or low-frequency periodic waveform [44]. Variations of the basic
DWA algorithm have been proposed to reduce the tonal behavior, usually at the
cost of an increased in-band noise floor. For example, a bidirectional DWA [81]
maintains two independent, data controlled rotation states in opposite directions and
switches between them after every sampling period. These variations generally tend
to increase the digital hardware complexity.

However, with a sufficiently busy and random input signal, as is the case for the
transmitter of a digital transceiver, even a standard DWA algorithm usually does not
generate noticeable tones and could be used with good results. A specific problem of
DWA is the strongly data correlated switching activity. Asymmetries in the current
switching transitions generate even-order harmonic distortion [82], while the charge
sharing effect leads to strong odd-order harmonic distortion products. These effects
are discussed in Sect. 4.1.

In Sect. 5.2 a hardware realization of a current-steering D/A-converter with DWA
is described. The switching error problem is solved by introducing an interleaved
current-cell architecture that results in an effective return-to-zero (RZ) behavior. In
this way the data correlated switching errors are eliminated. The converter achieves
almost 12-bit resolution in a 30 MHz bandwidth with a low oversampling ratio.

3.2.3 Other DEM Techniques

The simple element rotation algorithms described above have the advantage of
a very inexpensive hardware implementation. To circumvent the inherent dis-
advantages of these methods, or to improve their mismatch-shaping properties,
more sophisticated element interchange strategies can be used. Since the resulting
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increase in hardware complexity is restricted to the digital domain, the migration to
process technologies with smaller minimum gate lengths should make the usage of
more complex DEM-algorithms increasingly attractive.

Individual Level Averaging

To reduce the tonal behavior of the barrel-shift method, but still avoid the in-band
noise generation of the randomized element selection, the individual level averaging
(ILA) algorithm was proposed in [83]. It tries to use all unit elements equally often
for each individual digital input code. This is performed by maintaining a separate
rotation state for each output level [77]. Therefore the current pointer position for
each code must be stored to decide which elements to use for the next data sample.
ILA thus requires more digital hardware than barrel-shift algorithms like CLA and
DWA, especially if the number of unit elements becomes large.

ILA is less affected by a possible correlation between the mismatch shaping and
the D/A input signal. As a result, the generation of tones is not very likely, even
when processing DC or slowly changing input signals. As a drawback, the in-band
noise floor is higher when compared to the previously described data-driven element
rotation (DWA), because the ILA algorithm converges more slowly to the averaged
condition [44].

A hardware realization implementing the ILA algorithm is described in [78].

Random Level Averaging

A random selection of the unit elements to represent a given digital input code
leads to a conversion of the static mismatch errors into wideband noise. With
perfect randomization, i.e., no correlation of the resulting static errors during any
two sampling periods, no tones will be generated in the output spectrum and the
mismatch error is converted into white noise [79]. With sufficient oversampling,
a large portion of the mismatch noise can then be filtered out and the in-band
resolution is increased considerably.

A hardware realization of the Random Level Averaging is described in [84].
In this case the randomization of the element selection is achieved by a pseudo
random number generator controlling the interconnection network. To reduce the
hardware complexity, only a subset of all possible element combinations can
be selected. This approach is also called partial randomization dynamic element
matching (PRDEM) [85].

Higher-Order Mismatch Shaping

By implementing a noise-shaping loop for each unit element of the D/A-converter,
also called a vector quantizer, higher-order mismatch shaping can be imple-
mented [44]. The same is possible with the tree-structured mismatch shaper
described in [86]. At the expense of an increasingly complex digital hardware,
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these generalized methods can implement mismatch shaping of arbitrary order with
increasingly better in-band suppression of the mismatch noise.

Because in practice higher-order mismatch-shaping loops are only effective
with sufficiently high oversampling and also susceptible to instability, hardware
implementations mostly employ second-order mismatch shaping [87–89].

Modified Mismatch Shaping

With an appropriate modification to the vector quantizer, dynamic errors associated
with the switching of unit elements can be decoupled from the input signal,
while still maintaining the mismatch-shaping property [90]. The modified algorithm
essentially tries to make the total number of switching events in each sampling
period approximately constant and thus largely avoids the generation of signal-
correlated energy, manifesting itself as harmonics. At the same time, mismatch
shaping is performed by appropriately selecting the elements to be switched.
The required amount of digital hardware appears to restrict this method to low-
resolution D/A-converters. It can however be used to advantage in the MSB-array
of a segmented D/A-converter to make the number of switching events per sample
approximately constant [91].

Unless redundant elements are included, modified mismatch shaping (MMS) and
any other element shuffling technique cannot completely eliminate asymmetrical
transition errors, nor the charge-sharing effect (see Sect. 4.1), because the net
number of cells that switch must at least follow the differentiated digital input code.

3.3 Current Source Calibration

Instead of trying to average out the static linearity error over time during normal
operation, the goal of calibration is the minimization of the mismatch before the
DAC-elements are used for signal processing. Depending on the calibration strategy,
the unit currents are either trimmed only once at the end of the manufacturing
process, in a dedicated power-on calibration phase, between regular operation
intervals, or even continuously in the background.

Common to all calibration scenarios is the requirement to measure the single
DAC-elements and to trim their output current to the desired value. Usually
the current sources are compared one by one with a constant reference device.
During the calibration process the difference between the output current of the
DAC-element under calibration and the reference current is then minimized by
appropriately changing the value of the DAC-element. The principle of this negative
feedback loop is shown in Fig. 3.12. The trimming information for the single DAC-
elements must be stored, such that the DAC-element can remember the correct value
during normal operation.
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In segmented D/A-converters the MSB-array is the most critical segment in terms
of matching. Its elements must match with the accuracy of the entire D/A-converter
resolution. For the lower segments the required accuracy is subsequently relaxed.
For example, in a 14-bit converter with a 6-bit MSB-array, the intermediate segment
must only be accurate to 8 bits. For this reason, in most implementations only the
matching critical elements in the uppermost segment are trimmed. The required
matching of the lower segments must then be guaranteed by design, i.e., by proper
sizing.

However, the sum current of the lower segments must be matched to the
calibrated unit current of the MSB-array. This can either be achieved by accurate
division of a calibrated MSB-current [76], biasing of the lower segments with a
current mirror driven by a calibrated MSB-current [92], or by a dedicated trimming
of the segment boundaries [42], see also Sect. 6.1. Direct trimming of different
segments is possible with a variable reference cell [93], as described in Sect. 6.2.3.

3.3.1 Factory Trimming

Data converters can be calibrated at the end of the manufacturing process to achieve
high-accuracy. In this case the measurement and calibration control equipment is
generally off-chip.
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Early bipolar data converter designs used laser trimming of integrated thin-film
resistors [22,23,94]. Usually the degeneration resistors of the bipolar current sources
are fine-trimmed for near-perfect matching. Since the calibration must be performed
at wafer level, systematic errors induced by the packaging cannot be compensated. If
the packaging stress can be handled appropriately, laser trimming yields the highest
possible accuracy [13].

A different approach is “Zener-zapping.” By forcing a special base-emitter
junction into sustained avalanche breakdown, a stable metallic short circuit is
formed by localized melting of the silicon [95]. A Zener-zap is a (one-time)
programmable switch that can be used to trim analog circuit elements, like the input
stage of a precision operational amplifier [96]. In a current-steering D/A-converter
small correction currents can be added to the current sources by shorting the
corresponding Zener diodes [97]. A big advantage of this method is that it does not
need special process options, and it can be performed after packaging, provided that
at least one extra pin for applying the zapping current is made available. Compared
to laser trimming, this method is not only cheaper, but also potentially less accurate,
because Zener-trimming is inherently discrete.

Another example of one-time programmable switches are metal fuses [98] and
poly fuses [99]. These are mainly used to trim the central bandgap circuit or the
D/A-converter reference, e.g., to achieve a very accurate transmitter gain [100].
Because fuses are relatively expensive in terms of silicon area and testing time, trim-
ming an entire data converter by “fusing” is not practical in an SoC-environment.

In general, factory trimming is rather expensive and eventually requires special
process technology options. It is therefore only used for “stand-alone” building
blocks requiring the highest precision. If high-accuracy converters are needed
in inexpensive digital transceiver products, usually self-calibration concepts must
be implemented.

3.3.2 Self-calibration

Self-calibration enables an electronic system, e.g. a D/A-converter, to trim its per-
formance critical elements autonomously, without depending on external resources.
Specifically, the module must contain a reference device, the measurement equip-
ment, as well as the entire calibration control logic.

The value of each DAC-element, upon comparison with the reference element,
must be trimmed within a certain range to correct for its mismatch. In this case the
mismatch is defined as the deviation from the value of the reference element, while
the latter is assumed to be ideal. If the full-scale range (gain error) of the converter is
of importance, the reference element itself must be guaranteed to have an accurate
value. This can be achieved by appropriately trimming the value of the reference
element in an independent calibration step, e.g., by fusing.

In contrast to factory trimming, self-calibration can be performed repeatedly.
In the extreme case a background calibration provides continuous retrimming
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of the DAC-elements during normal operation. Usually, self-calibration requires
neither special process technology options nor extra trimming equipment during
production and test, which makes it a very attractive method for integrated data
converters used in mixed-signal systems. Several circuit techniques are available to
perform the DAC-element trimming, the most important ones are described in the
following sections.

Foreground Calibration

Foreground calibration trims all DAC-elements before the converter can be used
for signal synthesis. This means that calibration and data processing are two
distinct operating modes. In most cases a foreground calibration is performed
after the power supply is switched on. In this case it is also called start-up or
power-on calibration. In some applications the converter can be re-trimmed, either
periodically after a certain time span, or when the system detects changes of critical
environmental parameters that are known to influence the converter accuracy.

The primary characteristic of a foreground calibration is that the converter cannot
be used for data processing during the calibration phase. Although most applications
allow a power-on calibration during system start-up, a re-calibration of the data
converters during normal operation is generally not possible in digital transceivers.

In multi-channel solutions, independent channels integrated on the same chip
can switch on or off arbitrarily. In this case the temperature distribution on the
common silicon die can change considerably during normal operation, but also the
supply voltage and other biasing parameters may vary. In such systems a power-
on calibration usually cannot guarantee the required converter accuracy, at least not
over a prolonged operation period.

Background Calibration

Background calibration trims the DAC-elements during normal operation without
interrupting the data processing. To accomplish this, a certain degree of redundancy
must be included in the data converter. A DAC-element that is switched into
calibration mode must be replaced on the fly by a redundant, previously calibrated
element that takes over its data processing task. When the calibration is finished,
the trimmed element is switched back into normal operation. Then the redundant
element either replaces another DAC-element that is being trimmed, or it is getting
calibrated itself. The calibration control logic must guarantee that the converter
remains transparent for the data processing, although the single DAC-elements are
periodically switched into calibration mode and back.

The main advantage of background calibration is that relatively slowly changing
“environmental” conditions can be tracked. Examples are power supply drifts and
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temperature changes, which may occur during prolonged operation, or even happen
randomly in multi-channel applications.

A disadvantage is that background calibration periodically interchanges DAC-
elements on the fly during normal operation. This may lead to the generation of
spurious tones that appear at multiples of the refresh frequency inherent to the
calibration cycle.

3.3.3 Local Calibration DAC

Current cells can be trimmed with a small calibration DAC (CALDAC) added to
each unit element [76, 101, 102]. The local CALDAC allows to trim the value of
the DAC-element in discrete steps by adding a small correction current to the main
current source.

During calibration, the current difference between the DAC-element and the
reference device must be digitized. A comparator decides whether the element
current is smaller or larger than the reference current. This digital information is
then used by the control logic to set the CALDAC, e.g., with a SAR-algorithm [76].
A digital register is required to store the trimming information.

The local CALDAC provides a static correction current ITRIM, which is added at
the source node of the cascode transistor; see Fig. 3.13. In this way the CALDAC is
decoupled from the switching of the output current during normal operation.

Although the trimming with local CALDAC is mostly used for start-up calibra-
tion, e.g., as described in [76], also background calibration is possible, provided that
redundant DAC-elements are implemented.
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Fig. 3.14 Main DAC calibration with global CALDAC

3.3.4 Global Calibration DAC

A different approach is the use of a global CALDAC integrated together with the
main converter [103]. Whereas a local CALDAC situated in the unit cell delivers a
static current that is added before the current switches, the global CALDAC adds the
appropriate correction current at the output of the main DAC for each input code. It
is thus not only a static correction device, but it also has an influence on the dynamic
performance of the converter (Fig. 3.14).

During calibration, the output levels of the main DAC must be measured with
an accuracy greater than the final resolution to determine the exact trimming value
for each input code. This requires the integration of a very accurate A/D-converter
(CALADC) together with the D/A-converter. Typically, a single-bit †� ADC would
be used to measure the DC output signal of the converter with high resolution. Again
a control logic minimizes the deviation from the ideal output value in a feedback
loop. The final digital trimming values for each input code are stored in a random
access memory (RAM). During operation, the RAM is addressed by the input data
sample and feeds the corresponding digital correction value to the CALDAC.

In [103], a 14-bit main DAC with a 6 bit MSB-segment is implemented. The
CALDAC requires 8 bit resolution to trim the MSB-sources. A 16-bit CALADC is
needed to measure the MSB-levels with sufficient accuracy.

With this method the complete static characteristic of the converter is measured
code-by-code and calibrated. Note, that in this way also, the static error due to the
finite output resistance of the current cells is corrected. On the other hand, only
foreground calibration is possible.
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3.3.5 Trimmable Floating Current Source

A floating current source with backside measurement access allows to calibrate the
DAC-element in the background, while at the same time the cell current is used for
signal synthesis in the foreground [92, 104].

Figure 3.15 shows schematically the implementation of the trimmable floating
current source with backside measurement, described in [104]. It uses a 0.35 �m
CMOS process with a 3.3 V supply. During calibration the current of the DAC-
element is switched to the resistor RMEAS, which is common for all cells. The
voltage drop across RMEAS is measured with a †�-CALADC and an appropriate
trimming voltage is applied via the 12-bit CALDAC to the gate of the trimming
device M1. The capacitor CSTORE stores the analog trimming voltage until the cell
is recalibrated.

Because the floating current sources are trimmed during normal operation, this
method does not require any redundant DAC-element that replaces the current cell
under calibration. As a consequence, calibration spurs, normally generated by the
periodic switching of DAC-elements into calibration mode and back into normal
operation, are greatly attenuated [104].

The main drawback of the floating current source is that it needs considerable
voltage headroom due to the stacking of several transistors. It can therefore only be
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used in conjunction with a current folding output stage, along with an increase of
the static power consumption by at least a factor of three.7

The direct measurement of the voltage across RMEAS with a dedicated
A/D-converter can also be replaced by a comparison of the cell current with a
reference current. Instead of the CALDAC and the digital feedback control we can
then use an analog feedback loop to set the trimming voltage to the correct value. A
1.8 V implementation with such a fully analog calibration circuit in 0.18 �m CMOS
is described in [92]. At this supply voltage level, however, the biasing of the current
cell and the calibration circuit already become quite complex because of the limited
headroom. A migration of this concept to even lower supply voltages will therefore
become increasingly difficult, if not impractical.

3.3.6 Dynamic Current Calibration

Dynamic current calibration is based on the principle of dynamic current copying.
This method is described in [105, 106] for the construction of very accurate current
mirrors that are independent of device matching. The basic concept can be extended
to the calibration of entire arrays of current sources forming a current-steering
D/A-converter [42, 92, 104, 107].

In principle, the trimming element is a single transistor controlled by an analog
voltage stored on a capacitor. This voltage is set to the correct value during the
calibration of the unit current source by comparison with a reference current in
a negative feedback loop. However, due to leakage the calibration information on
the storage capacitor is gradually lost and the dynamically calibrated DAC-element
requires periodic retrimming. For this reason, dynamic current calibration can only
be used for background calibration of current-steering D/A-converters.

Principle of Operation

The principle of dynamic current calibration is shown in Fig. 3.16 [31, 107, 108].
During calibration, switch S1 connects drain and gate of transistor M1 and switch
S2 connects the reference current IREF to the drain node of M1. Because M1 is
diode connected, its drain current is equal to IREF and the corresponding gate-source
voltage VGS appears across the effective gate-source capacitance.

After the gate-source voltage has settled, S1 can be opened and the drain current
of M1 is switched to the output node. Now M1 is a current source that delivers
an exact copy8 of the current IREF, e.g., to serve as a unit-element current in a

7Each output branch of the current folder must carry the full-scale current plus some extra current
to prevent the cascode transistors from turning off near full scale.
8Hence the name dynamic current copying.
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D/A-converter. As the calibration algorithm proceeds, IREF is subsequently copied
to all unit current cells and the initial mismatch of the DAC-elements is greatly
reduced.

The analog trimming information is stored as charge on the total capacitance CGS

connected between the gate and source terminal of M1. In the simplest case, CGS is
given by the intrinsic gate-source capacitance of M1 [107].

Nonideal Effects and Limitations

As shown in Fig. 3.17, when S1 is switched off at the end of the calibration period
at time t D t0, a portion of the mobile channel charge of S1 is released onto the
gate node of M1 and stored on CGS. Additional charge couples via the gate-drain
overlap capacitance of S1 when its gate is switched to ground. This effect is called
charge injection [109]. The total injected charge �q0 at the end of the calibration
slot changes the gate-source voltage and the drain current of M1 by [107]:

�VGS.0/ D �q0

CGS
�! �IDS.0/ D gm

�q0

CGS
: (3.41)

Charge injection introduces an initial error �IDS.0/ in the output current of each
calibrated DAC-element. Because the switch S1 is included in the current cell, the
injected error charge is subject to mismatch, meaning that the achievable accuracy
has a lower bound given by the matching of �q0 and the ratio gm=CGS.

During normal operation leakage currents gradually change the value of the
stored gate-source voltage and the drain current of M1 between repetitive calibration
slots. Assuming a constant total leakage current ILEAK, the time-varying drain
current of M1 is given by [107]

�IDS.t/ D gm
ILEAK

CGS
.t � t0/ : (3.42)
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Leakage currents in the calibrated state are due to junction leakage of the
reverse-biased source-bulk junction belonging to switch transistor S1, the non-zero
off-current of S1, and, especially in newer CMOS technologies, also due to the gate
leakage of the calibrated current-source transistor M1 [110–112].

Before the deviation of the drain current becomes excessively large, the unit cell
must be recalibrated. Equation (3.42) thus puts an upper limit on Trefresh, the time
span one unit cell can spend in normal operation mode between two successive
calibration slots. Assuming an acceptable deviation in the drain current of ı1 � ILSB,
the upper limit for the refresh cycle time is given by

Trefresh < Trefresh;max D CGS

gm
� ı1 � ILSB

ILEAK
: (3.43)

At the same time, with N unit cells in the calibration loop, the average time span
TCAL used for the calibration of one unit cell, i.e., one calibration slot, must not
exceed:

TCAL < TCAL;max D CGS

N � gm
� ı1 � ILSB

ILEAK
: (3.44)

During calibration the gate of M1 is controlled in a negative feedback loop to force
the drain current equal to the reference current. The required settling time of this
loop determines the minimum time span TCAL;min that must be assigned for the
calibration of one unit cell.

We assume that the closed loop system has a dominant pole at �!p1. Moreover,
the negative feedback loop requires P time constants for complete settling. Usually,
P is in the range of 3. . . 5. The minimum calibration slot length is therefore
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TCAL > TCAL;min D P

!p1

D 3 : : : 5 � 1

!p1

: (3.45)

With (3.44) we can also express the required minimum bandwidth for the calibration
loop as:

!p1 > !p1;min D N � P � gm

CGS
� ILEAK

ı1 � ILSB
: (3.46)

Practical Implementation

To reduce the sensitivity of the total cell current to the described nonideal effects, in
practical implementations, only a small fraction in the order of 5–10 % of the total
cell current is provided by M1, whereas the major part of the current is flowing in
transistor M0 with fixed gate bias, see Fig. 3.18 [31, 107]. Since M1 carries only a
fraction 1/M of the total cell current, the sensitivity of the output current to voltage
changes at the gate of M1 is decreased, to first order, by a factor M , of course
assuming that the gate overdrive of M1 is approximately kept constant.

The effect of charge injection can be reduced by introducing a charge cancella-
tion scheme [106, 107, 113, 114]. With a properly sized dummy transistor switched
in the opposite direction, a part of the error charge �q0 can be compensated and
the initial current error �IDS.0/ minimized. It is advisable, however, to minimize
also the size of switch S1 and thereby �q0 in the first place, because the charge
compensation will never be perfect.

Equation (3.41) suggests that the ratio gm=CGS must be made as small as
possible. Besides trying to minimize the transconductance of M1 by choosing a
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large nominal gate overdrive, also increasing CGS by adding extra capacitance to the
gate node of M1 further decreases the effective gate-source voltage change due to
charge injection.

Two hardware realizations of 13-bit current-steering D/A-converters with
dynamic current calibration are described in Chap. 6. In these designs the refresh
tone problem is solved by randomizing the calibration slot length within the limits
described by Eqs. (3.44) and (3.45). In this way the energy residing in the calibration
tones is spectrally spread out and pushed toward the noise floor. The basic element-
wise calibration concept is also extended to dual-polarity current cells, as well as
to segmented architectures. Section 6.2 introduces a multilevel reference element,
which is itself calibrated using the same principle and allows direct calibration of
DAC-elements in differently weighted segments [93].

In the used 130 nm CMOS technology the gate leakage current of the regular,
thin-oxide transistors seems to start dominating the overall leakage in the dynamic
current calibration scheme. For the converter described in Sect. 6.1 the estimated
worst-case gate leakage current is in the range of 10 pA. The maximum simulated
off-current in the switch is about 5 pA, while the transconductance of the trim
transistor M1 (see Fig. 3.18) is 80 �A=V and CGS � 2 pF. Using (3.44) with
ı1 D 0:25 and N D 66 we can calculate TCAL;max D 3:8 �s. Although just an
estimate, this value complies with the measurement result in Fig. 6.15, which shows
the second harmonic distortion as a function of the average calibration time assigned
to a single DAC-element.



Chapter 4
Dynamic Linearity

4.1 Limitations for the Dynamic Linearity

The static linearity of a current-steering D/A-converter is ultimately limited by
the low-frequency output impedance of the unit current-sources and the mismatch
in their output current, provided that other systematic errors can be adequately
suppressed [35]. For the synthesis of higher signal frequencies, though, a number of
dynamic effects become important. These are linked with the frequency-dependent
output impedance of the current sources, as well as with transition errors related
to the imperfect switching of the currents in the single DAC-elements. Limited
dynamic linearity is perceived as increased distortion at the output of the D/A-
converter. Dynamic errors tend to dominate at higher signal frequencies, not only
because the impedance of internal circuit nodes becomes smaller, but also because
the switching activity of the converter increases. With data-driven scrambling even
the linearity at very low signal frequencies can be heavily compromised by dynamic
errors (see Sects. 4.1.3 and 4.1.4).

4.1.1 Frequency-Dependent Output Impedance

When the D/A-converter of Fig. 3.6 processes a sine-wave with normalized ampli-
tude Asin 2 Œ0I 1�, the time-varying output admittance seen into the single-ended
output can be written as [115]:

YOUT;P .t/ D YL C Yunit � N �
�

1 C Asin sin.!sint/

2

�
: (4.1)

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
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The single-ended output voltage is therefore:

VOUT;P .t/ D N .Asin sin.!sint/ C 1/ Iunit

2YL C YunitN .Asin sin.!sint/ C 1/
: (4.2)

Applying a Taylor series expansion to (4.2), the second and third harmonic
distortion products can be derived [35, 115]:
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If we assume jZunitj >> N � jZLj, we can approximate (4.3) by:
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In a fully differential architecture, the even harmonics will be suppressed, while
the odd harmonics do not cancel in the differential output signal. In practice, the
attenuation of even harmonics is limited by the matching of the two single-ended
output loads. With on-chip loads and careful layout, a matching of 1 % and better can
relatively easily be achieved [116], resulting in a theoretical even-order harmonic
suppression of at least 40 dB.

Figure 4.1 shows the simplified model of a unit current cell for a single-polarity
DAC and the corresponding small-signal model. We assume that the current switch
transistor MSW is biased in the strong inversion region, when switched on. It
therefore works as an additional cascode transistor. The current source itself is
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modeled with a parasitic impedance to ground, Z0 D R0jjC0. The output impedance
of this current cell is easily calculated as [115]

Zunit.j!/ D 1 C gmSWR0

gdsSW
�

1 C j!
C0

gmSW

1 C j!R0C0

:
(4.5)

Figure 4.2 shows the magnitude of the output impedance of the unit current cell
as a function of frequency. It has a pole determined by the parasitic impedance
R0jjC0 and a zero given by gmSW=C0. A more detailed discussion of different
single-polarity current cell architectures and possible optimization strategies can
be found in [35].

Inserting (4.5) into (4.4) and assuming ZL D RL yields:
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: (4.6)

For low frequencies the second and third harmonic distortion products due to
the finite output impedance of the current sources are determined by the ratio of
the load resistance to the output resistance of the unit current cell. The pole of the
unit current source impedance given by R0jjC0 introduces a zero in the frequency
dependence of HD2 and HD3, beyond which they increase with 20 dB/decade and
40 dB/decade, respectively. At gmSW=C0 the second and third harmonic distortion
products level off and eventually decrease again beyond the pole frequency of the
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output impedance RLjjCL. Also note, that in a fully differential implementation the
second harmonic distortion will be further attenuated by a matching-limited factor,
as discussed above (Fig. 4.3).

The situation is somewhat different with an active output stage. Figure 4.4 shows
the respective single-ended model. In this case the current switches are usually
working in the linear region, such that the output impedance of the unit current cell
is directly given by Zunit D Z0 D R0jjC0. The effective load seen by the current
source array, though, is the input impedance of the active output stage when looking
into the virtual ground node:

ZL;eff.j!/ D ZL

1 C A.j!/
: (4.7)

With a single-pole opamp model having a DC-gain A0 and a gain-bandwidth product
GBW the open-loop transfer function of the amplifier is given by

A.j!/ D A0

1 C j!
A0

2�GBW

:
(4.8)
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With (4.8), Eq. (4.7) becomes:
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(4.9)

As seen in Eq. (4.9) and in Fig. 4.5, the input impedance of the transimpedance stage
has a zero at the dominant pole of the operational amplifier, a pole given by the
feedback network ZL D RLjjCL, as well as a pole at the gain-bandwidth (GBW) of
the amplifier.

Below the unity-gain frequency of the operational amplifier, the feedback around
the active element reduces the effective load impedance seen by the current-cell
array. Inserting (4.9) into (4.4) we have with 1 C A0 � A0:
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The frequency dependency of the second and third harmonic distortion products is
more complex, as shown in Fig. 4.6. The first zero occurs at the pole frequency of
the unit current source, 1=.R0C0/. A second zero is determined by the dominant
pole of the operational amplifier 2�GBW=A0, because from there on the effective
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load impedance seen into the virtual ground node starts decreasing. Beyond this
frequency HD2 increases with 40 dB/decade and HD3 even with 80 dB/decade, until
the first pole is met at 1=.RLCL/, the pole frequency of the feedback impedance.
A second pole is at the unity-gain frequency of the operational amplifier. However,
the maximum signal frequency of interest is usually located below 1=.RLCL/.

4.1.2 A Generalized Switching Error Model

In a current-steering D/A-converter each change of the digital input code triggers
a number of switching transitions, which must occur within a very short time span
at the beginning of each sampling period. Thereby the current of the corresponding
DAC-cells is switched from the positive output to the negative output or vice versa,
depending on the value of the controlling digital input signal. Any deviation from
the ideal switching transition in the single DAC-cells introduces a temporary error
in the output current that can have a negative impact on the dynamic performance
of the converter.

Figure 4.7 shows a single polarity current cell with the associated parasitic
elements that potentially affect the switching transition. The two transistors M1 and
M2 are the current switches that steer the tail current Iunit either to the positive or the
negative output, depending on the input bit. The synchronization logic is necessary
to align the instant of the switching transition of all current cells in the DAC-array
to the sampling clock. Additionally, dedicated switch drivers control the gates of
the current switches M1 and M2 with an optimized crossing point in an attempt to
minimize the impact of the switching transition on the current source [117].

We define the ON-transition of a current cell, when Iunit is switched from
the negative output (OUTN) to the positive output (OUTP). Likewise, in the
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Fig. 4.7 Switching transition of current cell

OFF-transition Iunit is switched from the positive output (OUTP) to the negative
output (OUTN). The unit current pulse observed at the differential output is defined
by a switch-ON transition followed by a switch-OFF transition with a duration
of one sampling period. The area under the unit current pulse is the unit charge,
i.e., the amount of charge delivered by the current source in one sampling period,
Qunit D IunitT .

In practical implementations, a number of nonideal effects are associated with
the switching transition:

• Switch control signal feedthrough–The overlap capacitances CGDov and CGSov

couple the voltage transitions of the switch control signals at the gates of M1 and
M2 directly to the respective output node and also to the source node (S ). The
injected extra charge appears as a net charge error added to the unit charge.

• Channel charge mismatch–During the switch-ON transition channel charge must
flow out from M2 and into the forming channel of M1. A mismatch between
the switch transistors generates a net charge error that must be delivered by the
current source and is subtracted from the unit charge.

• Non-optimum switch control–If switch M2 turns off too early during the
ON-transition, then both switches are off for a short time span. Then the tail cur-
rent source immediately starts to discharge the tail capacitance C0. On the other
hand, if M2 turns off too late, then the tail current source is shortly connected to
both output nodes simultaneously. In both cases an error in the unit charge results.

• Local switch-ON/switch-OFF timing skew–A timing skew between the switch
control lines generates a different delay for the switch-ON and switch-OFF
transition with respect to the sampling clock edge.

• Rise and fall time mismatch–A different rise and fall time of the unit current pulse
is generated by a mismatch in the current gain of M1 and M2, by a different rise
and fall time of the switch control signals, as well as by a mismatch in the driving
strength of the switch drivers.
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Fig. 4.8 Nonideal unit current pulses

• Charge sharing–The tail–node S sees an attenuated version of the voltage at
the output node to which the tail current flows momentarily. The capacitor C0

stores a corresponding amount of charge. During the switching transition, C0

is switched to the complementary output. The voltage at this output node is in
general different, such that a different amount of charge must be accumulated
on C0. This charge difference must be delivered, within a very short time span,
by the tail current source and again introduces an error into the unit current pulse.

All described switching imperfections generate extra charge packets that are
added or subtracted to the unit current pulse during the short transition phase.
Figure 4.8 shows examples of nonideal switching transitions and the corresponding
error pulses, which we get by subtraction of the ideal current pulse from the nonideal
one.

In practical situations, all described effects will be present concurrently. Also,
there will be dynamic mismatch between the different current cells in the D/A-array
that considerably complicates the analysis [118]. However, the in-depth treatment
of nonlinear effects caused by the dynamic interaction of switched current cells in
an array, i.e. differences in the pulse transitions of single DAC-cells with respect
to other DAC-cells and to different code changes, is beyond the scope of this text.
For completeness, some known dynamic effects belonging to this class of “holistic”
nonlinear error sources in current-steering D/A-converters are briefly discussed in
Sect. 4.1.6. In the following we will concentrate on the distortion related to error
charges injected by identical, time-invariant current cells, whose behavior is not
influenced by the activity of the rest of the array.
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Because of the finite impedance seen at the output nodes, the exact settling
behavior of the DAC-network depends on the number of current cells that are
connected to the positive and negative output nodes and on the settling of the
tail nodes and other internal nodes during previous samples. A current-steering
D/A-converter is thus a time-variant network with memory, which makes an exact
analysis quite impossible [46]. Nevertheless, it would be advantageous to extract
simple formulas to estimate the fundamental dynamic performance limitations of
current-steering DACs.

To that aim, we try to simplify the analysis by considering an idealized NRZ
unary array with the following properties:

• The unit cells are perfectly matched, statically and dynamically. This means that
the behavior of all unit cells receiving the same input bit is identical. All unit
cells receiving the same input bit are indistinguishable among themselves.

• The current source in each cell is ideal. Therefore, its DC-value does not depend
on the voltage at the tail-node S .

• The behavior and the properties of the current switches do not depend on the
voltage seen at the output nodes, i.e., the current switch transistors’ drain nodes.

• The switch transistors do not have a capacitive bypass path, i.e., CDS D 0.
• The switch drivers are effective voltage sources, i.e., displaying zero output

impedance.
• The settling behavior of the output nodes and of the internal tail-node S is

independent of the input code.
• The network is memoryless in-between samples. Any settling effects due to

injected or redistributed charges occur within a very short time span at the
beginning of each sampling period and do not influence the next sample.
Especially does the voltage of the tail-node S at the end of the sampling period
only depend on the actual voltage of the output node the current source is being
steered to.

The last property is equivalent to assuming that the internal time constants of
the DAC-network are very small compared to the sampling period, i.e., complete
settling of the tail nodes of all unit cells within each sample. The unit current
cells in this simple model are effectively decoupled and memoryless, except
for a very short transition phase. As a consequence, in this model, each DAC-
element undergoing the same transition generates exactly the same error during that
transition, independent of the activity of all other DAC-elements and of all previous
transitions. This effectively means that we also assume a perfect power and clock
distribution within the current-cell array. Nevertheless, we will show that even in this
very idealized case nonlinear errors occur, which fundamentally limit the dynamic
performance of current-steering D/A-converters.

To be able to analyze a broad class of switching errors we introduce a general
model for a unary NRZ current-steering DAC, shown in Fig. 4.9. The upper branch
constitutes the ideal DAC. The sampled data with infinite resolution d.k/ plus the
quantization error q.k/ are applied to the ideal unit pulse pNRZ.t/, see Eq. (1.4). The
ideal output signal of the NRZ-DAC is thus given by
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Fig. 4.9 Switching error model for NRZ-DAC

u.t/ D
X

k

.d.k/ C q.k// � pNRZ .t � kT / : (4.11)

The quantized input data d.k/ C q.k/ is also applied to the switching functions
sON.�/ and sOFF.�/. The two resulting switching sequences wON.k/ and wOFF.k/

represent the number of unit cells that are being switched on and switched-off at
the beginning of each sample k. The switching sequences are subsequently filtered
by the pulse shapers pON.t/ and pOFF.t/. Their combined output e.t/ represents the
error signal that is finally added to the ideal DAC output u.t/:

e.t/ D
X

k

ŒwON.k/pON .t � kT / � wOFF.k/pOFF .t � kT /� : (4.12)

As discussed in Appendix D.1, if the switching transitions are very fast compared to
the clock period T , then the unit error pulses pON.t/ and pOFF.t/ are completely
characterized by their area, AON and AOFF. This approximation is valid at least
over the first Nyquist band 0 : : : �=T . In this case the baseband spectrum of the
error signal e.t/ can be obtained by reconstruction with an ideal brickwall-filter of
bandwidth �=T :

E.j!/ D E
�
ej!T

� � rect

�
!T

�

�

� AON

T
� WON .j!/ � AOFF

T
� WOFF .j!/ : (4.13)
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According to (4.13), the spectral components of the error signal e.t/ in the first
Nyquist band can be obtained by evaluating the spectra of a scaled version of the
continuous-time representation of the switching sequences, wON.t/ and wOFF.t/.
The scaling factors are given by the respective error pulse area divided by the
clock period. This is equivalent to the averaging of the switching errors over the
full sampling period.

The continuous-time functions wON.t/ and wOFF.t/ are obtained from the
switching sequences wON.k/ and wOFF.k/ by ideal analog reconstruction according
to the sampling theorem. Reversely, the number of switching transitions in ON-and
OFF-direction for each data sample k are directly obtained by sampling wON.t/ and
wOFF.t/ at integer multiples of the sampling period T .

As long as we are only interested in the baseband spectrum, the unit error pulses
can be completely characterized by their area, which makes a unified treatment for
different shapes of the switching error possible.

4.1.3 Switching Transition Mismatch

According to [33], unary arrays with thermometer coding should be insensitive to
switching effects, because the introduced error is always linearly dependent on the
input code change. This is true for symmetrically injected charge errors, e.g., gate
control feedthrough via the switches’ overlap capacitances. However, we will show
that a difference between the switch-ON and switch-OFF transition introduces even-
order distortion, also in fully differential implementations. This effect is especially
detrimental in an NRZ D/A-converter when strongly data correlated switching in the
form of data weighted averaging (DWA) is used, in which case the increase in static
accuracy obtained by the mismatch shaping is completely ruined by the introduced
dynamic nonlinearity [82].

Thermometer Coding

In a thermometer-coded unary array, a number of identical DAC-elements cor-
responding to the input code are switched on sequentially, always starting from
the first element in the array, see Fig. 4.10. Let the signal radian frequency be
normalized to 1. Then the clock period T can be expressed as

2�fsin D 1 ! T D 1

fCLK
D 2�fsin

fCLK
D !sinT D �

OSR
: (4.14)

In a unary array with N elements, the decoded input data sequence for a single
tone with normalized amplitude Asin 2 Œ0; 1� is given by

d.k/ D N

2
.1 C Asin cos.kT // : (4.15)
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Fig. 4.10
Thermometer-coded unary
array

Using (4.11), the output signal of the DAC becomes:

x.t/ D
X

k

�
N

2
.1 C Asin cos.kT // C q.kT /

�
� pNRZ .t � kT / C e.t/: (4.16)

If the signal gradient d.k/ � d.k � 1/ is positive, then DAC-cells are only
switched ON, whereas for negative signal gradients DAC-cells are only switched
OFF. In Appendix D.2 the harmonic distortion products generated by the imperfect
switching transitions with thermometer coding are derived:

for n D 1; 2 : : : W

HD2n D 2 � jAON � AOFFj
� � T

�

r
2 � 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR
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� �

2OSR

�

HD2nC1 D 0 (4.17)

� is the LSB-size, i.e., the value of the unit DAC-elements. If the switching
transitions are asymmetric, jAON � AOFFj ¤ 0, then even-order harmonic distortion
is generated, also in fully differential implementations. The reason is that, obviously,
asymmetric switching transitions are not differentially balanced, since both outputs
are affected differently.

A special case of switching asymmetry is the rise and fall time mismatch of
the unit current pulse. This is often caused by unequal driving strength of the
inverter buffers that drive the current switches, together with a slight imbalance
in the generation of the switch timing. In the case of rise and fall time mismatch
equation (4.17) becomes

for n D 1; 2 : : : W

HD2n D jTrise � Tfallj
T

�

r
2 � 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR
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� �

2OSR

�

HD2nC1 D 0: (4.18)
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Fig. 4.11 Unary array with
DWA

As long as quantization effects are negligible, the distortion does not depend on the
number of current cells and is proportional to the ratio of the differential glitch area
jAON � AOFFj and the unit pulse area � � T . This in turn means that for constant
glitch area and oversampling ratio the harmonic distortion will rise linearly with
the clock frequency at 20 dB/decade. Note, that the generated harmonics are also
subject to aliasing due to the sampling process.

Data Weighted Averaging

DWA is a widely used DEM-algorithm (see Sect. 3.2.2) to improve the effective
resolution of a unary array. As shown in Fig. 4.11, the DAC-elements are switched
on left to right beginning from the first switched-off element of the last sample
period. If the end of the array is reached, the process wraps around to the first
element at the left. In this way the energy residing in the mismatch error is spectrally
shaped with a first-order transfer function, offering the possibility for a huge gain in
resolution, especially with large oversampling ratios [44, 80].

Figure 4.11 also shows the directional asymmetry in the switching activity of the
DWA-algorithm in relation to a sine wave. In the negative half period every “turned-
on” DAC-element (switched to OUTP) is replaced by a previously “turned-off”
element (switched to OUTN) in the next output sample. In the positive half period
instead, a code-dependent number of “turned-on” DAC-elements do not change their
status (crossed boxes).

The resulting harmonic distortion (see Appendix D.3) is given by

for n D 1; 2 : : : W

HD2n D 2 � jAON � AOFFj
� � T

�

r
2 C 2 cos
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OSR

�

�.2n C 1/.2n � 1/
�

�
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� �

2OSR

�

HD2nC1 D 0: (4.19)
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Again, if the switching error is asymmetric, jAON � AOFFj ¤ 0, even-order
harmonic distortion products are introduced in the differential output signal. Also
the linear relation with the clock frequency for constant glitch area is maintained.

In the case of a rise and fall time mismatch equation (4.19) becomes

for n D 1; 2 : : : W

HD2n D jTrise � Tfallj
T

�

r
2 C 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR

sin
� �

2OSR

�

HD2nC1 D 0: (4.20)

A property of DWA is that the switching activity is only weakly dependent on
the signal frequency. In contrast to thermometer coding, with DWA the aggregate
switching error is maximum at very low signal frequencies. In the limit !sin ! 0,
we get for the second harmonic with rise and fall-time mismatch:

lim
!sin!0

HD2 D 2

3�
� jTrise � Tfallj

T
: (4.21)

As a numerical example, a linearity of 80 dB with a sampling frequency of 100 MHz
requires a maximum rise and fall-time difference of only 4.7 ps for the unit current
pulses of a perfectly matched current cell array.

The normalized second harmonic distortion product for thermometer coding and
DWA, obtained by dividing (4.17) and (4.18) through the normalized differential
glitch area 2 � jAON � AOFFj =.� � T /, is given by:
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�
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�

�

2OSR

sin
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2OSR

� : (4.22)

Figure 4.12 shows the normalized second harmonic distortion for asymmetrical
switching transitions. With thermometer coding the data correlation of the switching
errors increases with the signal frequency and has a maximum at the Nyquist
frequency (OSR D 1). With DWA the maximum level of harmonic distortion
is achieved for very low signal frequencies, where the data correlation of the
switching errors is strongest. Interestingly, the two curves intersect at OSR D 2

(fsin D fCLK=4), and for still higher signal frequencies, in the range 1 < OSR < 2,
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Fig. 4.12 Normalized hd2 with asymmetrical switching error

with DWA, the data correlation of the switching errors is gradually lost. Note,
however, that DWA is normally used with a decent amount of oversampling in order
to achieve first-order mismatch shaping.

4.1.4 Charge Sharing at the Switching Node

The structure of the DAC-network and its initial conditions for each sample are not
only influenced by the input code, which determines the way in which the DAC-
elements are connected together, but also by the settling of the tail node voltages
during the previous samples. More specifically, some of the tail-node capacitors C0

of the unit current-cells together with their associated charges are connected to a
different node at the beginning of the sampling period, as dictated by the change in
input code. The charges on the capacitors, accumulated by the end of the previous
sample, constitute the initial conditions for the settling of the DAC-network during
the actual sampling period.

The DAC-network is thus time variant and has memory. The exact analysis of
the charge-sharing effect in a current-steering DAC requires to solve the Kirchhoff
equations for each sample, taking into account that the initial conditions depend
on the settled end values of the last sample. This behavior can be modeled quite
efficiently in the state-space domain and simulated with the aid of a linear time-
domain solver [119]. However, it is not easily possible to extract simple equations
from the complex state-space model [46].
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The problem can be simplified by assuming that the internal time constants are
small compared to the clock period. In this case the DAC-network is approximately
memoryless between different samples; therefore, the settled end value does not
depend on the tail-node capacitances. The tail-node capacitors C0 store a fraction 


of the voltage present at the output node they are indirectly connected to via the ON
current switch. When the cell switches, the tail-node capacitor will be connected to
a different output node with a different voltage. The net charge difference stored on
C0 between samples is injected into the output. Again, we assume that the charge
redistribution takes place within a very short time span, much smaller than the
clock period T . In this case the exact shape of the error pulse is not relevant for
the resulting error spectrum in the first Nyquist band. Only the amount of injected
charge relative to the unit charge–the unit current pulse area–is of importance.

In practical implementations, a nonzero feedthrough of the output voltage to
the tail-node S , i.e. 
 > 0, also means a finite output impedance of the current
cell. Due to the code-dependent current division, this effect already generates
nonlinear distortion by itself, as described in Sect. 4.1.1. In Sect. 4.1.5 we will show
that in most practical implementations the charge-sharing effect remains dominant
compared to the finite output impedance with respect to HD3 generation.

For the single-polarity current cell of Fig. 4.1 with R0 ! 1 and the switch
transistor operating in strong inversion, we have by inspection


.!/ D
ˇ
ˇ
ˇ̌ VS
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ˇ
ˇ
ˇ̌ D gds

jgm C gds C j!C0j � gds

gm
� 1
ˇ
ˇ
ˇ̌1 C j!
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gm

ˇ
ˇ
ˇ̌
: (4.23)

For frequencies below gm=C0 the output signal feedthrough is constant and given
by gds=gm. Above gm=C0 the feedthrough decreases with a first-order roll-off.
Since in practical implementations C0 is small, this pole will be at a very high
frequency.

For the dual-polarity current cell with active output stage, assuming that the
switches operate in the linear region with small RON, we get from Fig. 4.4:


.!/ D 1

jA.j!/j �

ˇ̌
ˇ
ˇ1 C j!

A0

2�GBW

ˇ̌
ˇ
ˇ

A0

:
(4.24)

The dominant pole of the operational amplifier at �2�GBW=A0 introduces a zero
into the frequency dependence of the feedthrough factor 
. In contrast to the single-
polarity architecture with passive output stage, the first pole of the operational
amplifier is at a relatively low frequency.

The feedthrough factor given in (4.23) and (4.24) is only valid for sufficiently low
signal frequencies. A calculation of the exact expression of 
 must take the sampled-
data nature of the voltage across C0 into account. Only the settled value of this
voltage at the end of the clock period determines the amount of error charge injected
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into the output during the following sample. In case the characteristic frequencies of
the circuit are not much larger than the signal and clock frequency, the actual value
of 
 can differ from the simple approximations given above. In Appendix D.6 we
derive the expression based on a sampled-data model for the single-polarity D/A-
converter with passive output stage:


.!/ D gds

gm
�
ˇ
ˇ̌
ˇ
ˇ

1 � e� T
RLCL

ej!T � e� T
RLCL

ˇ
ˇ̌
ˇ
ˇ
; (4.25)

where we assume C0=gm << RLCL; T , as well as a reasonably flat transimpedance
transfer function over the first Nyquist band. In case the fundamental tone and the
harmonic product experience a different attenuation up to the converter output, we
have to include also this factor. The complete expression is found in Eq. (D.36).

For the dual-polarity DAC-model of Fig. 4.4 a similar derivation (see Appendix
D.6.2) with R0 ! 1 leads to:


.!/ D

ˇ
ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ

1 C
1 � 1

A0

1 � K�

� ej!T � 1

ej!T � e�2�GBW�T C
K�

A0

� 1

1 � K�

� ej!T � 1

ej!T � e� T
RLCL

ˇ
ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ

;

(4.26)
where we have introduced the dynamic circuit constant K� , defined as:

K� D RLCL � 2�GBW: (4.27)

The complete expression including the transimpedance transfer function of the
output stage is found in Eq. (D.39).

Thermometer Coding

The tail nodes of the current cells follow the respective output voltages, attenuated
by the feedthrough factor 
. The charges of the tail-node capacitors C0 switched
to the opposite output at the beginning of each sample generate a code-dependent
charge error that affects the output signal.

In Appendix D.4 the resulting harmonic distortion for a single-tone signal is
derived:

for n D 3; 5; 7 : : : W

HDn D 4
 � C0RLNAsin

�T n.n C 2/.n � 2/
�

�
r

4 � .n2 � 4/ cos4
� �

2OSR

�
C .n2 � 8/ cos2

� �

2OSR

�
�

�
2OSR

sin
�

�
2OSR

�

for n D 2; 4; 6 : : : W
HDn D 0: (4.28)
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In a single-polarity current-steering DAC terminated with a pair of load resistors
RL the output voltage feedthrough is given by gds=gm for signal frequencies below
gm=.2�C0/. It can be shown that for f < 1

5
fCLK a reasonable linear approximation

of 4.28 for n D 3 is given by1:

HD3.!/ � 2

5�
RLNAsinC0

gds

gm
!: (4.29)

According to (4.6) the third-order distortion due to the finite output impedance of
the current cells for sufficiently high signal frequencies below gm=.2�C0/ can be
approximated by

HD3.!/ � N 2A2
sin

16
� gds2

gm2
R2

LC 2
0 !2: (4.30)

The upper “intercept”-frequency !U , above which the output impedance of the
current cells becomes the limiting factor for the third-order nonlinearity in the linear
approximation, can be calculated as

!U D 32

5�
� 1

NAsin
� gm

gdsRLC0

: (4.31)

Likewise, we can calculate the lower “intercept”-frequency !L, below which the
output impedance dominates the third-order nonlinearity:

!L D 5�

32
� NAsin � gdsRL

gmC0R
2
0

: (4.32)

Thus, for frequencies in the range !L < ! < !U the charge-sharing effect will
dominate the generation of odd-order harmonic distortion in a fully differential
single-polarity current-steering DAC with current cells according to Fig. 4.1, at least
as long as the model assumptions stated in Sect. 4.1.2 remain approximately valid.

Data Weighted Averaging

With DWA the harmonic distortion due to the charge-sharing effect becomes (see
also Appendix D.5)

1By comparison with (4.6), we find that the HD2 at the single-ended output due to the output
impedance is a factor 5�=8 � 2 larger than the HD3 due to the charge-sharing effect.
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for n D 3; 5; 7 : : : W

HDn D 4
 � C0RLNAsin
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r
n2 cos2
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�
� .n2 � 4/ cos4
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�
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�

2OSR
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for n D 2; 4; 6 : : : W
HDn D 0: (4.33)

Again, with DWA, the switching activity is only weakly dependent on the signal
frequency. For !sin ! 0 the third harmonic is limited to

lim
!sin!0

HD3 D 8

15�T
� 
C0RLNAsin: (4.34)

The expressions for the normalized third-order harmonic distortion for thermometer
coding and DWA, shown in Fig. 4.13, are given by:
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(4.35)

Again, the two curves intersect at OSR D 2. Approaching the Nyquist frequency,
the third harmonic distortion is maximum with thermometer coding, suggesting
maximum correlation of the injected charge error with the input data. For DWA
the correlation between input data and charge error is lost at OSR D 1 and the odd
harmonics vanish near the Nyquist frequency.

4.1.5 A SPICE-Simulation Example

As an example, a series of SPICE-simulations with an idealized single-polarity NRZ
DAC-model is performed. An ideal tail current source and two MOS-switches, as
shown in Fig. 4.1, form the unit current cell. The tail capacitance is deliberately
increased to enhance the charge-sharing effect. The following circuit parameters are
used:

• N D 127 (7 bit)
• Ideal LSB-section
• fCLK D 100 MHz
• jTrise � Tfallj D 20 ps (2 % of T)
• C0 D 200 fF
• R0 D 1
• 
 D 0:03 � gds

gm

• RL D 50 �

• gm=C0 >> �=T

Figure 4.14 shows the simulated and calculated HD2 and HD3 for thermometer
coding and DWA with the circuit parameters given above. Except for signals very
close to the Nyquist frequency, a good correspondence between the calculated and
the simulated nonlinearity is achieved.

In this fully differential example the dominating nonlinearity is the charge-
sharing effect (HD3), followed by the rise and fall time mismatch (HD2). With DWA
the NRZ-DAC is limited to HD2 D �67:5 dBc and HD3 D �63:8 dBc at low signal
frequencies.

Also shown in Fig. 4.14 is the effect of the finite output impedance of the current
cell, given by jZunitj�1 � 
 � !C0. Using 4.31, the upper “intercept” frequency in
the case of thermometer coding can be calculated to !U =.2�/ D 8:5 GHz, almost
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Fig. 4.14 Comparison of SPICE-simulation with calculated distortion

two decades above the sampling frequency. Furthermore, assuming a moderate
output resistance of R0 D 100 k� for the MSB current source, Eq. (4.32) yields
!L=.2�/ D 7:4 kHz. Thus, as long as the output impedance can be made reasonably
large, its effect on the dynamic linearity of a fully differential converter with a
current cell architecture according to Fig. 4.1 will remain mostly negligible.

Note, however, that the output impedance of the unit current cells is a true
fundamental limit for the achievable dynamic linearity of a current-steering D/A-
converter. This is because the signal dependency of the switching errors can, at least
in principle, be eliminated, as discussed in the following sections. The error energy
related to the switching events is then no longer concentrated in harmonic distortion
components, but is, e.g., shifted to the clock rate.

The output impedance of the current sources, on the other hand, is by definition
always switched in parallel to the effective load impedance. It is therefore a
persistent source of error in a current-steering D/A-converter. At the moment the
output impedance of the current cells should become the limiting factor for DAC-
linearity, only a suitable predistortion in the digital domain–with all the problems
related to the identification of the nonlinear model coefficients–can improve the
situation further.
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4.1.6 Other Nonlinear Effects

As described above, the dynamic performance of current-steering D/A-converters
is fundamentally limited, even with perfectly matched DAC-elements, by the
finite output impedance of the current sources (Sect. 4.1.1), switching transition
asymmetries (Sect. 4.1.3), as well as code-dependent charges involved in the settling
of the DAC-network (Sect. 4.1.4). In practical implementations there are also other
effects that cause harmonic distortion in the output signal. Generally, these depend
on the amount of switching activity that takes place in the converter2:

• Dynamic nonlinearity is caused by a timing mismatch of the DAC-elements.
If some of the cells are updated with slightly different timing as compared
to others, harmonic distortion products are generated [120]. Systematic timing
offsets must therefore be minimized by special layout measures.

• Timing differences can also depend on the signal activity [121]. The clock buffer
that drives the sampling clock to the resynchronizing flip–flops in the DAC-
elements may be influenced by the previously stored data in these flip–flops.
This data-dependent loading of the clock buffer causes a timing deviation that is
directly related to the signal and therefore generates harmonic distortion.

• A similar effect is power-rail interference. Due to the finite impedance of the
power supply network, the drivers for the current switches are influenced by the
number of cells that switch. If more unit cells are switching at the beginning of
the sampling period, the voltage drop on the power rails will be larger. The delay
of the switch drivers is in turn influenced by the supply voltage at the moment
of the switching. Power-rail interference thus causes a signal-dependent timing
deviation and, as a consequence, harmonic distortion.

• The switching activity in the unit cells is also directly correlated with the
digital activity in the data decoders needed for the unary segments. Although
the decoders are generally connected to a separate digital supply, an increased
digital switching activity can produce more substrate noise and influence the
resynchronization latch and the switch drivers in the unit cell [122].

4.2 Methods to Improve the Dynamic Performance

In the following sections we review the available circuit techniques to improve the
dynamic linearity of current-steering D/A-converters, given the above imperfec-
tions. We can, in general, distinguish three strategies. First, the dynamic nonlinearity

2This must be clearly distinguished from digital interference effects caused by parasitic coupling of
digital signals into the analog signal path. In many cases such effects also depend on the switching
activity in the digital aggressor circuit that may be correlated with the converter activity. This
makes a clear identification sometimes difficult in practice.
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can be reduced by trying to minimize its source quantitatively. Examples are the
minimization of the charge injection by the current switches, see Sect. 4.2.1, and the
active reduction of the effective tail node capacitance by bootstrapping, Sect. 4.2.2.

The second strategy consists in making the nonideal effect “spectrally invisible”
by introducing a redundant effect of the same type that makes the total error
independent of the signal. In this case the energy of the nonideal effect will
be concentrated, e.g., at the clock rate, while the in-band portion of the output
signal will at most experience a linear error. Examples are described in Sects. 4.2.4
and 4.2.5.

Note that the modified mismatch shaping (MMS) algorithm described in 3.2.3
also falls in this category because besides its mismatch-shaping property, it is
designed to provide an approximately constant switching activity. It is thus also
effective against power-rail interference and clock-loading effects.

The third strategy consists in trying to make the signal-dependent portion of the
transition phase of the current cells “invisible” to the output. This general concept
is known as return-to-zero (RZ) and described in Sects. 4.2.6–4.2.8.

4.2.1 Current Switch with Reduced Gate Voltage Swing

The general rule to minimize the charge injection of the current switches consists
in making the size of the switch transistors as small as possible. While the channel
length of the switches is usually chosen minimum, their width will be limited by the
cell current and the available voltage headroom.

The amount of charge that during every transition directly couples onto the output
via the gate-drain overlap capacitances is also called the gate control feedthrough
charge. In a differential implementation the injected charge per switching transition
is given by

Qov D 2W C 0
GDov�VG (4.36)

C 0
GDov is the overlap capacitance per unit gate width. As shown in Eq. (4.36), besides

minimizing the switch transistors’ width, also the amplitude of the gate drive can
be chosen smaller than rail-to-rail to minimize the gate control feedthrough. The
theoretical minimum is given by the gate voltage difference required to steer the
cell current Icell completely to one side of the differential switch pair [20]:

�VG � �VG;min D p
2 .VGS � VT / D p

2 �
s

2Icell

	Cox
W
L

: (4.37)

There are several possibilities to reduce the voltage swing at the gate of the switch
transistor. A switch driver with reduced output swing is described in [123] and
shown in Fig. 4.15. The gate control signals for the current switches are generated
with an inverter loaded with MOS-diodes, MDP and MDN . With transistor MB

the driving stage is operated in class-AB for faster transitions. The low and the
high voltage for the switches can be tailored by optimizing the aspect ratio of
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Fig. 4.15 Reduced swing switch driver

the driver transistors and the diode loads. However, for fast switching, the static
current in the driver circuit can become quite large. Also, it will be subject to
considerable variations over supply voltage and temperature changes, as well as
transistor parameter fluctuations. For large current-cell arrays this approach is
therefore not used.

Figure 4.15 also shows the switching pair with dummy transistors, as described
in [123]. The idea is to cancel the clock feedthrough with a similar transistor, whose
drain is connected to the other output. Although the charge injected via CGD;ov can
in theory be canceled with perfectly matched transistors, the voltage at the source
nodes of the dummy transistors will follow the respective output voltage. Since the
channel charges of switch transistor and dummy transistor do not match, and neither
will the impedances at the source nodes, the overall effect is not easily predictable.

A better control over the power dissipation of the switch driver is possible
with the circuit described in [124], see Fig. 4.16. The high and low voltage is
generated using a current source with diode load and a cascode transistor MC . The
current switches are operated by selecting either the high or the low voltage with a
passive multiplexer controlled by the resynchronization latch. The RON of the MOS-
switches in the passive multiplexer limits the rise and fall time of the switch control
signals. Additionally, the transient recovery of the voltage generator depends on
the impedance at the source and drain of MC . A faster recovery after a switching
event requires a higher bias current in the voltage generator and increases the overall
power consumption.

In [125] the switch driver and the resynchronization latches are implemented as
current mode logic (CML) circuits. This automatically ensures a reduced voltage
swing at the current switches, while allowing precise and very fast switching.
Because CML-logic is based on a differential pair, the current drain is approximately
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constant and independent of the switching activity. This property practically
eliminates power-rail interference. The inherent symmetry of CML-latches also
avoids data-dependent clock loading. However, the use of current-mode digital logic
results in a considerable increase in power consumption.

Other implementations reduce only the gate voltage for the switch transistor in
the off-condition. In [114] a common bias line sets the off-voltage for the current
switches. It is not mentioned, however, whether this bias voltage is generated on-
chip.

The off-voltage for the (PMOS) current switches can be generated locally in
the unit cell by replicating the source voltage of the “on” switch to the gate of
the “off” switch with a so-called VCS-generator, shown schematically in Fig. 4.17
[76]. The source voltage VCS of the replica switch MR is used as the power
rail for the switch drivers. This arrangement ensures that the off-voltage tracks
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the transistor parameters. A local feedback loop helps to recover faster from
the transient disturbances caused by the switching transitions. Additional dummy
switch drivers connected to VCS produce dummy transitions when the input data
does not change and thus ensure constant switching activity and data-independent
settling of VCS .

In [117] the resynchronization latches and switch drivers are connected to a
dedicated supply voltage with a reduced value compared to the load supply. This
allows to reduce the on-voltage of the NMOS current switches. The advantage of
this approach is that the switch drivers are connected between a low impedance sup-
ply and ground, such that their behavior is not influenced by a locally generated bias
voltage with finite output impedance. The complementary approach is described in
[126, 127]. In these implementations, the switch drivers are connected to a lower
supply voltage than the current sources, and the off-voltage for the PMOS current
switches is consequently reduced. A significant advantage of such a split-supply
architecture is that, besides the switch drivers, also the resynchronization latches and
the digital decoders can run from the lower supply voltage. This brings a significant
advantage in overall power consumption.

In general, the implementation of a switch driver that delivers a reduced
voltage swing to the gates of the current switch transistors requires extra power
consumption, unless a dedicated supply voltage with the correct voltage level is
available.

4.2.2 Source Node Bootstrapping

The output voltage feedthrough to the source node of the current switches gives
rise to dynamic nonlinearity, see Sect. 4.1.4. The reason is the corresponding charge
stored on the parasitic capacitance connected to the source node. When the current
cell is switched, the source node must settle to a different voltage, and the resulting
charge difference on the capacitor is injected into the output.

Figure 4.18 shows the solution described in [76]. The main portion of the source
node capacitor consists of the source-bulk capacitances of the current switches and
the drain-bulk capacitance of the cascode transistor. The switches and the cascode
transistor share the same n-well. A unity-gain amplifier with levelshifter copies the
variations of the source node potential to the n-well contact. The effective source
node capacitance is, to first order, eliminated and the nonlinearity due to the charge-
sharing effect drastically reduced. The levelshift is required to safely reverse bias
the source-bulk diode of the cascode transistor.

The bandwidth of the unity-gain amplifier puts a limit to the bootstrapping effect.
The amplifier bandwidth must be larger than the maximum signal frequency to
be synthesized. The unity-gain amplifier is mainly loaded by the well to substrate
capacitance Cn�well. To keep this capacitor small, the cascode transistor and the
current switches must be placed closely together. Furthermore, care must be
taken that the capacitance of the wiring that connects the cascode transistor with
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the current switches is also referenced to the same n-well; otherwise, it is not
bootstrapped out.

4.2.3 Source Node Isolation

Superior isolation of the parasitic tail capacitance connected to the source node of
the current switches can be achieved by introducing additional cascode transistors
between the current switch pair and the output nodes [128], shown schematically in
Fig. 4.19. With the cascode transistors MCASC biased in the active region, the voltage
swing at their sources is already attenuated by the gain of MCASC. Provided that the
current switch in its on-state is also working in the active region, the voltage swing
seen by the parasitic tail capacitance C0 is then roughly attenuated by the product
of the voltage gain of MCASC and MSW [128].

This current-cell architecture requires more voltage headroom in order to
accommodate the additional cascode transistor MCASC. Auxiliary currents IOFF must
be introduced to keep the cascode transistor in the “off-branch” sufficiently turned
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on; otherwise, the gate-source capacitance variation of the cascode transistors will
be too large during switching events, and this would seriously affect the dynamic
linearity [128]. Obviously, to keep MSW in the active region, the gate of MCASC

must be biased at a higher voltage than the switch driver’s supply, assumed equal to
the “high” voltage at the gate control nodes, VSWP, VSWP.

4.2.4 Differential Quad Switching

The charge injection of the current switches, including also the clock feedthrough,
generates harmonic distortion, because the number of switching events and thus the
injected charge depends on the input data activity. If the switching rate could be kept
constant, the amount of injected charge is the same in each sampling period and thus
does not produce a nonlinear signal component.

Differential quad switching makes the charge injection independent from the
data pattern [129]. Instead of using two current switches that toggle only when
the input data bit undergoes a change, four switches are connected to the cascode
transistor of the current source, see Fig. 4.20 [126]. In each sampling period exactly
two switches are toggling and thus the error energy related to the switching events
will be concentrated at the sampling rate. The input data determines whether the
current is steered to the other output by this switching or routed to the same output,
but via a different transistor [126].
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Differential quad switching eliminates the nonlinear distortion due to charge
injection, source node disturbance and asymmetric transition errors, because the cell
current is rerouted in each sampling period. Effectively, differential quad switching
implements two interleaved RZ switches [130].

However, the charge-sharing effect described in Sect. 4.1.4 is not eliminated
by differential quad switching, because the signal-dependent charge related to the
output signal feedthrough, which is stored on the source node capacitor, is still
injected into the complementary output node when the input data changes.

Another drawback of differential quad switching is increased power consumption
in the switching part of the converter. Because two switching events take place in
each sampling period, the dynamic power is at least twice as high as with a normal
switching pair with the converter operated near the Nyquist frequency.

4.2.5 Constant Digital Activity

Dynamic effects associated with the digital switching activity can be mitigated by
ensuring that the number of digital transitions in each sampling period is constant
and therefore independent of the input data pattern. In this way, the power of the
disturbance will be concentrated at the clock rate and will not be visible in the output
spectrum of the converter. Since the normal data switching must be complemented
by a given amount of “dummy switching”, constant activity architectures require a
certain degree of redundancy. The price for improved dynamic performance is paid
for in terms of silicon area and power consumption.

Problems with data-dependent clock buffer loading and power-rail interference
can be eliminated by making the number of latches that toggle at the beginning
of each sampling period independent of the input data activity. A possible imple-
mentation includes a dummy latch in each DAC-element which is forced to toggle
whenever the input data bit does not change, see Fig. 4.21 [130].

Although the number of latches and thus the loading of the clock buffer has
doubled, this load does not depend any more on the data activity. In [76] a dummy
switch driver additionally ensures constant loading of the VCS generator. The latter
not only does provide a reduced off-voltage for the current switches, but it also has
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a finite output impedance that would lead to data-dependent settling of the switch
drivers’ supply voltage. In the same work also the number of MSB-cells that switch
in each clock cycle is made approximately constant by using a MMS switching
scheme [90] for the uppermost unary-coded segment. Thus a very high degree of
decorrelation between the input data and the current switching process is achieved.

The constant activity principle can also be extended to the digital data decoders
used for the unary segments. In general, each data node in a digital circuit can be
complemented with a dummy node that becomes active whenever the principal data
node remains inactive [131]. In this way the dI=dT —noise that may couple via the
substrate to the DAC-elements is concentrated at the clock rate. The area overhead
in the digital circuitry can become however considerable. Most applications simply
try to prevent the digital switching noise from entering the analog DAC-core by
using a separate power supply for the digital decoders, by physical separation of the
digital and analog circuitry, as well as by proper shielding of sensible nodes.

4.2.6 Return-to-Zero and Track/Attenuate

In a return-to-zero (RZ) converter the DAC-elements are reset in each sample by
switching the current to a common node for a fraction D of the sampling period T .
This in turn means that the effective output amplitude after baseband filtering is
reduced by a factor 1=D. In most implementations the duty factor D is chosen
to be 0:5, resulting in a 6 dB amplitude loss of the reconstructed output signal, as
compared to an equivalent NRZ-converter.

The main advantage of an RZ converter is improved dynamic linearity, because
all current sources are first connected to a common-mode potential before they are
switched to the output nodes. Provided that the voltage at the internal nodes of the
current cell, especially across the source node capacitance, is settled during the reset
period and remains independent from the output voltage, the charge injected into the
output current only generates a linear error. This means that the memory effect, also
called intersymbol interference, is, at least in principle, completely eliminated [130].

The same is true for the charge injection coming from the current switches.
Because the switches are operated in each sampling period, the resulting error is,
to first order, linearly related to the output voltage.3 Thus no nonlinear distortion is
produced by the switches’ charge injection.

Figure 4.22 shows the implementation of a Return-to-Zero current cell in a GaAs
heterojunction bipolar technology [32]. A similar circuit is described in [24], using
a 0.35 �m BiCMOS technology. In both implementations a second switch pair is
stacked on the output of each primary current switch. During the reset phase the

3This assumes that the charge error generated by turning on the current switch transistor does not
depend on the voltage at its drain, which is connected to one of the output nodes.
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current is dumped to a low-impedance power rail, and, after proper reset, steered to
the output during the track phase.

The Return-to-Zero switch can also be implemented as a single switch in the
output stage, with the advantage that no tight synchronization across the current-cell
array is necessary [132]. To ensure a symmetrical settling behavior in both phases,
the design described in [41] uses an on-chip dummy load for the converter current
during the reset phase, while the output load is discharged with a second (identical)
on-chip load. At the beginning of the tracking phase, when all switching errors have
settled out, the converter current is steered to the output load, such that the voltage
pulse can build up.

In dual-polarity arrays the current cells in track mode work into the virtual ground
nodes of an operational amplifier. The common node for the reset of the current cells
is therefore best provided by a common-mode buffer that generates a voltage equal
to the potential seen at the virtual ground nodes of the transimpedance output stage
[133]. In this way the potential at the drain nodes of the current switches remains
equal in both operating modes, provided that the systematic offset is sufficiently
small.

In oversampled converters the Return-to-Zero output waveform requires a
considerable slew rate in the I-V converter of the output stage. An active output stage
is therefore problematic, because a signal-dependent slew-rate limitation causes
nonlinear distortion [47]. This would completely destroy the benefit of the Return-
to-Zero functionality. Current-steering D/A-converters delivering a Return-to-Zero
output waveform are therefore virtually only used in conjunction with an inherently
linear passive output stage. With active output stages the output waveform must
generally remain continuous, like in a NRZ-converter. Solutions to this problem are
described in the following sections.

A track/attenuate output stage [92, 104] does not require an additional switch in
each current cell. Instead, the output nodes are connected to ground and shorted
during the reset period using only three switches, see Fig. 4.23. The beginning of
the reset period is aligned with the switching of the current cells. Because the output
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Fig. 4.23 Track/attenuate output stage

voltage is largely attenuated when the current cells are switching, also the dynamic
errors are effectively not visible. Only when the current coming from the DAC-array
has settled, the output stage is switched back into track mode, and the converter
current flows into the load resistors. Although the elimination of the settling period
is not perfect because the impedance of the attenuation network is finite, the SFDR is
greatly improved. The track/attenuate output stage also eliminates systematic timing
errors in the current cells, because the reset period is generated with only three
switches in close proximity, operated by a single clock.

A practical limitation of a RZ-architecture is the settling during the reset period.
If this settling is not complete, the history of the past samples is not totally canceled
and will influence the next output sample, resulting in nonlinear distortion. At
very high clock rates the implementation of an effective Return-to-Zero circuitry
is therefore not trivial.

Another problem is the jitter sensitivity of a DAC producing a Return-to-Zero
waveform. As discussed in Sect. 2.3.3, this poses a very stringent requirement on
the spectral purity of the sampling clock.

4.2.7 Double Return-to-Zero

As stated in the preceding section, with an active output stage, it is difficult to
reproduce Return-To-Zero pulses without running into slew-rate limitation. The
latter makes the settling of the output voltage data dependent and thus introduces
nonlinear distortion. To circumvent the problem, Adams et al. proposed the so-called
Double Return-to-Zero architecture in [47].

The principle is shown in Fig. 4.24. The overall converter consists of two
identical interleaved D/A-converters that receive the same input data. Each DAC
is alternately active for half a clock cycle and reset for the other half of the sampling
period. Therefore an effective half-clock Return-to-Zero is implemented for each
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Fig. 4.24 Double return-to-zero architecture

DAC-core. On the other hand, because always one of the two converters is active,
the output current is never interrupted. The complete D/A-converter behaves like
a NRZ-DAC with the same output amplitude and the same slew-rate requirement
for the output stage. In [47], additionally, a segmented DWA algorithm is used to
scramble the input data for both converters.

The main drawback of the Double Return-to-Zero architecture is increased
power consumption. The switching activity is the same as for the differential
quad switching described in Sect. 4.2.4, thus doubled in comparison to a standard
RZ-implementation. Also the static power consumption is doubled, because each
DAC-core carries the full-scale current. On the other hand, the output waveform is
the same as for a NRZ-DAC, such that an active output stage can be employed.

The Double Return-to-Zero architecture has the same limitation with respect to
the settling of the current cells in the reset period as the standard half-clock Return-
to-Zero. Only when the memory of the circuit is completely canceled during the
reset, the nonlinear distortion due to dynamic effects is eliminated.

4.2.8 Full-Clock Interleaved Current Cells

Time-interleaving of converters is extensively used in A/D-converters to maximize
the sampling rate [134–137]. A number of identical A/D-converters can be operated
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Fig. 4.25 Full-clock interleaved DAC-cores

in parallel and their output appropriately combined to yield a higher effective
sampling rate. Also in the D/A direction the effective sampling rate can be increased
by time-interleaving two or more converters [138, 139]. This not only relaxes the
internal clock speed of the DAC-cores, but, more importantly for linearity, also
extends their reset phase, provided that each converter performs a Return-to-Zero
cycle in-between its active conversion phases. With two D/A-converter cores, the
reset period is already extended to a full clock cycle.

As shown in Fig. 4.25, the overall D/A-converter then consists of two interleaved
DAC-cores. Each DAC is alternately active for a full clock period during which
it delivers the output current. In the following clock period the DAC-core that
was active in the previous sampling period is reset, while the other DAC-core
delivers the output current corresponding to the actual input data. Because the
two DAC-cores process alternate data samples, a multiplexer is required from
a conceptual viewpoint [133]. In a practical realization the multiplexing can be
easily accomplished by triggering data latches at the input of the sub-DACs with
opposite phases of a divided version of the sampling clock [140, 141].4 Naturally,
this operation can also be distributed among the single DAC-cells [93]. Since current

4The design proposed in [141] additionally includes a PLL-controlled, interleaved raised-cosine
reference voltage for the resistor-based multiplying sub-DACs, with the goal to additionally
suppress the clock-jitter and slew-rate induced error in the output signal during code transitions.
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sources ideally do not influence each other when connected together at a sufficiently
low-impedance summing node, an interleaved current-based D/A-converter can
either be described as two (or more) identical sub-DACs or as a single DAC with
as many interleaved individual current cells–both models are completely equivalent
from a system perspective.

A conceptually similar implementation is described in [142]. The output currents
of the two interleaved DAC-cores are summed by a deglitching circuit. The
deglitcher connects the analog output with the active DAC-core half a sampling
clock cycle after the latter has been updated.Therefore, all data dependent transient
errors of the respective sub-DAC occur while its current is dumped to ground and
are thus not seen at the analog output node.

The advantage of full-clock interleaving is that the effective switching activity
is halved in comparison to the Double Return-to-Zero architecture. This in turn
also halves the dynamic power consumption. On the other hand, the reset period is
extended to a full clock cycle, and therefore the settling time for the reset is twice
as long. This allows the operation at higher clock frequencies with still effective
memory cancellation. The NRZ-property of the output waveform is also maintained,
such that an active output stage with the same slew-rate limitation can be used.

The concept of interleaved converters can be easily extended to more than two
sub-DACs. This allows, e.g., to extend the reset phase for each converter to more
than one sampling clock. Any residual regularity related to the Return-to-Zero
switching sequence can be eliminated by randomly selecting, in each clock cycle,
the active DAC-cores (or DAC-cells) from a “pool” of resetted converters (cells)
[143]. Additionally, a complex overall signal transfer function can be constructed
by including suitable digital filters, which are run power efficiently on the low clock
rate, in front of the individual sub-DACs [144].

The drawback of interleaved converters (A/D and D/A) is the generation of
image signal components around fractions of the clock frequency in the presence
of a global mismatch between the single converter cores [145, 146]. In noiseshaped
converters the image signal components are normally outside the bandwidth of
interest, but gain and phase mismatch causes the shaped quantization noise to
leak into the baseband and reduces the effective resolution [147]. Therefore, the
subconverters in a time-interleaved architecture must be matched to a certain degree
so as not to degrade the overall performance.

This topic is further discussed in the hardware realizations described in Sects. 5.2
and 6.2. Both designs employ an interleaved current cell architecture to produce
an effective RZ behavior for the single DAC-element. Matching between the
two subconverters is achieved by a special floorplan with close proximity of the
corresponding DAC-elements. The design described in Sect. 6.2 additionally uses
current calibration.



Chapter 5
Noiseshaped D/A-Converters

As described in Sect. 2.3.1, noiseshaping can be used in oversampled data converters
to trade off bandwidth with resolution. In a †�-DAC a digital noiseshaper prepro-
cesses the input data before the actual conversion to the analog domain. Because the
D/A-conversion happens outside of the noise-shaping loop, any nonideality related
to this conversion is directly injected into the analog output.1

In this chapter we describe two hardware realizations of noiseshaped current-
steering D/A-converters that employ dynamic element matching (DEM) to improve
the static linearity and the in-band resolution. Both testchip modules are fabricated
in a 0:13 �m CMOS technology and use a single 1.5 V supply voltage.

The first design is optimized for an ADSL2C transmitter in the central office
(CO) with a signal bandwidth of 2.2 MHz and an effective resolution of over 14
bits [148]. Strong focus is put on low-power operation to support multichannel
transceiver integration [100].

The second module is a general-purpose D/A-converter that can deliver a
resolution of 14 bits for ADSL-bandwidths in low-power mode, as well as 12 bits
for signal bandwidths close to 30 MHz [133], compliant to the VDSL2-standard.
It is targeted at software-programmable multi-mode transceivers that support the
various ADSL and very high-speed digital subscriber line (VDSL)-standards.

5.1 A 14-bit Low-Power D/A-Converter

In the central office (CO) the high packing density on the linecard drives the
need for multichannel integration of the analog front-end [100, 149]. However,
putting multiple transceiver channels on the same silicon die requires to optimize

1From a system perspective, this is also true for the feedback DAC in a †�-ADC. In both cases the
conversion from digital to analog takes place outside of the noise-shaping loop and thus is likely
to determine the performance of the converter.

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 5,
© Springer-Verlag Berlin Heidelberg 2013
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all building blocks with respect to power consumption and silicon area. This is
especially the case for high-resolution data converters.

5.1.1 Converter Architecture

Figure 5.1 shows the architecture of the D/A-converter optimized for ADSL2C CO
applications. The DAC-core consists of a 64-element unary array with dual-polarity
current cells that work into the virtual ground nodes of the transimpedance output
buffer. Each unit current cell delivers a nominal differential current of ˙12 �A at its
output. The differential full-scale current is thus ˙768 �A. The output current of the
DAC-core is converted into a voltage by the feedback resistors RL. With a resistor
value of 911 � the full-scale voltage range at the output of the transimpedance stage
is set to approximately 1.4 Vpp.

A second-order digital noiseshaper is used to suppress the in-band quantization
noise. The sampling clock of the DAC-core is set to 105.98 MHz. For an analog
bandwidth of 2.208 MHz2 this corresponds to an oversampling ratio (OSR) of 24.
Using Eq. (2.17) with L D 2, the theoretical maximum SNR is calculated to 94 dB,
equivalent to an effective in-band resolution of 15.3 bits. This leaves a comfortable
1-bit margin for the actual—digital and analog—implementation.

2In DSL-systems clock rates and signal bandwidths are multiples of the 4.3125 kHz symbol rate.
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One of the main problems in multibit †� D/A-converters is the nonlinearity
of the conversion characteristic that directly results from the mismatch of the unit
elements. To achieve the required static linearity of the current-source array and thus
the effective resolution, in this design, a DEM algorithm is implemented.

5.1.2 DEM Selection

To minimize the digital hardware complexity and the power consumption, the sim-
plest possible DEM-algorithm is chosen. Barrel-shift algorithms like data weighted
averaging (DWA) and clocked level averaging (CLA) fulfill this requirement, since
their implementation basically requires only an element selection logic, an adder,
as well as a register to store the index pointer. The only difference between the two
algorithms is that in CLA a constant value is used to advance the index pointer
in each sampling period, while in DWA, the data sample itself is added to the
current pointer.

The DWA algorithm has superior performance compared to CLA, individual
level averaging (ILA) or randomization techniques [80]. However, its drawback is a
pronounced sensitivity toward asymmetries in the switching transitions of the unit
current cells [82]. As described in Sect. 4.1.3, any net difference in the switch-on
and switch-off characteristic of the unit current pulse leads to even-order harmonic
distortion, although the circuit is fully differential. For large OSRs the even-order
distortion is approximately constant across the entire signal bandwidth. As shown
in Sect. 4.1.4, the same holds true for the third-order harmonic distortion generated
by the charge-sharing effect at the source node of the current switches.

Using Eq. (4.21), we can estimate the maximum rise and fall time mismatch that
allows to achieve a linearity of 85 dB, i.e., approximately 14 bits. With a clock
frequency of 105.98 MHz the DWA-algorithm requires jTrise � Tfallj � 2:5 ps. It
is highly questionable, whether such a small difference between rise and fall time
of the unit current pulse can be reliably implemented in a high-volume product.
Consequently, a barrel-shift algorithm with constant pointer increment (CLA) is
chosen in this design.

As discussed in Sect. 3.2.1, the element repetition rate frep D gcd.N;P /

N
fCLK

of the index pointer produces spurious tones at multiples of these frequencies.
Additionally, the signal and its harmonics are translated to nfrep ˙ kfsig. If these
tones appear above the signal bandwidth, they do not degrade the in-band resolution
and can be eliminated with an analog reconstruction filter. Taking into account the
fundamental tone of a sine wave at the maximum signal frequency and its first two
harmonics, then with (3.39), the following inequality must be fulfilled:

gcd.N; P /

N
fCLK � 3 � fCLK

2 � OSR
>

fCLK

2 � OSR
�! gcd.N; P / > 2 � N

OSR
: (5.1)
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Fig. 5.2 Monte-Carlo simulation of †�-DAC

With OSR D 24 we get gcd.N; P / > 5:3. We choose P D 8 and thus expect
the first spurious tone around 13.25 MHz. With a maximum signal frequency of
2.2 MHz the fundamental tone mixes to 11 MHz and its third harmonic to 6.6 MHz.
These frequencies are conveniently filtered out with the analog reconstruction filter.

From Fig. 5.2 we can estimate the needed matching of the unit current cells that
allows to achieve a dynamic range (DR) better than 85 dB. The required accuracy
is approximately �.�I/=I < 0:5 %. Note that with DWA we would only need
�.�I/=I < 1 %, equivalent to an area reduction for the current-source transistors
of a factor 4.

5.1.3 Unit Current Cell

Figure 5.3 shows the schematic of the dual-polarity current cell. It consists of
two cascoded current sources that generate the unit currents IN unit and IP unit

of 6 �A each. The current-source transistors MSRCP and MSRCN are sized to
achieve a matching of �.�I/=I � 0:25 %, leaving a margin of approximately
0:25 % for additional effects, e.g., layout nonidealities and processing gradients.3

3The matching constants are derived from closely spaced devices with perfect common-centroid
layout to exclude long distance effects like processing gradients. It is not possible to maintain such



5.1 A 14-bit Low-Power D/A-Converter 137

MSRCN

MSRCP

MCASCP

MCASCN

VBIAS1

VBIAS2

VBIAS3

VBIAS4

IOUTP

IOUTN

bit

bit

D
Q

data

CLK

MDP

MDN

Fig. 5.3 Unit current cell

Current-source and cascode transistors of all current cells are biased by a common
low-noise biasing.

Depending on the input data bit, the switching quad steers the unit currents to
the virtual ground nodes of the transimpedance buffer. The switches are driven
with a pair of delay-equalized inverters. A local resynchronization latch controls
the sampling instant of the current cells. The sampling clock must be appropriately
buffered and distributed within the array, such that all current cells are updated
exactly at the same time.

The current switches are minimum-size transmission gates. Using an equal-
sized PMOS and NMOS transistor in parallel leads to first-order cancellation of
charge injection and clock feedthrough. The switch drivers are optimized to have
a symmetric rise and fall time with a crossing point at half the supply voltage.
The transmission gate MDP =MDN equalizes the delay of the inverted control signal
(bit) with respect to the non-inverted signal (bit), since the latter is passing through
one inverter more. It is important that these two signals have very fast edges, in
order to keep the switching transition as short as possible. During the transition the
impedance seen at the drain of the cascode transistors is not well defined and the
cell current partly discharges this node. The net charge error is signal dependent and
results in dynamic nonlinearity that is not suppressed by the DEM-algorithm.

a degree of matching in an extended current-source array, unless a complex matrix-based switching
scheme is employed [64].
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5.1.4 Low-Noise Biasing

As discussed in Sect. 2.3.2, the correlated bias noise is multiplied with the input code
sequence and appears as noise sidebands of the carrier(s) in the output spectrum.

The circuit of the DAC-biasing is shown in Fig. 5.4. The incoming noise from
the reference circuit is filtered with a first RC-low pass in the gate connection of
the first current mirror. After mirroring the reference current to the PMOS and
NMOS biasing transistors, a second RC-filter suppresses most of the biasing and
the remaining reference noise.

The reference current and the current in the biasing transistors are chosen ten
times as large as the unit current in the DAC-elements. The factor M0 in Eq. (2.34)
is thus 6.4 at low frequencies. The noise filter capacitors and the mirror transistors
in the biasing are sized sufficiently large to suppress the low-frequency noise, so as
not to degrade the upstream performance due to the transmitter noise [148].

The current branch after the first noise filter is given a four times larger current
(240 �A). Its contribution to the total bias noise is accordingly smaller, because the
current noise is attenuated by the same factor.

5.1.5 Output Stage

As shown in Fig. 5.1, the differential output currents of the unit cells are summed
at the virtual ground nodes of the operational amplifier and converted into a
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Fig. 5.5 Layout of unit current cell

voltage by the resistor in the feedback. A 12 pF capacitor in parallel with the
911 � resistor provides a feedforward path for the sharp current pulses and relaxes
the slew-rate requirement for the op-amp. On the other hand, the parallel RC-
combination in the feedback of the operational amplifier also introduces an LHP
real pole in the transfer function of the converter. In this design the pole is set
to approximately 15 MHz, such that it does not introduce a noticeable attenuation
within the bandwidth of interest. The first-order roll-off of the output stage is part
of the overall reconstruction filter.

The active element is a two-stage Miller-compensated operational amplifier
with a simulated DC-gain larger than 43 dB and a unity-GBW of approximately
300 MHz. The slew rate must be quite large in order to prevent slew-rate limitation
for larger input code steps, since this would result in code-dependent settling and
thus nonlinear distortion [148]. The simulated slew rate in this design is 210 V/ �s.

5.1.6 Layout

Figure 5.5 shows the layout of the unit current cell. The current-source transistors
MSRCP and MSRCN take up most of the area. The current switches are close to the
switch drivers and the resynchronization latch. The cascode transistors are sized to
make the drain to bulk capacitances of both polarities equal. Also the connection to
the current switches has the same length for both polarities. In this way, the parasitic
capacitance at the source node of the switches is also the same. This ensures that the
time constant associated with the virtual ground nodes does not dependent on the
input code.

Figure 5.6 shows the layout of the DAC-core. The 64 unit current cells are placed
in two rows of 32 cells with one pair of dummy cells at each side to guarantee
equal surrounding. The supply rails for the NMOS and PMOS current sources are
routed as a tree-structure to equalize the voltage drop in the source connection.
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Together with the dummy cells, the current sources that finally determine the
converter resolution contribute only about 25 % of the total area.4

The switching logic, comprising the current switches, the switch drivers, and the
resynchronization latches, makes up for 10 % of the converter area. The clock buffer
is placed in the lower left corner of the converter module. From there the clock is
distributed via two symmetrical clock trees to the current cells.

The low-noise biasing is at the right side, opposite to the digital data interface. It
consumes 25 % of the converter area, mostly due to the large noise filter capacitors.

The transimpedance output buffer is placed above the current-cell matrix, mainly
due to overall floorplan restrictions. Its area is dominated by the feedback capacitors
and is about 20 % of the overall converter area.

The remaining 20 % of the module area are used for the wiring and the supply
blocking capacitors, with 5 % accounting for the 64 data lines that have to be
distributed between the two rows of current cells.

Table 5.1 summarizes the relative silicon area of the various converter compo-
nents. The interpolation filter, digital noiseshaper, and barrel shifter are not included,
since they are integrated with a larger digital macro common to all channels.

The converter is implemented in a 1P6M 130 nm CMOS process. The feedback
capacitors in the output stage are realized as vertical metal-insulator-metal (MIM)
capacitors located at the top of the metal stack. The silicon area of the converter core,
i.e., without the digital noiseshaper, is 0.35 mm2. The binary to thermometer decoder
and the barrel-shift logic, not shown in Fig. 5.6, together occupy only 0.02 mm2.

4As is evident from Fig. 5.5, in terms of silicon area, the cascode transistors are practically
negligible in comparison to the current-source transistors.
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Table 5.1 Area contribution of the major building blocks

Converter component Area (mm2) Percentage (%)

Current sources 0.09 25
Switching logic 0.035 10
Low-noise biasing 0.09 25
Output stage 0.07 20
Wiring and blocking caps 0.07 20
Total 0.35 100
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Fig. 5.7 Static linearity with DEM activated

5.1.7 Experimental Results

The power dissipation of the converter core, clocked at 106 MHz, is only 9 mW from
a 1.5 V supply [148]. The active output stage uses 6 mW, while the static power
dissipation of the current matrix together with the biasing is 1.5 mW. The remaining
1.5 mW is dynamic power due to the current-cell switching, the clock buffer, the
binary to thermometer decoder, and the barrel-shift logic. The digital noiseshaper,
not included in this power figure, is estimated to add another 1.5 mW. This sums up
to a total power dissipation of only 10.5 mW for the whole D/A-converter.

Figure 5.7 shows the typical static linearity of the converter with activated DEM.
The maximum integral nonlinearity (INL) and DNL at the 14-bit level are 0.67/�0:5

LSB and 0.25/�0:2 LSB, respectively. A full-scale sine wave mapped onto this static
characteristic results in a harmonic distortion of better than �90 dBc, indicating the
maximum achievable distortion level.
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Fig. 5.8 Output spectrum with 300 kHz single tone

Figure 5.8 shows the measured output spectrum for a near full-scale single
tone at 300 kHz. The third harmonic is barely visible above the noise floor at
approximately �90 dBc, consistent with the static nonlinearity level. However, the
nonlinear distortion is dominated by the second harmonic found at �85:3 dBc,
most probably limited by a slight imbalance in the output stage, or even by the
measurement equipment.

For a single-tone signal at 700 kHz (see Fig. 5.9), the second harmonic rises
to �80:7 dBc, while the third harmonic is now at �84:1 dBc. The linearity dete-
rioration at higher signal frequencies seems due to the increased switching activity.5

The MTPR as a function of the signal frequency is shown in Fig. 5.10. The Crest
Factor of the synthesized DMT-signal is CF D 5:6. The mean value of the MTPR,
averaged over all frequency bins, is close to 76 dB.

The intermodulation products that are outside the (downstream) transmit signal,
but fall into the (upstream) receive band, are measured by the missing band power
ratio (MBPR). The MBPR is a measure for the effect of the active near-end
transmitter on the receiver. The intermodulation products generated in the receive
band, weighted by the echo transfer function, are perceived as noise at the receiver
input. An example is shown in Fig. 5.11. The average MBPR for the upstream band
(Dreceive direction) is around 76 dB. The dynamic range (DR) of the converter is
slightly over 90 dB in a bandwidth of 1.1 MHz and reduces to 87 dB for the ADSL2-
bandwidth of 2.2 MHz.

5A rise-fall time mismatch of 200 ps would be sufficient to generate the measured HD2.
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5.2 A 12-Bit/14-Bit Multistandard DAC

VDSL is a family of DSL transmission standards that extends the spectrum usage up
to 30 MHz. With more bandwidth available, the data throughput increases accord-
ingly. For example, the VDSL2-30a profile uses the full DSL-spectrum from 25 kHz
up to almost 30 MHz and allows a symmetrical full-duplex data rate of 100 Mbit/s.
This data rate is however limited to a maximum loop reach of approximately
350 m (1.1 kft), because of the considerable attenuation of the twisted-pair line at
higher frequencies [29]. A high-quality VDSL-transmitter requires a linearity and
resolution in the range of 11.5–12 bits for a signal bandwidth up to 30 MHz. On
the other hand, ADSL and ADSL2C occupy a bandwidth of only 1.1 and 2.2 MHz,
respectively, but need a linearity/resolution of 13.5–14 bits in the transmitter.

In VDSL a multitude of different frequency band plans, even with country-
specific flavors, is in use. A multi-standard transceiver is able support all different
transmission standards with the same hardware. The analog and digital circuits
can be configured by software programming to suit the desired operating mode. In
general, this means that the analog and digital circuits, as well as the data converters,
must include a considerable amount of flexibility that allows them to be tailored to
the chosen transmission standard.



5.2 A 12-Bit/14-Bit Multistandard DAC 145

0 1 2 3 4 5 6 7 8 9 10 11 12 13 14
0

10

20

30

40

50

60

70

80

90

100

110

120

OSR

m
ax

(S
N

R
) 

[d
B

]

Maximum SNR with NTF(z) = (1−z−1)L, B = 6

L = 2
L = 3
L = 4

Fig. 5.12 Maximum SNR of a 6-bit †�-DAC with NTF.z/ D .1 � z�1/L

5.2.1 Low-OSR Noiseshaper

Equation (2.17) describes the maximum signal-to-noise ratio of an ideal L-th order
noiseshaper, whose NTF has L poles at DC, i.e., NTF.z/ D .1 � z�1/L. Figure 5.12
shows the achievable SNR as a function of the OSR with a physical resolution of 6
bits for different loop-order L.

As described in the previous section, for ADSL, a second-order noiseshaper and
a sampling rate of around 100 MHz are sufficient to achieve a resolution of 14 bits.
For VDSL, although we only need a resolution of 12 bits, a minimum oversampling
of 12.5 is necessary to achieve an SNR of 80 dB with second-order noiseshaping.6

Since the analog bandwidth is close to 30 MHz, this results in a minimum sampling
frequency of 750 MHz. Although converter sampling speeds well beyond 1 GHz
can be handled quite comfortably in the used 0.13 �m CMOS process [150, 151],
the dynamic power consumption for 64 unit current cells would be considerably
high. Another problem with high sampling rates is that the dynamic errors are in
general directly proportional to the clock frequency (see Sects. 4.1.3 and 4.1.4) and
it is therefore more difficult to achieve a certain linearity. For a power-optimized
high-resolution D/A-converter, it is highly desirable to choose the lowest possible
sampling frequency.

6Again, we desire to have a design margin of about 1 bit.



146 5 Noiseshaped D/A-Converters

log

Fig. 5.13 Low-OSR third-order noiseshaper

One possibility to lower the sampling frequency of a †� converter is to increase
its physical resolution. By going from 6 to 8 bits, the minimum OSR with a second-
order noiseshaper becomes 7.25, equivalent to a clock frequency of 435 MHz.
Because the number of unit current cells is increased by a factor of 4, while the
original clock frequency of 750 MHz (for a 6-bit converter) is not even halved, this
approach seems rather disadvantageous.

More promising than just increasing the number of output levels is to change the
order L of the noiseshaping. With a third-order modulator of the form NTF.z/ D
.1 � z�1/3 we require an OSR of 8, or, equivalently, a sampling clock of 480 MHz,
while with a fourth-order NTF.z/ D .1 � z�1/4, we would even come down to
OSR D 6:35, or fCLK D 380 MHz.

A more aggressive noiseshaping also requires a higher-order reconstruction filter
to suppress the out-of-band quantization noise toward the line. As a practical rule
of thumb, the filter following the converter should at least have the order of the
NTF. In the transmit direction, we therefore wish to limit the noiseshaper order
to L D 3. This also minimizes the power consumption of the reconstruction filter,
since a third-order analog filter can in principle be realized with only one operational
amplifier [152, 153].

The block diagram of the chosen third-order noiseshaper is shown in Fig. 5.13.
It is a so-called cascade of resonators with distributed feed-back (CRFB) structure
[44]. Recall that an NTF with L > 2 cannot be realized by simply placing L zeros
at DC (z D 0), because the resulting modulator would be unstable. Instead, the
resonator formed with coefficient g1 creates a complex in-band zero that allows to
maximize the SNR, especially at a low OSR. At the same time, poles are introduced
into the NTF to improve the stability of the modulator [154].
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Table 5.2 Third-order
modulator coefficients Coefficient Value

a1 1.4438
a2 1.8626
a3 1.0158
b1 1.4438
b2 1.8626
b3 1.0158
b4 1.0000
g1 0.1623

By optimizing the position of the in-band zero and the poles of the NTF the SNR
of the modulator can be maximized, while at the same time stability is maintained.
This is done with dedicated MATLABTM functions7 from the Delta-Sigma Toolbox
[155].

For OSR D 6 and a 6-bit internal quantizer the resulting stable NTF with
optimized SNR is given by

NTF.z/ D .z � 1/
�
z2 � 1:838z C 1

�

.z C 0:04068/ .z2 � 0:00009464z C 0:3875/
: (5.2)

The coefficients for the CRFB structure are reported in Table 5.2.
The system clock is chosen to be 350 MHz, resulting in an analog bandwidth of

29.16 MHz for an OSR of 6. This is still perfectly suitable for VDSL2-applications
extending up to 30 MHz, since the tones close to the upper frequency band edge
are of less importance for the system throughput. Because of the already large cable
attenuation at 30 MHz, the transmitter noise floor can be higher in this frequency
range.

Figure 5.14 shows the in-band resolution of the digital noiseshaper as a function
of the signal amplitude. The maximum SQNR is slightly above 80 dB for a
�0.5 dBFS single-tone signal. The modulator can thus be driven very close to the
full-scale value before overload occurs. The dynamic range of the digital †�-
modulator is close to 82 dB, resulting in a design margin of more than 1 bit.

5.2.2 Interleaved Data Weighted Averaging

CLA in conjunction with low OSR requires a large pointer increment P in order to
push the modulation products of the signal and its harmonics out of the frequency
band of interest. Using Eq. (5.1) we get the following restriction:

7The functions synthesizeNTF.m, simulateSNR.m, clans.m, and realizeNTF.m are used to find a
stable NTF with optimized in-band SNR.
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Fig. 5.14 SQNR at output of digital noiseshaper

gcd.N; P / > 2 � N

OSR
D 2 � 64

6
D 21:33: (5.3)

Inequality (5.3) can only be fulfilled with P D 32. Since such a large pointer
increment does not provide effective averaging of the static linearity errors,8 a DWA
algorithm must be implemented.

DWA is the most effective barrel-shift algorithm in terms of resolution improve-
ment for any given unit current matching, because it has the highest average
element repetition frequency. Due to the increased number of switching transitions,
which also strongly correlates with the input data, any error associated with the
unit element transition is converted very efficiently in harmonic distortion. This
fundamental limitation is described in Sect. 4.1.

Return-to-Zero (RZ) is the most effective technique to eliminate the data
dependency of the transition errors and allows the implementation of DWA in a
current-steering DAC [82]. On the other hand, for an active output stage, we prefer
an NRZ output current. The Double Return-to-Zero architecture [47] resets each

8CLA is most effective with P D 1, because then any static input code c uses all elements of the
array in one revolution of the index pointer. With N D 64, P D 32, any static input code c � P

uses only 2c elements.
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Fig. 5.15 Interleaved D/A-converter with DWA

unit current cell for half a clock cycle and delivers a continuous output current, but
it is not very power-efficient at high clock frequencies (see also Sect. 4.2.7).

Figure 5.15 shows the implemented interleaved D/A-converter with DWA [133].
As described in Sect. 4.2.8, interleaving provides a full-clock reset period for each
unit element at half the switching activity, as compared to a Double-RTZ structure.
This allows to implement an effective Return-to-Zero at high clock frequencies
with relatively low power consumption, while delivering an NRZ output current.
To increase the static linearity of the two interleaved DAC-cores, the DEM-
algorithm operates independently on the two input data streams coming from the
multiplexer [156].

Behavioral Monte Carlo simulations (see Fig. 5.16) show that a matching of
�.�I/=I � 0:5 % is required to achieve a DR of 75 dB with an interleaved
converter using the third-order noiseshaper described above with OSR D 6. With
the same unit element accuracy, a second-order noiseshaper at OSR D 24 allows to
achieve a DR of 86 dB, adequate for ADSL-systems.

Even with ideal subconverters the performance of an interleaved converter array
is limited by systematic errors. In a Nyquist converter, a gain or phase mismatch
between the two interleaved converter cores gives rise to signal components at
1
2
fCLK ˙ fSIG, while a DC-offset produces a tone at 1

2
fCLK. In an oversampled

converter these signal components are normally outside the bandwidth of interest
and therefore pose no problem. However, in a †� converter array, the gain and
phase mismatch additionally causes the shaped quantization noise to leak into
the baseband [147].
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Fig. 5.16 Interleaved-DWA performance limited by random mismatch

Figure 5.17 shows the simulated SNR-loss of an otherwise ideal interleaved
D/A-converter as a function of the relative full-scale range (FSR) error and the
systematic phase error, e.g., caused by clock skew. A maximum SNR-loss of 1 dB
requires an FSR mismatch of better than 0.275 %, or an aggregate phase error of
less than 7.5 ps.

5.2.3 Converter Architecture

The converter architecture is shown in Fig. 5.18. It consists of two 6-bit dual-polarity
DAC-cores with 64 unit current cells each. The output currents of the unit cells are
summed at the virtual ground nodes of the transimpedance stage and converted into
the differential output voltage.

During the Return-to-Zero period, the current of all unit cells of the respective
DAC-core is shorted to the common node. This node is kept at a potential equal to
the voltage seen at the virtual ground nodes of the output stage by a single-ended
buffer. A large blocking capacitor CBATT absorbs high-frequency spikes that occur at
the common node during the switching transitions at the beginning of each sampling
period. Since the PMOS and NMOS current sources are nominally equal, only the
difference of the total P - and N -side current must be delivered by the common-
mode buffer. Because the switching activity at the common node is, to first order,
not data dependent, the speed requirement for the common-mode buffer is very
relaxed, such that it can be optimized for very low power consumption [133].
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Fig. 5.17 SNR-loss with third-order noiseshaper at OSR D 6

Fig. 5.18 Interleaved D/A-converter architecture
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Fig. 5.19 Interleaved D/A-converter floorplan

To maximize the matching between the converter cores, an intermeshed unit cell
placement is adopted. Figure 5.19 shows the floorplan of the interleaved DAC-array.
The 128 unit current cells of the two DACs are arranged in two rows and placed
alternately. A single low-noise bias circuit generates the gate voltages for the NMOS
and PMOS current sources. A row of dummy cells is placed at each side of the
current-cell array to avoid layout discontinuities at the edges.

A central clock buffer drives the sampling clock over two symmetrical clock
trees to the current-cell array. Every subbranch of the clock tree connects to an equal
number of unit elements from each DAC-core. The length of the clock line from the
clock buffer to every unit element is thus the same. This minimizes the global phase
error by averaging the local timing errors over the whole array.

The digital noiseshaper can be reconfigured by software programming. For
high-bandwidth applications, like VDSL, the third-order noiseshaper of Fig. 5.13
is selected. With a clock frequency of 350 MHz a signal bandwidth close to 30 MHz
is possible. For lower-bandwidth applications with higher OSR the noiseshaper can
be reconfigured to a lower order to optimize the out-of-band behavior and reduce
the digital power consumption. For ADSL, e.g., a second-order noiseshaper with a
clock frequency of 106 MHz (OSR D 24) is sufficient.

5.2.4 Current-Cell Design

The unit current-cell schematic is shown in Fig. 5.20. Transistors MBP , MCP and
MBN , MCN form the complementary cascoded current sources delivering 6 �A
each. The currents are switched to the outputs IOUTP, IOUTN during the active
sampling period, or to the common node during the reset period. The operating
mode is selected with the global signal ENABLE. With ENABLED1 the data input
DATA selects the polarity of the output current. With ENABLED0 the unit cell is
disconnected from the output nodes and the current is steered to the common node.

DATA and ENABLE are locally re-latched with the rising edge of the sampling
clock CLK. Appropriately scaled CMOS-inverters buffer the resynchronized
switching signals and drive the gates of the current switches. To avoid a discharge
of the cascode transistors’ drain nodes, the crossing points of the switching
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Fig. 5.20 Unit current cell for interleaved DAC

signals are shifted toward the supply rail, such that the current switch transistors
are never simultaneously off [117]. This is done by sizing the switch driver
inverters appropriately.

As shown above, a relative unit cell accuracy of 0.5 % is sufficient. To have
a certain design margin, the current-source transistors are sized and biased for a
matching of �.�I/=I � 0:4 % with respect to the differential output current.

5.2.5 Low-Noise Biasing

The biasing circuit for the interleaved converter is shown in Fig. 5.21. The noise
of the reference current is first filtered with the low-pass R1–C1. The reference
current is then mirrored to the NMOS and PMOS biasing transistors. The mirror
factor in Eq. (2.34) is maintained at M0 D 3:2 to keep the excess noise of the
biasing low. The biasing branch for the cascode transistors is given a current of
120 �A, equivalent to 20 unit currents. A low-impedance biasing driving the gate of
the cascode transistor helps to better suppress the switching transients coupled via
the gate-drain capacitances to the biasing lines VCP , VCN .

Figure 5.22 shows the measured output noise voltage density of the complete
D/A-converter for a midscale and full-scale static input signal. By applying
Eq. (A.20), the maximum SNR due to circuit noise for a 30 MHz bandwidth is
calculated to 77.8 dB. The corresponding dynamic range (DR) is limited by the noise
at midscale and amounts to 78.3 dB for this bandwidth.

For an ADSL2-bandwidth of 2.2 MHz, the calculated DR limited by circuit noise
is 89 dB, while the maximum SNR for a full-scale sine wave is 86 dB.
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5.2.6 Output Stage Design

The transimpedance output stage converts the current coming from the inter-
leaved current-cell arrays into an output voltage. A single-ended circuit model is
shown in Fig. 5.23.

Using the single-pole op-amp model of Eq. (4.8) and assuming a sufficiently
large DC-gain A0 >> 1, the frequency-dependent current to voltage conversion
can be approximated by

T .j!/ D VOUT.j!/

IDAC.j!/
� RL�

1 C j!

2�GBW

�
.1 C j!RLCL/

: (5.4)

If we assume that the GBW of the amplifier is sufficiently large, the feedback
capacitor CL can be used to trim the closed-loop circuit response. By increasing
CL, the LHP-pole on the negative frequency axis generated by the parallel RL–
CL combination decreases in frequency and ultimately causes an unacceptable
attenuation at the upper edge of the signal bandwidth. On the other hand, a larger
CL helps to lower the slew rate of the output voltage for a given input current step
and thus relaxes the slew-rate requirement for the amplifier.

The step response of the circuit in Fig. 5.23 to the LSB-current step can
be calculated by performing the inverse Laplace transform of T .s/ multiplied
by ILSB=s:

aLSB.t/ D L �1

�
ILSB

s
T .s/

�
D RLILSB

 

1 C K�e� RLCL
2�GBW �t � e�2�GBW�t

1 � K�

!

:

(5.5)
Assuming no limitation in the operational amplifier, the slew rate of the output
voltage for an LSB-step is given by the first derivative of aLSB.t/ with respect
to time t :

SRLSB.t/ D RLILSB �
2�GBW

RLCL

e� t
RLCL � .2�GBW/2e�2�GBW�t

1 � K�

: (5.6)
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Fig. 5.24 In-band attenuation and output voltage slew rate

As long as the system remains linear, the LSB-step slew rate given by (5.6) will
scale with the height of the input code step. The output voltage pulse starting at
time t D 0 has its largest rate of change at time tSR;max, obtained by equating the
derivative of (5.6) to zero and solving for t :

tSR;max D RLCL � ln.K�/

K� � 1
: (5.7)

Finally, inserting (5.7) into (5.6), the maximum slew rate of the output voltage as a
function of the input code step can be determined:

SRmax D .dk � dk�1/ � RLILSB � 2�GBW � K
K�

1�K�
� � K

1
1�K�
�

1 � K�

: (5.8)

The maximum overall slew rate of the output voltage can now be determined from
the statistics of the input code sequence. Because it also depends on the noiseshaper
characteristics, a behavioral simulation is in general necessary.

Figure 5.24 shows the in-band attenuation and the maximum output slew rate as
a function of the feedback-pole frequency. In this example, the maximum frequency
of interest is 30 MHz. The output voltage slew rate is calculated with (5.8) for the
maximum code step produced by a 30 MHz full-scale single tone, assuming the
third-order noiseshaper of Fig. 5.13.
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In this design we choose the feedback-pole at 100 MHz for a maximum in-band
attenuation of less than 0.5 dB at 30 MHz. The resulting worst-case output slew rate
is 300 V/�s. Since the amplifier slew rate must exceed this value with sufficient
margin, we therefore target an amplifier slew rate of at least 1,000 V/�s.

The amplifier is a standard fully differential two-stage Miller operational
amplifier with PMOS input stage and class-A output stage, as shown in Fig. 5.25.
The GBW of the amplifier is set close to 1 GHz, roughly a factor three higher than
the targeted clock rate. The simulated worst-case slew rate is above 1,400 V/�s,
giving almost a factor five margin to the maximum output voltage slew for the
largest expected code step.

For lower-bandwidth applications with lower clock frequency and higher OSR
the bias current of the operational amplifier is reduced accordingly. Also the
feedback capacitor is increased for improved out-of-band filtering.

5.2.7 Layout

The converter is implemented in a 0:13 �m 1P6M standard CMOS process
with high-quality vertical MIM capacitors located at the top of the metal stack.
Figure 5.26 shows the unit current cell-layout. When comparing with Fig. 5.5, the
most remarkable difference is the increased amount of digital logic. This is partly
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Fig. 5.26 Unit current-cell layout
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Fig. 5.27 Layout of interleaved D/A-converter

due to the more complex current-cell functionality required by the interleaved
architecture. Also, the higher clock frequency inherently requires larger transistor
sizes in the digital gates to optimize the switching speed. Note that the current-
source transistors now only account for roughly 30 % of the total current-cell area.

The layout of the complete converter module is shown in Fig. 5.27. The current-
cell array contains two rows of 64 unit cells each. With additionally two dummy
cells at either side of each row, the total number of cells in the array amounts
to 136. The active cells belonging to DAC1 and DAC2 are placed alternately to
maximize the static and dynamic matching of the subconverters. On the top and
bottom of the current-cell array two symmetrical clock trees, driven by a single
clock buffer, distribute the sampling clock to the current cells.

Table 5.3 shows the area contribution of the different building blocks. Interest-
ingly, the total current-source area, responsible for the static unit cell matching,
occupies less than 10 % of the overall converter area.
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Table 5.3 Area contribution of the major building blocks

Building block Area (mm2) Percentage (%)

Current-source transistors 0.042 9.5
Unit current cells 0.14 31
Current-cell array C clock tree C data bus 0.22 51
Biasing 0.075 17
Output stage 0.1 23
Data interface 0.04 9
Overall converter 0:44 100
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Fig. 5.28 INL of interleaved D/A-converter

5.2.8 Experimental Results

The measured INL of a typical device is shown in Fig. 5.28. For the second array,
DAC2, the offset is removed, but the gain is not compensated. Therefore, the gain
error, or the full-scale range mismatch of the interleaved converters, is directly given
by the INL of DAC2 at the full-scale code. In this example it amounts to 1.145 LSB
at the 12-bit level, or 0.028 %.

Figure 5.29 shows the measured relative full-scale range error of the interleaved
converter arrays for 16 devices. Device 5 has the worst full-scale mismatch
of 0.18 %, still well within the limit of 0.275 % for a 1 dB loss in SNR due
to this effect.
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Fig. 5.30 1 MHz single-tone output spectrum

Figure 5.30 shows the output spectrum for a �1 dBFS (dBFS D dB relative
to full-scale) 1 MHz sine wave synthesized with a 350 MHz clock. The second
harmonic is at �82.4 dBc, while the dominant nonlinearity is the third harmonic
at �76.3 dBc.
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Fig. 5.31 Two-tone output spectrum at upper band edge

A two-tone signal at f1 D 25 MHz and f2 D 27 MHz is shown in Fig. 5.31.
Each tone has an amplitude of �7 dBFS. The third-order intermodulation product
at 2f2 � f1 is slightly below �76 dBc. This shows that the interleaved-DWA
architecture maintains high linearity also for signal frequencies close to 30 MHz.
The dominant nonlinearity is the active output stage.

The measured dynamic range of the converter for a clock frequency of 350 MHz
and OSR D 6, corresponding to a maximum signal frequency of 29.16 MHz, is
shown in Fig. 5.32. The dynamic range (DR) is 73.4 dB, corresponding to 11.9 bits.

Figure 5.33 shows a single-tone output spectrum in a low-bandwidth, low-power
mode. The converter is clocked at 106 MHz and the bias current of the active output
stage is reduced to 25 %. The 130 kHz, �1 dBFS sine wave is synthesized with a
second-order noise shaper. The third harmonic is found at �85 dBc. The DR in this
mode of operation is 86 dB for a 2.2 MHz bandwidth.

A corresponding two-tone signal is shown in Fig. 5.34. Both carriers are
at �7 dBFS and centered at 1.8 MHz with a spacing of 200 kHz. The odd-order
intermodulation distortion is better than �84 dBc.

With a clock frequency of 350 MHz the analog part of the converter draws 45 mW
from a 1.5 V supply. The bulk of the analog power consumption is evenly distributed
between the output stage (21 mW) and the dynamic switching power of the current
cells (22 mW). On the other hand, the static power consumption of the current cells
and the biasing, including the single-ended common-node buffer, adds up to only
2 mW. The digital part of the converter, including the DWA-logic and the data
multiplexer, consumes 17 mW from a 1.5 V supply. The total power consumption
of the converter, clocked at 350 MHz, is thus 62 mW.



162 5 Noiseshaped D/A-Converters

−60 −50 −40 −30 −20 −10 0
10

20

30

40

50

60

70

80

Signal Level [dBFS]

S
N

R
, S

N
D

R
 [d

B
]

Converter Resolution: CLK = 350MHz, OSR = 6

SNR
SNDR

Fig. 5.32 Converter resolution at OSR D 6

100 200 300 400 500 600 700 800 900 1000
−100

−90

−80

−70

−60

−50

−40

−30

−20

−10

0

frequency [kHz]

[d
B

F
S

]

CLK = 106MHz, NS2 + interleaved DWA

Fig. 5.33 Single-tone output spectrum

When the sampling clock is reduced to 106 MHz, the biasing current of the
output stage can be reduced drastically. In this case the analog part of the converter
consumes only 15 mW and the digital part 4 mW for a total of 19 mW. Remarkably,
this is still a factor 2 higher than the optimized design with comparable performance
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Fig. 5.34 Two-tone output spectrum

described in Sect. 5.1. This is mostly due to the remaining 10 mW of dynamic
switching power caused by the interleaved-DWA architecture. A further power
reduction in this mode is possible by using only a single subconverter with a simple
CLA-algorithm. Although not specifically tested, this would allow to approach the
performance efficiency achieved with the design described in Sect. 5.1.

5.3 Literature Comparison of Noiseshaped DACs

In order to compare different designs of the same type, an figure-of-merit (FOM) can
be introduced. It is, in principle, a single number which is calculated on the basis of
suitably chosen performance parameters. An FOM is usually defined to represent
the efficiency of a given device, i.e., the performance relative to the required
“investment” in resources. With integrated circuit design the invested resources are
usually related, either directly or indirectly, to power dissipation and/or silicon area.

For noiseshaped converters a typical FOM includes the dynamic range DR, the
analog bandwidth fB , and the power drawn from the voltage supply [44, 157]:

FOM1 D 2
DR�1:76

3:01 � fB

P
(5.9)

FOM1 has the form Speed � Accuracy2=Power, meaning that a factor of 2
increase in bandwidth or dynamic range (�3 dB in-band noise power) and halving
the power dissipated by the converter are all equivalent improvements. Since the
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Table 5.4 FOM1 comparison

Tech. Area Power DR fB FOM1

Label Ref. [�m] [mm2] [mW] [dB] [kHz] Œ103=pJ�

[Schouw91] [161] 1.6 7.3 100 115 20 42
[Su93] [162] 1.2 3 59 94 20 0.57
[Hama96] [163] 0.6 1.09 22 100 20 6.1
[Adams98] [47] 0.6 1.25 125 113 20 21
[Falak99] [114] 0.6 1.7 75 85 5,000 14
[Fuji00] [164] 0.6 1.77 145 120 20 92
[Gong00] [88] 0.35 4.7a 100b 120 20 133.7
[Annov02] [165] 0.35 0.78 28 98 20 3
[Rueger04] [166] 0.35 0.9 79.5 110 20 17
[Franc04] [167] 0.18 0.94 55 80 1104 1.34
[Nguyen08] [168] 0.18 0.53 1.1 108 24 920
[Giotta04] [148] 0.13 0.35 9 87 2,200 82
[Clara05,1] [133] 0.13 0.44 62 73.9 29,166 7.7
[Clara05,2] [133] 0.13 0.44 19 86 2,200 31
[Colon05] [169] 0.13 0.22 7.25 97 20 9.2
[Lee06] [170] 0.13 0.33 4 101 20 42
[Risbo11] [171] 0.045 0.16 0.875 108 24 1,157
a Total chip area reported in [88] is 9.4 mm2 for two channels, including padframe
bTotal power dissipation reported in [88] is < 200 mW for two channels

dynamic range, or accuracy, is dimensionless, FOM1 has the dimension of 1/energy.
For analog circuits, whose performance is only limited by device matching, a
quantity of the form Speed � Accuracy2=Power can be shown to be directly
proportional to a technology-specific constant [158–160]. Although this property
holds for simple enough circuits, it can also be extended, e.g., to low-resolution flash
ADCs, where accuracy, speed, and power are all limited by the differential pair in the
comparator input stages [160]. It is unclear, however, whether a similar fundamental
relationship could be established also for current-steering D/A-converters, since
switching speed and power are not directly related to accuracy, especially when
calibration or dynamic element matching are employed.

Table 5.4 shows a comparison of recently published designs with respect to
FOM1. Because the number of published current-steering D/A-converters intended
for DSL-applications is quite small, also switched-capacitor designs and audio
converters are included. A graphical representation of FOM1 over the inverse
silicon area is shown in Fig. 5.35. The x-axis is equivalent to the area efficiency
of the converter, while the y-axis is a measure for performance efficiency. Audio
converters are marked with “A.”

For audio applications a relatively clear trend in performance and/or area
efficiency is visible, accompanied by architecture shifts. While early designs have
been based on current-steering D/A-conversion, a boost, either in performance or
area efficiency, was achieved by switching to SC-architectures, together with a
migration to finer line technologies. Recently, current-steering audio DACs again
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demonstrate superior performance, due to drastically reduced power dissipation and
the employment of very efficient DEM-algorithms. Comparing [168] and [171], the
migration to smaller minimum dimensions, while keeping the same performance
level, still seems to bear a considerable advantage in terms of area efficiency of
the converter. However, such a migration usually entails a smaller output swing
due to the reduced supply voltage. This must eventually be recovered by providing
more voltage gain in one of the subsequent analog stages, e.g., the headphone driver.
Since the full-scale output voltage is not included in FOM1, the comparison given in
Table 5.4 and Fig. 5.35 is not completely fair from a system-level viewpoint, because
the need for an eventual amplification to drive the actual load is not reflected.

For wideband applications current-steering topologies seem to be more efficient
than switched-capacitor-based designs. The optimized ADSL-converter described in
Sect. 5.1 and [148] has a clear power and area advantage compared to the wideband-
DAC described in Sect. 5.2 and [133]. Although the power consumption of the latter
can be drastically reduced when operated with the same system parameters, the
increased dynamic switching power of the interleaved current-cell architecture still
causes a 10 mW penalty, resulting in a 2.6 times lower FOM1. This difference could
still be reduced considerably by switching off the interleaved RZ and operating the
converter with a CLA-DEM as in the other design. However, even in this case, a
2–3 mW power penalty is expected, mainly because of the overhead in digital logic,
which must obviously be designed to support a 3.5 times higher clock rate. These
results show that a design, which is optimized for a specific application, always gives
the best possible performance and silicon area than a design with multi-standard
capability, because the latter necessarily implies having a certain overhead. Again,
multi-standard capability is not reflected in FOM1.



Chapter 6
Advanced Current Calibration

Dynamic current copying is a technique that allows to continuously trim the single
DAC-elements in the background. One current source at a time is taken out of the
DAC-array and compared with a reference current. Then a negative feedback loop
is established, and, by controlling the DAC-element, or a part thereof, in a suitable
way, its current is forced to equal the reference current. When the calibration is
completed, the trimmed DAC-element is switched back into the DAC-array and
continues to take part in the data processing. At the same time the next DAC-element
is put into calibration mode. When all current sources of the array are trimmed, the
calibration cycle starts anew.

For uninterrupted operation in the foreground, suitable redundancy must be
included in the DAC-array. This means that the element under calibration must
always be replaced by an identical element that takes over the data processing task.
Thus, correct data multiplexing in accordance with the calibration cycle is necessary.

In general, background calibration in a current-steering D/A-converter requires
the following elements:

• DAC-element with current-trimming facility
• Reference current
• Current measurement and control circuitry
• Data multiplexing unit
• Redundant DAC-element to replace current source under calibration

In this chapter we describe two hardware realizations of current-steering
D/A-converters that employ dynamic current copying for continuous background
calibration. Both testchip modules are fabricated in a 0:13 �m CMOS technology
and use a single 1.5 V supply voltage.

The first design is a general-purpose 13-bit single-polarity current-steering DAC
with passive on-chip termination [42]. The sampling clock can be chosen in the
range of 100–200 MHz. A segmented calibration architecture not only trims all
the unary elements in the MSB-segment but also the segment boundaries by
making the sum of the elements in the lower segments equal to the unit element

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 6,
© Springer-Verlag Berlin Heidelberg 2013
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in the next higher segment. Furthermore, the characteristic tone generated by the
cyclic calibration process is eliminated by introducing a random time base into the
calibration control.

The second design is a 13-bit dual-polarity current-steering DAC with active
output stage [93]. It employs a sampling clock in the range of 130–300 MHz.
A self-calibrated variable reference current is introduced that allows direct trimming
of the unary elements in the MSB-segment and in the intermediate segment, while
the binary segment is trimmed by boundary matching. A full-clock interleaved D/A-
architecture is implemented for improved dynamic performance.

6.1 A Self-calibrated 13-Bit 100–200 MS/s D/A-Converter

6.1.1 Converter Architecture

The converter architecture is shown in Fig. 6.1. It is a 13-bit single-polarity seg-
mented current-steering DAC with resistive on-chip termination. The segmentation
of the converter is 6 C 2 C 5 bits, wherein the two upper segments, MSB and
ULSB, are unary arrays and the lowest segment (LLSB) is binary coded. The
current sources are PMOS-type; thus the terminating resistors are connected to the
ground rail.

The choice of segmentation is always determined by conflicting requirements.
Although a unary array would offer the best possible dynamic performance, the
silicon area required by the digital decoding logic and the number of data lines
from this decoder to the current cells grows exponentially with the number of
bits assigned to the unary segment. With 6 bits in the MSB-array the area for the
decoding logic and the digital wiring is still moderate. To reduce the magnitude
of the potentially problematic binary transitions still further, an intermediate unary
segment (ULSB) of 2 bits is introduced, adding negligible overhead in digital
decoding and bit-line wiring.

The MSB-array consists of 64 unit current sources comprising one redundant
element needed for the background calibration. The ULSB (DUpper-LSB) array
contains three current cells plus one dummy cell used only during calibration.
Because the ULSB-array is trimmed as a whole, a second identical ULSB-array is
included. The two ULSB-arrays, ULSB-A and ULSB-B, are calibrated alternately in
every second calibration cycle. MSB- and ULSB-arrays are biased with a common
biasing, optimized for low-noise performance.

The 5-bit binary-coded LLSB-array (DLower LSB) has a dynamically adjustable
biasing used to trim the sum current in the LLSB-array. An extra dummy cell
is included for calibration. Also the LLSB-array together with the LLSB-biasing
is implemented twice (LLSB-A and LLSB-B) and calibrated alternately in every
second calibration cycle.
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Fig. 6.1 Self-calibrated DAC architecture

During calibration, the current comparator (ICOMP) compares the current from
the selected DAC-element, or a combination thereof, with the reference current IREF

from the reference cell and forces the current in the DAC-element accordingly. The
calibration process and the data multiplexing are controlled with a dedicated digital
logic included in the converter macro.

The full-scale current of the converter is 5 mA. With on-chip termination resistors
of 100 � the differential full-scale output voltage range is 1 V. Since the D/A-
converter is calibrated continuously in the background, it must be transparent with
respect to the data processing. This means that the DAC-element in calibration is
replaced by an equivalent, already calibrated DAC-element.

6.1.2 Trimmable PMOS Current Cell

The current cell of the MSB-array is shown in Fig. 6.2. The transistor MSRC with
fixed biasing delivers nominally 7/8 of the nominal cell current equal to 78:125 �A.
The gate-source voltage of the trim transistor MTRIM, with a nominal current of
1=8�78:125 �A D 9:76 �A, is set during calibration to adjust the overall cell current
to the correct value. We define the relative trimming range RTRIM of the current cell
by the ratio of the nominal drain current flowing in MTRIM and the nominal cell
current. The MSB-current can then theoretically be adjusted in the range ˙RTRIM,
in this design example ˙12:5 %. Note that in practice we try to use only about
one half of the maximum possible current range in MTRIM, since we must keep
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Fig. 6.2 Trimmable PMOS current cell

the current comparator within its linear range for approximately constant gain (and
bandwidth) of the calibration feedback loop.

The MOS-capacitor MQ helps to store the gate-source voltage of MTRIM between
two successive calibration slots. MQ has the same aspect ratio as MTRIM and its area
is four times as large. At the end of the calibration, switch S0 is opened and charge
is injected onto the gate node of MTRIM. With an equal-sized transistor S1 connected
as shown and switched in the opposite direction a large part of this error charge can
be canceled. This makes the initial current error �IDS.0/ in Eq. (3.41) very small.

The cascode transistor MCASC increases the output impedance of the current cell.
A MIM capacitor CCASC of approximately 650 fF is placed above each current cell
to decouple the gate node of MCASC. This improves the dynamic performance of
the converter by providing a high-frequency short for the switching spikes that are
present at the drain node of the cascode transistor and couple to VBCASC via the
gate-drain overlap capacitance.

The ULSB-cell is a scaled version of the MSB-cell. The width of all transistors in
the analog section, including MQ and the switches, is made a factor 4 smaller. In this
way the current densities remain the same and the matching between MSB-array and
ULSB-array is improved. Because the ULSB-cell uses the same resynchronization
latches and the same switch driver size as the MSB-cell, dummy current switches
are included to equalize the loading for the switch drivers.
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The LLSB-array has a calibrated biasing; therefore the LLSB-cells do not include
transistors MTRIM, S0, and S1. Among the LLSB-cells, transistors MSRC and MCASC

are binary scaled to deliver the correct output current. Again, the resynchronization
latches and the switch drivers are the same as in the MSB-cell. Also in the LLSB-
array the switch driver load is equalized with dummy current switches.

The inclusion of the calibration output branch in the current cell as shown in
Fig. 6.2 poses a certain problem for the implementation of the resynchronization
latch. Standard current cells only have two current switches always switching in
opposite directions, in which case a symmetric, differential latch structure can
be used [33, 34, 117]. The addition of a third switch to steer, once in a while,
the cell current toward the current comparator, makes the use of a differential
latch impractical, since each switch must be controlled independently from the
others. Single-ended latches are however problematic with respect to symmetrical
switching.

The standard buffer-latch circuit is shown in Fig. 6.3. The buffer inverter I1

drives the latch. When CLK goes high the NMOS-switch NSW is turned on and I1

overwrites the latch consisting of I2 and I3. Because I2 is usually a weak inverter,
this latch structure is sometimes also called a David-Goliath latch [34]. When
CLK returns low, I2 provides positive feedback to regenerate and store the written
data. Figure 6.4 displays the result of a SPICE-simulation showing the strongly
asymmetric behavior of the standard buffer-latch circuit with respect to the rising
and falling data transition.

The dependence of the on-resistance of the NMOS-switch NSW on the voltage at
nodes A and B makes the driving point impedance at the input of the latch (node A)
strongly dependent on the previously stored data. This effect causes a different
switch-on and switch-off delay, which is unacceptable for the resynchronization
latch in a D/A-converter. Instead, it is necessary to equalize the rising and falling
transition without making use of the inverted switch branch.1

The improved buffer-latch circuit used in this design is shown in Fig. 6.5. The
PMOS-switch PSW in parallel to NSW helps to keep the on-resistance between
nodes A and B low during the high-transition at these nodes. Because we want to
use only a single clock phase to control the latch, the gate of PSW is not controlled

1In a differential latch structure it is possible to minimize this asymmetry by cross-coupling of the
inverters I2 and grossly oversizing I1 and NSW [34]. This approach cannot be used for the current
cell of Fig. 6.2, because the calibration mode is not compatible with differential switching.
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Fig. 6.5 Improved buffer-latch circuit

by an inverted version of the sampling clock but by the input data itself, specifically
by inverter I0, which also drives inverter I1.

The simulated transition of the improved buffer-latch circuit is shown in Fig. 6.6.
The rising and falling data transitions are now, at least in simulation, completely
symmetric and cross each other exactly at VDD/2.

6.1.3 Segmented Background Calibration

The MSB-cell in calibration mode is shown in Fig. 6.7. The cell current IMSB is
steered to the low-impedance node A of the current comparator. The potential at this
node is set approximately equal to the common-mode output voltage, such that the
current cell sees the same output voltage during calibration as, on average, during
normal operation.
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The difference current IMSB � IREF is transferred to the high-impedance node
B and develops an error voltage .IMSB � IREF/ � RB at the input of the differential
amplifier. RB is the impedance seen at node B . The resulting current imbalance
of the differential amplifier is mirrored to the adjustable current source transistor
MV , identical to MTRIM in Fig. 6.2. The DC-gain of the negative feedback loop is
given by

ACAL D 1

2
gmRB (6.1)
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gm is the transconductance of the differential pair transistors. The mirror ratio
between the PMOS-diode load of the differential amplifier and transistor MV is 1
in this design. Assuming complete settling of the calibration loop, the initial current
error �IMSB;0 of the cell is reduced by the DC-gain of the loop:

�IMSB; cal D �IMSB;0

1 C ACAL
D �IMSB;0

1 C gmRB

2

: (6.2)

We can calculate the minimum required value of ACAL by considering that the
residual current error of the MSB-cells must be smaller than 0.5 LSB. With a
resolution of M bits in the MSB-segment and an overall converter resolution of
B bits we get the following inequality:

max .j�IMSB; calj/ D
1

2
RTRIM � 2�M IFS

1 C ACAL
<

1

2
� IFS

2B
: (6.3)

We have included a factor 1/2 on the right-hand side to account for the fact that
we only want to use at most one half of the theoretical trimming range provided by
MTRIM. With RTRIM D 1=8, the minimum required DC-gain of the calibration loop
to achieve a worst-case calibration error of 0.5 LSB at the 13-bit level, assuming
full use of one half of the theoretical trimming range (˙1=2RTRIM), is given by

max .j�IMSB; calj/ D 0:0625 � 2�6IFS

1 C ACAL
<

1

2
� IFS

213
! ACAL > 14:36 � 23 dB: (6.4)

The negative feedback loop is stabilized by capacitor Cc that introduces a
dominant LHP real pole at �1=.RBCc/. With 6.1 the unity gain-bandwidth of the
loop is given by

2�GBWCAL D gm

2Cc

: (6.5)

Assuming a first-order system, the settling time constant becomes:

�CAL D 1

2�GBWCAL
D 2 � Cc

gm
: (6.6)

A nondominant pole in the feedback loop is generated by the on-resistance
of switch S0 and the storage capacitor CS , the latter also including the gate-
source capacitance of MV . Another nondominant pole occurs at the gate node of
the PMOS-diode load in the current comparator.2 For the phase margin of the
calibration loop we target a value of 70ı to achieve a settling behavior without

2This node is distributed throughout the current-cell array. The parasitic wiring capacitance is thus
substantial and exceeds the gate-source capacitance of the PMOS-diode by far.
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Fig. 6.8 Simulated open-loop AC-response of calibration loop

noticeable overshoot. This requires the first nondominant pole to exceed the unity
gain-bandwidth at least by a factor of 3 [48].

Figure 6.8 shows the simulated open-loop AC-behavior of the optimized calibra-
tion control loop, including also the parasitic wiring capacitance at the gate of the
PMOS-diode load. The simulated DC-gain is 37 dB and the unity-GBW is 1.45 MHz
with a phase margin of 76ı. If we assume that we need a settling time of 4 : : : 5 ��CAL

for the loop, we can expect a minimum calibration time of TCAL;min � 0:5 �s.
The ULSB-array is trimmed by comparing the sum of the output current of four

ULSB-cells with the reference cell and adjusting the current in the ULSB-array to
ideally achieve the following equality:

IREF D 4IULSB �! IULSB D 1

4
IREF D 1

4
IMSB: (6.7)

The circuit configuration for the ULSB-calibration is shown in Fig. 6.9. Since
the normal operation only requires three ULSB-cells, an extra dummy ULSB-cell is
included. This dummy cell is only used during calibration, otherwise its current is
dumped to the ground rail. The final accuracy of the operative three ULSB-cells with
respect to the MSB-cell is limited by the “intra-segment” mismatch of the dummy
ULSB-cell and by the calibration error given by Eq. (6.2).

To calibrate the LLSB-array to the size of one ULSB-cell, the total current of
the LLSB-array plus one additional current of the size of 1 LSB is summed to three
previously calibrated ULSB-currents and compared with IREF; see Fig. 6.10. Again,
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the additional LLSB-current is only used during calibration and otherwise dumped
to the ground rail. Via the bleeding transistor MVB , the LLSB-biasing is adjusted to
(ideally) fulfill the following equation:

IREF D 3IULSB C
X

ILLSB C 1ILSB �!
X

ILLSB D IULSB � 1 � ILSB: (6.8)

Together, Eqs. (6.7) and (6.8) describe the ideal segment boundary trimming
provided by the described calibration method. The accuracy within the lower
segments must be provided by intrinsic matching and thus requires proper sizing
of the current source transistors and identical surroundings.

The complete calibration cycle is shown in Fig. 6.11. First, all 64 MSB-cells
are trimmed to be equal to the reference current. Then one of the ULSB-arrays is
calibrated while the second ULSB-array is assigned to data processing. In the next
calibration slot the previously trimmed ULSB-cells are used to adjust one of the
LLSB-arrays. At this point the calibration cycle is finished and starts again from the
first MSB-cell. The two identical ULSB-arrays and LLSB-arrays are calibrated in
turn in every second calibration cycle. The trimmed array is immediately used for
data processing, while the current of the other array is dumped to the ground rail
during the following MSB-array calibration.

6.1.4 Randomized Calibration Cycle

The periodicity of the background calibration generates tones in the output spec-
trum. Suppose that each calibration slot has a fixed duration of TCAL. With a total
of N cells or sub-arrays in the calibration loop the fundamental refresh period is
given by
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Trefresh D N � TCAL �! frefresh D 1

N � TCAL
: (6.9)

The periodic switching of current cells into calibration mode and back, as well
as dynamic mismatches associated with the dynamic current copying from cell to
cell, introduces an error into the output signal. This error repeats itself in the rhythm
of the calibration cycle and thus introduces spectral components at multiples of the
fundamental refresh frequency frefresh [104].

In [107] the fundamental refresh frequency is chosen to be frefresh D 10:25 Hz
and falls outside the frequency band of interest ranging from 20 Hz to 20 kHz. Still,
tones at multiples of frefresh are below �110 dBFS. Generally, in newer CMOS
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Fig. 6.12 Generation of random calibration cycle

technologies, such a low calibration frequency is not possible due to higher leakage
currents.

Floating current sources with backside measurement and the possibility to trim
during normal operation do not require a redundant element and make the periodic
switching of current cells into calibration mode and back unnecessary [92,104]. As
a result, the calibration tones are greatly attenuated, e.g., in [92] the spurs are below
�93 dBFS. As described in Sect. 3.3.5, the implementation of the floating current
source becomes increasingly difficult with lower supply voltage. Also, the required
folding of the output current at least triples the static power consumption of the
converter.

A different approach is taken in this design. Instead of trying to minimize the
error source responsible for the generation of the calibration tones, we attempt to
destroy the periodicity of the calibration process itself. By doing so, the error energy
injected by the calibration should spread out spectrally and eventually merge with
the circuit noise floor.

Figure 6.12 shows the calibration control with randomized time base. At the
beginning of the calibration slot the down-counter is loaded with a number NCAL

that represents the length of the calibration slot in units of clock cycles. NCAL is the
sum of a fixed number (NFIX) and a random number (NVAR), the latter coming from
a random number generator. When the counter expires the calibration of the cell
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Fig. 6.13 Generation of the random time base

is finished. At the same time the random number generator is triggered to deliver a
new random number for the next calibration slot.

Given the period TCLK of the counter clock, usually the sampling clock or a
divided version thereof, the duration of a calibration slot with index k is given by

TCAL.k/ D .NFIX C NVAR.k// � TCLK: (6.10)

Since the random number generator can assume integer values in the range
0 � � �NVAR; max, the minimum and maximum calibration slot length is thus

TCAL; min D NFIX � TCLK

TCAL; max D .NFIX C NVAR; max/ � TCLK: (6.11)

A maximum-length linear feedback shift register (LFSR) is used as random
number generator in this design. With R shift register stages, the random number
sequence repeats after 2R � 1 cycles and has approximately a uniform probability
distribution [172]. Therefore the average calibration slot length is given by

TCAL D
�

NFIX C NVAR; max

2

�
� TCLK: (6.12)

The implementation of the random number generation with fixed offset is shown
in Fig. 6.13 [173]. The LFSR has a length of R D 32 and uses a primitive polynomial
of the form P.X/ D X31 C X30 C X29 C X28 C X27 C X21 C 1, known to generate
a maximum-length sequence. The fixed calibration slot length is programmable
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with the 11-bit register NFIX. The uppermost 11 bits of the LFSR are tapped with
AND-gates and transferred to the 11-bit register NVAR. The “amplitude” NVAR; max

of the variable calibration slot length can be set with the 11-bit word MASK. The
two register contents are summed together and the resulting 12-bit word NCAL is
subsequently loaded into the counter. When the counter expires, indicating the end
of the calibration slot, a pulse is generated at the shift-register clock line (UPDATE).
Subsequently, the LFSR is updated and the next random number is calculated and
loaded into the counter.

Note that a maximum-length LFSR with R D 32 and an average calibration slot
length of TCAL D 1 �s guarantees that the generated pseudorandom sequence
repeats itself only after 1 h:11 min. Thus, for practical purposes the periodicity of
the calibration process is eliminated.

6.1.5 Layout

The layout of the D/A-converter is shown in Fig. 6.14. From left to right we find the
bias block including the current comparator, the on-chip termination resistors,
the current source array, the clock driver, and the digital decoder comprising the
calibration control, as well as the data multiplexer. The sampling clock is buffered
by a strong clock driver placed exactly in the symmetry axis of the current-cell
array. The clock is then distributed symmetrically over two identical clock trees to
the current cells in the array. In this way all DAC-elements are nominally updated at
the same time. The signal current is converted into an output voltage by the on-chip
load resistors placed near the upper right corner of the biasing (in Fig. 6.14).
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Table 6.1 Area contribution of the major building blocks

Building block Area (mm2) Percentage (%)

Current-cell array 0:2 40
Biasing 0:12 25
Digital calibration control, decoders 0:07 15
Supply, data and clock routing 0:1 20
Overall converter 0:495 100

Table 6.2 Power drawn from 1.5 V supply

Building block CLKD100 MHz (mW) CLKD200 MHz (mW)

Analog 15 19
Digital 3 6
Total 18 25

Table 6.1 shows the area contribution of the most important converter building
blocks and elements. The current-cell array accounts for 40 % of the overall
converter area, while the current-source biasing makes up for 25 %. The major
contributor to the biasing area is the large MOS-capacitor used for filtering the
correlated bias noise.

The converter is implemented in a 0:13 �m 1P6M standard CMOS process and
operates from a 1.5 V supply. Capacitors CCASC in Fig. 6.2 are implemented as MIM
capacitors placed above the active area of the current-source transistors. Each DAC-
cell contains a 650 fF capacitor, so the total decoupling for the cascode bias adds up
to 52 pF.

6.1.6 Experimental Results

The power consumption of the converter is summarized in Table 6.2. The analog
part includes the current-cell array, the biasing and the clock driver, whereas the
digital part consists of the data decoders and multiplexers, as well as the calibration
control. The total power drawn from a split 1.5 V supply3 is 18 mW at 100 MS/s and
25 mW at 200 MS/s. These numbers already include the full-scale signal current of
5 mA.

Figure 6.15 shows the measured second harmonic distortion as a function of the
average calibration slot length TCAL. In order to exclude dynamic effects, a low
frequency, near full-scale single-tone signal is used and the average calibration slot
length is varied.

3In a mixed signal circuit it is good practice to separate the supplies of analog and digital modules
on chip level to minimize crosstalk. However, on PCB-level there is usually only a single regulator
for each supply voltage.
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Fig. 6.15 HD2 as function of the calibration slot length

For TCAL < 0:5 �s the calibration loop is not given sufficient settling time and
the trimming error is still large. This is consistent with the simulated AC-behavior of
the loop shown in Fig. 6.8. The optimum calibration slot length is found in the range
of TCAL � 1 �s. For TCAL > 2 �s the linearity starts to degrade again, because the
discharging of the storage capacitors in the current sources due to leakage currents
becomes too large.

The spectral effect of the randomization of the calibration slot length is shown in
Fig. 6.16. Without randomization (top), the fundamental calibration tone at frefresh

appears slightly below �80 dBFS. When the random time base is activated (bottom),
the energy residing in the calibration tone is spectrally spread out and appears as
noise.

The maximum spectral magnitude in the vicinity of frefresh as a function of the
normalized randomization “amplitude” NVAR; max=NFIX is shown in Fig. 6.17. We
use NFIX D 128, equivalent to TCAL; min D 0:64 �s with a system clock of 200 MHz,
as seen in Eq. (6.11). This minimum calibration slot length is required to achieve
proper settling of the calibration loop; see also Fig. 6.15 above. The optimum
amount of randomization is found in the region NVAR; max � 1 � � �2 � NFIX. The
maximum suppression of the fundamental calibration tone is 21.8 dB as compared
to the periodic calibration cycle without randomization.
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For larger NVAR; max the average calibration slot length again starts to become
excessively long and the degrading current source accuracy causes the noise floor
around frefresh to rise.

A 10 MHz single-tone output spectrum is shown in Fig. 6.18. The spurious
free dynamic range (SFDR) is limited by the second harmonic distortion found
at �73:6 dBc, while the third harmonic distortion is at �76:6 dBc.

The SFDR as a function of the signal frequency is shown in Fig. 6.19 for a
sampling rate of 100 and 200 MS/s. At low signal frequencies the SFDR is 83.7 dB
for both update rates. Without calibration the low-frequency SFDR is typically in the
range of 65–67 dB, limited by harmonic distortion due to current source mismatch.
Close to the Nyquist frequency the SFDR is limited by dynamic effects and drops
to 67.5 and 54.5 dB for a sampling frequency of 100 and 200 MHz, respectively.

The second and third harmonic distortion product as a function of the synthesized
frequency is displayed in Fig. 6.20 for a sampling frequency of 200 MHz. If we
assume a rise and fall time mismatch of 25 ps a good correspondence of the
measured HD2 with Eq. (4.18) is achieved for signal frequencies above a few MHz.
At 200 MS/s a rise/fall time mismatch of 25 ps corresponds to a net charge error
of 0.25 % of the unit current pulse area. Of course, also any other asymmetry in
the switch-on and switch-off transition of the unit current cell that produces an
equivalent amount of error charge can be the root cause of the perceived even-
order harmonic distortion. Likewise, the frequency dependence of HD3 can be
described with reasonable accuracy by Eq. (4.28). The circuit parameters C0 D 50 fF
and 
 D 0:085 have been obtained from layout extraction and SPICE-simulation of
the current cell.
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Fig. 6.21 Static linearity with calibration ON/OFF

The measured static nonlinearity of a typical device is shown in Fig. 6.21. The
INL and DNL of the uncalibrated converter ranges between �4:5=5 and �3:3=0:6

LSB, respectively. With the background calibration activated, the maximum INL is
˙0:8 LSB, while the maximum DNL reaches 0:4= � 0:3 LSB.

The MTPR-performance of the converter with a homogeneous multitone-signal
sampled at 200 MHz is shown in Fig. 6.22. The signal is located in the frequency
band of 500 kHz to 25 MHz and has a crest factor (CF) of 3.5. The average
MTPR is slightly below 69.3 dB. A multiband-DMT example is given in Fig. 6.23.
The signal has a carrier spacing �f D 8:625 kHz and a Crest Factor CF D 5:6.
The MTPR is measured at the output of a complete analog front-end (AFE),
where the D/A-converter described above is integrated together with a third-order
active reconstruction filter and an off-chip driver delivering 3 Vpp into a 400 �

load.4 The average MTPR/MBPR in this example is 65.2 dB, which makes this AFE
suitable for a high-performance VDSL2-modem.

4Since the D/A-converter has a full-scale range of 1 Vpp, the reconstruction filter and the off-chip
driver must amplify the signal by 3 (10 dB). The limiting nonlinearity for the MTPR in this example
is believed to be the off-chip driver.
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Noiseshaped Converter Mode

For low-bandwidth high-resolution applications, e.g., ADSL, a noiseshaped unary
converter generally has performance advantages, especially in terms of multitone
linearity. The main reason is the inherent static and dynamic homogeneity of a
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Fig. 6.24 Multimode converter block diagram

unary array as compared to a segmented converter. On the other hand, a multimode
transceiver may require to process also signals with much higher bandwidth
(e.g., VDSL), albeit in most practical cases with somewhat reduced linearity
performance.

In this design, the 6-bit MSB-array of the segmented converter is used as a
low-resolution unary DAC, driven by a compatible digital noiseshaper, while the
lower segments are switched to a balanced input code to avoid DC-offset. To
implement a converter that can process different input data formats, appropriate
digital multiplexer circuits are added [174]. A block diagram of the multimode DSL-
DAC is shown in Fig. 6.24.

A 1.4 MHz single-tone signal synthesized with the 6-bit MSB-segment, operated
at 106 MS/s using a second-order noiseshaper, is shown in Fig. 6.25. With the fun-
damental at �6 dBFS the third harmonic distortion is found at �86 dBc, indicating
that the background calibration scheme achieves a linearity of at least 14 bits.

The measured MTPR for a downstream ADSL-signal with a 1.1 MHz bandwidth
and a Crest Factor of CFD5.4 is shown in Fig. 6.26. The average MTPR calculates
to 76.7 dB, comparing favorably with the measurement shown in Fig. 5.10.

The MTPR for a downstream ADSL2C signal with CFD5.2 is shown in
Fig. 6.27. In the lower band, the average MTPR is 75.2 dB. Due to the 10 dB smaller
carrier amplitude in the higher band, there the average MTPR reduces to 67.6 dB.
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6.2 A 13-Bit 130–300 MS/s DAC with Active Output Stage

As already stated in Sect. 1.4.2, the drawback of a single-polarity current-steering
D/A-converter with resistive load is the reduced output voltage range, typically only
about 25 % of the supply voltage for a single-ended output. In a fully differential
architecture we thus can achieve roughly 50 % of the supply voltage as the full-scale
voltage range. Because the load resistors are connected to the rail, the common-
mode level at the output of the DAC is typically off-centered at about 12.5 % of the
supply voltage.

The input resistors of an active circuit, e.g., a reconstruction filter, connecting
to the converter will also load the DAC output. Moreover, since the operational
amplifier of the filter operates with a common-mode voltage approximately halfway
between the supplies, the connecting resistors will inject DC-current and shift the
common-mode voltage at the output of the DAC toward the opposite supply rail. In
order to maintain high linearity, we must either ensure that these “tapping” resistors
are much larger than the load resistors of the converter or the full-scale range of the
DAC must be reduced accordingly. Also, an operational amplifier circuit connected
to the D/A-converter output must be able to handle the common-mode level that
develops at its virtual ground nodes.5

5In case the DC-gain of this circuit block varies, the common-mode level also changes with the
gain.
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With an active transimpedance output stage, on the other hand, the converter
can interface naturally with other active circuit blocks, because the output voltage
is buffered by the operational amplifier and centered at the correct common-mode
level. Moreover, the full-scale range can be maximized to fit the linear range of the
other op-amp-based analog circuits in the analog front-end, typically twice as large
as for a single-polarity converter operating from the same supply voltage.

In this section we present a dual-polarity current-steering DAC with push-
pull output stage that is able to operate with high linearity up to 50 MHz signal
bandwidth [93]. The converter can be clocked up to 300 MHz, albeit at this sampling
rate only with an on-chip interpolation filter having an upsampling factor of 3, again
equivalent to a 50 MHz signal bandwidth. The segmented calibration principle with
segment boundary trimming, described in the previous section, is replaced partly
by a direct segment calibration architecture. Using a variable and self-calibrating
reference cell, we can directly trim the DAC-elements in different segments having
different weights.

Again, calibration spurs are attacked by randomizing the calibration time slot,
thus eliminating the short-term periodicity of the calibration process. It will be
shown that randomization not only eliminates the calibration refresh tones but also
suppresses the image tone resulting from the residual dynamic calibration mismatch
in the time-interleaved current-cell architecture.

6.2.1 Converter Architecture

The converter architecture is shown in Fig. 6.28. The 13-bit DAC-core consists of
trimmed dual-polarity current cells with a segmentation of 6C2C5 bits. This choice
is again driven by practical considerations. The uppermost (MSB) and intermediate
(ULSB) segment are unary arrays, while the lower segment (LLSB) is a binary
array. A full-clock interleaved current-cell architecture is used in the MSB- and
ULSB-segment that allows to implement an effective RZ-behavior with NRZ output
current waveform.

The current cells are continuously calibrated in the background, necessitating
the inclusion of redundant DAC-elements that take over the data processing when
needed. The calibration process together with the correct data multiplexing is
controlled by a dedicated calibration control logic.

Dynamic current copying is employed to trim the dual-polarity current cells.
Accordingly, two independent analog control loops set the P - and N -current in
the DAC-cells equal to the current of the dual-polarity reference cell.

The output current of the DAC-core is summed at the virtual ground nodes of the
operational amplifier and converted into a differential output voltage by the feedback
impedance. The amplifier has a push-pull output stage that can drive 1.5 Vpp into a
1 k� on-chip load. Since the nominal feedback resistance is 400 �, the differential
full-scale output current is set to ˙1.875 mA.
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6.2.2 The Current Cells

The calibrated dual-polarity MSB current cell is shown in Fig. 6.29. Trimming of the
cascoded current sources is done with the calibration transistors PTRIM and NTRIM

with a ratio of 1:15, resulting in a theoretical trimming range of ˙6:25 %. Again,
we restrict the “usable” trimming range to approximately ˙3 %.

MOS-capacitors MQP and MQN act as additional storage elements for the gate-
source voltage established by the calibration loop and also reduce the effect of error
charge injected when the MOS-switches S0;P and S0;N are turned off at the end
of the calibration slot. A first-order cancellation of the charge error is provided by
the equal-sized dummy switches S1;P and S1;N that are switched in the opposite
direction.

In normal operation the current of the cell is switched either to the output nodes
by the control signals A and B , or to the common-node VCM by signals C and D.
For trimming, the N -side and P -side currents are steered to the calibration outputs
ICALP and ICALN , while the control loop is closed by switches S0;P and S0;N .
Bypass capacitors CCASC are connected from the gate node of the cascode transistors
to the supply to absorb voltage spikes generated by the current switching process and
to prevent a data correlated disturbance of the cascode bias line.

In the unit current cell of the ULSB-array the widths of all transistors are scaled
down by a factor 4 with respect to the MSB-cell. Only the current switches and the
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Fig. 6.29 Calibrated dual-polarity current cell

transistors that are part of the calibration loop are not changed in size.6 The (linear)
trimming range for the ULSB-cell is therefore increased to ˙12:5 %. Although such
a large trimming range is not necessary, the advantage of this sizing is that the
dynamics of the calibration loop remain unchanged.

To eliminate dynamic errors, each DAC-element in the unary MSB- and ULSB-
array consists of two independent current cells (A and B) that are operated in
full-clock interleaved mode; see Fig. 6.30. The cells alternately deliver the output
current for a full clock cycle and are reset for the following clock cycle. During
reset the current is dumped to the common-node VCM that replicates the voltage
of the current-summing nodes (D virtual grounds) of the output stage. Each of the
cells therefore exhibits a full-clock RZ behavior, while the effective output current
of the DAC-elements is never interrupted, i.e., leading to an effective NRZ behavior.
The improved buffer-latch circuit with symmetrical rise/fall-time of Fig. 6.5 is used
for resynchronization of the input data. The switch drivers are sized to provide an
optimum crossing point for the switch control signals.

6This applies to the calibration transistors PTRIM and NTRIM, the storage capacitors MQP and MQN,
and the calibration switches and dummy switches S0;P , S0;N , S1;P and S1;N .
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The 5 C 1 LLSB-cells are binary scaled and not interleaved. Since the trimming
of the LLSB-array is performed in the corresponding current mirror, no calibration
transistor is necessary in the binary-scaled current cells. In the LLSB-cells (and also
in the ULSB-cells) dummy switches are added to the switch control lines to provide
identical capacitive loading. This allows to use a single optimized design for the
buffer-latch and switch-driver circuits.

6.2.3 Direct Segment Calibration

In the converter of Sect. 6.1 only the DAC-elements of the MSB-array are trimmed
directly by comparing their current with a reference current of the same nominal
value. The calibration control then adjusts the gate-source voltage of the calibration
transistor in the MSB-cell to make the two currents equal. The lower segments
are appropriately grouped together, and the sum of their currents is trimmed to be
equal to the reference current. In this way the segment boundaries are successively
matched to each other, limited only by the mismatch of the extra cells that are needed
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Fig. 6.31 Self-calibrating segmented reference cell

to achieve the nominal reference current value and by the steady-state error of the
fully settled control loop (assuming TCAL >> �CAL).

In this design the variable self-calibrated reference cell shown in Fig. 6.31 is
used. It consists of five (dual-polarity) unit reference currents that are continuously
calibrated in the background using the dynamic current copying principle. To this
aim, the so-called root cell provides two currents with opposite polarity and equal
size. The root cell sets the current in the single unit reference elements equal to the
nominal current of an ULSB-cell. In each calibration slot one of the five reference
cells is compared with the root cell and adjusted dynamically. The four remaining
(calibrated) reference cells can be used to trim the current sources in the main DAC-
array.

All four available reference cells are combined to trim the MSB-elements; see
Fig. 6.32. For the ULSB-cells only one reference cell is switched to the calibration
current output IREF, while the current of the unused reference cells is dumped to
the common-node VCM . Given the reduced weight of the LLSB-array, a segment
boundary match is performed by trimming the bias current mirror of the LLSB-
array. The sum of the LLSB-array (plus one additional 1-LSB dummy cell) is made
equal to one reference element. This matches the LLSB-segment directly to the
single ULSB-cell without the need to include previously trimmed ULSB-elements
in the comparison. The LLSB-array together with the biasing during calibration is
shown in Fig. 6.33.

A small digital state machine controls the calibration of the reference cells and
the amount of reference current switched to the calibration output IREF. It requires as
input the calibration clock CAL CLK, signaling the beginning of a new calibration
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Fig. 6.32 MSB-cell during calibration

slot, and the signal MSB CAL that indicates whether a MSB-cell must be calibrated
in the main DAC-array.

Figure 6.34 shows the complete calibration cycle. In the first 64 slots the MSB-
cells are trimmed by comparing their current with the sum of 4 reference cells.
In the next four calibration slots the ULSB-cells are made equal to one reference
cell, while the remaining three available reference cells are idle. These unused
(idle) reference currents are dumped to the common-node VCM . In the last slot the
LLSB-array is boundary matched to the ULSB-segment, again by comparison with
a single reference cell. The unit elements in the MSB- and ULSB-segment each
consist of two interleaved current cells. These two cells are calibrated alternately
in every second calibration cycle. Since also the LLSB-segment consists of two
identical arrays that are calibrated in turn, the complete refresh cycle is 138 slots
long.

Randomization of the calibration slot length is applied to suppress the effect
of regular patterns generated by the calibration process. This also applies to the
somewhat more subtle effect of the reference repetition cycle, i.e., the period after
which a given cell in the DAC-array is calibrated again with the same set of
reference cells, without randomization also a possible source of tone generation. The
complete refresh cycle of the DAC-array consists of 138 slots, while the reference
calibration cycle comprises five slots. Since these two numbers are relatively prime,
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the reference “repeats itself” only after 138 � 5 D 690 slots. Assuming a minimum
calibration slot length of 0:5 �s, without randomization the reference repetition
pattern would appear as a spur below 3 kHz, in most applications far outside of
the frequency range of interest.7

6.2.4 Programmable Biasing

The DAC-biasing is shown in Fig. 6.35. The operational amplifier controls the gate
of transistor N1 to keep its source node at the voltage VREF. The drain current of N1,
given by VREF=RREF, is then mirrored to the bias transistors MBP and MBN. The gate
nodes of the current source transistors (VP SRC and VN SRC) are filtered with MOS-
capacitors CFILTP and CFILTN . Additional currents are generated to bias the cascode
nodes (VP CASC and VN CASC).

The PMOS-transistor PSU is included to reliably start-up the bias circuit at
power-on. If the gate of the cascode transistor P2 remains clamped to the supply

7Obviously from the viewpoint of most modern communication systems. Voice and audio codes of
course operate in this frequency range.
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Fig. 6.36 Operational amplifier of transimpedance stage

rail, e.g., due to leakage currents, then no current can flow into the PMOS-diode P1.
In this case the drain current of N1 starts discharging the gate node of PSU toward
ground. Eventually, PSU opens and pulls the gate of P2 downwards, allowing IREF

to flow into the PMOS-diode. Once current equilibrium in the mirror system is
established, the voltage at the gate of P2 will be lower than at its drain, reliably
turning off PSU. The start-up transistor PSU is almost minimum size and does not
load the current mirror nodes.

The programmable resistor RREF allows to trim the full-scale value of the
converter [175]. In this design RREF consists of 32 different resistors that can be
selected digitally. This resistor array implements a 20 dB range of the full-scale
current in 32 linear steps.

6.2.5 Push-Pull Operational Amplifier

The operational amplifier employed in the transimpedance output stage is shown
in Fig. 6.36. It is a fully differential two-stage design with PMOS input stage P1,
P2, active NMOS-load N1, N2, and push-pull output stage NOUTP=N , POUTP=N . The
common-mode output voltage is sensed with a compensated resistive divider and
fed back to the common-mode differential amplifier P3, P4. The NMOS-diode N4

controls the gates of the input stage load transistors to set the output common-
mode voltage equal to VCM. Miller-compensation with zero-nulling is applied as
frequency compensation around the output stage transistors.

The class-AB type biasing of the output stage is performed with the floating
battery NBATT, PBATT, which are biased with fixed current sources IBATTP=N . For
small signals the floating battery remains transparent and the gate of POUTP=N

follows the gate of NOUTP=N , thus doubling the effective transconductance of the
output stage for the same current. This almost doubles the power efficiency of the
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second stage. Only under heavy drive conditions, while one half of the output stage
is driven increasingly hard, the output transistor sitting at the opposite supply rail
is pushed toward a constant bias point and delivers a reduced drain current [176].
This region of operation is however never reached in this design, because the ratio
of maximum load current to quiescent current is set to approximately 1:6.

The standard translinear-loop biasing of the floating battery with a MOS-diode
stack [176, 177] has the drawback that the sensitivity of the quiescent current
toward process, supply voltage, and temperature variations8 is rather large. This
problem becomes especially cumbersome in newer CMOS technologies when high-
bandwidth requirements must be fulfilled since in this case the output stage and
floating battery transistors have quite small channel lengths and cannot be matched
very well with the stacked diodes of the translinear biasing branch, mostly due to
the considerably different drain-source voltages.

Figure 6.37 shows the implemented quiescent current control (QCC) that tries
to improve the poor PVT-sensitivity of the classical push-pull type output stage
with translinear biasing. A negative feedback loop forces the drain-source voltage
of the replica transistor NREP, biased with the reference current IREP, to be equal
to the output common-mode voltage. To that aim, the voltage at the drain of NREP

(node R) is compared with the reference voltage VCM, and the bias current in the
PMOS- and NMOS-diode stack, PD1, PD2 and ND1, ND2, is controlled accordingly.
Transistor P3 helps to further increase the output impedance of the replica current
source IREP. The negative feedback loop is symmetrically frequency compensated
with capacitors CC . Since NREP is a scaled version of NOUT and has the same drain-
source voltage VCM set by the control loop, the quiescent current in the output stage
is nominally given by the replica current IREP, multiplied with the ratio of the width
of NOUT and NREP:

IQ D IREP � WN OUT

WN REP
: (6.13)

6.2.6 Output Stage Optimization

The operational amplifier described in the previous section must be optimized for
large GBW and large slew rate. From simulation, the following parameters can be
retrieved:

• DC-gain A0 D 46 dB
• Unity gain-bandwidth GBW D 2 GHz
• Slew rate SR D 2400 V=�s

8Also called PVT-sensitivity.
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Fig. 6.37 Output stage quiescent current control
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Fig. 6.38 In-band attenuation and output voltage slew rate

For Nyquist operation the maximum input code step is equal to the full-scale
range. Figure 6.38 shows the calculated in-band attenuation occurring at the Nyquist
frequency (65 MHz) and the worst-case output voltage slew rate as a function of the
LHP-pole frequency implemented by the feedback impedance (fpole).

The operational amplifier should not limit the slewing of the output voltage pulse,
since this introduces distortion due to the code-step-dependent settling. To allow
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for enough design margin, we choose fpole D 100 MHz, resulting in a maximum
output voltage slew rate according to the linear model (Eq. (5.8)) of 800 V=�s. As a
compromise, the maximum excess in-band attenuation amounts to 1 dB at 50 MHz
and 1.5 dB at 65 MHz. Note, that in a NRZ-converter the sinc function introduces
almost 4 dB of additional attenuation at the Nyquist frequency [35].

6.2.7 Layout

Figure 6.39 shows the layout of the converter core. The current matrix is arranged in
two rows with the current sources in the center. The resynchronization latches and
current switches are placed to both sides of the current source array. The sampling
clock is buffered by a central clock driver and distributed symmetrically to the
latches in the current cells.

The prototype converter is fabricated in a 1P6M 0:13 �m CMOS process using
thin gate-oxide (D core) devices only. MIM capacitors are available and can be
placed above active area on the two topmost metal layers. This option is used for
the cascode biasing bypass capacitors CCASC (see Fig. 6.29), placed on top of the
current cells, in the output stage for the Miller-compensation of the operational
amplifier, as well as for the transimpedance feedback capacitors. The complete, not
area optimized,9 converter module measures 0:9 mm2.

9For example, 0:03 mm2 in the biasing are due to the very accurate full-scale current programming
in the range 0 : : : � 20 dB in 32 steps. This feature may not be needed in many applications.
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Fig. 6.40 Die photograph of converter core

Table 6.3 Area contribution of the major building blocks

Building block Area (mm2) Percentage (%)

Current-cell array 0:43 44.8
Biasing C calibration 0:24 25
Digital calibration control, decoders 0:035 3.6
Supply, data, and clock routing 0:15 15.6
Output stage 0:105 11
Overall converter 0:96 100

Figure 6.40 shows a die photograph of the converter core. It corresponds to the
layout shown in Fig. 6.39, except that it does not include the output stage located
farther to the right. Due to the mandatory metal filling in modern CMOS processes,
only the uppermost layers of the metallization structures are clearly discernible in
such photographs.

Table 6.3 summarizes the area contributions of the major building blocks. The
current-cell array occupies almost half of the total silicon area, one quarter is used
by the biasing, including the analog calibration circuitry. The digital calibration
control together with the data decoders and multiplexers consumes less than 5 %.
Interestingly, the top-level voltage supply routing plus the data and clock wiring
(� 16 %) is larger than the entire output stage (11 %).

6.2.8 Experimental Results

The prototype converter is tested with a sampling rate of 130 MS/s in Nyquist-
mode, and with 300 MS/s using an on-chip interpolation filter with an upsampling
factor of 3. Although in the latter case the signal bandwidth is limited to 50 MHz,
the spectral images due to the sampling process only appear above 250 MHz. This
greatly relaxes the reconstruction filter order but at the cost of higher power drain
and slightly reduced linearity performance of the converter. Thus, the optimum
transmitter architecture cannot be determined straightforwardly but also depends
on a variety of system considerations.
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Table 6.4 Power drawn from 1.5 V supply

Building block CLKD130 MHz (mW) CLKD300 MHz (mW)

Converter core—static 8.7 8.7
Converter core—dynamic 13.8 31.8
Converter core—total 22.5 40.5
Output stage 29 29
Digital 1.5 3.5
Total analog C digital 53 73
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Fig. 6.41 Calibrated static linearity

Table 6.4 reports the measured power dissipation of the converter for the
two operating modes when synthesizing a 1 MHz full-scale sine wave with the
interleaved RZ-mode activated. At 130 MS/s the total power drawn from the 1.5 V
supply is 53 mW. When the clock rate is increased to 300 MHz, the converter
dissipates 73 mW. In both modes, the active output stage consumes 30 mW, while
the static power dissipation of the converter core including the bias circuit amounts
to 8.7 mW. The rest is dominated by the dynamic switching of the current cells with
a slope of approximately 0:106 mW/MHz. At chip level a split analog/digital 1.5 V
voltage supply pair is used for the converter.

Figure 6.41 shows the static linearity of the converter with the background
calibration activated. The maximum INL and DNL are �0:53=0:42 LSB and
�0:27=0:19 LSB, respectively.
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Fig. 6.43 11 MHz single tone at 130 MS/s

Figures 6.42–6.44 show measured output spectra for a single-tone full-scale
signal at 500 kHz, 11 MHz, and 64 MHz, respectively, synthesized with a sam-
pling rate of 130 MS/s. Even close to the Nyquist frequency the linearity stays
above 73 dB. The optimized feedback network of the transimpedance stage (see
Sect. 6.2.6) consists of a 4 pF capacitor in parallel to the 400 � resistor. The resulting
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1 2 3 4 5 6 7 8 9 10
−100

−90

−80

−70

−60

−50

−40

−30

−20

−10

0

f [MHz]

[d
B

F
S

]

CLK = 300MHz

Fig. 6.45 1.4 MHz single tone at 300 MS/s

LHP real pole of the output stage is placed at 100 MHz. It contributes an additional
attenuation of 1.5 dB at the Nyquist frequency. Together with the attenuation of the
sinc function of 3.9 dB a total maximum in-band attenuation of 5.4 dB results. All
dynamic measurements are done with a full-scale output voltage of 1.5 Vpp.

Figure 6.45 shows the measured output spectrum of a 1.4 MHz full-scale signal
sampled at 300 MHz. A preemphasis filter is included into the digital interpolation
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Fig. 6.46 SFDR at 130 and 300 MS/s

such that the overall amplitude response remains flat over the whole signal
frequency range.

The SFDR-performance as a function of the signal frequency for a sampling rate
of 130 and 300 MS/s is shown in Fig. 6.46. At 130 MS/s, with interleaving enabled
(RZDON), the SFDR reaches 85 dB at low signal frequencies. It then remains above
80 dB for signal frequencies up to nearly 20MHz and drops to 73.8 dB close to
the Nyquist frequency. At 300 MS/s, we notice a degradation of a few dB for low
signal frequencies. Above 10 MHz the SFDR remains slightly above 70 dB and
finally drops to 68.7 dB close to the upper signal frequency band edge of 50 MHz.
With the interleaving turned off (RZDOFF), i.e., using only one half of the dual
current cells in the MSB- and ULSB-segments in NRZ-mode, the SFDR at 130 MS/s
still approaches 85 dB for low signal frequencies. Close to Nyquist, instead, the
SFDR drops to 54 dB. The effective RZ realized with interleaved current cells thus
improves the dynamic linearity of the converter by about 20 dB close to the Nyquist
frequency.

Two-tone output spectra at 130 and 300 MS/s are shown in Figs. 6.47 and 6.48.
The third-order intermodulation distortion for a closely spaced two-tone input
signal as a function of the center frequency is shown in Fig. 6.49. Again, at
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Fig. 6.48 21 C 23 MHz two-tone at 300 MS/s

300 MS/s we notice a slight degradation of the linearity, but in both cases with
interleaving enabled (RZDON), the IM3-products stay above 75 dBc over the
entire signal frequency band. With interleaving disabled (RZDOFF), the third-order
intermodulation at 130 MS/s steadily drops to 56 dBc around 60 MHz.
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Fig. 6.49 Third-order intermodulation at 130 and 300 MS/s

Figure 6.50 shows a four-band DMT-signal synthesized at 300 MS/s. It has a
bandwidth of 43 MHz, a carrier spacing of 50 kHz, and a Crest Factor of 5.4. Five
different symbols with the same Crest Factor have been evaluated and the resulting
MTPR/MBPR averaged. The worst-case MTPR is better than 62 dB and the MBPR
better than 65 dB. Also shown is a seventh-order polynomial fit for the multitone
nonlinearity, which can be used for system modeling. In such a model, the MTPR
and MBPR would remain above 66 dB over the whole signal band.

Of interest in a 2� time-interleaved converter architecture is the image tone at
1
2
fCLK � fSIG, generated by the aggregate gain and phase mismatch between the

interleaved current cells. Figure 6.51 shows the measured magnitude of the image
tone for a full-scale sine wave synthesized at 130 MS/s. Without calibration the in-
band image appears between �65 � � � � 55 dBc. Applying background calibration
without randomization pushes the image tone down by almost 20 dB. Finally, with
randomized calibration time slot the image tone is further suppressed and remains
below �100 dBc, very close to the level of the non-interleaved converter (RZ D
OFF). In both cases the image tone is still visible above the noise floor, indicating
a finite amount of digital crosstalk. With randomization the residual gain mismatch
stemming from dynamic effects of the calibration process is no longer constant over
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Fig. 6.50 Multiband-DMT with CFD5.4 at 300 MS/s

time, and the energy residing in the image tone is spectrally expanded into noise,
like the calibration refresh tones [93].

The above measurement results demonstrate an adequate performance level for
a next-generation digital communication system with a signal bandwidth up to
65 MHz, while using a dual-polarity current-steering D/A-converter with active
output stage and maximized output swing. This advancement is mostly due to
the full-clock interleaved current-cell architecture, realizing an effective return-
to-zero (RZ) with NRZ output waveform. Besides, this performance level also
requires a high-linearity operational amplifier (using a push-pull output stage
for high efficiency) with optimized feedback network. The correct choice of the
feedback capacitor relaxes the slew-rate specification of the amplifier considerably
but still contributes only a small additional in-band attenuation of 1dB for an
analog bandwidth of 50 MHz. However, in an oversampled application, the low-pass
frequency response of the output stage can easily be equalized by including a digital
preemphasis filter. Alternatively, the LHP real pole of the converter output stage can
be included into the overall transfer function of the reconstruction filter connected
to the DAC.

Time-domain randomization of the calibration slot not only suppresses the low-
frequency calibration refresh tones but is also effective in suppressing the image
tone resulting from the residual dynamic mismatch of the time-interleaved current-
cell architecture after calibration.
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Fig. 6.51 Image tone magnitude at 130 MS/s

6.3 A Figure-of-Merit for Nyquist D/A-Converters

The spectral performance of Nyquist-rate D/A-converters is in most cases charac-
terized in terms of the SFDR as a function of the signal frequency. A figure-of-merit
(FOM) definition for Nyquist D/A-converters that puts equal weight on the static
and dynamic linearity, bandwidth, and power consumption is found in [178]:

FOM2 D 2
SFDR(DC)�1:76

6:02 � 2
SFDR.0:5�fCLK/�1:76

6:02 � fCLK

P � 1
2
I 2

FSRLD
: (6.14)

As an approximation for the static linearity, the SFDR for a low-frequency single
tone is used, while the dynamic performance is represented by the SFDR for a signal
located close to the Nyquist frequency. The third factor in the numerator is the
sampling frequency. In the denominator we find the power dissipated as heat in the
chip. It results by subtracting the power delivered to the load from the total power
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Table 6.5 FOM2 comparison

SFDR SFDR
Tech. Area P CLK @ DC @ fCLK

2
FOM2

Label Ref. [�m] [mm2] [mW] [MHz] [dB] [dB] [103/pJ]

[Lin98] [33] 0.35 0.6 125 500 66 51 2
[Bug00] [104] 0.35 5.1 100 100 82 72 19
[VdB01] [117] 0.35 0.35 110 1,000 74 61 36
[AvB01] [179] 0.35 1 111 300 80 42 2.2
[Sco03] [76] 0.25 1.95 400 400 98 75 306
[Hyd03] [132] 0.25 0.44 53 250 75 76 114
[Hua04,1] [92] 0.18 1 97 200 76 61 9.9
[Hua04,2] [92] 0.18 1 97 200 85 44 4.0
[Tii01] [101] 0.18 1 20 100 84 34 2.9
[Cha06] [180] 0.18 3.2 177 100 75 75 12.1
[Cha07] [181] 0.18 3 127 150 85 83 203
[Dev06] [34] 0.18 0.35 22 250 74 62.5 57
[Dor05] [125] 0.18 1.13 216 350 80 65 19.7
[OSu04] [127] 0.18 0.44 82 320 95 40 16.7
[Con03] [103] 0.13 0.1 16.7 100 82 62 74.5
[Cla07,1] [42] 0.13 0.49 25 200 83.7 54.5 46
[Cla07,2] [42] 0.13 0.49 19 100 83.7 67.5 136
[Cla08] [93] 0.13 0.96 53 130 85 73.8 144
[Uen05] [182] 0.09 0.75 21.6 200 68 56 10.7
[Tan11] [183] 0.14 2.4 270 200 83 78.5 60.5
[Tse11] [184] 0.09 0.825 128 1250 75 66 75
[Lin09] [128] 0.065 0.31 188a 1,600 74 52.5 14
a Power dissipation is reported only for 2.9 GS/s in [128]. Therefore, FOM2 @ 1.6 GS/s is actually
higher than reported in the table and figure above

drawn from the supply.10 The duty factor D indicates the duty cycle of the output
current, i.e., D D 1 for a NRZ-DAC, while D D 0:5 for a half-clock RZ-DAC.

FOM2 also has the form Speed � Accuracy2=Power with the dimension of
1/energy. It is therefore inversely proportional to the energy required for the
conversion of one data sample, weighted with the product of the low-frequency and
high-frequency spectral performance of the DAC.

A comparison of recently published Nyquist-rate D/A-converters with FOM2

is summarized in Table 6.5 and displayed graphically in Fig. 6.52. Each design
is represented by a two-dimensional number given by (x D 2B /area, y D FOM2).
The x-coordinate is the inverse silicon area, normalized to the physical resolution
in binary exponential form. The y-coordinate is the FOM defined in Eq. (6.14),
normalized to the inverse energy quantum of 1/pJ. Thus, again, along the x-axis

10A closer analysis reveals that in most current-steering DAC designs the power delivered to the
load is much smaller than the total power drawn from the supply. Therefore, the numerator in
Eq. (6.14) can be approximated by the total power dissipation P with only a small difference in
the resulting FOM.
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Fig. 6.52 Comparison of Nyquist-rate DACs with FOM2

the converter area efficiency increases, while along the y-axis the converter
performance efficiency, represented by FOM2 improves.

As shown in Fig. 6.52, calibration naturally improves the area efficiency of D/A-
converters. Except for [101], the converters calibrated in foreground do not include
all the required trimming infrastructure on-chip; therefore the area efficiency of
these designs is overestimated. Uncalibrated designs, on the other hand, seem to
achieve the highest FOM2 with a resolution around 10 bits, showing also a clear
advancement with shorter gate lengths. The best power efficiency in this resolution
range, due to the lowest dynamic power dissipation, is achieved with a fully binary
architecture [34].

The implementation of DEM-techniques in Nyquist-rate D/A-converters is a
relatively new development [180,181]. Traditionally, element-shuffling is only used
in oversampled converters, leading to a gain in resolution after baseband filtering.
This advantage is clearly not available in Nyquist-rate converters, such that no
improvement in terms of dynamic range is possible. This is not reflected in the
definition of FOM2 in Eq. (6.14). However, when used in conjunction with current-
source calibration, DEM-techniques could help to make the element transitions
more signal-independent, leading to an increase in dynamic linearity, i.e., improved
SFDR at high signal frequencies.

Dynamic mismatch mapping (DMM) [183] attempts to reorder the switching
sequence in the unary MSB-array, with the goal to minimize static and dynamic
errors contemporaneously. This is done by comparing, e.g., at start-up, the static
and dynamic differences of the unit current pulses, as delivered by each individual
MSB-cell and a unique reference cell and, consequently, by remapping the MSB
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switching sequence. The remapping algorithm used in this example pursues the
objective to minimize the error energy for two consecutive transitions, i.e., it
assumes a digital input ramp. Nevertheless, it achieves a considerable boost in
dynamic linearity for single-tone and two-tone signals [183]. The implemented
DMM can be classified as a foreground calibration technique, because each MSB-
cell must first be characterized independently, before the optimum MSB-mapping
is fully established and data processing can commence. Due to the use of a not
power-optimized converter core in the demonstrator testchip, FOM2 seems to suffer
somewhat from increased power dissipation at the reported sampling rate.

The design described in Sect. 6.1 and [42] has a “sweet spot” for the performance
efficiency at around 100 MS/s, with a FOM2 almost a factor 3 higher than at
200 MS/s. Using an active output stage and interleaved-RZ, the converter described
in Sect. 6.2 and [93] achieves a 6 % higher FOM2 at 130 MS/s, although the dynamic
linearity has improved by more than 6 dB and the signal bandwidth by 30 %. The
reason is the increased power consumption due to the interleaved architecture and
the active output stage. On the other hand, the latter allows to increase the full-scale
range by at least 50 % and provides a buffered voltage output. These system-level
advantages are not reflected at all in the power efficiency definition of FOM2, solely
defined by the static and dynamic linearity, as well as the power dissipation at a
given clock rate.

For an SFDR-measurement, as required by (6.14), we need to monitor the full
Nyquist bandwidth, which tends to be time consuming for converters operating at
high clock rates. Also, it does not distinguish between spectral components related
to actual nonlinearities and, for example, disturbances injected via parasitic paths.
The latter are more related to on-chip isolation issues and may depend heavily on
the actual environment the converter is embedded in.

Alternatively, as a measure for the linearity at low and high frequencies in (6.14)
we could also use the “subtractive” third-order intermodulation products IM�

3

(see the definition (D.42) in Sect. D.7), obtained from two-tone measurements.
Since these intermodulation products always appear in close proximity11 to the
carriers, this would eliminate the ambiguity with respect to the origin of spectral
impurities, as well as the need to monitor the full Nyquist-spectrum.

Regardless of the nonlinearity measure used, a completely fair comparison
with a FOM based on very few and general parameters is only possible among
sufficiently similar converters, e.g., having the same physical resolution, load
resistance, sampling rate, and full-scale output voltage. The inclusion of more
parameters into the FOM-definition to cover more concurrent design aspects is in
principle possible, but this also tends to reduce the physical insight. Also, the proper
choice of the necessary weighting factors is not always obvious and may depend on
the scope of the definition.

11Of course, assuming a reasonably small carrier spacing.
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In this specific example, the FOM defined by Eq. (6.14) seems to favor designs
operating at “moderate” sampling frequencies with respect to the speed capability
of digital circuits fabricated in the given process technology, whereas converters
targeting very high signal bandwidths inevitably suffer from an overproportional
power penalty. Of course, this could eventually be equalized by choosing a different
weighting of the contributing factors in (6.14) but inevitably also leads to a FOM-
definition with a different scope.



Chapter 7
Conclusion and Outlook

7.1 Conclusions

High-performance CMOS D/A-converters suitable for SoC-integration in a digital
transceiver face stringent silicon area and power consumption constraints. The
resolution of these converters is fundamentally limited by the matching and the
finite output impedance of the current sources, circuit and jitter noise, as well as
a number of dynamic effects that dominate the spectral purity of the analog output
at higher signal frequencies.

The noise generated in the biasing of a current-steering DAC appears as
amplitude modulation on the output signal and adds to the noise-floor given by
the current sources and the I/V-converter. It is shown in Sect. 2.3.2 that multitone
signals are much less affected by the bias noise than a single carrier with the same
peak amplitude, because the modulated noise is distributed across a large number of
carriers with accordingly lower absolute value.

Any spectral impurity of the sampling clock also generates noise in the analog
output signal. While the NRZ-DAC shows a jitter-limited SNR equal to the ideal
sampler, for an RZ-DAC it approaches a finite value for low frequencies. This makes
the standard RZ-architecture very inconvenient for high-resolution converters.
Again, the jitter specification for multitone systems is shown (Sect. 2.3.3) to be
considerably relaxed, due to the distribution of the noise across a large number of
carriers. The developed analytical formulas are also verified experimentally.

Random mismatch affects the accuracy of the static converter characteristic.
Excluding all systematic effects that arise from the fabrication process, packaging
stress and thermal gradients, the static resolution is solely given by the sizing and
the chosen bias point of the current source transistors. A statistical formulation of
the yield as a function of the unit-cell matching for different converter segmentation,
calculated in Sect. 3.1, allows to calculate the minimum required current source area
for given linearity specification and desired fabrication yield.

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8 7,
© Springer-Verlag Berlin Heidelberg 2013
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The output resistance of the current sources limits the INL of the current-steering
DAC. The derived analytical expressions for the single-ended and fully differential
converter in Sect. 3.1.5 show that the latter is much less sensitive (with a factor
inversely proportional to the number of unit cells) toward this effect. Although
in today’s technologies the output resistance can still be kept sufficiently high,
eventually this will be one of the major limiting factors for the static linearity in
much more advanced CMOS processes.

In an idealized converter with perfectly matched current cells and instantaneous
charge redistribution at the beginning of the sampling period, three basic effects
limit the dynamic linearity (Chap. 4.1). Two of these are related to signal-dependent
error charges injected into the current outputs, either by asymmetries in the
current pulse shape or by a signal-dependent charging of the parasitic capacitance
connected to the source node of the current switches. The third effect is the
frequency-dependent output impedance of the unit current sources. While the signal
dependency of the switching errors can, at least in principle, be eliminated, the
output impedance of the current sources is a fundamental limit for the achievable
dynamic linearity. However, at least for still some technology generations to come,
it will be possible to make the output impedance of the DAC-elements reasonably
large, so as not to limit the dynamic linearity in fully differential designs.

Oversampled converters traditionally use dynamic element matching (DEM)
techniques to improve the static linearity. With large oversampling ratios, the simple
CLA can give an adequate improvement in resolution, provided that the tonal
behavior of this algorithm can be tolerated by the system. The design example in
Sect. 5.1 describes the implementation of a †�-DAC with CLA. The converter has
a signal bandwidth of 2.2 MHz and achieves a dynamic range of 87 dB with a power
consumption of only 9 mW from a 1.5 V supply.

For low oversampling ratio the simple, but very effective DWA algorithm cannot
be used in a current-steering D/A-converter, because the unavoidable switching
errors are highly signal correlated and cause large, frequency-independent distor-
tion. Return-to-zero (RZ) can in principle eliminate the direct relation between
the input signal and the switching errors, allowing the usage of DWA in a
current-steering converter. But the inherent 6 dB signal loss and the increased
jitter sensitivity make it impractical for high-resolution converters. With a time-
interleaved architecture an effective RZ can be implemented, while still preserving
the desired NRZ-waveform. The design example described in Sect. 5.2 is a †�-
DAC with a signal bandwidth close to 30 MHz and a DR of nearly 12 bits. The
converter can also be used in a low-power mode with reduced bandwidth (2.2 MHz),
but with a resolution increased to 14 bits.

Another method to increase the static linearity of a current-steering
D/A-converter is calibration. Dynamic current calibration is shown to be a suitable
method to achieve 14-bit resolution and beyond. Since the single DAC-elements
are trimmed in the background during normal operation, this method also adapts
to slowly changing environmental conditions. The design described in Sect. 6.1
introduces a segment boundary trimming that iteratively matches the sum of the
lower segments to the unit elements of the higher segments. The converter is
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supplied with 1.5 V and achieves a low-frequency SFDR close to 84 dB with a
power consumption of 25 mW at 200 MS/s.

A persistent problem of dynamic background calibration is the periodicity of
the calibration process itself. The introduction of a random calibration slot length
distributes the energy of the calibration refresh tones across a certain bandwidth,
achieving a spur attenuation of more than 20 dB and eventually merging the
calibration noise with the circuit-noise floor. The method is basically limited by
the leakage currents that discharge the storage capacitor in the DAC-cell over time.

The design described in Sect. 6.2 uses a self-calibrated variable reference cell that
allows direct trimming of DAC-elements in differently weighted segments. Only for
the lowest binary-coded segment a boundary match is performed. The interleaved
current-cell architecture together with an optimized transimpedance output stage
enables the converter to achieve a SFDR > 70 dB for signal frequencies up to
65 MHz. In an interleaved RZ-architecture with dynamic current calibration, the
residual dynamic mismatch due to the background calibration causes an in-band
image tone at 1

2
fCLK � fSIG. It is shown that the randomization of the calibration

slot length also eliminates the image tone in the same way as the calibration refresh
tones.

7.2 Outlook

It is expected that future research on current-steering D/A-converters will be focused
into the following directions:

• With the migration to CMOS technologies featuring smaller minimum gate
length, the “cost” of digital circuitry in terms of silicon area and power con-
sumption will continue to drop. This, in turn, will make the introduction of more
advanced element shuffling techniques, which, at the same time, provide (high-
order) mismatch shaping and constant switching activity, increasingly attractive.
Such advanced DEM-algorithms can also be used in Nyquist-converters to
increase the dynamic linearity. First design examples have been published in
[180, 181]. A potential problem with Nyquist-rate DEM is that the “mismatch
noise” is completely in-band. At least for full-Nyquist operation, there is thus no
inherent gain in dynamic range possible.
Nevertheless, an attractive combination could be the implementation of cali-
brated current sources together with special DEM-algorithms, which are opti-
mized to eliminate only the signal dependency of the DAC-element transitions. In
such an arrangement, the calibration would be responsible for the static linearity,
while the element shuffling provides the necessary decorrelation of the element
switching with respect to the input signal to achieve good dynamic linearity.

• In newer CMOS technologies the accuracy that can be achieved with dynamic
current calibration will be increasingly limited by the gate leakage current, unless
a thick gate oxide device is available and can be used within the available voltage
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headroom. Ultimately, dynamic current calibration will be replaced by discrete
current source trimming, e.g., using a local CALDAC in every current source.
In terms of area efficiency, a binary CALDAC with redundant coding might
be the optimum solution, although this necessitates a more sophisticated digital
calibration algorithm. Also the storage of the digital trimming value will require
increasingly less silicon area, as CMOS technologies advance.

• Direct current-source calibration, performed by comparing each DAC-cell with
a single reference element, is basically a “DNL-calibration”. This method is
found in most of today’s D/A-converter designs that employ self-calibration. The
main drawback of this method is that it does not take into account the additional
error of the code-dependent output impedance of the DAC-array. As the output
resistance of the current sources decreases with advancing technologies, this
factor might become the major limitation for future current-steering DAC
designs.
An “INL-calibration” technique, on the other hand, tries to trim the static DAC-
characteristic code by code, independent of the type of static nonlinearity error.
Therefore, not only a single reference element is needed for comparison, but
the complete ideal characteristic must be available. This is best done in the
digital domain by measuring the actual output code with an A/D-converter. This
CALADC must have a resolution and linearity that exceeds the DAC-resolution,
albeit only at DC. This could be achieved quite efficiently with a single-bit
†�-ADC at the expense of some silicon area.
Because the complete converter is needed for the output voltage measurement,
INL-calibration must be performed in foreground. If the absolute value of
the single DAC-elements, e.g., the difference to a stable reference element, is
additionally measured and stored, continuous calibration can still be performed
element-wise in the background. In this case the element trimming must also
keep track of the overall converter characteristic in relation to the value of the
single element. The cheaply available digital storage and computing power in
future CMOS technologies could make this approach feasible very soon.

• A global CALDAC seems to be the most area-efficient discrete calibration
device. Since it is a dynamic circuit, it is far more critical with respect to the
dynamic performance of the overall converter. The difficulty for a modeling
approach is that, after calibration, the switching activity of the global CALDAC
depends on the input code and on the initial mismatch within both converters,
different for each fabricated device.

• Calibration of dynamic effects will eventually become very important, especially
for wideband signal synthesis. A first implementation of a foreground technique,
based on a dynamic characterization of unary DAC-cells and reordering of the
switching sequence according to a minimum error energy criterion, has recently
been described in [183]. A dynamic error calibration that runs continuously in
the background, though, will be much more difficult to achieve, but it is the only
method that allows to track, independently from the actual system requirements,
also slowly changing environmental parameters, such as supply voltage and on-
chip temperature distribution. Since dynamic errors are related more or less to
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the behavior of the current switching and retiming circuitry in the DAC-cells,
the real challenge of such an approach will be the rerouting of the cell current
to an appropriate on-chip sensor, without altering the dynamic properties that
characterize the DAC-cell during normal operation.

• digital pre-distortion (DPD) to improve the dynamic linearity of a current-
steering D/A-converter is a technique not yet broadly established.1 Nonideal
effects that occur only at the moment of the switching transition, e.g., switching
asymmetries and charge sharing, could be described by frequency-dependent
nonlinearities. Once a suitable nonlinear model of the converter, e.g., based
on Volterra kernels, is established, the digital input signal of the DAC can in
principle be predistorted by a (nonlinear) digital filter and thereby cancel the
nonlinear distortion generated by the converter core.
One of the problems, when using DPD to linearize a D/A-converter, will be
the reliable identification of the nonlinear coefficients. To allow for an easy
measurement of the error energy during the identification process, the level
of the harmonic distortion due to the switching asymmetry and the charge-
sharing effect could be increased considerably by applying a suitable switching
algorithm, e.g., a standard DWA. In this case a single-tone measurement at
a very low signal frequency would be sufficient to determine the nonlinear
coefficients, e.g., using an eventually available CALADC. The question remains,
however, whether the dynamic error sources affecting the converter during
normal wideband signal synthesis truly follow the same, simple model. Also,
the whole DAC is required for the characterization, i.e., again we are at first
stuck with a true foreground calibration technique. Since we can, eventually, only
monitor the dynamic behavior of single DAC-elements in the background, the
extension to an adaptive tracking of the nonlinear coefficients related to the DPD
will only be possible, if we are able to extrapolate their relative change from the
individually measured dynamic behavior of the single DAC-cells.

1DPD is currently a very active area of research in the context of RF power amplifiers [185].



Appendix A
DAC Bias Noise Model

A.1 Bias Noise Model Without 1/f-Noise

We approximate the correlated bias noise of Fig. 2.14 using a white current noise
source with rms-value �IB that is filtered by a first-order low-pass with corner
frequency !p;Bias. Consequently, 1/f-noise is neglected in this model. The bias noise
has a (one-sided) PSD SB.!/:

In;Bias.!/2 � SB.!/ D 4�2
IB

!p;Bias
� 1

1 C
�

!

!p;Bias

�2
;

1

2�

1Z

0

SB.!/d! D �2
IB: (A.1)

With a sine-wave input d.t/ D Asin sin.!sint/ the (one-sided) output noise PSD
becomes

Si;SIN.!; !sin/ � I 2
n;Array C I 2

n;OS C A2
sin

SB.! � !sin/ C SB.! C !sin/

4
: (A.2)

The low-frequency bias noise is translated to the carrier frequency due to the
multiplication with the signal (see Fig. 2.16). Because the sampling operation of the
data converter is not considered, Eq. (A.2) is only valid for frequencies sufficiently
below Nyquist, where aliasing effects occur. The maximum noise density occurs in
the vicinity of the carrier frequency. For !sin >> !p;Bias we get

max .Si;SIN.!// D Si;SIN.!sin/ � I 2
n;Array C I 2

n;OS C A2
sin�2

IB

!p;Bias
: (A.3)
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If we synthesize a homogeneous multitone signal (see Sect. 2.2.5), the total output
noise is given by the sum of all carrier contributions:

Si;DMT.!/ � I 2
n;Array C I 2

n;OS C A2
DMT

NCX

kD0

SB.! � !k/ C SB.! C !k/

4
: (A.4)

With !k D !min C k�! for k D Œ0I NC � and !NC D !min C NC � �! D !max.
Using (2.7) we can write
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When the carrier spacing �! is much smaller than !p;Bias, then the noise density
does not change significantly when we increase the number of carriers and keep
the Crest Factor constant. Although the amplitude of the carriers ADMT decreases
according to (2.7), increasingly more carriers contribute to the noise.1 In the limit
�! ! 0 the discrete sum can be transformed into an integral and solved:
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: (A.6)

In the case of a sufficiently dense multitone signal with small carrier spacing the
total (one-sided) output noise PSD can thus be approximated by

1It can be shown that the average signal power per unit bandwidth remains constant.
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Si;DMT.!/ � I 2
n;Array C I 2

n;OS C 2

CF2
� A2

peak�
2
IB

!max � !min
.Bn.!/ C Bn.�!// ;

Bn.!/ D arctan

�
!max � !

!p;Bias

�
� arctan

�
!min � !

!p;Bias

�
: (A.7)

The maximum of the PSD occurs at 1
2
.!max C !min/, and, in case this frequency is

sufficiently larger than !p;Bias, we can approximate the maximum noise density by

max .Si;DMT.!// D Si;DMT

�
!max C !min

2

�

D I 2
n;Array C I 2

n;OS

C 4

CF2
� A2

peak�2
IB

.!max � !min/
arctan

�
!max � !min

2!p;Bias

�
: (A.8)

For wideband systems with !max � !min >> 2!p;Bias, the arctangent converges
toward �=2 and (A.8) can be approximated by
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(A.9)

If the noise injected by the DAC-biasing is dominant, then the ratio of the maximum
output noise PSD for a single-tone signal and a multitone signal is given by
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for !max� !min >>2!p;Bias: (A.10)

Equation (A.10) shows that especially wideband multitone systems are much less
sensitive to noise injected from the bias circuit. Therefore, a noise specification on
the basis of a full-scale single-tone assumption can lead to significant overdesign of
the DAC-biasing.

A.2 DMT Synthesis with Correlated 1/f-Noise

To also include 1/f-noise in the noise model of the DAC-biasing, we extend Eq. (A.1)
by including an additional term that is inversely proportional to frequency:
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!1=f is the corner frequency of the 1/f-noise (see Fig. 2.14). First we determine
the total noise power by integrating (A.11). Because the flicker noise component in
(A.11) would have infinite power at DC, we must introduce a lower limit for the
integration bandwidth, !F min:
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The value of !F min depends on the minimum frequency of interest, e.g., the symbol
rate in a DSL-system or an appropriate fraction thereof. Since we want the total
power of the correlated bias noise to be equal to �2

IB, the constant �F is given by
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Neglecting aliasing effects, the (one-sided) output noise PSD when synthesizing a
homogeneous multitone signal becomes
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Assuming a sufficiently dense multitone signal we can again approximate (A.14) by
performing the limit transition �! ! 0 and replacing the sum with an integral:
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Unfortunately, the integral in (A.15) does not exist for !min < ! < !max. Instead,
we can solve Eq. (A.15) for the regions ! < !min and ! > !max, i.e., outside of the
frequency band occupied by the carriers. For ! < !min, we get
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For ! > !max, instead:
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(A.17)
Figure A.1 shows a comparison of the calculated bias noise PSD and the result of a
time-domain behavioral simulation for a homogeneous multitone signal sampled at
200 MS/s. The following parameters are used in this example:

• Crest Factor: CF D 4:1

• DMT bandwidth: fmin D 10 MHz . . . fmax D 30 MHz
• Number of carriers: NC C 1 D 925

• Corner frequency of bias noise filter: !p;Bias D 3 MHz
• Flicker noise corner frequency: !1=f D 0:5 MHz
• Minimum integration frequency: !F min D 2 kHz
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Fig. A.1 DMT-signal with correlated 1/f-noise

Also shown in Fig. A.1 is the theoretical result for the same total noise power,
but without flicker noise component, as given by Eq. (A.7). Outside of the carrier
population the noise is accurately predicted by (A.16) and (A.17). It seems that
within the carrier population equation (A.7) can provide a reasonable estimate for
the correlated bias noise. This is only true as long as the DMT bandwidth remains
larger than the bias noise bandwidth, i.e., !max � !min > !p;Bias. Also, the carrier
spacing must be much smaller than the flicker noise corner frequency, �! << !1=f .
Very close to the band edges, where 1/f-noise components start to dominate, (A.7)
slightly underestimates the total output noise.

A.3 Maximum SNR Limited by Correlated Bias Noise

Let the noise voltage spectral density at the output of the D/A-converter for the
midscale and full-scale input code be given by Vn;MS.f / and Vn;FS.f /, respectively.
The correlated bias noise PSD is then the difference Vn;FS.f /2 � Vn;MS.f /2. Using
(A.2), the output noise power density when synthesizing a sine wave with maximum
amplitude 1 is given by
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Vn;DAC.f; fsin/2 D Vn;MS.f /2 C 1

4

�
Vn;FS.f 	 fsin/2 � Vn;MS.f 	 fsin/2

�
:

(A.18)
The total noise power NDAC is calculated by integrating (A.18). Suppose that the
correlated bias noise is completely within the bandwidth of interest fB . Then we
can write

NDAC D
Z

fB

Vn;MS.f /2df C 1

2

1Z

0

�
Vn;FS.f /2 � Vn;MS.f /2

�
df: (A.19)

With the full-scale voltage range VFS the maximum signal power is given by 1
2
V 2

FS.
The maximum possible SNR due to circuit noise, including the correlated bias noise,
is therefore

SNRmax D
1
2
V 2

FS

R

fB

Vn;MS.f /2df C 1
2

1R

0

�
Vn;FS.f /2 � Vn;MS.f /2

�
df

:
(A.20)

Finally, with (A.1) and assuming a load resistance RL:

SNRmax D
1
2
V 2

FSR

fB

Vn;MS.f /2df C 1
2
�2

IBR2
L

: (A.21)

The dynamic range (DR) of the converter (see Sect. 2.2.4) is defined as the resolution
for small signals, extrapolated to the full-scale value. Therefore, the correlated bias
noise is not limiting the DR of the converter:

DR D
1
2
V 2

FSR

fB

Vn;MS.f /2df
: (A.22)



Appendix B
Jitter Noise

B.1 Sampling Jitter Model

In general, we can describe the sampling clock by a sine wave with a random phase
term '.t/ [186]:

v.t/ D V0 sin.!0t C '.t//

!0 D 2�

T
(B.1)

'.t/ is a stationary random process with zero mean and represents the momentary
deviation from the linear phase behavior of an ideal clock signal. It is therefore
commonly called “phase noise”. For a first-order PLL with noiseless input the (two-
sided) PSD of the phase noise can be modeled by a second-order Butterworth low-
pass spectrum [51, 54]:

S'.!/ D
�

2�

T

�2
�2

LT

!PLL

1

1 C
�

!

!PLL

�2

1

2�

1Z

�1
S'.j!/d! D

�
2�

T

�2
�2

LT

2
(B.2)

S'.!/ in Eq. (B.2) is also called a Lorentzian spectrum. !PLL D 2�fPLL is a good
approximation of the PLL-bandwidth. In contrast to “white” clock jitter we now
speak of “colored” or “pink” jitter. For our purposes, the phase noise model of (B.2)
applies, with reasonable accuracy, also to higher-order PLL’s [51].

The sampling instants are given by the zero crossings of v.t/ in Eq. (B.1). The
deviations �Tk from the ideal sampling instants kT can be obtained by sampling

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
Microelectronics 36, DOI 10.1007/978-3-642-31229-8,
© Springer-Verlag Berlin Heidelberg 2013
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Fig. B.1 Sampling jitter model

v.t/ with an ideal clock videal.t/ D V0 sin.!0t/ having the same average (linear)
phase, but no random phase excursions. Assuming that the phase deviations are
small, '.t/ << 2� , we can write [53]

�Tk D T

2�
'.kT /: (B.3)

The stationary, zero-mean random process �Tk has a (one-sided) PSD and a total
power given by

ST .ej!T / D 2T � 1 � e�2!PLLT

j1 � e�!PLLT e�j!T j2 � 1

2
�2

LT

E
�
�T 2

k

� D 1

2�

�
TZ

0

ST .ej!T /d! D �2
LT

2
: (B.4)

The model for the sampling process is shown in Fig. B.1. The analog input signal
x.t/ is ideally sampled at instants t D k � T , along with the jittered sampling clock
and the first time derivative of the signal itself. The latter is then multiplied with
the timing error sequence �Tk to yield the linearly approximated amplitude error
sequence �xk .
The sampling process applied to a sine wave x.t/ D Asin sin.!sint/ translates the
PSD of the timing jitter sequence �Tk to the frequency of the sampled sine wave,
!sin. Because the amplitude error is proportional to the slew rate, i.e., the first time
derivative of the signal, the power of the resulting jitter noise is proportional to the
square of the signal frequency.

The (one-sided) jitter noise PSD Sj .ej!T / and the total jitter noise power Nj ,
obtained by integration over the first Nyquist band, are given by
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Sj .ej!T / D A2
sin!2

sin

ST

�
ej .!�!sin/T

�C ST

�
ej .!C!sin/T

�

4

Nj D 1

2�

�
TZ

0

Sj .ej!T /d! D 1

2
A2

sin!2
sin

�2
LT

2
: (B.5)

With the signal power of the sine wave, Psin D 1
2
A2

sin, directly the jitter-limited SNR
of Eq. (2.39) results.

In the vicinity of the carrier frequency !sin the (one-sided) jitter noise PSD can
be approximated by

Sj .!; !sin/ � A2
sin!2

sin
1
2
�2

LT

!PLL

2

66
6
4

1

1 C
�

! � !sin

!PLL

�2
C 1

1 C
�

! C !sin

!PLL

�2

3

77
7
5

1

2�

C1Z

0

Sj .!; !sin/d! D 1

2
A2

sin!2
sin

�2
LT

2
: (B.6)

B.2 Non Return-to-Zero DAC

When the NRZ-DAC processes a sine wave dk D Asin sin.k!sinT /, then the
normalized amplitude error sequence becomes

ek D Asin

T
� Œsin.k!sinT / � sin..k � 1/!sinT /� �Tk: (B.7)

Using the identity

sin.a/ � sin.b/ D 2 sin

�
a � b

2

�
cos

�
a C b

2

�
(B.8)

we can write

ek D 2
Asin

T
sin

�
!sinT

2

�
� cos

�
k!sinT � !sinT

2

�
�Tk: (B.9)
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Δ

Fig. B.2 Simplified timing error model for DAC

The power of the error sequence ek can be calculated as

E
�
e2

k

� D 1

2
A2

sin!2
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�
!sinT

2

�
E
�
�T 2

k

�

sinc.x/ D sin.x/

x
: (B.10)

The (one-sided) phase noise PSD and total jitter noise power of the NRZ-DAC are
given by

Sj;NRZ.ej!T / D A2
sin!2

sinsinc2

�
!sinT

2

�
ST

�
ej .!�!sin/T

�C ST

�
ej .!C!sin/T

�

4

Nj;NRZ D 1

2�

�
TZ

0

Sjitter.e
j!T /d! D 1

2
A2

sin!2
sinsinc2

�
!sinT

2

�
�2

LT

2
:

(B.11)
The signal power residing in the first Nyquist band of an NRZ-DAC is

Psin D 1

2
A2

sinsinc2

�
!sinT

2

�
: (B.12)

Combining (B.11) and (B.12), the generally valid expression for the SNR in
Eq. (2.39) results.

In case the maximum frequency of interest is sufficiently smaller than the Nyquist
frequency, such that the spectral shaping of the output signal due to the zero-order
hold can be neglected, then the simplified timing error model of Fig. B.2 is sufficient
[58,187]. The jitter noise PSD at the DAC output can then also be approximated by
Eq. (2.42), at least with respect to the bulk of the jitter noise power residing around
the carrier frequency.



B.3 Return-to-Zero DAC 235

Fig. B.3 Model for RZ-DAC with sampling jitter

B.3 Return-to-Zero DAC

The Return-to-Zero behavior is controlled by two clock edges in every sampling
period. We assume that both clock edges have the same statistical properties and
are generated from the same clock source by ideal frequency division. The clock
source, usually an integrated VCO, runs at a much higher frequency. Because the
PLL-bandwidth and the total power of the jitter sequence do not change, we can
write

ST;RZ.ej! T
2 / D T � 1 � e�2!PLL

T
2

ˇ
ˇ
ˇ1 � e�!PLL

T
2 e�j! T

2

ˇ
ˇ
ˇ
2

� �2
LT

2

E
�
�T 2

k

� D 1

4�

2�
TZ

0

ST;RZ.ej! T
2 /d! D �2

LT

2
: (B.13)

In Eq. (B.13) we assume that the timing jitter �Tk is sampled at a rate of
2=T . Therefore, also the integration for the total jitter power is performed from
0 to 2�=T .

We can model the RZ-signal generation at twice the sampling rate, as shown
in Fig. B.3. First we perform an upsampling with zero-insertion by a factor of two.1

1We only consider half-clock Return-to-Zero.
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The resulting code sequence dk, now at twice the sampling rate 2=T , is then applied
to the half-clock RZ unit impulse response p2.t/, having a duration of T=2. The
ideal output signal of the RZ-DAC can be written as

uRZ.t/ D
X

k

dk � 1 � .�1/k

2
� rect

 
t � k � T � T

4
T
2

!

: (B.14)

The term 1
2

�
1 � .�1/k

�
allows us to represent the input code sequence at twice the

sampling rate 2=T , because every second sample (even k) is automatically set to
zero. The nonzero samples (odd k) represent the original input data sampled with
the clock period T .

Assuming a sine-wave input, we have after the upsampling and zero-insertion
process:

dk D Asin sin

�
k!sin

T

2

�
� 1 � .�1/k

2
: (B.15)

The effect of the clock jitter on the falling edge of the output pulses inherently
contains a sign inversion. Instead of performing this sign inversion on the input
code sequence after the upsampling process, in the model of Fig. B.3, we perform a
modulation of the timing error sequence with .�1/k . This is equivalent to shifting
the jitter noise PSD of Eq. (B.13) from 0 to the clock frequency !0 D 2�

T
. The

modulated timing error is then multiplied with the sequence dk C dk�1, generated
by the hold function h.k/ D ı.k/ C ı.k � 1/. The error pulse sequence ek can be
written as

ek D .dk C dk�1/ � 2

T
�Tk � .�1/k: (B.16)

Using (B.15), the error pulse sequence ek can be expanded into

ek D 2

T
Asin

�
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�
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2
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4
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4
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� 2
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Asin.�1/k sin

�
!sinT

4

�
cos

�
.2k � 1/!sinT

4

�
� �Tk � .�1/k:

(B.17)

Finally the (one-sided) phase noise PSD of the half-clock RZ-DAC processing a
sine-wave signal is given by
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(B.18)
To derive the low-frequency limit of the jitter noise power Nj;RZ, we use the
following approximation for the (one-sided) jitter noise PSD when the signal
frequency converges toward zero:

lim
!sin!0
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(B.19)
By integrating Sj;RZ;0.!/ over the first Nyquist band we get an approximation
Nj;RZ;0 for the total jitter noise power of a RZ-DAC processing a very-low-frequency
sine wave:
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: (B.20)

Using the identity

arctan.x/ C arctan.y/ D arctan

�
x C y

1 � xy

�
for x � y < 1 (B.21)
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Eq. (B.20) becomes

Nj;RZ;0 D 4

T 2
A2

sin
�2

LT

2�
arctan

�
4!0!PLL

3!2
0 C 4!2

PLL

�
: (B.22)

Since !PLL << !0, we can use the approximation:

arctan.x/ � x for small x (B.23)

and (B.22) becomes

Nj;RZ;0 D 4

T 2
A2

sin
�2

LT

2�

4!PLL

3!0

: (B.24)

According to Eq. (1.9), the baseband amplitude of a half-clock RZ-DAC is reduced
by the duty factor D D TS =T . Therefore, the signal power residing in the first
Nyquist band with D D 0:5 is given by

PS;RZ D 1

2

�
Asin

2

�2

D A2
sin

8
: (B.25)

In contrast to an NRZ-implementation, the jitter-limited SNR of a RZ-DAC,
evaluated over the first Nyquist band, approaches a constant value for low signal
frequencies:

lim
!sin!0

SNRj;RZ � SNRj;RZ.0/ D �20 log10

�
4�LT

r
!PLL!0

3�3

�
: (B.26)

B.4 Jitter in Multitone Systems

In a multitone signal, the individual carriers are independently affected by sampling
jitter. The jitter noise PSD’s of the single carriers Sj .!; !k/ can be summed to yield
the total jitter noise PSD of a sampled multitone signal:

Sj;DMT.!/ D
NCX

kD0

Sj .!; !k/: (B.27)

When we use a PLL-clock for the data converters, then the phase noise contribution
of each carrier can be described by Eq. (B.5) or, at least in the vicinity of the
carrier, by the approximation (B.6). In an NRZ-DAC, the resulting jitter noise PSD
generated around each individual carrier k at frequency !k is given by
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: (B.28)

Using (2.7), the total jitter noise PSD, obtained by summing the contributions of all
carriers, can be written as

Sj;DMT.!/ � A2
peak�2

LT

CF2!PLL.!max�!min/

NCX

kD0

2

6
6
6
4

!2
k�!

1 C
�

! � !k

!PLL

�2
C !2

k�!

1 C
�

! C !k

!PLL

�2

3

7
7
7
5

!k D !min C k�! for k D 0; 1; : : : ; NC D !max � !min

�!
: (B.29)

When the carrier spacing �! is much smaller than !PLL, then the noise density does
not change significantly when we increase the number of carriers and keep the Crest
Factor constant. Although the amplitude of the carriers ADMT decreases according to
(2.7), increasingly more carriers contribute to the noise. The average in-band signal
power in a given bandwidth that is larger than the carrier spacing remains constant,
even if carriers are added or removed. The same is true for the average jitter noise
power obtained by integration of (B.29) over the same bandwidth. To first order, the
overall jitter noise PSD does not depend on the number of carriers, as long as the
condition �! << !PLL is fulfilled, i.e., for a sufficiently dense multitone signal [60].

In the limit �! ! 0 the discrete sum can be transformed into an integral and
solved:

lim
�!!0

NCX

kD0

.!min C k�!/2

1 C
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! 	 !min 	 k�!

!PLL

�2

�! D
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!min

�2
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! 	 �

!PLL

�2
d�: (B.30)

The total jitter noise PSD of a homogeneous multitone signal with sufficiently high
carrier density and �! << !PLL can thus be approximated by
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(B.31)

To calculate the frequency-dependent SNR per carrier, we observe that in a
homogeneous multitone signal, each carrier occupies a frequency band of �!,
equal to the carrier spacing. We are interested in the ratio of the local signal power
to the jitter noise power falling into the carrier bandwidth. As shown in Fig. 2.28,
repeated here for convenience as Fig. B.4, if the carrier bandwidth �! is small, we
can approximate the total jitter noise power for carrier k as

Nk � A2
peak

CF2
�2

LT.Bj .!k/ C Bj .�!k//
�!

2�
: (B.32)

The signal power of each carrier in a homogeneous multitone signal is equal to

Pcarrier D 1

2
A2

DMT � A2
peak

CF2

�!

!max � !min
: (B.33)

By combining (B.33) and (B.32) the SNR/carrier at frequency !k is obtained [60]:

SNR.!k/ D 2�

�2
LT.!max � !min/.Bj .!k/ C Bj .�!k//

: (B.34)
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Fig. B.5 Multiband DMT-signal affected by sampling jitter

Figure B.5 shows how a multiband DMT-signal is affected by sampling jitter. The
worst noise performance is expected in the highest band, while the lower bands are
gradually less affected by jitter.

Using (B.29) through (B.31), the jitter noise PSD of a homogeneous multiband
DMT-signal can be written as

Sj;DMT.!/ � A2
peak

CF2
�2

LT

LX

nD1

!max;n � !min;n

LP

kD1

.!max;k � !min;k/

.Bj;n.!/ C Bj;n.�!//: (B.35)

In the multiband case the PSD shape of each of the subbands must be taken into
account with Bj;n.!/ D Bj .!; !max;n; !min;n/. By assuming again �! << !PLL,
we can calculate from the carrier amplitude given by Eq. (2.8) and the noise PSD
(B.35) the jitter-limited SNR/carrier for the tone located at !k in a homogeneous
multiband multitone signal as

SNR.!k/ D 2�

�2
LT

LP

nD1

.!max;n � !min;n/ � .Bj;n.!k/ C Bj;n.�!k//

: (B.36)

Figure B.6 shows a comparison of the simulated and calculated jitter noise PSD for
a homogeneous multiband DMT-signal. Expect for frequencies close to the Nyquist
frequency, the jitter noise prediction according to Eq. (B.35) is reasonably accurate.
An experimental verification of the multitone jitter formulae derived above is found
in Sect. 2.3.3.
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Appendix C
Code-Dependent Output Resistance

In a current-steering D/A-converter, the cumulative output resistance of the current
cells connected to the same output node forms a current divider with the load
resistor. Because the number of current sources switched to the positive and negative
output depends on the digital input code, this current division becomes code
dependent and distorts the output characteristic of the converter. In the following we
will derive the integral nonlinearity (INL) of a single-ended and a fully differential
converter affected by the finite output resistance of its unit current cells.

C.1 Single-Ended Converter

Referring to Fig. 3.6, we assume that the DAC consists of N identical unit current
sources with current Iunit and output resistance Runit. With the input code k 2 Œ0I N �

the output currents delivered to the single-ended load resistors RL are

IOUTP.k/ D kIunit � Runit

Runit C kRL

IOUTN.k/ D .N � k/Iunit � Runit

Runit C .N � k/RL

: (C.1)

The single-ended output voltage is therefore

VOUTP.k/ D kIunit � RLRunit

Runit C kRL

: (C.2)

The ideal output ramp having the same endpoints, i.e., the same value for k D 0 and
k D N , is given by

M. Clara, High-Performance D/A-Converters, Springer Series in Advanced
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VOUTP;ideal.k/ D kIunit � RLRunit

Runit C NRL

: (C.3)

The difference �V.k/ between the actual output characteristic and the ideal output
ramp is proportional to the INL of the converter. Using (C.2) and (C.3), we get

�V.k/ D kRLRunitIunit �
�

1

Runit C kRL

� 1

Runit C NRL

�
: (C.4)

First we calculate the derivative of �V.k/ with respect to k:

d

dk
�V.k/ D RLRunitIunit �

�
Runit

.Runit C kRL/2
� 1

Runit C NRL

�
: (C.5)

Equating (C.5) to zero and solving for k, we get the code with the maximum
deviation of the actual output characteristic from the ideal output ramp:

RLRunitIunit �
�

Runit

.Runit C kRL/2
� 1

Runit C NRL

�
D 0;

Runit .Runit C NRL/ � .Runit C kRL/2 D 0;

k2R2
L C 2kRLRunit � NRLRunit D 0;

k D �Runit

RL

˙
s�

Runit

RL

�2

C N
Runit

RL

: (C.6)

Because, by definition, k must be a positive integer, we have only one valid solution:

kINL;max D �Runit

RL

C
s�

Runit

RL

�2

C N
Runit

RL

: (C.7)

Since in practice the output impedance of the current sources is always much larger
than the load impedance, we can find an approximation for kmax by letting the ratio
Runit=RL go toward infinity:

kINL;max � lim
Runit=RL!1

2

4�Runit

RL

C
s�

Runit

RL

�2

C N
Runit

RL

3

5 D N

2
: (C.8)

As expected, the maximum INL for the single-ended output will occur around
midscale. By inserting (C.8) into (C.4), we can calculate the maximum deviation
of the single-ended output from the ideal ramp:
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�Vmax � �V

�
N

2

�
D RLRunitIunit �

0

B
@

N

2

Runit C N

2
RL

�
N

2
Runit C NRL

1

C
A :

(C.9)
Assuming Runit >> N � RL, Eq. (C.9) reduces to [74]

�Vmax � IunitR
2
LN 2

4Runit
: (C.10)

If �Vmax is small, then we can approximate the actual single-ended LSB-voltage by
VLSB � IunitRL. The achievable worst-case INL for a single-ended current-steering
D/A-converter with finite current source output resistance is then given by

INLmax;s � �Vmax

IunitRL

D N 2

4
� RL

Runit
: (C.11)

C.2 Fully Differential Converter

Referring to Fig. 3.6, the differential output current for input code k can be written
as

IOUT.k/ D IOUTP.k/ � IOUTN.k/

D kIunit � Runit

Runit C kRL

� .N � k/Iunit � Runit

Runit C .N � k/RL

:
(C.12)

The differential output ramp is described by

VOUT.k/ D kRLRunitIunit

Runit C kRL

� .N � k/RLRunitIunit

Runit C .N � k/RL

: (C.13)

The ideal output ramp, fitted to the endpoints of Eq. (C.13), is therefore

VOUT;ideal.k/ D .2k � N /Iunit � RLRunit

Runit C NRL

: (C.14)

Subtracting (C.14) from (C.13) we get the deviation of the differential output
characteristic from the ideal output ramp:

�V.k/ D kRLRunitIunit

Runit C kRL

� .N � k/RLRunitIunit

Runit C .N � k/RL

� .2k � N /RLRunitIunit

Runit C NRL

:

(C.15)
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Differentiation of (C.15) with respect to k, solving for the zeros and performing
the limit transition Runit=RL ! 1, gives the approximate code positions of the
maximum deviation:

kINL;max � N � 3 ˙ p
3

6
D N

2
˙

p
3

6
N: (C.16)

MAPLETM has been used to obtain (C.16) from (C.15). Reinserting (C.16) into
(C.15) and assuming once again Runit >> N �RL, we obtain the maximum deviation
of the output characteristic from the ideal ramp in a fully differential implementation
with perfectly matched load resistors:

�Vmax �
p

3IunitR
3
LN 3

18R2
unit

: (C.17)

With the approximate differential LSB-size VLSB � 2IunitRL, the achievable worst-
case INL for a fully differential current-steering D/A-converter with finite current
source output resistance becomes

INLmax;d � �Vmax

2IunitRL

D
p

3N 3

36
� R2

L

R2
unit

: (C.18)

Because in calculating (C.11) and (C.18) we have performed the limit transition
Runit=RL ! 1, we are also interested in the prediction accuracy of the worst-case
INL as a function of the unit current-cell resistance. Shown in Figs. C.1 and C.2
are the relative error of the estimated worst-case INL for the single-ended and
fully differential DAC as a function of the ratio Runit=RL with the resolution as
a parameter. The relative prediction error is defined as

Error D INLcalc � INLsim

INLsim
� 100 %; (C.19)

where INLcalc is the calculated worst-case INL according to (C.11) and (C.18),
respectively. INLsim is the result of a behavioral simulation.
Interestingly, the prediction error is always positive, which means that the estimated
INL-error is an upper bound for the actual INL-error. Recall that for the derivation
of (C.11) and (C.18) we assumed an ideal converter with infinitely large output
resistance compared to the load resistor. If Runit > 3:2 � 105 � RL, the prediction
accuracy for a single-ended converter is better than 10 % for resolutions up to 16
bits. In a differential implementation we require for the same prediction accuracy
Runit > 6:9 � 105 � RL. These values are easily achieved in practical MOS-
implementations. Therefore, in most cases, Eqs. (C.11) and (C.18) will yield pretty
accurate estimations of the achievable worst-case INL-error due to the finite output
resistance of the current sources.
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Fig. C.1 INL prediction error for single-ended DAC

104 105 106 107
−5

0

5

10

15

20

Runit/RL

pr
ed

ic
tio

n 
er

ro
r 

[%
]

INLmax prediction error for differential DAC

10b 

11b 
12b 

13b 
14b 

15b 
16b 

Fig. C.2 INL prediction error for differential DAC



Appendix D
Switching errors

D.1 Generalized Switching Error Model

In the general model of a unary NRZ D/A-converter affected by transitional errors
(see Fig. 4.9), the sampled and quantized data d.k/ C q.k/ is applied to the ideal
unit pulse pNRZ.t/. The quantization error is represented by q.k/, while d.k/ has
infinite resolution in this model. The ideal output signal of the NRZ-DAC is

u.t/ D
X

k

.d.k/ C q.k// � pNRZ .t � kT / : (D.1)

The switching functions sON.�/ and sOFF.�/, fed with the quantized input data d.k/C
q.k/, deliver the switching sequences wON.k/ and wOFF.k/. These represent the
number of unit cells that are being switched on and switched off at the beginning of
each sample k. The switching sequences are applied to the unit error pulse shapes
pON.t/ and pOFF.t/. Their impulse responses correspond to the error made when
switching a unit current cell in the respective direction. The combined output e.t/

represents the error signal that is finally added to the ideal DAC output u.t/:

e.t/ D
X

k

ŒwON.k/pON .t � kT / � wOFF.k/pOFF .t � kT /� (D.2)

which can also be written as

e.t/ D
X

k

.wON.kT /ı.t � kT // � pON.t/

�
X

k

.wOFF.kT /ı.t � kT // � pOFF.t/: (D.3)
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Fig. D.1 Spectrum of short error pulse

The number of switching transitions in ON- and OFF-direction for each data
sample k is obtained by sampling the continuous-time functions wON.t/ and
wOFF.t/ at integer multiples of the sampling period T. These functions are thus the
continuous-time representation of the switching sequences wON.k/ and wOFF.k/.
Specifically, we can obtain wON.t/ and wOFF.t/ from wON.k/ and wOFF.k/ by ideal
reconstruction according to the sampling theorem.

The Fourier transform of (D.3) delivers

E
�
ej!T

� D 1

T

X

m

WON

�
j! � jm

2�

T

�
PON.j!/

� 1

T

X

m

WOFF

�
j! � jm

2�

T

�
POFF.j!/: (D.4)

If we approximate the unit error pulses pON.t/ and pOFF.t/ with rectangular
functions of area AON and AOFF then we can write Eq. (D.4) as

E
�
ej!T

� D 1

T

X

m

WON

�
j! � jm

2�

T

�
� AON � sinc

�
!TON

2

�

� 1

T

X

m

WOFF

�
j! � jm

2�

T

�
� AOFF � sinc

�
!TOFF

2

�
: (D.5)

The first zeros of the error pulse spectra are found at 1=TON and 1=TOFF, respec-
tively. If we assume that the switching transitions are very fast and the associated
error signals die out in a very short time span compared to the clock period,
then the spectra of the unit error pulses are approximately constant over the first
Nyquist band 0 � � ��=T , the frequency range we are primarily interested in (see also
Fig. D.1). In this case pON.t/ and pOFF.t/ are completely characterized by their area,
and, by reconstruction with an ideal brickwall-filter of bandwidth �=T , Eq. (D.5)
becomes
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E.j!/ D E
�
ej!T

� � rect

�
!T

�

�
� AON

T
� WON .j!/ � AOFF

T
� WOFF .j!/ : (D.6)

According to (D.6), the baseband error spectrum E.j!/ is obtained by evaluating
the spectra of the continuous-time representations of the switching sequences,
wON.t/ and wOFF.t/. The scaling factors are given by the respective error pulse area
divided by the clock period. This indicates the averaging of the transition effect over
the whole sampling period.

The corresponding time-domain representation of the “reconstructed” error
signal is obtained by the inverse Fourier transform of (D.6):

e.t/ � AON

T
� wON.t/ � AOFF

T
� wOFF.t/: (D.7)

If the continuous-time representations of the switching sequences, wON.t/ and
wOFF.t/, are given analytically and the condition TON; TOFF << T holds, we can
approximate the spectral content of the error signal in the first Nyquist band by the
Fourier transform of (D.7).

The described “Dirac” approximation1 for the switching error pulses allows a
unified treatment for different shapes of the switching error, since its effect is fully
described by the area of the error in relation to the unit pulse area.

D.2 Switching Transition Mismatch with Thermometer
Coding

In a unary array with N elements, let the decoded input data sequence for a single
tone with normalized amplitude Asin 2 Œ0; 1� and normalized signal frequency !sin,
according to Eq. (4.14), be given by

d.k/ D N

2
.1 C Asin cos.kT // : (D.8)

With thermometer coding, the DAC-cells are switched on sequentially, always
starting from the first element in the array. If the signal gradient d.k/ � d.k � 1/

is positive, then DAC-cells are only switched ON, whereas for negative signal
gradients, DAC-cells are only switched OFF. The switching sequences wON.k/ and
wOFF.k/ are therefore

1In the time-domain representation, a constant spectrum means that the unit error pulses must be
of the form pON.t / D AONı.t/ and pOFF.t / D AOFFı.t/, with ı.t/ being the Dirac function.
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d.k/ � d.k � 1/ > 0 W

wON.k/ D N � Asin

2
Œcos.kT / � cos..k � 1/T /� C q.k/ � q.k � 1/

wOFF.k/ D 0

d.k/ � d.k � 1/ < 0 W
wON.k/ D 0

wOFF.k/ D �N � Asin

2
Œcos.kT / � cos..k � 1/T /� � .q.k/ � q.k � 1//: (D.9)

The minus sign for wOFF.k/ is necessary because the number of switching cells must
be a positive number, but the differentiated signal is negative.

The differentiated quantization noise q.k/�q.k�1/ also appears in the switching
error path and will introduce excess quantization noise. After filtering wON.k/ and
wOFF.k/ with the unit error pulses pON.t/ and pOFF.t/, the excess quantization noise
has the (one-sided) PSD:

Seq.!/ D �2

12
� 2

fCLK
� A2

ON C A2
OFF

2�2T 2
� ˇ̌1 � e�j!T

ˇ̌2
(D.10)

� is the LSB-size, i.e., the value of the unit DAC-elements and thus the height of
the unit pulse pNRZ.t/. By integrating (D.10) over the frequency band of interest,
0 : : : fB , the excess quantization noise power due to the switching error can be
calculated:

Neq.fB/ D A2
ON C A2

OFF

2�2T 2
� �2

12
� 2

�
�
�

2�fB

fCLK
� sin

�
2�fB

fCLK

�	
: (D.11)

As long as the average energy of the error pulses for the ON- and OFF-transition
is small compared to the unit pulse energy (�2T 2), the excess quantization noise
added to the output signal is negligibly small. Additionally, its power spectrum has
a zero at DC due to the inherent differentiation.

The deterministic part of the reconstructed error signal e.t/ is given by:

e.t/ D AOFF

T
� N

2
Asin Œcos.t/ � cos.t � T /� for

T

2
� t < � C T

2
;

e.t/ D AON

T
� N

2
Asin Œcos.t/ � cos.t � T /� for � C T

2
� t < 2� C T

2
:

(D.12)

A Fourier series expansion of (D.12) with the aid of MAPLETM yields the following
expression for the harmonic distortion products relative to the fundamental tone with
amplitude 1

2
N�Asinsinc

�
�

2OSR

�
:
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for n D 1; 2 : : : W

HD2n D 2 � jAON � AOFFj
�T

�

r
2 � 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR

sin
� �

2OSR

�

HD2nC1 D 0: (D.13)

In the case of a rise and fall time mismatch the area of the unit error pulses is given
by

AON D Trise�

2

AOFF D Tfall�

2
: (D.14)

And Eq. (D.13) becomes

for n D 1; 2 : : : W

HD2n D jTrise � Tfallj
T

�

r
2 � 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR

sin
� �

2OSR

�

HD2nC1 D 0: (D.15)

D.3 Switching Transition Mismatch with Data Weighted
Averaging

With data weighted averaging (DWA) the DAC-elements for a given sample k are
switched on beginning from the first switched-off element of sample k � 1. When
the last element of the array is reached, the process wraps around to the first element
in the array. Neglecting a possible †�-modulation, the switching sequences can be
written as

for d.k/ >
N

2



wON.k/ D N � d.k � 1/ � q.k � 1/

wOFF.k/ D N � d.k/ � q.k/

for d.k/ <
N

2



wON.k/ D d.k/ C q.k/

wOFF.k/ D d.k � 1/ C q.k � 1/:

(D.16)

Again, the switching sequences also contain the differentiated quantization error
q.k/ � q.k � 1/. Therefore, the Eqs. (D.10) and (D.11) still hold. Except for the



254 D Switching errors

highest performance applications (e.g., [188]) the excess quantization noise due to
the unit current pulse asymmetry will be negligible.

With a sinusoidal input signal of the form

d.k/ D N

2
.1 C Asin sin.kT // (D.17)

the reconstructed error signal e.t/ can be written as

for
T

2
� t < � C T

2
W

e.t/ D N

2

�
AON

T
.1 � Asin sin.t � T // � AOFF

T
.1 � Asin sin.t//

	
:

for
T

2
� t < � C T

2
W

e.t/ D N

2

�
AON

T
.1 C Asin sin.t// � AOFF

T
.1 C Asin sin.t � T //

	
: (D.18)

Again, e.t/ is periodic with the same period 2� as the input signal. A Fourier series
expansion of (D.18) with the aid of MAPLETM yields the following expression for
the harmonic distortion products relative to the fundamental tone with amplitude
1
2
N�Asinsinc

�
�

2OSR

�
:

for n D 1; 2 : : : W

HD2n D 2 � jAON � AOFFj
� � T

�

r
2 C 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR

sin
� �

2OSR

�

HD2nC1 D 0: (D.19)

With a rise and fall time mismatch, we obtain by inserting (D.14) into (D.19):

for n D 1; 2 : : : W

HD2n D jTrise � Tfallj
T

�

r
2 C 2 cos

� �

OSR

�

�.2n C 1/.2n � 1/
�

�

2OSR

sin
� �

2OSR

�

HD2nC1 D 0: (D.20)

Equations (D.19) and (D.20) are also valid in case a digital noiseshaper is used,
as long as the number of cells that switch does not depend significantly on the
noiseshaper activity. For a sufficiently large number of unit cells and sufficiently
large input signal amplitude, this is approximately fulfilled in practical situations.
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D.4 Charge Sharing with Thermometer Coding

With an input code sequence given by Eq. (D.8) and assuming perfect settling, the
output voltages at the end of sample k � 1 are given by

Vout;p.k � 1/ D N

2
Œ1 C Asin cos..k � 1/T /� IunitRL;

Vout;n.k � 1/ D N

2
Œ1 � Asin cos..k � 1/T /� IunitRL: (D.21)

The tail nodes of the current cells follow the respective output voltages, attenuated
by the feedthrough factor 
, for the moment assumed constant. The charges on the
tail-node capacitors C0 switched to the positive and negative outputs at the end of
sample k � 1 are therefore

QC 0;p.k � 1/ D N

2
Œ1 C Asin cos..k � 1/T /� IunitRL
C0;

QC 0;n.k � 1/ D N

2
Œ1 � Asin cos..k � 1/T /� IunitRL
C0: (D.22)

At the beginning of sample k, wON.k/ and wOFF.k/ represent the number of cells
that are switched in the respective direction, given by Eq. (D.9). We assume that
the tail nodes of the switched cells immediately undergo charge redistribution, even
before the DAC-network starts to settle to the new value for sample k. The total
error charge injected into the differential output at the beginning of sample k is thus

Qerr.k/ D wON.k/
�
QC 0;n.k � 1/ � QC 0;p.k � 1/

�

� wOFF.k/
�
QC 0;p.k � 1/ � QC 0;n.k � 1/

�
: (D.23)

The corresponding error signal superimposed on the output voltage after baseband
filtering can be written as

for
T

2
� t < � C T

2
W

e.t/ D 
 � N 2A2
sinIunitR

2
LC0

2T
� cos.t � T / Œcos.t/ � cos.t � T /� :

for � C T

2
� t < 2� C T

2
W

e.t/ D �
 � N 2A2
sinIunitR

2
LC0

2T
� cos.t � T / Œcos.t/ � cos.t � T /� : (D.24)

A Fourier series expansion of (D.24) delivers, after division by the amplitude of the
fundamental tone 1

2
NAsinIunitRLsinc

�
�

2OSR

�
:
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for n D 3; 5; 7 : : : W

HDn D 4
 � C0RLNAsin

�T n.n C 2/.n � 2/

�
r

4 � .n2 � 4/ cos4

� �

2OSR

�
C .n2 � 8/ cos2

� �

2OSR

�
�

�

2OSR

sin
� �

2OSR

�

for n D 2; 4; 6 : : : W
HDn D 0: (D.25)

D.5 Charge Sharing with Data Weighted Averaging

With an input signal of the form (D.17), we can write the baseband error signal e.t/

as

for
T

2
� t < � C T

2
W

e.t/ D 
 � N 2A2
sinIunitR

2
LC0

2T
� sin.t � T / Œ2 � sin.t/ � sin.t � T /� :

for � C T

2
� t < 2� C T

2
W

e.t/ D �
 � N 2A2
sinIunitR

2
LC0

2T
� sin.t � T / Œ2 � sin.t/ � sin.t � T /� : (D.26)

which, after a Fourier series expansion and division by the amplitude of the
fundamental tone, 1

2
NAsinIunitRLsinc

�
�

2OSR

�
, becomes

for n D 3; 5; 7 : : : W

HDn D 4
 � C0RLNAsin

�T n.n C 2/.n � 2/

r
n2 cos2

� �

2OSR

�
� .n2 � 4/ cos4

� �

2OSR

�

�
�

2OSR

sin
� �

2OSR

�

for n D 2; 4; 6 : : : W
HDn D 0: (D.27)
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Fig. D.2 Sampled-data model of tail-node voltage

D.6 Output Voltage Feedthrough Factor

The feedthrough factor 
 in Eqs. (D.25) and (D.27) is a measure for the fraction
of the output voltage appearing across the tail-node capacitor C0. In an NRZ-DAC
the charge stored on C0 at the end of the sampling period provokes a signal-
dependent error charge injected into the output signal, if the current cell switches
at the beginning of the next sample. The aggregate, signal-dependent charge error
added by the current-cell array is the cause of odd-order harmonic distortion at the
output of the D/A-converter.

The approximations for 
 given in Eqs. (4.23) and (4.24) are only valid if we
assume perfect settling of the output voltage in each sample, i.e., all internal time
constants of the circuit are much smaller than the clock period T .

In general, we must consider the DAC as a sampled-data system with zero-order
hold function feeding an analog output stage. The signal current corresponding to
the input data samples is held constant within the clock period, and, starting from
the settled end value of the previous sampling period, it generates changing voltages
at various nodes in the analog circuit consisting of the current cells and the output
stage. To find the correct value for 
 we must determine the settled end values of the
dynamic voltage across C0 under sinusoidal excitation of the DAC.

For an NRZ-DAC we can model the output voltage feedthrough to the tail-node
capacitor C0 as shown in Fig. D.2. The input signal is first sampled by the ideal
sampler at times kT and then converted into a pulse train with duration T by the
zero-order-hold (ZOH). This is equivalent to the description of the ideal NRZ-DAC
in Eq. (1.5).

Let G.s/ be the continuous-time transfer function from the signal current of the
DAC to the voltage across C0 in a single unit current cell. Since we assume—in
accordance with the simple model described in Sect. 4.1.2—that the behavior of
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a specific current cell is not influenced by the other cells, i.e., G.s/ is not code
(transition) dependent and thus time invariant.

The transfer function G.s/ thus describes the voltage at C0 as a function of the
normalized signal current, neglecting the sampling operation. The transition from
the continuous-time domain to the sampled-data domain can be performed with the
ZOH-transform, extensively used in digital control theory [189].

The pulse transfer function GZOH.z/ describes the sampled unit pulse response
of an LTI-system G.s/, which is preceded by a sampler and a zero-order hold. The
pulse transfer function is defined by [189]:

GZOH.z/ D Z

�
L �1

�
1 � e�T s

s
� G.s/

��

D z � 1

z
� Z

�
L �1

�
G.s/

s

��
: (D.28)

With a steady sinusoidal excitation sin.!sint/ at the input of the sampler, the
amplitude of the normalized signal appearing across C0 and sampled right at the
end of the sampling period, i.e., at t D kT , is directly given by

ˇ̌
GZOH

�
ej!sinT

�ˇ̌
.

The feedthrough factor is therefore


.!/ D 1

RL

ˇ
ˇGZOH

�
ej!T

�ˇˇ (D.29)

The division by RL is necessary, because 
 is referred to the full-scale output
voltage at DC. The signal current and the charge error packets from the DAC-
element transitions are both converted into voltage signals by the output stage of
the DAC, represented by a continuous-time filter T .s/. For the calculation of the
(eventually aliased) odd-order harmonic distortion at frequency !HD, we can include
the filtering effect of the output stage directly in the feedthrough factor:


.!; !HD/ D 1

RL

ˇ̌
GZOH

�
ej!T

�ˇ̌ �
ˇ
ˇ̌
ˇ
T .j!HD/

T .j!/

ˇ
ˇ̌
ˇ : (D.30)

D.6.1 Single-Polarity DAC with Passive Termination

Neglecting the quantization and the sampling operation, the output voltage of
the single-polarity NRZ-DAC shown in Fig. D.3 can be approximated by the
continuous-time transimpedance transfer function:

VOUT

IDAC
.s/ � T .s/ D RL

1 C sCLRL

: (D.31)
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MSW

Iunit C0

RLCL vOUT

v0

Fig. D.3 Tail-node sampling
with passive output stage

The tail node follows the output voltage as

V0

VOUT
.s/ � gds

gm
� 1

1 C s
C0

gm

:
(D.32)

Multiplying (D.32) with (D.31) the tail-node voltage can be put into relation to the
DAC-current:

G.s/ D V0

IDAC
.s/ � gds

gm
� RL

.1 C sCLRL/

�
1 C C0

gm

� :
(D.33)

The time constant associated with the tail-node capacitance is usually much smaller
than the clock period and the time constant of the output node, i.e., C0=gm <<

RLCL; T . We therefore approximate (D.33) by

G.s/ � gds

gm
� RL

.1 C sCLRL/
: (D.34)

Performing the ZOH-transform (D.28), the feedthrough factor becomes


.!/ D gds

gm
�
ˇ
ˇ
ˇ
ˇ̌

1 � e� T
RLCL

ej!T � e� T
RLCL

ˇ
ˇ
ˇ
ˇ̌ : (D.35)

Including the transimpedance transfer function (D.31), we get


.!; !HD/ D gds

gm
�
ˇ
ˇ̌
ˇ
ˇ

1 � e� T
RLCL

ej!T � e� T
RLCL

ˇ
ˇ̌
ˇ
ˇ
�
ˇ̌
ˇ
ˇ

1 C j!CLRL

1 C j!HDCLRL

ˇ̌
ˇ
ˇ : (D.36)
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Fig. D.4 Tail-node sampling
with active output stage

For sufficiently low frequencies the feedthrough factor can be approximated
by (4.23).

D.6.2 Dual-Polarity DAC with Active Termination

We assume that in the dual-polarity DAC of Fig. D.4 the voltage at the tail-node
capacitor is given directly by the voltage seen at the virtual ground node. With
A0 >> 1 we have

G.s/ D V0

IDAC
.s/ D RL

A0

�
1 C s

A0

2�GBW

.1 C sRLCL/

�
1 C s

1

2�GBW

� : (D.37)

With (4.27) the feedthrough factor becomes


.!/ D

ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ
ˇ

1 C
1 � 1

A0

1 � K�

� ej!T � 1

ej!T � e�2�GBW�T C
K�

A0

� 1

1 � K�

� ej!T � 1

ej!T � e� T
RLCL

ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ
ˇ

:

(D.38)

Finally, including the transimpedance transfer function T .j!/ given in (5.4):


.!; !n/ D

ˇ
ˇ
ˇ
ˇ
ˇ
ˇ̌
ˇ

1 C
1 � 1

A0

1 � K�

� ej!T � 1

ej!T � e�2�GBW�T C
K�

A0

� 1

1 � K�

� ej!T � 1

ej!T � e� T
RLCL

ˇ
ˇ
ˇ
ˇ
ˇ
ˇ̌
ˇ

�

ˇ
ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ

�
1 C j!

2�GBW

�
.1 C j!RLCL/

�
1 C j!HD

2�GBW

�
.1 C j!HDRLCL/

ˇ
ˇ
ˇ
ˇ̌
ˇ
ˇ
ˇ

:

(D.39)
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For sufficiently low frequencies the feedthrough factor can again be approximated
by (4.24).

D.7 Third-Order Two-Tone Nonlinearity

Following Eq. (4.15), a sampled two-tone signal, scaled to an N -element unary
array, can be written as

d.k/ D N

2

�
1 C Asin

2
Œcos .2�f1kT / C cos .2�f2kT /�

	
: (D.40)

With the center frequency of the two-tone signal fc D .f1Cf2/=2 and the carrier
spacing �f D jf2 � f1j we can also write

d.k/ D N

2

�
1 C Asin

2
Œcos .2� .fc C �f / kT / C cos .2� .fc � �f / kT /�

	
:

(D.41)

Each carrier has a normalized amplitude Asin=2. The normalized peak value of
the two-tone signal is therefore Asin, and we assume of course unclipped operation
with Asin 2 Œ0; 1�. In the following, we are primarily interested in the third-order
nonlinear products generated by the charge-sharing effect described in Sect. 4.1.4
and D.4. Neglecting aliasing, in the first Nyquist band, the third-order products with
an input signal of the form (D.40) will be found at the following frequencies:

HD3;L ! 3f1;

HD3;R ! 3f2;

IMC
3;L ! .2f1 C f2/ ;

IMC
3;R ! .2f2 C f1/ ;

IM�
3;L ! .2f1 � f2/ ;

IM�
3;R ! .2f2 � f1/ : (D.42)

If we assume f1 < f2, the subscripts L and R denote the left- and right-
hand position of the corresponding nonlinear spectral component on the frequency
axis, at least as long as aliasing is avoided. Ideally, the L and R components have
equal magnitude.2 Normally, the most importance is given to the intermodulation

2This is always true for memoryless nonlinear systems. Strictly speaking, a D/A-converter is a
nonlinear system with memory, even if we assume it rather short (e.g., one sampling period).
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contributions IM�
3;L and IM�

3;R, since they appear close to the carriers and are thus
perceived as in-band distortion. However, also the other third-order products can be
of importance, depending on the application.

It is not clear at this point whether a closed-form expression for the third-
order products similar to (D.25) for the single-tone case can be obtained, e.g., by
performing a Fourier series expansion of an appropriately formulated error signal
e.t/. Instead of attempting a rigorous calculation, here we try a heuristic approach
with the help of a behavioral model according to Fig. 4.9, which can be readily
implemented in MATLABTM. By inserting n D 3 into Eq. (D.25) and comparing the
obtained HD3 with the simulated third-order nonlinear products using such a model,
the following expressions can be established:

HD3;LR � 2

45
� 
 � C0RLNAsin

�T

�
r

4 � .n2 � 4/ cos4

� �

2OSR

�
C .n2 � 8/ cos2

� �

2OSR

�
�

�

2OSR

sin
� �

2OSR

�

(D.43)

IMC
3;LR � 12

165
� 
 � C0RLNAsin

T

�
r

4 � .n2 � 4/ cos4

� �

2OSR

�
C .n2 � 8/ cos2

� �

2OSR

�
�

�

2OSR

sin
� �

2OSR

�

(D.44)

IM�
3;LR � 4

165
� 
 � C0RLNAsin

T
�
s

1 C
�

3

OSR

�2

�
r

4 � .n2 � 4/ cos4

� �

2OSR

�
C .n2 � 8/ cos2

� �

2OSR

�
�

�

2OSR

sin
� �

2OSR

� :

(D.45)

In the two-tone case the “oversampling ratio” refers to the center frequency fc

and is defined by OSR D fCLK=.2 � fc/. In a first moment, Eqs. (D.43)–(D.45) must
be understood as approximations to the exact solutions. For the simulation example

Nonlinear systems with memory can display unequal odd-order distortion and intermodulation
products [190]; see also Figs. D.5 and D.6.
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Fig. D.5 HD3: single tone vs. two tone

described below we use the following model parameters, which are additionally
assumed to be frequency independent:

• N D 127 (7 bit)
• Ideal LSB-section
• fCLK D 600 MHz
• C0 D 100 fF
• 
 D 0:03

• RL D 50 �

Figure D.5 shows the comparison of the third-order harmonic distortion for a
single-tone and a two-tone signal as a function of the sine-wave frequency fsin and
center frequency fc , respectively. Both signals have the same peak value Asin D 1,
corresponding to the converter full-scale. The carrier spacing in this example is
�f D 0:1 MHz. Also shown are Eqs. (D.25), with n D 3, and (D.43). In the
two-tone case, the third-order harmonic distortion products HD3;L and HD3;R , as
obtained by the behavioral simulation, slightly differ in magnitude at very low
frequencies; otherwise, the prediction by Eq. (D.43) is of the same quality as for
the single-tone case.

Figure D.6 shows the third-order intermodulation components for the same two-
tone signal. Again, left and right components differ slightly in magnitude only
at very low frequencies. While the additive intermodulation products IMC

3;L and
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Fig. D.6 IM3 products for two-tone signal

IMC
3;R display the same frequency behavior as the third-order harmonic distortion,

the subtractive components IM�
3;L and IM�

3;R apparently change slope when the
center frequency of the two-tone signal surpasses 100 MHz in this example, equal
to OSR D 3, i.e., fc � fCLK=6. Interestingly, around this frequency, the third-
order harmonic distortion HD3;LR and the additive intermodulation products IMC

3;LR

start to experience aliasing. Error energy seems to be shifted away from the direct
cubic and additive intermodulation components to the subtractive intermodulation
products at center frequencies larger than fCLK=6. This observation is the reason
for the deliberately introduced correction factor

p
1 C .3=OSR/2 in (D.45), which

provokes an additional slope increase3 in the calculated IM�
3;LR for fc > fCLK=6.

A closer inspection also reveals that the prediction accuracy of (D.45) is getting
somewhat worse in the frequency range fCLK=6 < fc < fCLK=2, which is clearly
due to the heuristic nature of this equation. Of course, a more complex correction
function could be introduced into (D.45), in an attempt to provide a tighter fit with
the simulated IM�

3;LR. However, for all practical purposes, the prediction accuracy
of (D.43)–(D.45) seems to be quite sufficient for an estimation of the third-order

3It does of course not reach the full 20 dB/decade boost within the limited observation range
fCLK=6 � fc < fCLK=2.
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two-tone nonlinearity, in case the charge-sharing effect, as defined in Sect. 4.1.4,
is the dominant distortion mechanism. Of course, this will only remain valid, as
long as the prerequisites underlying the model introduced in Sect. 4.1.2, which is
the basis for the derivation of the above equations, are applicable.
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Brownian bridge, 66
Brownian motion, 66
Buffer-latch circuit, 171
Bypass capacitor, 192, 202

Calibration ADC, 89
Calibration control logic, 87
Calibration cycle, 176, 196
Calibration DAC

global, 89
local, 88

Calibration slot, 92, 178
average length, 179

Capacitive bypass, 105
Carrier frequency, 28
Carrier spacing, 32, 239
Cascoding, 5
Central office, 9, 133
Channel, 7
Charge cancellation, 94
Charge-coupled-device, 3
Charge injection, 92
Charge packet, 104
Charge sharing, 104, 111
Circuit noise, 38
Class-AB, 119, 199
Clocked level averaging, 80
CML-latch, 121
CMOS, 7, 16
Common-mode

buffer, 127, 150
current, 19
disturbance, 16
level, 190
potential, 126
rejection, 6
voltage, 19, 20, 190

Control theory, 258
Correlated bias noise, 40, 223
Crest factor, 33
Crossing point, 102, 193
Cubic nonlinearity, 29
Current cell

dual-polarity, 18, 136
interleaved, 196
single-polarity, 18, 99, 102

Current comparator, 169
Current divider, 243
Current factor mismatch, 64
Current-mode DAC, 16
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Current-mode logic, 120
Current source

floating, 90
integrated, 5

Current-steering DAC, 5, 16
dual-polarity, 43
single-polarity, 38

Current step, 155
Current switch, 16, 98
Customer premises, 9

DAC, 1
dual-polarity, 113, 191
non-return-to-zero, 49
return-to-zero, 51
single-polarity, 98
unit cell, 1
unit pulse, 12

DAC-biasing, 138, 198
Data link, 7
Data weighted averaging, 81, 109, 114,

253
David-Goliath latch, 171
Differential output, 6
Differential quad switching, 124
Digital communication link, 7
Digital noiseshaper, 133, 134
Digital predistortion, 221
Digital state machine, 195
Digital subscriber line, 9

asymmetric (ADSL), 9
very high speed (VDSL), 9

Dirac
approximation, 251
comb, 12
sequence, 12

Discrete multitone, 32
homogeneous, 33
multi-band, 33
single-band, 32

DNL, 26
calibration, 220

Double return-to-zero, 128
Down-counter, 178
Downconversion, 8
Downstream, 9
DSP, 7, 16
Dummy cell, 140, 152, 168
Dummy decoder, 22
Dummy latch, 125
Dummy switch driver, 122
Dummy switching, 125
Dummy transition, 122

Duty factor, 14, 238
Dynamic circuit constant, 113
Dynamic current calibration, 91
Dynamic current copying, 91
Dynamic element matching, 79
Dynamic mismatch mapping, 213
Dynamic range, 32

Echo
attenuation, 9
transfer function, 142

Excess noise, 43
corner frequency, 42
factor, 42

Factory trimming, 86
Feedthrough factor, 112, 113, 255,

257
Figure-of-merit, 163, 211
Flicker noise, 40, 226
Floating battery, 199
1/f-noise, 40, 225
Foreground calibration, 87
Fourier series, 252, 254–256, 262
Fourier transform, 13, 250

inverse, 251
Frequency band plan, 9, 144
Full-clock interleaved, 131, 193
Full-duplex, 8, 10, 144
Full-scale, 40

code, 65, 78, 159
range, 11
value, 11

Fundamental frequency, 28

Gain-bandwidth (GBW), 100
Gain error, 25
Gate control feedthrough, 119

charge, 119
Gate leakage, 93
Glitch, 22

area, 109
Guaranteed monotonic, 26

Half-duplex, 8
Harmonic distortion, 28
Headphone driver, 165
High-yield

approximation, 69
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region, 69, 72, 73
Hybrid D/A-converter, 6

Image tone, 209
In-band

attenuation, 156, 202
resolution, 147

Individual level averaging, 83
INL, 27

calibration, 220
endpoint, 28
LMS-fit, 28

INL-error, 66, 69
Intercept frequency

lower, 114
upper, 114

Intermediate frequency, 8
Intermodulation distortion, 29

second-order, 29
third-order, 29, 262

Interpolation filter, 191, 203

Jitter, 47
absolute, 47
colored, 58, 231
long-term rms, 47
pink, 231

Junction leakage, 93

Kolmogorov-Smirnov
distribution, 69
formula, 69

Laplace transform
inverse, 155

Laser trimming, 86
Levelshifter, 122
LFSR, 179
LHP-pole, 155, 201
Linecard, 133
Line edge roughness, 64
Load impedance

effective, 101
Long-channel

approximation, 64
MOS transistor, 39

Loop length, 10
Loop reach, 144
Lorentzian spectrum, 47, 231

LSB, 11
lower, 24, 171, 194
upper, 24, 170, 192

Major-carry transition, 67
Matching, 63

constant, 64
Maximum-length sequence, 179
MBPR, 35
Metal filling, 203
Metal fuse, 86
Midscale, 40, 66

code, 25, 40, 66
INL, 66

Miller-compensation, 199
MIM-capacitor, 140, 157, 181, 202
Mismatch, 63

intra-segment, 175
random, 63
rise and fall time, 103
systematic, 63

Mismatch shaping
first-order, 82
higher-order, 83

Missing tone, 34
Modified mismatch shaping, 84
Monotonicity, 28
MOS current source, 5
MOS technology, 2, 17
MSB, 11
MTPR, 34
Multi-channel integration, 8, 133
Multi-mode capability, 9
Multiplying DAC, 4
Multi-standard transceiver, 144
Multitone signal, 32, 238

homogeneous, 56, 239
multi-band, 241

Noise transfer function (NTF), 37
Noiseshaped D/A-converter, 6
Non-dominant pole, 174
Non-monotonicity, 26
Non return-to-zero, 12, 233
N-well, 122
Nyquist

bandwidth, 7
frequency, 13

1st Nyquist band, 15, 107
2nd Nyquist band, 15
3rd Nyquist band, 15
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Nyquist-rate D/A-converter, 6
Nyquist-Shannon theorem, 13

OFDM, 32
Offset error, 25
Off-transition, 103
On-chip sensor, 221
On-transition, 102
Open-loop transfer function, 100
Operational amplifier, 4, 20
Out-of-band, 152

filtering, 9, 157
quantization, 146

Output impedance, 99
Output stage

active, 19, 100, 260
passive, 19, 258

Oversampling, 7
gain, 36
ratio, 36

Pairwise matching, 64
Passive multiplexer, 120
Peak-to-average ratio (PAR), 33
Phase noise, 231
PLL, 47

bandwidth, 48, 231
first-order, 47, 231
higher-order, 231

Pocket implant, 64
Poly fuse, 86
Polynomial fit, 209
Power-on calibration, 87
Power rail interference, 118
Prediction error, 246
Preemphasis, 210
Primitive polynomial, 179
Programmable resistor, 199
Pulse transfer function, 258
Push-pull, 191, 199
PVT-sensitivity, 200

Quadratic nonlinearity, 29
Quantization, 11

error, 11, 35
excess noise, 252
noise, 11, 36
noise power, 36
noise shaping, 37
noise spectrum, 36

Quiescent current control, 200

RAM, 89
Random level averaging, 83
Random number generator, 178
Receiver, 7
Reconstruction filter, 10, 19, 146
Redundant DAC-element, 88, 167, 191
Reference current, 138
Reference device, 86
Refresh cycle, 93, 196
Refresh frequency, 88
Refresh period, 176
Refresh tone, 95
Resistive degeneration, 5
Resistor-string, 4
Resynchronization latch, 118, 137,

171
Return-to-zero, 14, 126, 235
Roll-off

first-order, 41, 112, 139
Root cell, 195
R-2R

back-DAC, 4
ladder, 4
voltage-mode, 4

Sampling
clock, 46
period, 12, 103

SAR
ADC, 6
algorithm, 88

Scaling, 23
Segmentation, 22
Segment boundary match, 195
Segment boundary trimming, 176
Segmented array, 22
Self-calibrated reference, 195
Self-calibration, 86
SFDR, 30, 211
Sigma-delta DAC, 7
Sinc function, 13
Single-ended output, 6
Single-pole opamp model, 100
Slew-rate, 155
SNDR, 31
SNR, 31

maximum, 36
per carrier, 58, 240

Split supply, 122
SQNR, 31
Start-up transistor, 199
Static linearity, 64
String-DAC, 4
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Strong inversion, 39, 64, 98
Subthreshold slope factor, 64
Switch driver, 102, 119
Switched-capacitor DAC, 2

multibit, 2
pipelined, 3

Switching function, 106, 249
Switching sequence, 106
Synchronization logic, 102

Tail node, 104
Tail-node capacitor, 111, 255, 257
Thermometer coding, 251, 255
Thermometer decoder, 23
Thin-film resistor, 86
Time-interleaving, 129
Timing skew, 103
Track/attenuate, 127
Transceiver, 7
Transimpedance output buffer, 140
Translinear-loop biasing, 200
Transmission gate, 137
Transmitter, 7
Twisted-pair, 144

Unary array, 20
Unit charge, 2, 103

Unit current pulse, 103
Unity-gain frequency, 101
Upconversion, 8
Upstream, 9

VCS-generator, 121
Vector quantizer, 83
Velocity saturation, 64
Virtual ground, 100, 138
Voltage buffer, 2

Weak inversion, 64
Wiener process, 66

xDSL, 8

Yield, 68
DNL, 70
INL, 69

Zener-zap, 86
Zero-nulling, 199
ZOH, 13, 257

transform, 258
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