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Preface

Over many years, RF-MEMS have been a hot topic in research at the technology
and device level. In particular, various kinds of mechanical Si-MEMS resonators
and piezoelectric BAW (bulk acoustic wave) resonators have been developed. The
BAW technology has made its way to commercial products for passive RF filters,
in particular for duplexers in RF transceiver front ends for cellular communica-
tions. Beyond their use in filters, micromachined resonators can also be used in
conjunction with active devices in innovative circuits and architectures. Possible
applications are active tunable RF front-end filters, frequency synthesizers for
LO generation, or temperature-compensated MEMS resonators for frequency/time
reference potentially replacing the long-time used quartz crystal. Furthermore,
MEMS devices can advantageously be used in radios for further miniaturization
and reduction of power consumption.

This book presents a broad overview of this technology going from the MEMS
devices, mainly BAW and Si-MEMS resonators, to basic circuits such as oscillators
and finally complete systems such as ultralow-power MEMS-based radios. The
work is targeted at circuit and system designers. The fabrication process of the
MEMS devices is only covered at a minimal level. The discussion of MEMS
devices focuses on their properties and modeling, so they can be efficiently
used in circuits. Circuit design specific to MEMS devices is discussed in depth.
Traditional circuits cannot be used with high-Q resonators, and special techniques
for oscillator and filter design are required. Finally, several examples of system
architectures built around MEMS devices are described. It is particularly shown
how these architectures can exploit the potential of the MEMS devices to reduce
size and power consumption for applications such as wireless sensors where these
parameters are critical.

The book is organized in three parts. The first part considers devices, models,
and passive circuits. Dubois et al. briefly introduce in the first chapter the BAW
(bulk acoustic wave) technology and describe in detail the modeling of BAW
resonators. Model complexity depends on the range of phenomena that need to be
considered, and equivalent circuit level models for BAW resonators are developed.
The second chapter by Piazza focuses on a particular class of resonators using
contour-mode resonance. This allows adjustment of the resonance frequency at
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vi Preface

mask level as opposed to the FBAR or SMR resonators where the resonance
frequency is determined at the technology level. Several examples of passive circuits
designed with this approach are given. The following two chapters introduce more
prospective aspects. Ionescu gives a large overview of the state-of-the-art and
the ongoing developments of nanoelectromechanical systems (NEMS) relevant to
communication circuits. Numerous examples of passive and active devices such as
nanowires, nanotubes, NEMS switches, mixers, and active resonators are shown
as well as their conceptual use in radios. Starting from the physical properties of
acoustic devices, Dubus describes how these properties could be used in various
ways to increase functionality of acoustic devices. Resonators could be made
tunable at the device level, and applications such as frequency-based multiplexing
and demultiplexing could be implemented with phononic crystals.

The second part of the book is dedicated to circuits using BAW resonators.
Vittoz gives in Chap. 5 a detailed treatment of high-Q crystal oscillator design and
describes the different known topologies from a theoretical point of view. Tournier
describes in Chap. 6 several practical implementations of oscillators in BiCMOS
technology with above-IC FBAR resonators. The following chapter by Ray et al.
describes differential quadrature CMOS/BAW oscillators for LO generation in very
low power applications making use of control loops for temperature compensation
and phase error correction. In the last chapter of Part II, Razafimandimby et al.
present tunable BAW filters employing active Q-enhanced inductors and negative
capacitance circuits. A semidigital control loop adapted to the BAW filter context
allows precise frequency tuning.

The third part of the book presents various systems using RF-MEMS as key
components. Otis et al. present various possibilities of using BAW resonators for
impedance matching, tuned amplifiers, and image reject transformers. These circuits
are used in a complete superregenerative BAW-based receiver for asynchronous
communications as well as a BAW-based ultralow-power wake-up receiver with
uncertain IF. In the following chapter, Ruffieux describes another original radio
architecture using Si and BAW resonators for frequency reference, LO generation,
and filtering combined with an all-digital phase locked loop. Ito et al. introduce the
use of BAW oscillators as digitally controlled frequency reference calibrating itself,
thanks to information transmitted on the radio network. Finally, a complete wireless
sensor node for tire pressure monitoring in automotive applications is described
by Dielacher et al. in Chap. 12. The system is built around a MEMS sensor and a
BAW-based CMOS RF transmitter for ultralow-power consumption and employs
advanced packaging technologies.

As can be seen from the contributions presented in this book, RF-MEMS and
particularly BAW resonators are about to become key components in RF transmit-
ters. This trend will certainly continue with the growing need for ultralow-power
radios in areas including sensor networks, body area networks, and automation of
homes and offices.

Neuchâtel, Switzerland Christian Enz
Lille, France Andreas Kaiser
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Chapter 1
Thin-Film Bulk Acoustic Wave Resonators

Marc-Alexandre Dubois and Claude Muller

Abstract Miniature bulk acoustic wave (BAW) resonators are components that
exhibit very interesting properties for communication systems, as confirmed by
their extensive use nowadays in front-end filters for mobile phones. This chapter
reviews the technology enabling the fabrication of these devices and the different
models used to describe their electrical performances. Finally, a simple empirical
model, mainly based on geometrical parameters, is proposed. It does not require
massive computing power, but it can nevertheless predict very accurately the main
characteristics of the thin-film BAW resonators.

1.1 Introduction

Many electronic systems rely on their ability to select or generate signals with a very
precise frequency. Hence, they require filters for sorting the right signals among
others and oscillators for providing a stable reference frequency. The common
feature of these blocks is their use of resonators, of which performance is extremely
important, especially in the case of low-noise or low-power designs. Indeed, the
quality factor Q of the resonator determines the insertion loss of the filter, or the
phase noise of the oscillator.

Among the different techniques available for making a resonator, exploiting
the propagation of acoustic waves in a solid medium is the best way to create
a compact device. This is due to the much lower phase velocity of the acoustic
wave—approximately five orders of magnitude—compared to the velocity of an
electromagnetic wave. At a given frequency, the size of the resonating element in the

M.-A. Dubois (�) • C. Muller
Centre Suisse d’Electronique et de Microtechnique (CSEM), Neuchâtel, Switzerland
e-mail: marc-alexandre.dubois@csem.ch; claude.muller@csem.ch

C.C. Enz and A. Kaiser (eds.), MEMS-based Circuits and Systems for Wireless
Communication, Integrated Circuits and Systems, DOI 10.1007/978-1-4419-8798-3 1,
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4 M.-A. Dubois and C. Muller

acoustic resonator can hence be made much smaller than, for example, the minimum
length of coaxial line or coplanar wave guide required by an EM resonator.

Even though there is a large variety of acoustic waves, each of these featuring
its own characteristics and propagation mode (see Chap. 4), resonators are usually
referred to only according to two coarse categories, BAW and SAW: when the
acoustic wave is propagating in the bulk of the material composing the device, while
occupying all or most of its volume, it is called a bulk acoustic wave (BAW), as
opposed to a wave trapped and traveling at the interface between the solid and the
air, which is a surface acoustic wave (SAW). The resonators described in this chapter
are from the BAW category.

In order for a BAW resonator to work properly, the acoustic wave propagating
in the solid has to be confined within the volume of the resonator itself. In other
words, the acoustic energy has to be trapped locally so as not to leak out of the
device. This is done by introducing discontinuities in the path of the acoustic wave
so that the latter is reflected. The most efficient discontinuity is the simple air–solid
interface, but other ways exist, such as Bragg reflecting stacks. Another requirement
for a good resonator is that the medium of propagation itself should not dissipate too
much energy, for example, through viscoelastic losses. The material should hence
be chosen carefully.

So a BAW resonator can be seen as a volume of material in which an acoustic
wave is bouncing back and forth between reflecting interfaces. But how is the
acoustic wave generated in the first place?

One elegant way to perform this is to resort to piezoelectric materials. Piezo-
electricity is a phenomenon exhibited by some materials, most of which being
crystalline, which couples their mechanical and electrical properties. The capability
of these solids to develop an electric polarization when they are strained through
mechanical stress is called the direct piezoelectric effect. It is due to the fact that
their crystal structure lacks a center of symmetry, so that an applied stress gives rise
to an asymmetrical ionic displacement, and hence to a net change in dipole moment.
The same materials display also the converse piezoelectric effect: when an electric
field is applied to them, they change their dimensions.

A simple and practical transducer for generating acoustic waves can thus be made
of a slab of piezoelectric crystal coated with metal electrodes. The application of
a sinusoidal voltage to the electrodes will result in a periodic deformation of the
crystal. If the transducer is not in contact with another solid, to which this acoustic
wave can be transmitted, i.e., its vibrating part is surrounded only by a low acoustic
impedance medium such as air or vacuum, it is also a resonator, of which resonance
frequency is determined by its dimensions.

An important parameter regarding piezoelectricity is the amount of electrical
energy that is converted to mechanical energy, and vice versa. The level of this
electro-acoustic conversion is described by the piezoelectric coupling coefficient
K2, which is a material property. This parameter is crucial for the designer since
it determines the maximum bandwidth achievable for a filter composed of BAW
resonators, or the frequency range in which a BAW-based oscillator can be tuned.



1 Thin-Film Bulk Acoustic Wave Resonators 5

substrate

electrodesair gap

piezoelectric film
a b

piezoelectric film

substrate electrodes

Fig. 1.1 Cross sections of FBARs realized by (a) surface micromachining or (b) bulk microma-
chining

Among the large family of piezoelectric materials, quartz crystals have always
been preferred for making BAW resonators. Apart from being piezoelectric, they
are able to sustain acoustic waves with very limited damping, and some crystal
cuts exhibit an extremely small sensitivity to temperature variations. The latter
property is extremely valuable if the resonator is to be used as a frequency reference.
Other examples of piezoelectric materials of interest for the resonators industry
include single crystals of lithium tantalate or lithium niobate—mainly for SAW
applications—and aluminum nitride (AlN) or zinc oxide (ZnO) in thin-film form.

1.1.1 Thin-Film Bulk Acoustic Wave Resonators

A thin-film BAW resonator is a device composed mainly from a piezoelectric
thin film surrounded by two metal electrodes that generates an acoustic wave
propagating according to a thickness mode. The way the wave is trapped in the
resonator is the main differentiator between the two types of devices that have
reached volume manufacturing today.

The first one uses air–solid interfaces both over and underneath the resonating
film. The resonator—also known as film bulk acoustic resonator or FBAR—is hence
a membrane suspended in air by its edges. It can be manufactured over a sacrificial
layer, or by etching part of the substrate underneath the resonator (Fig. 1.1).

The second configuration is the solidly mounted resonator or SMR: it is a more
robust structure where the top interface is also of the air–solid type, but which uses
an acoustic reflector as bottom interface. An efficient isolation is performed owing
to the transformation of the acoustic impedance of the substrate over which the
resonator is built, to a very low value, through a set of quarter-wavelength sections
of materials having different elastic properties (Fig. 1.2). The more different these
properties are from each other, the smaller is the number of layers required in the
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substrate

electrodesreflector

piezoelectric filmFig. 1.2 Cross section of a
solidly mounted resonator

reflector. For example, the use of AlN and SiO2 requires at least nine alternating
layers, whereas replacing AlN by tungsten allows this number to be reduced down
to five.

1.1.2 Background

Thin-film BAW resonators are an answer to the ever increasing operating frequency
of modern communication systems. As the resonance frequency of a BAW resonator
working at its fundamental mode is determined by the size of the acoustic confine-
ment structure—which is half a wavelength long—the regular quartz technology
cannot be applied in the GHz domain. Even though fabrication methods have been
developed for manufacturing high-frequency inverted mesa resonators, by locally
thinning down quartz plates, this technology finds its limit in the 250-MHz range.

It was recognized early on that instead of thinning down a piezoelectric plate to
unpractical values, depositing a thin layer of piezoelectric material might be a more
suitable method to reach higher operation frequencies [1]. However, more than a
decade of technology development was still ahead before this new concept could be
successfully demonstrated. Progress was required first in the growth of good quality
piezoelectric films on metal electrodes, which spurted the study of AlN and ZnO
sputtering methods, but also in the field of patterning and the process technologies
that are typical from the integrated circuit industry—including photolithography,
magnetron sputtering of metal films, wet and dry etching—that were still in the
development phase.

The initial developments focused on bulk micromachined, membrane-type res-
onators, called at the time composite resonators because they still required a
rather thick layer of silicon or silicon oxide underneath the piezoelectric film, for
strengthening the membrane [2–4]. As a consequence, these devices operated in the
few hundreds of MHz range, while their coupling coefficient was somewhat limited
by the presence of this additional material.
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Then, the first FBARs without the Si supporting layer in the membrane, hence
featuring a much larger coupling coefficient [5], and the use of surface micro-
machining [6] appeared as a natural evolution. SMRs were however demonstrated
only a decade later [7]. From that time, owing to the craving of the mobile
phone industry for small duplexers meeting the tough specifications of the new
standards around 2 GHz, the momentum in research and development of the thin-
film BAW technology was tremendously increased. Aside from the design of
efficient resonators and filters, much effort was spent to bring the fabrication
processes to volume manufacturing standards. FBAR filters arrived on the mobile
phone market just after the turn of the century [8], soon followed by their SMR
cousins [9].

1.2 Technology

The fabrication of thin-film BAW resonators and filters is quite complicated, mainly
due to the many different layers composing the devices. Since most of these
layers need some type of patterning, the number of required process steps is high.
Moreover, unlike in many other devices, most layers in the resonator have several
functions, for example, both acoustical and electrical: a metal electrode does not
only need to bring current to the resonator, it also takes part in enhancing the
effective coupling coefficient, and it contributes to the trapping of the acoustic wave.
Consequently, several material parameters—such as resistivity, stress, or surface
roughness—need to be optimized simultaneously for each film.

The very large sensitivity of the resonance frequency to any thickness variation
is but another difficulty specific to the BAW manufacturing process. It could be
overcome only through dedicated developments of sputtering systems by some
equipment manufacturers [10]. Thickness uniformity across a wafer has been
narrowed down by nearly a factor of ten, compared to what was used in the
microelectronics industry. And still trimming the resonators through ion beam
etching cannot be avoided to maintain production yields at an economically viable
level. All this places the FBARs and SMRs among the most demanding components
in terms of process control.

1.2.1 Aluminum Nitride

The heart of the BAW resonator is the piezoelectric thin film. After the first
years of development, during which ZnO was very much used, aluminum nitride
(AlN) emerged as the most suitable technology for BAW resonators because
it is an excellent compromise between performance and manufacturability. Its
coupling coefficient is not as high as that of ZnO or PZT, but it is chemically
very stable, with a bonding energy of 11.5 eV, and it benefits from an excellent
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Fig. 1.3 SEM cross section
of AlN film between metal
electrodes

thermal conductivity and a low temperature coefficient. These properties enable
the fabrication of resonators featuring coupling factors of 6–7%, good resistance to
corrosion, excellent power handling capability, and limited drift with temperature.
Another advantage of AlN is the low process temperature and the fact that it does not
contain any contaminating elements harmful for semiconductor devices, unlike most
other piezoelectric materials. This is essential in the case of monolithic integration
of BAW resonators with microelectronic integrated circuits [11].

Reactive sputtering from a pure Al target in a plasma containing nitrogen is the
most suitable method to obtain crystalline AlN films with sufficient quality for BAW
applications. Both AC and pulsed DC power supplies can be used to sustain the
plasma. Figure 1.3 shows the cross section of such an AlN film grown in pulsed DC
mode. The microstructure is typical, with very densely packed columnar grains.

The parameters of the AlN deposition process have to be optimized in order
to ensure that a vast majority of grains are oriented along the c-axis since the
spontaneous polarization of AlN, and hence the maximum piezoelectric effect,
is parallel to that direction. In addition to the process parameters, the bottom
electrode, which acts as a seeding layer for AlN, is equally important regarding the
piezoelectric properties of the film. It is mandatory that the surface of this electrode
be extremely smooth, and also free of oxygen. An ion milling or sputter-etching
step of the surface prior to the AlN deposition is the usual way to reach good
nucleation conditions. BAW resonators with high coupling have been demonstrated
using electrode of platinum, aluminum, molybdenum, tungsten, or even ruthenium.

1.2.2 Process Flow for SMRs

There are many different possible process flows for manufacturing thin-film BAW
resonators. Each company active in this field has come with its own, which is often
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a

b

c

d

e

f

SMR1 SMR2

Fig. 1.4 Example of simple
process flow for solidly
mounted resonators. The
resonator SMR1 has a lower
resonance frequency than
SMR2, due to additional
loading

the result of many years of development, and hence is kept secret for obvious
reasons. Figure 1.4 is a very simple example of process flow for SMRs. Starting
from a bare silicon wafer, a set of alternating quarter-wavelength layers of SiO2 and
AlN are deposited, to serve as acoustic reflector (a). Then, a Pt bottom electrode
is sputter-deposited and patterned by dry etching (b). This is followed by the
deposition of the piezoelectric AlN thin film and its top Al electrode, which is also
patterned by dry etching (c). Next, via holes are dry etched into AlN, to get access to
the bottom electrode (d), and an interconnection metallic layer (Al) is first deposited
and then patterned (e). This Al interconnect is used both as pad metal for bonding
or probing the devices and for connecting different resonators together into a filter
architecture. Finally, a SiO2 loading layer is sputter-deposited and patterned, for
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lowering the resonance frequency of some resonators (f). This last step is required
to build lattice or ladder filters, which need resonators with two slightly different
resonance frequencies.

This process flow can be kept simple by the fact that the materials used for
the acoustic reflector are dielectric. In the case where metal is used, such as
high-impedance tungsten in the well-known SiO2/W combination, a much more
complicated fabrication scheme has to be devised. Indeed, the reflector needs to
be patterned under each resonator to prevent any electrical cross talk from one
resonator to the next through the layers in the reflector.

1.3 Modeling BAW Resonators

1.3.1 Spurious Modes

Electronic applications normally require the largest possible coupling coefficient
and Q factors. Besides these two fundamental requirements, it is also very desirable
to have a very smooth response. For example, only small ripples are accepted in
the passband of a filter. Depending on the design and technology, BAW devices
can show a very smooth response or lots of ripples. The origin of the ripples is
the presence of spurious resonance modes which are excited simultaneously with
the main mode of the BAW resonators. These weakly coupled spurious modes
superimpose the main mode and create ripples.

The study of the spurious modes implies a deep understanding of the wave
mechanics [12–14]. This is out of the scope of this chapter (please refer to Chap. 4).
Only a few basic concepts will be covered here. Depending on their properties,
mechanical waves (sound waves) are classified in different categories. Bulk waves
are classified in ten groups, each group corresponding to a particular symmetry case
of the particles motion. Three of them are fundamental groups: the dilatation group,
the shear group, and the torsion group. The seven other groups are combinations,
through coupling, of the three first groups, for example, the flexure group of thin
plates, or the contour mode group used in quartz resonators. Besides bulk waves,
there are also surface waves that are utilized in SAW devices for example. Well-
known surface wave types are Love waves and Rayleigh waves. Finally, there are
also plate waves like the Lamb waves. They only propagate in plates, or in other
terms in a wave guide. These waves are of particular importance for BAW resonators
since any thin film used in the BAW stack can play the role of a wave guide.

In a resonator, the traveling waves are reflected at the boundaries of the resonator,
so as to create a standing wave called resonance mode. Depending on the geometry
of the resonator and on the thickness and mechanical properties of the layers
composing the resonator, particular modes are favored and others are completely
killed. The aim with thin-film BAW resonators is to favor the fundamental dilatation
mode while suppressing all the other modes. In practice, this is a very difficult
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task, due to the huge number of modes that can potentially occur in a structure.
However, a solution was proposed by a research group from Infineon/VTT/Nokia.
It is based on the fact that, in BAW resonators, the most important spurious modes
are standing Lamb waves that arise because of the boundary conditions on the wall
of the resonator. The idea is to introduce an acoustic impedance matching layer
at the edge of the resonator, so as to modify the boundary conditions and kill the
Lamb waves. Experimental data show that the technique works well and spurious-
free resonators are obtained. These resonators show very high Q with values in the
1,500–2,000 range. For more details, the interested reader can refer to [15] and [16].

1.3.2 One-Dimensional Mason Model

The most famous model used in the BAW field is the Mason model, which is a 1D
model. As such, it cannot handle the spurious modes problem, which is intrinsically
a 2- or 3D problem. However, it is a very useful model to design BAW devices.
The Mason model allows calculating with a good precision the resonance frequency
of a BAW resonator fabricated with a given stack of layers. It also gives an upper
limit to the coupling coefficient and Q factor that can be achieved. Again, the real
coupling and Q-factor that are achieved in a real device cannot be predicted by the
1D Mason model since it depends on the complete 3D geometry of the resonator.
We will present in a later section a model that allows taking into account the 2D
planar geometry of the resonator.

The Mason model relies on a rigorous treatment of the propagation of mechanical
waves in a stack of infinitely large layers. Infinitely large layers are a way to get rid
of lateral boundary conditions. In other terms, the problem is reduced to a 1D system
for waves propagating perpendicular to the layers surfaces. For the non-piezoelectric
layers (electrodes, SMR reflector, etc.), it is a simple problem of propagation of
sinusoidal waves with continuity conditions at the interface between layers. Inside
a layer, the velocity of the wave depends on the rigidity and the density of the layer.
Continuity conditions on the displacement and stress at the interfaces between layers
dictate the amplitude ratio between the transmitted wave and the reflected wave.

The treatment of the piezoelectric layer is more complicated because of the
electromechanical coupling. The continuity conditions on the displacement and
stress at the interfaces of the piezoelectric layer do not depend solely on mechanical
terms anymore. They also depend on the electrical potential at these two interfaces.
The system is best described in a matrix form, where a submatrix addresses the
purely mechanical part, one term addresses the purely electrical part, and the
remaining terms account for the electromechanical coupling [14].

The solution for a given device is obtained by cascading the various non-
piezoelectric and piezoelectric layers as they appear in the device, and to solve
the corresponding set of equations for the global system. The Mason model being
analytical and relying on no approximations, it can be applied from the most simple
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structure, such as a freestanding quartz crystal, to much more complicated systems,
like SMR BAW resonators or ultrasonic transducers for medical imaging.

As an illustration, and since it introduces in an easy way a few basic concepts
linked to piezoelectric resonators, the remaining of this section is dedicated to the
Mason model applied to a freestanding resonator with electrodes so thin they can
be neglected. The resonator is then simply a piezoelectric plate surrounded by two
media having the same or different acoustic impedances. This case is presented in
many textbooks [13,14]. The reader will refer to them for the complete mathematical
developments. Only the major results are given hereafter.

From the Mason model, it can be shown that the electrical impedance of the
resonator is given by:

Ze =
1

j ω C0

(
1+

K2

φ
Zp

2Zp (1− cosφ)− j (Z1 +Z2) sinφ
−(Z2

p +Z1Z2
)

sinφ + j Zp (Z1 +Z2)cosφ

)
, (1.1)

where Zp is the elastic impedance of the piezoelectric material, ω is the angular
frequency, C0 is the dielectric capacitance, K2 is the electromechanical coupling
coefficient, Z1 and Z2 are the elastic impedance of the materials on each side of the
resonator, and φ = ωd/vp, where d is the thickness of the piezoelectric plate and vp

is the wave velocity in the piezoelectric material.
The piezoelectric nature of the plate is expressed by the term proportional to K2.

Without it, (1.1) comes back to the electrical impedance of a simple dielectric layer.
A freestanding resonator is a resonator surrounded by layers having acoustic

impedance equal to zero. In other terms, it stands in vacuum. Inserting Z1 = Z2 = 0
into (1.1), the electrical impedance becomes:

Ze =
1

j ω C0

(
1−K2 tan(φ/2)

φ/2

)
. (1.2)

As shown in Fig. 1.5, the impedance curve of the resonator corresponds to the
impedance of a capacitance C0 on which resonances are superimposed. In the case
under study, there is no loss and impedance is purely imaginary. At the antiresonance
frequencies, it is infinite. The anti-resonance frequencies fa are given by (1.2) when
φ = (2n+1)π/2. With φ = ωd/vp, it follows that the first antiresonance frequency
is given by

fa =
vp

2d
. (1.3)

It is simply the frequency for which the thickness of the plate corresponds to a
half wavelength.

The resonance frequencies are given by (1.2) when the electrical impedance is
zero. This condition is met when

K2 tan(φ/2)
φ/2

= 1. (1.4)
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Fig. 1.5 Impedance curve of a freestanding resonator whose impedance is given by (1.2). The
dashed line represents a simple dielectric capacitance

Using φ = ωd/vp and vp = fa ·2d, it can be rewritten as

K2 tan

(
π
2

fr

fa

)
=

π
2

fr

fa
. (1.5)

This is a transcendental equation that cannot be solved analytically. If necessary,
numerical methods like Newton’s method can be applied. However, the interest of
(1.5) is not here. Equation (1.5) can be rewritten as

K2 =
π
2

fr

fa
cot

(
π
2

fr

fa

)
. (1.6)

In practice, (1.6) is used to determine the real coupling coefficient of a resonator.
It is simply obtained from the resonance and antiresonance frequencies extracted
from the impedance curve of the resonator. It is noteworthy that the larger the
coupling coefficient is, the wider the separation between fr and fa.

This section about the Mason model is concluded with an approximation that will
be used in the next section about the electrical equivalent circuit of a piezoelectric
resonator. This approximation is based on the development of the function tan(x)/x
in a series of fractions

tan x
x

=
∞

∑
n=0

2

[(2n+ 1)π/2]2 − x2
. (1.7)

Keeping only the first term and introducing this into (1.2), one gets

Ze ≈ 1
j ω C0

(
1+K2 2

π2

4 − φ 2

4

)
. (1.8)
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Fig. 1.6 Simple LC resonant
circuit

This impedance is equivalent to the following admittance:

Ye ≈ j ω C0

1− 8K2/π2

1−ω2/ω2
a

, where ωa =
πvp

d
, (1.9)

or

Ye ≈ j ω C0
ω2

a −ω2

ω2
r −ω2 where ω2

r = ω2
a

(
1− 8K2

π2

)
. (1.10)

By taking only the first term in the series (1.7), the approximation is equivalent to
considering only the main resonance and neglecting higher-order resonances. The
approximation is thus only valid in the vicinity of the main resonance.

1.3.3 Electrical Equivalent Circuit (1D)

The circuit of Fig. 1.6 is composed of a static capacitance C0 and of the motional
capacitance and inductance Cm and Lm. Its admittance is given by

Y = j ω C0

(
1+

Cm/C0

1−LmCm ω2

)
. (1.11)

This circuit corresponds to a resonant circuit with a series resonance ωs and a
parallel resonance ωp given respectively by

ω2
s =

1
Lm Cm

, (1.12)

ω2
p = ω2

s

(
1+

Cm

C0

)
. (1.13)
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Fig. 1.7 Butterworth–Van
Dyke (BVD) equivalent
circuit

Using these two relations, one can easily transform (1.11) for the admittance into

Y = j ω C0
ω2

p −ω2

ω2
s −ω2 . (1.14)

The correspondence with (1.10) is evident. Thus, the equivalent circuit shown in
Fig. 1.6 can be used to model the main resonance of a low-frequency, freestanding,
lossless resonator. In the lossless case, the following equalities hold:

ωs = ωr and ωp = ωa.

Finally, the coupling coefficient can be calculated from the elements of the
equivalent circuit. By comparing (1.9) with (1.11), the following relation can be
derived:

K2 =
π2

8
Cm

C0 +Cm
. (1.15)

Electronic designers are used to choose the electrical components of their circuit
freely. Equation (1.15) has to be understood the reverse way: Cm is defined by
the coupling coefficient! It is imposed by the materials and geometry used in the
resonator. It is hence clearer to write (1.15) as

Cm =
8K2/π2

1− 8K2/π2 C0. (1.16)

Real resonators are of course not lossless. Losses arise in the form of ohmic
losses, dielectric losses, and acoustic losses of various origins. To take these
losses into account, resistive elements must be introduced in the equivalent circuit.
Figure 1.7 shows the well-known Butterworth–Van Dyke (BVD) equivalent circuit
where resistance Rm is placed in series with the motional capacitance and inductance
Cm and Lm.
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Fig. 1.8 Modified
Butterworth–Van Dyke
(MBVD) equivalent circuit
with an additional series
resistance Rs

This model has been extensively used in the quartz crystal field. With this
equivalent circuit, the Q factors of the series resonance and of the parallel resonance
are almost the same:

Qs =
Lm ωs

Rm
≈ Lm ωp

Rm
= Qp.

Experimentally, Qs and Qp of thin-film BAW resonators are very often different.
To take this into account, an additional resistance R0 can be added in series with
the static capacitance C0. This model is called the modified Butterworth–Van Dyke
(MBVD) equivalent circuit [17]. In Fig. 1.8, the additional series resistance Rs

represents the resistance of the electrodes.
Now the Q factors at the resonance and at the antiresonance are different. They

are given by

Qs =
Lm ωs

Rm +Rs
, (1.17)

Qp =
Lm ωp

Rm +R0
. (1.18)

The main drawback of this model is that it contains three resistances while only
two Q factors are extracted from measured curves. The choice of attributing the
relative values among the three resistances is then quite arbitrary. A good way
to solve this ambiguity is to use an EM simulator to get the Rs value for the
resonator under consideration. Then Rm and R0 are uniquely defined. Additionally,
a third Q factor can be defined: the intrinsic series Q factor, Qintr

s . It corresponds
to the theoretical series Q factor, had the resonator perfect lossless connections and
electrodes (Rs = 0). It gives an upper limit to the series Q factor that can be achieved.
We will use it in a later section. It is given by

Qintr
s =

Lm ωs

Rm
. (1.19)
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Fig. 1.9 Vector admittance
diagram of a piezoelectric
resonator

To conclude this section about electrical equivalent circuits, let’s have a look at
the resonance and antiresonance frequencies. In the lossless case, we found that
ωs = ωr and ωp = ωa. These equalities do not hold anymore when losses are
accounted for. Both resonance and antiresonance frequencies are split into three
different values:

• ωs, ωp: motional series, respectively parallel, frequency:

ωs =
1√

Lm Cm
and ωp = ωs

√
1− Cm

C0
.

• ωr, ωa: resonance and antiresonance frequency, at which reactance is zero.
• ωm, ωn: frequency at which impedance is minimum, respectively maximum.

These six frequencies are shown on Fig. 1.9. The vector admittance curve of the
resonator in the complex plane describes a vertical line with increasing frequency,
except in the resonance region where it describes a circle.

1.3.4 2D/3D Models

As mentioned at the beginning of section on the Mason model, a 1D treatment can
neither predict the real coupling and Q factor of a real resonator—since it depends
on the complete 3D geometry of the device—nor handle the spurious modes
(intrinsically a 2- or 3D problem). The requirements of today’s telecommunication
system are so severe that advanced optimization of the FBAR resonators is needed.
Many groups developed 2D and 3D models to get a better understanding of
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the physics governing these devices and so to improve their design. Most of
these works are using FEM simulations and/or interferometric measurements of
the displacement profile. The aim is to evaluate the coupling of other (spurious)
modes such as Lamb- or Rayleigh-type lateral modes. A correct estimation of
these couplings leads to much improved simulations, both in terms of ripples and
performances (coupling and Q factors). The interested reader should refer to the
original works, as, for example, [18–21].

In the remaining of this section, we will present a recently proposed model that
allows an easy, intuitive understanding of the effect of the size and shape of the
resonator on its performances [22]. This model does not address the very complex
spurious mode problem. It is however very helpful for the electronic designer to
understand the link between the size, or in a more meaningful way the impedance,
and the coupling and Q factors.

1.3.5 A/p Empirical Model

In a previous section, we introduced the BVD and MBVD equivalent circuits. These
circuits correspond to ideal resonators in the sense that no electrical parasitics
are taken into account. In real devices, many electrical parasitics exist, such as
capacitance to the substrate, capacitance between pads, capacitance to the ground
ring, resistance in the substrate, inductance associated with the connection lines,
and so on. Fitting the impedance curve of a real resonator with a simple MBVD
equivalent circuit is usually possible. However, the physical meaning of each
element is then not straightforward since their value refers to both resonator’s
intrinsic phenomena and electrical parasitics.

In what follows, the method that was applied is the following. Impedance
curves of real resonators were fitted with complex equivalent circuits, based on
the MBVD circuit, but with many additional components describing the electrical
parasitics. The value of each element corresponding to a parasitic element was
calculated automatically from the geometrical and physical data of the device. The
validity of the automatic calculation of the parasitic elements was checked with EM
simulations. In other words, the only free fitting parameters are the values of the six
elements of the MBVD circuit, C0, R0, Cm, Lm, Rm, and Rs. As previously explained,
the value of Rs is set by EM simulation so that only five free fitting parameters are
left. Excellent fits are obtained in most cases, though fitting might be difficult in
certain cases, when a myriad of spurious modes is present, for example.

With this method, it is possible to separate contributions from the ideal resonator
(MBVD circuit) and from parasitic elements. The model presented hereafter deals
with the properties of ideal resonators. The aim of the model is to describe the
variation of the properties of the ideal resonator with the size and shape of the
device. Figure 1.10 shows typical variations of k2

eff
ideal

, Qideal
s , and Qideal

p extracted
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Fig. 1.10 Size dependence of k2
eff

ideal
(black line), Qideal

s (dashed gray line), and Qideal
p (gray

line). These data were obtained by fitting the measured impedance curve of real resonators with
a complete equivalent circuit, including parasitics, and then extracting the properties of the ideal
resonator

from the fit of measured real resonators. Both k2
eff

ideal
and Qideal

p increase with the

size of the resonator while Qideal
s decreases (by a factor 17 between the smallest and

the largest resonators!).
Consider first the coupling coefficient k2

eff
ideal

. In the model, the resonator is
divided in two regions, center and edge. Consider a small volume in the central
region at a frequency close to the resonance or antiresonance frequency. Due to the
piezoelectric effect, this small volume expands and contracts at the same frequency
as the driving electrical field. Since the surrounding material does the same, this
small volume vibrates more or less freely. The situation at the edge of the resonator
is not the same. The material outside the resonator does not move and prevents the
material at the edge of the resonator to move freely. So there is a transition region
from the central region of the resonator where a free vibration takes place, to the
outside region of the resonator where the material is at rest. In a real resonator,
we can assume that this transition occurs smoothly over a certain distance and that
part of this transition lays in the resonator itself and part in the outside region. The
damping in the transition region of the resonator leads to a lowering of the total
coupling coefficient of the resonator. Let’s now consider a model where the smooth
transition is replaced by an abrupt transition between a region where material moves
freely and a region where the material has zero displacement. In other words, there

is a region with a coupling coefficient k2
eff

free
and a region with 0 coupling. The

situation is sketched in Fig. 1.11.
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Real evanescence

0

k 
2
eff

freeA/p model

weq

Fig. 1.11 Schematic view of a resonator with a central zone (dark gray) and an edge zone (light
gray). In the central zone, the piezoelectric layer moves freely, and the coupling coefficient is

k2
eff

free
. In the edge zone, the piezoelectric layer is totally clamped, and the coupling coefficient is

zero

The width of the region at the edge of the resonator with 0 coupling is chosen so
as to produce the same decreasing effect on the average coupling coefficient value

k2
eff

ideal
of the whole resonator, as the smooth evanescence zone does. It is called

equivalent width weq. It follows that the coupling coefficient of an ideal resonator,

k2
eff

ideal
, is obtained from the volume ratio of the part with k2

eff = k2
eff

free
and the part

with k2
eff = 0. The volume with k2

eff = 0 is proportional to the surface given by weq

times the perimeter p of the resonator. It follows

k2
eff

ideal
= k2

eff
free A−weq p

A
,

or

k2
eff

ideal
= k2

eff
free
(

1− weq

A/p

)
, (1.20)

where A is the total area of the resonator.
Figure 1.12 shows an example of this model applied in a real case. The resonators

under study are circular resonators at 2.4 GHz. The 1-µm AlN layer is sandwiched
between a Pt bottom electrode and an Al/W top electrode. The resonators stand

over a W-SiO2 Bragg mirror. Both k2
eff

ideal
given by the model and k2

eff
ideal

extracted
from the measurement fit very well. It is noteworthy that, in accordance with (1.20),
k2

eff
ideal

depends on A/p, the ratio between surface and perimeter of the resonator,
rather than on A solely. The ratio A/p as a function of A depends on the shape
of the resonator. For a given A, A/p is larger for a square than for a triangle
and is the largest for a circle. Independently of the shape, A/p always increases
with increasing A. In other words, small resonators have small A/p. In Fig. 1.12,

small resonators show a reduced k2
eff

ideal
relative to large ones. A resonator with

A/p = weq is completely blocked and has 0 coupling. In the case of Fig. 1.12,
weq = 5 μm. A circular resonator with A/p = 5 μm has a diameter of 20 µm. Any
circular resonator with a diameter equal or smaller to 20 µm and made with the same
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Fig. 1.12 Comparison of k2
eff

ideal
extracted from the measurement of seven resonators of different

sizes (circular dots) with the theoretical curve given by (1.20) (black line). The parameters for the

curve are k2
eff

free
= 6.77% and weq = 5 μm. c©2008 IEEE. Reprinted, with permission, from [22]

technology as the one used in Fig. 1.12 cannot work. On the other side, an infinitely
large resonator would have a coupling corresponding to k2

eff
free

(6.77% in the case
of Fig. 1.12). The seven resonators shown in Fig. 1.12 have impedances of 500, 300,
100, 50, 30, 10, and 5 Ω at 2.4 GHz, the largest one (5 Ω) being on the right of the
curve.

Let’s now consider the case of the parallel Q factor, Qideal
p . Assuming that at

the antiresonance the losses are mainly acoustic [20, 23], Qideal
p can be modeled

as follows. On one hand, part of the losses is proportional to the volume of the
resonator, which is proportional to the surface A of the resonator. For example,
energy leaks through the mirror or is internally dissipated (viscous damping,
scattering at inhomogeneities. . . ). On the other hand, part of the energy leaks
laterally at the edge of the resonator (lateral waves, friction. . . ). This energy leakage
is proportional to the lateral surface delimiting the resonator, which is proportional
to the perimeter p. Finally, the total energy injected in the resonator is proportional
to the area A. The Q factor being defined as the ratio between the total energy to the
dissipated energy, Qideal

p can be written as

Qideal
p =

A
aA+ b p

,
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Fig. 1.13 Comparison of Qideal
p extracted from the measurement of seven resonators of different

sizes (square dots) with the theoretical curve given by (1.22) (black line). The parameters for the
curve are Qfree

p = 2800 and slope = 33.5 μm−1. c©2008 IEEE. Reprinted, with permission, from
[22]

or

Qideal
p =

1

a + b
A/p

, (1.21)

where a and b are proportionality constants. Identifying a = 1/Qfree
p and renaming

b = 1/slope, it follows

Qideal
p =

1
1

Qfree
p

+ 1
slope (A/p)

. (1.22)

The unit of slope is μm−1. As in the case of the coupling, there is an A/p
dependence. In Fig. 1.13, the model for Qideal

p is applied to the same seven resonators

that were used with k2
eff

ideal
in Fig. 1.12. Again, Qideal

p given by the model and Qideal
p

values extracted from the measurement fit very well. Small resonators have a Qp

that tends to zero while Qfree
p = 2,800 gives an upper limit to the parallel Q factor

that can be achieved with this technology. Whether Qfree
p is limited by the mirror,

internal losses, or other mechanisms is out of the scope of this chapter.
The case of the series Q factor is more complicated to handle. Let’s first recall

that the model presented up to now deals with ideal resonators, free of any parasitics.
In that sense, the series resistance Rs of the interconnections and electrodes is also
a parasitic element. Hence, this model will deal with Qintr

s , the intrinsic Qs factor
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Fig. 1.14 Comparison of Qintr
s extracted from the measurement of seven resonators of different

sizes (triangular dots) with the theoretical curve given by (1.23) (black line). The parameters
for the curve are Qintr free

s = 3,530 and weq = 7 μm. c©2008 IEEE. Reprinted, with permission,
from [22]

described previously. Knowing the intrinsic Qs factor presents some interest in itself.
However, as we will see, the model also allows understanding Qs of real resonators,
which is of much greater interest.

One way to reason would be to treat the series resonance similarly to the
parallel resonance. However, the behaviors in the two cases are quite different.
While acoustic losses dominate at the antiresonance, ohmic losses dominate at the
resonance [20, 23]. Hence, a dependence of Qs on A/p similar to that of Qp is
questionable. Furthermore, the extraction of the intrinsic Qs from measured data
rather suggests a law similar to that of k2

eff . By analogy with (1.20), we get

Qintr
s = Qintr f ree

s

(
1− weq

A/p

)
. (1.23)

With this model, the resonator is again divided into two regions: a central region
where it is free to move and for which Qintr

s = Qintr f ree
s and a blocked edge region

where all the energy is dissipated and hence leading to Qintr
s = 0. Figure 1.14 shows

the results obtained for Qintr
s of the seven resonators presented previously. Again,

the model and the values for Qintr
s of the resonators extracted from the measurement

fit very well. Small resonators with A/p < weq have a Qintr
s of 0. It increases then

rapidly with the size of the resonator. Large resonators present a Qintr
s close to the

upper limit given by Qintr f ree
s = 3,530.
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Fig. 1.15 Comparison of Qideal
s extracted from the measurement of seven resonators of different

sizes (black diamond dots) with the theoretical curve given by (1.24) (black line). The curve is
asymptotically limited by two curves. On the small resonators side, it is limited by Qintr

s (dashed
gray line) (see Fig. 1.14). This is the first term in (1.24) denominator. On the large resonators side, it
is limited by the Rs ·ωs ·Cm term in (1.24) (dotted gray line). Real Qs are also shown (gray triangle
dots). c©2008 IEEE. Reprinted, with permission, from [22]

Knowing the intrinsic Qs factor Qintr
s and the ideal coupling coefficient k2

eff
ideal

,

we are now in a position to calculate Qideal
s , which includes the ohmic losses. Using

the following definitions,

Qintr
s =

Lm ωs

Rm
=

1
Cm ωs Rm

and Qideal
s =

1
Cm ωs (Rm +RS)

,

it follows

Qideal
s =

1
1

Qintr
s

+Cm ωs RS
, (1.24)

where Qintr
s is a function of A/p according to (1.23) and Cm is also a function of A/p

since Cm depends on k2
eff according to Cm = (C0 ·k2

eff ·8/π2)/(1−C0 ·k2
eff ·8/π2),

which is a function of A/p according to (1.20).
Figure 1.15 shows the results obtained for Qideal

s of the seven resonators presented
previously. Again, the model and the values for Qideal

s factor of the resonator,
extracted from the measurement, fit very well. It can be seen that Qideal

s of small
resonators is limited by Qintr

s . Qideal
s reaches then a maximum and then begins to

decreases severely for larger resonators. This is due to the Rs ·ωs ·Cm term in (1.24).
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Fig. 1.16 Qideal
p of standard resonators are shown with square dots. The full circular dot at A/p =

34 is a resonator with the same surface A as the standard resonator with A/p = 105, but holes in the
top electrode increase the perimeter p by a factor three. c©2008 IEEE. Reprinted, with permission,
from [22]

Large resonators have small impedances. Since Rs does not vary much with the size
of the resonators, it is logical that it has more impact on low-impedance resonators.
Figure 1.15 also shows the real Qs, extracted directly from the measurements. The
difference between the real Qs and Qideal

s is due to the parasitics. Again, it is logical
that they impact more low-impedance resonators. However, the trend for Qs of real
resonators is similar to that of ideal resonators.

The survey of this model will end up with three examples. The first one is
illustrated by Fig. 1.16. All resonators but one were standard rectangular resonators
of different sizes. The extraction of their ideal coupling and Q factors from the
measured impedance was performed. The two asymptotes of the Qideal

p curve are

defined by Qfree
p = 1,130 and a slope of 17.6 µm−1. These resonators were fabricated

with an older technology, based on an AlN-SiO2 Bragg mirror and Al top electrode,
and without any frame on the edge of the resonators. The special resonator is a
resonator with holes in the top electrode. The surface covered with top metal is
equal to that of the standard resonator with A/p = 105 μm. Due to the holes, the
length of edges on this resonator was multiplied by three relative to the perimeter
of the standard resonator, resulting in A/p = 34. As shown in Fig. 1.16, Qideal

p drops
from 680 without holes to 400 with holes, as predicted by the model.

The second example also shows the impact of the perimeter, but this time
by varying the shape. Figure 1.17 shows Qideal

p for resonators with the same
surface but different shapes. The triangular resonator has the longest perimeter and
consequently the smallest A/p ratio. The circular resonator has the largest A/p ratio.
As shown on Fig. 1.17, Qideal

p increases with decreasing perimeter.
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Fig. 1.17 Qideal
p vs A/p for resonators with the same surface A, but with different shapes. The

shapes with increasing A/p are triangle, rectangle, ellipse, pentagon, and circle. c©2008 IEEE.
Reprinted, with permission, from [22]

The last example shows how the model can be used successfully in the design
of filters. The equivalent circuit of the ladder filter is built in the same way as
for resonators. The resonators are represented with an MBVD circuit with values
corresponding to ideal resonators. The necessary elements are then added to model
the parasitics. Their value is calculated automatically from geometrical and material
data. Figure 1.18 shows the very good agreement between simulation and measured
data. The insertion loss (IL), the notches, the rejection, and VSWR fit very well. This
50-MHz bandwidth ladder filter was designed for the 2.4–2.48-GHz ISM band. It
comes from the same wafer as the seven resonators shown in Figs. 1.12–1.15. Its
minimum IL is very good at 0.98 dB. The maximum insertion loss in the 50-MHz
band is 1.6 dB. The minimum rejection is 20 dB in the 1.3–1.8-GHz range. There is
a nice rejection notch between 6 and 7 GHz. No external components were added to
this filter to enhance the performances.

1.4 Conclusion

After two decades of technology development, the first thin-film BAW resonators
have hit the market as passive elements in front-end filters and duplexers. Beside
this mainstream application, these components can be advantageously used in many
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Fig. 1.18 Simulation (gray) vs measurement (black) for a ladder filter: (a) Insertion loss,
(b) notches, (c) rejection, and (d) VSWR. c©2008 IEEE. Reprinted, with permission, from [22]

other communication systems, owing to their very high performances. For example,
very low power transceivers could benefit from the high quality factors of these
resonators. In any case, whatever the application, the designer needs tools for
describing the behavior of these piezoelectric devices. Models are necessary for
the design of complex filters made from the resonators but also for the simulation of
electronic circuits that include BAW devices. The empirical model proposed in this
chapter enables the accurate description of the resonators, by computing the value of
the parasitic elements that must be added to the simple electrical model used usually
for piezoelectric resonators such as quartz crystals. Indeed, in the case of thin-
film resonators, these elements have a major influence on the performance of the
devices in terms of Q factor and coupling coefficient and must hence be accounted
for. The fact that the values of the parasitic elements depend on the size of the
devices is implemented in the model by evaluating the properties of the resonators
as a function of their perimeter and area. The applicability of this model has been
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shown by the excellent match between calculated and measured parameters, both
for resonators and more complex filters. Now that the fabrication technology and
the modeling tools have come to a quite mature stage, and even though additional
improvements could still be beneficial, the challenge can be moved towards the
design of new communication systems. Indeed, the integration of BAW resonators
with tailored properties in advanced circuit architectures will certainly open new
opportunities.
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Chapter 2
Contour-Mode Aluminum Nitride Piezoelectric
MEMS Resonators and Filters

Gianluca Piazza

Abstract This chapter describes the aluminum nitride MEMS contour-mode
resonator (CMR) technology and its application to RF filtering and frequency
synthesis. The CMR technology is a new class of piezoelectric resonant devices that
has the ability to span a broad range of frequencies from few MHz up to GHz on
the same silicon chip and attain motional resistances in the range of 25–250 Ω and
quality factors above 1,000 in air over the entire frequency spectrum. These laterally
vibrating AlN microstructures not only provide the advantages of compact size, low
power consumption, and compatibility with high yield mass producible components
but will also enable paradigm-shifting solutions for reconfigurable RF front ends and
simpler frequency synthesizers. In this chapter, basic analytical design procedures
are presented to explain the principle of operation of one and two port AlN CMRs
and their use in oscillator circuits. Fundamentals of microfabrication techniques
employed for making AlN CMR are briefly introduced. Different methods for
arraying these devices and form either electrically or mechanically coupled filters
are described. Key device parameters that affect filter insertion loss, bandwidth, and
rejection are highlighted for the different kind of configurations. Finally, potential
applications of these devices in next-generation cognitive radios and future research
directions are presented.

2.1 Aluminum Nitride MEMS Contour-Mode Resonator
Technology

Recent advances in surface micromachining techniques have enabled the realization
of miniaturized and high-quality factor acoustic resonators that can be integrated
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with state-of-the-art CMOS electronics [1–7]. Among these MEMS devices, a new
class of resonators, dubbed contour-mode (contour-mode resonators, CMR) because
of their in-plane mode of vibration, has received large attention from the research
community. In fact, these resonant devices offer the unique capability of providing
multiple frequencies of operation on the same silicon substrate. Electrostatic and
piezoelectric transduction mechanisms have emerged as the preeminent techniques
for driving and sensing resonant vibrations in micromechanical structures. Elec-
trostatically transduced resonators have demonstrated high-quality factors and high
frequencies (up to GHz by employing overtones) but suffer from large motional
impedances that make their interface with 50 Ω RF systems troublesome. Instead,
piezoelectric actuation of aluminum nitride CMRs addresses this fundamental
challenge and offers low motional resistance (25–250 Ω) while maintaining high-
quality factors (1,000–4,000) and capacitance values (0.2–1 pF) that ease their
interface with state-of-the-art circuitry.

Contour modes of vibration can be excited in c-axis-oriented AlN films via the
equivalent d31 piezoelectric coefficient. By applying an electric field across the
film sandwiched between a top and bottom electrode, the MEMS structure expands
laterally and can be excited in resonant vibrations whose frequency is set by one of
the in-plane dimensions of the device.

The most promising structures demonstrated to obtain high Q (1,000–4,000) and
high frequency of operations (10 MHz–1.6 GHz) are rings and rectangular plates as
shown in Fig. 2.1. The frequency of vibration, fo, is generally set by the width of the
structure, W (Fig. 2.1), whereas the second dimension can be employed to control
the equivalent motional resistance, RM, and static capacitance, CO, of the device.
Either fundamental or higher order mode can be selectively excited in rectangular
or annular plates (Fig. 2.1) by properly patterning the top electrode and therefore
defining the effective width of the resonant element. The use of higher order modes
of vibration is deemed necessary in order to reduce the sensitivity to lithographic
errors and misalignments for devices operating at frequencies above 400 MHz, for
which the definition of small features would otherwise significantly complicate
the ability to accurately set the frequency. The multielectrode configuration (used
to selectively excite higher order modes) reduces the sensitivity to lithographic
tolerances by relying on the definition of a precise pitch rather than an absolute
dimension, as in the case of the fundamental mode device. In addition, the frequency
defining element becomes the electrode (rather than the AlN films), which is
thin (50–200 nm) and easier to pattern into very small features. A fundamental
advantage of this resonator technology over film bulk acoustic resonators (FBARs)
or surface acoustic wave (SAW) resonators is that the device center frequency and
electromechanical coupling can be set exclusively at the CAD layout level, therefore
enabling multiple frequencies of vibration on the same silicon chip and greatly
reducing manufacturing tolerances to film thicknesses.

In general, the equivalent circuit representation for a piezoelectric transducer
(such as a contour-mode device) is a simplified version of the Mason’s model as
shown in Fig. 2.2.
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Fig. 2.1 Summary of most significant AlN contour-mode resonator topologies demonstrated to
date. Reprinted with permission from [8]. c©2009, American Vacuum Society

Fig. 2.2 Conventional Mason lumped circuit model for a piezoelectric transducer. Reprinted from
[9], c©2007 with permission from Elsevier

As shown in Fig. 2.2, the transducer can be modeled by an intrinsic capacitance,
CO, representing the physical capacitance of the electroded part of the piezoelectric
device; a transformer, whose turn ratio, η , represents the conversion between
electrical and mechanical variables at a specific location of the device (generally
the point of maximum displacement); and motional capacitance, Cm, resistance Rm,
and inductance Lm, representing the mechanical variables of the MEMS resonator,
being associated with its compliance 1/keq, damping ceq, and mass meq, respectively
(see Table 2.2):

C0 = ε33
Electroded area

Thickness of electroded area
, (2.1)
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Table 2.1 Correspondence
between mechanical and
electrical variable used to
describe mechanical
resonators in the two domains

Mechanical
variable

Electrical
analogue

Force (F) Voltage (V )
Velocity (v) Current (I)
Compliance (1/keq) Capacitance (Cm)
Damping (ceq) Resistance (Rm)
Mass (meq) Inductance (Lm)

η =
F
V

=
I
v
, Cm =

1
keq

, Rm = ceq, Lm = meq,

where ε33, is the permittivity of the piezoelectric material in the thickness direction
and F , V , I, and v are defined in Table 2.1. The equivalent lumped mechanical
variables can be calculated according to the techniques that are explained in detail,
for example, in Johnson [10] or in Tilmans [11, 12].

The AlN plate can be excited into vibrations by two means of applying an electric
field across the film thickness. The two most successful implementations to date are
based on thickness field excitation (TFE) and lateral field excitation (LFE) (Fig. 2.3).
LFE results in a more robust implementation since it is less sensitive to electrode
alignment but suffers from reduced electromechanical coupling and effective device
reactance, which simultaneously make the resonator interface with external circuitry
more complicated. For these reasons, TFE is the preferred embodiment, and the one
that will be discussed in further details in the following sections for both one-port
and two-port implementations.

2.1.1 One-Port AlN Contour-Mode Resonators

A one-port resonator is a device for which the simplified model of Fig. 2.2 is
terminated in a short, representing, in the acoustic domain, a perfectly reflective
boundary such as air. In one-port configurations, the static capacitance of the device,
CO, appears in parallel with the motional components of the resonator and its
value depends, if fringing fields and piezoelectric stiffening effects are neglected,
only on the electroded area. The equivalent electrical model can be reduced to the
conventional Butterworth Van Dyke (BVD), generally modified to include the effect
of parasitic components (RS and RO), which play a significant role at the MEMS
scale (Fig. 2.4). The parasitic element, RS, represents the equivalent series resistance
due to the resonator electrodes and via (dominant term) and AlN films. RS and RO

are generally extracted from experimental measurements. The other parameters, RM ,
LM , and CM , represent the equivalent motional parameters of the resonator in the
electrical domain and are given by (for a rectangular geometry)
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piezo-induced
strain

piezo-induced
strain

Efield

Efield

Floating Metal
Plane

TFE

+ +

+ +

+

LFE

Fig. 2.3 Two possible schemes of excitation of lateral modes of vibrations in AlN piezoelectric
films. Electric field across the film thickness (which induces lateral strain in the piezoelectric film
via the d31 coefficient) can be applied either via a thickness field excitation (TFE, top of figure) or
a lateral field excitation (LFE, bottom of figure). The bottom floating electrode shown in the LFE
embodiment is not necessary but helps in attaining a better confinement of the electric field and a
correspondingly higher electromechanical coupling. Reprinted from [9], c©2007 with permission
from Elsevier

CM

LM

RM
R0

C0

RS

Fig. 2.4 Circuital symbol for
an electromechanical
resonator and equivalent
MBVD model used to
represent its behavior in the
electrical domain. c©2008
IEEE. Reprinted, with
permission, from [13]
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where ωs is the device center frequency:

ωs =
π
W

√
Eeq

ρeq
. (2.5)

L, W , and T refer to the length, width, and thickness of each resonator or
individual finger forming the AlN plate (as in Fig. 2.1); n is the number of sub-
resonators (fingers); Eeq and ρeq are the equivalent in-plane modulus of elasticity
and mass density of AlN and the stacked electrodes; d31 is the equivalent (3,1)
piezoelectric coefficient of AlN; and k2

t is the equivalent (3,1) electromechanical
coupling coefficient for AlN. In the case of annular geometry, (2.2)–(2.5) still
hold, but the resonator length, L, needs to be substituted by 2πRAVE , where RAVE

constitutes the average radius of the annulus.
For example, Fig. 2.5 shows how accurately the modified BVD (MBVD) model

describes the measured admittance response of a 221.6 MHz AlN CMR having
n = 3, L = 200 μm, T = 2 μm, and W = 20 μm (such as the one shown in Fig. 2.1).
In this specific case, for which 200-nm-thick Pt electrodes were used, Eeq = 399 GPa
and ρeq = 5,076 kg/m3, which closely correspond to the bulk values for the AlN/Pt
stack.
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Fig. 2.6 Circuit model for a two-port resonator. c©2007 IEEE. Reprinted, with permission,
from [14]

2.1.2 Two-Port Contour-Mode Resonators

A two-port resonator can be represented by two cascaded networks of the type
depicted in Fig. 2.2. Ideally, it can be modeled as two resonators coupled at an
infinitely stiff location. This implementation is generally encountered in macroscale
resonant piezoelectric transformers. The reduced equivalent electrical circuit is
shown in Fig. 2.6, in which the parasitic components, RS and RO, of Fig. 2.4 have
been neglected and a parasitic capacitance, Cf , has been included to account for
substrate and device feedthrough between the input and output ports of the resonator.

The main components in the circuit are described by the following equations (for
a rectangular geometry and assuming that width, W , length, L, and thickness, T , of
each of the elements forming the input and output ports are the same as in Fig. 2.7):

CO,in = ninε33εO
WL
T

, (2.6)

CO,out = noutε33εO
WL
T

, (2.7)
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N =
ηin

ηout
, (2.11)

where the variables are the same as in (2.2)–(2.5) and the subscript in and out refer
to quantities associated either with the input or output ports of the resonator.

A clear advantage of this solution over a one port counterpart is the electrical
isolation of the input and output terminals that facilitates the transduction of the
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Fig. 2.7 Two of the possible demonstrated embodiment for two-port resonators: (a) the two ports
are placed parallel to each other in the plane of the resonator and (b) the two ports are stacked on
top of each other in the vertical direction

resonators at higher frequencies. The two-port design also simplifies the making
of electrically coupled filters as shown in Sect. 2.3.1. The disadvantage is that,
in a planar solution, the two-port topology increases the value of the motional
impedance by 4X for a given transduction area. Two possible embodiments for
two-port piezoelectric resonators have already been demonstrated [9, 15] (Fig. 2.7).
The two-port configuration can be realized by placing the two transducers adjacent
to each others in the lateral direction (Fig. 2.7a) or by stacking the transducers on
top of one another (Fig. 2.7b). The second implementation is more effective from
the perspective of maximizing the device electromechanical coupling coefficient
per unit area. In fact, the device motional resistance matches the one of a one-
port device for a given layout area and improves the mechanical coupling into
the fundamental mode by effectively driving the device over the entire top surface.
Furthermore, the stacked solution limits the input to output capacitive feedthrough
by reducing the coupling through the AlN film that is present between the driving
and sensing electrodes in the first configuration. The two-port stacked topology was
implemented for both rectangular and ring geometries.

2.1.3 Figures of Merit for AlN Contour-Mode Resonators

By examining (2.2)–(2.5) and (2.6)–(2.11), it is evident that all resonator parameters
can be defined as a function of the device center frequency, ωs, static capacitance,
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Fig. 2.8 Best f Q product achieved for different CMR devices covering a frequency range from
50 MHz up to 8.5 GHz. Reprinted with permission from [8]. c©2009, American Vacuum Society

CO, electromechanical coupling, k2
t , and quality factor, Q. This is the reason why,

historically, the two fundamental figures of merit for resonators have always been
the k2

t Q and f Q products. k2
t Q directly affects insertion loss and bandwidth of filters,

and power consumption and phase noise in oscillators. f Q is inversely proportional
to the noise equivalent mass resolution in a resonator and it is therefore important
in defining frequency stability and phase noise in oscillators. In general, the f Q
product of most macro- and micromechanical resonators developed to date has
been constant. As shown in Fig. 2.8, the CMR technology has instead achieved
an f Q product that has been increasing with frequency. This trend confirms that
it is advantageous to use this technology at very high frequencies but also shows
that further improvements in the Q of these devices at lower frequencies should be
possible. Q improvement in CMR devices is a subject of current research.

The k2
t coefficient describes the conversion of electrical energy into mechanical,

and its value depends on the piezoelectric coefficients of AlN, the material stiffness
and dielectric constant, the mode of vibration of the resonator, and the corresponding
shape of the electrodes used for applying a voltage across the piezoelectric layer. k2

t
between 0.5% and 2.5% have been demonstrated for the CMR technology, although
coefficients as high as 3.5% should be theoretically possible.
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Table 2.2 Summary of key
properties of AlN films
deposited by sputtering
techniques. Reprinted from
[9], c©2007 with permission
from Elsevier

AlN property Value

d31 piezo-coefficient −2 pC/N
Rocking curve (FWHM) 0.7–2%
Resistivity > 1013 Ω ·cm
Relative dielectric constant 9–9.2

a c

db
0.5-100 mm lateral features

Si LSN Metal AIN

0.5-100 mm lateral features

0.5-2 mm

50-200 nm
thick

Tethers not shown

Fig. 2.9 Schematic representation of the fabrication process used to make AlN CMR resonators:
(a) low stress nitride (LSN) is deposited on a silicon wafer and bottom metal electrodes are
patterned on it; the AlN is sputter-deposited on the entire wafer. (b) Via access to the bottom
electrode is etched into the AlN layer. (c) Top metal electrode and via interconnects are patterned;
(d) AlN is dry etched and the structure is selectively released in XeF2

2.1.4 AlN Piezoelectric Films and Microfabrication Process
for Contour-Mode Resonators

One of the key elements that have made possible the demonstration of the piezoelec-
tric CMR technology has been the repeatable deposition of thin and highly oriented
AlN films on silicon substrates by means of sputtering deposition techniques. It is,
in fact, thanks to the recent commercial deployment of AlN-based FBAR filters that
deposition tools for piezoelectric AlN have become more readily available. All the
experimental results presented in this chapter have been obtained by using either
AMS or Tegal sputtering equipment. The quality of the AlN film is critical to the
demonstration of the CMR devices. In particular, it is important to monitor not
only the piezoelectric coefficient of these films but also their electrical resistivity,
dielectric constant, and degree of crystallinity. The key properties that have been
achieved in AlN films are summarized in Table 2.2.

The fabrication process for AlN CMR devices is relatively straight forward and
uses 4–5 masks and conventional integrated circuits (IC) processing techniques. As
shown in Fig. 2.9, the process consists in sputter-depositing highly oriented metal
electrodes (generally aluminum or platinum, but other conductors can also be used)
and patterning them into the desired shape. The metals can be deposited directly
on a high-resistivity silicon substrate or a thin dielectric layer. In most cases, a thin
adhesion layer, such as titanium, is used. The AlN film is then sputter-deposited,
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Fig. 2.10 ANSYS simulation of the effect of sidewall slope (measured from the vertical as in
the SEM inset) on the frequency of a 275-MHz laterally vibrating CMR device. c©2006 IEEE.
Reprinted, with permission, from [2]

and vias to make contact to the bottom layer are formed by wet etching of AlN
by phosphoric acid (H3PO4) or other less aggressive solutions based on potassium
hydroxide (KOH). The top metal electrode is then sputter-deposited and patterned
by means of lift-off or dry etching. The AlN is etched by a Cl2-based dry etch
step to define the main resonator body (rectangular or annular body) and access
the supporting silicon layer that needs to be removed for freeing the structure from
the substrate. The release is performed by dry etching in XeF2, which selectively
removes silicon without attacking any of the other layers that form the resonant
device. An electroplating step can be included (generally Au) to completely fill
the via and thicken the lines used to route the signal to the resonator, therefore
minimizing any ohmic loss modeled by RS in Fig. 2.4.

The most critical steps that affect the reliable manufacturing of the CMR devices
are those that directly set the resonance frequency of the structure. In fundamental
mode devices, the etching of AlN and electrode definition is used to accurately
prescribe the device center frequency. For most filtering applications, ±1,000 parts
per million (ppm) accuracy is considered sufficient to attain high yield without the
need of post-process trimming. Using 1,000 ppm as a reference mark, fundamental
mode devices can be readily fabricated up to approximately 400 MHz using a 0.5-
µm lithographic tool. At the same time, accurate and repeatable definition of the
etching step needs to be guaranteed. In fact, as shown in Fig. 2.10, the center
frequency of fundamental mode devices is highly affected by changes in the sidewall
slope.

As already anticipated in Sect. 2.1, the use of higher order mode devices
drastically relaxes the manufacturing constraints for higher frequency devices and
renders the fabrication of devices up to approximately 3 GHz very reliable using a
360-nm line lithography tool. The use of the electrode pitch, rather than the overall
plate dimension, to prescribe the frequency of operation of the device makes the
CMR technology more robust against process variations. It is also easier to define
smaller features in thinner electrode materials (50–200 nm thick) rather than thicker
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(1–2 µm) AlN films. The use of n electrodes further reduces the device sensitivity
to the AlN etching step, since variations in the plate profile are weighted over the
number of electrodes.

The CMR sensitivity to variations in the electrode thickness is of the same order
of magnitude of SAW and FBAR devices, but CMR exhibits drastically reduced
sensitivity to changes in the AlN thickness over FBAR technology. In fact, the
AlN thickness plays a second-order role in defining the center frequency of CMR
devices.

2.2 Aluminum Nitride Contour-Mode MEMS Oscillators

One of the largest application areas for resonators is timing. Although few electronic
components have stood the test of time better than quartz crystal oscillators, MEMS-
based solutions have emerged as a very promising and competitive alternative due
to their small form-factor, high operating frequency and especially the possibility
to be fully integrated with ICs. A key advantage of the AlN CMR technology over
other MEMS implementations is its ability to offer impedances that can be directly
interfaced with standard CMOS oscillator configurations such as Pierce and Colpitts
(Fig. 2.11). Other unique features of the AlN technology are the ability of attaining

Fig. 2.11 Images of the AlN CMR device and oscillator circuit that were wirebonded. At the
bottom, their equivalent electrical models are shown. c©2008 IEEE. Reprinted, with permission,
from [13]
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Fig. 2.12 Equivalent circuits of the Pierce oscillator operating near the oscillation frequency. (b)
Separation of the motional (mechanical) and electrical parts of the circuit. (c) Rearrangement to
simplify the oscillator analysis. c©2008 IEEE. Reprinted, with permission, from [13]

multiple frequencies of operation on a single chip and withstanding large power. In
fact, the amplitude-frequency coefficient of an AlN resonator at 222 MHz was mea-
sured to be ∼8 ppm/mA2, which is comparable to quartz crystal devices and about
eight orders of magnitude better than electrostatic devices operating at few MHz.

The Vittoz method [16] has been commonly used for the small-signal analysis
of three-point oscillators with crystal resonators and can also be applied to the
design of multifrequency CMR devices. However, since electrode and substrate
parasitics (e.g., RS and R0 in Fig. 2.4) play a significant role in device performances
at the microscale, the Vittoz method needs to be modified accordingly to take these
parameters into account and design oscillators based on MEMS resonators. As
shown in Fig. 2.12a, the active branch of the Pierce oscillator can be considered
equivalent to a negative resistance RN in series with a load capacitance CL, the values
of which are given as follows:

RN =− gm

ω2C1C2
, (2.12)

CL =
C1C2

C1 +C2
, (2.13)
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where ω = 2π f is the operating frequency, gm is the small-signal transconductance
of the NMOS transistor, and C1 and C2 are respectively the gate-source and drain-
source capacitances. The Pierce circuit operating near the oscillation frequency fo

can be simplified to a four-component network that consists of an effective
inductance LE , an effective load capacitance CEL, an effective negative resistance
REN , and the motional resistance, RM, of the resonator, as shown in Fig. 2.12c. These
effective values can be derived as

LE ≈ 2(ω −ωs)

ω2ωsCM
=

2p
ω2CM

p =
ω −ωs

ωs
� 1, (2.14)

ZET = [RN +RS + 1/( j ωCL)] || [R0 + 1/ j ωC0)] , (2.15)

REN = Real{ZET} and CEL =−1/ [ω · Imag{ZET }] , (2.16)

where p is defined to be the frequency pulling factor, which indicates the relative
amount of frequency pulling above the series resonant frequency, ωs, of the
resonator, ZET is the total impedance of the electrical part in Fig. 2.12b, “||” means
parallel electrical connection, and “Real” and “Imag” denote real and imaginary
parts of a complex number, respectively. By equating REN with −RM and solving
(2.16), the critical transconductance, gmc, and operating frequency, ωc, for starting
oscillations can be estimated.

Using these analytical models for the resonator and circuit, it is possible to
highlight how the key resonator components (Q, k2

t , frequency, geometry, and
parasitics) affect power consumption in the oscillator circuit.

In Fig. 2.13, the critical transconductance, gmc, is plotted as a function of Q, k2
t ,

nL, T , f , and R0, while all other parameters are kept fixed. The primary source of
power consumption in the oscillator is due to the motional resistance, RM, of the
resonator. As already stated, RM is inversely proportional to k2

t ·Q, a figure of merit
of the resonator.

Figure 2.12b shows the dependence of gmc on the resonator geometry. Since the
sub-resonator width, W , is used to define the resonant frequency in the piezoelectric
AlN CMR technology, only the effective length, nL, and thickness, T , are available
for design optimization. RM is inversely proportional to nL, and this explains why
the value of gmc increases with a decrease in nL. On the other hand, if nL is large,
then the impedance of C0 is low and R0 becomes a significant part of power loss
in the circuit. Therefore, parasitics need to be taken into account since they can
significantly affect the oscillator power consumption. The resonator thickness, T ,
has little effect within the optimal nL region, and therefore, any thickness could
be employed. To ensure good material quality of the sputter-deposited AlN and low
device impedance (1/ j ωC0), T = 2 μm, L= 200 μm, and n= 3 were first employed
for the demonstration of a 222-MHz oscillator.

In order to demonstrate a single circuit (amplifier) design that works for multi-
frequency resonators, it is important to analyze how gmc varies as a function of
operation frequency, f , and parasitic resistance R0 (Fig. 2.13c). As (2.12) implies,
given a certain RN , gmc rapidly increases with frequency. At high frequencies,
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Fig. 2.13 (a) gmc vs Qs for different k2
t ; (b) gmc vs nL for different T ; (c) gmc vs f for different

R0. c©2008 IEEE. Reprinted, with permission, from [13]

the effect of R0 becomes more pronounced as already illustrated in Fig. 2.12b
(the impedance associated with C0 lowers with increasing frequency). Overall, the
dominating parameter that sets the single Pierce circuit design for multifrequency
oscillators is the operation frequency.

In the first AlN CMR-based multifrequency oscillator prototype, a maximum
frequency of 500 MHz was used and set the maximum power consumption to 10 mW
in the AMIS 0.5 µm 5 V CMOS process. AlN contour-mode resonators at 176, 222,
307, and 482 MHz were connected to the same Pierce oscillator circuit (Fig. 2.11).
These devices attained phase noise values between −88 and −68 dBc/Hz at 1 kHz
offset frequency from the carriers and phase noise floors as low as −160-dBc/Hz
at 1 MHz offset. The characteristic phase noise response of a 222-MHz resonator
is shown in Fig. 2.14. The same phase noise of the 222-MHz oscillator was also
integrated from 12 kHz to 20 MHz, and the RMS jitter found to be 74 fs. This value
is comparable to what is available from SAW-based oscillators working in the same
frequency range.

As shown in Fig. 2.14, the phase noise performance of this first oscillator
prototype is limited by the circuit layout, and further optimization is possible. In
addition, by utilizing a more modern CMOS technology, lower power consumption
will also be possible.
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Fig. 2.14 (a) Closed-loop phase noise plots of the 222-MHz oscillator (solid line) and the
corresponding contributions from circuit without resonator (dashed line) and resonator (lower
dash-dotted line). (b) Steady-state oscillator output voltage showing waveform asymmetry. Voltage
clipping in the oscillator core circuit is likely to be a major contributor to the close-to-carrier phase
noise by up-converting baseband flicker noise into the carrier signal band. c©2008 IEEE. Reprinted,
with permission, from [13]

2.3 Aluminum Nitride Contour-Mode MEMS Filters

Given their high frequency of operation and ability to achieve high Q and low
impedance in a small form factor, the CMR technology is extremely suited for the
definition of RF MEMS filters.

Approximately 10–15 filters are present in most cell phones today, and these
numbers are steadily growing due to the need for multiple bands and applications.
SAWs and FBARs are main stream in the cell phone bands but are limited in
their ability to provide solely few closely spaced frequencies on the same chip.
The AlN CMR technology can instead span a broader range of frequencies on
the same die (MHz to GHz), therefore providing a possible answer to the need of
compact multiband and multifrequency components that currently limit the wireless
communication industry.

Filters are made out of an array of resonators coupled either electrically or
mechanically. CMR resonators are employed to precisely locate poles and zeros
and achieve flat pass band, sharp roll off, narrow bandwidth and low loss filters. The
next sections describe different methods to synthesize MEMS filters out of CMR
devices.
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Fig. 2.15 SEM of an eight resonator ladder filter using CMR devices. The insets show the circuit
schematic of the filters (which highlights that two resonators with different frequencies are required
to implement such filter) and the filter experimental performance when using a different number
of resonators. c©2007 IEEE. Reprinted, with permission, from [17]

2.3.1 Electrically Coupled AlN Contour-Mode Filters

Simpler to implement than any other coupling technique, electrical coupling
requires routing of electrical signals from one CMR device to the next without the
need for any external electrical components. It is a robust coupling technique com-
monly used with MEMS devices and more generally with mechanical filters. AlN
CMR devices have been arranged in conventional ladder topologies to demonstrate
filter prototypes around 94 MHz [17] (Fig. 2.15).

Another very effective filter implementation using electrically cascaded AlN
CMR devices has been shown to work at 94 and 271 MHz [18] (Fig. 2.16). In this
design, three or four two-port AlN resonators are connected in series and coupled
by their intrinsic capacitance to realize high-order filtering. This solution offers the
possibility to design filters with good shape factors and off-band rejection without
the need for different frequency devices as it is instead deemed necessary in the
ladder configuration of Fig. 2.15. This solution reduces the complexity of the filter
design and fabrication and ultimately improves the device yield. Also, this coupling
technique intrinsically provides for narrow bandwidths (0.1–0.4%), and makes the
AlN technology a very good fit for the demonstration of channel-select filters. As
will be highlighted in the next section, channel selection, instead of band selection,
represents a significant paradigm shift in the way current RF front ends are designed
and can drastically reduce power consumption and architecture complexity.

This filter topology can be synthesized by cascading same frequency devices.
The use of two port devices (Fig. 2.6) eliminates the need for external coupling
capacitors, since the intrinsic device capacitance to ground can be employed. For
example, in a third order filter, three fundamental resonant modes (3 poles) can be
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filter pass band

synthesized by cascading three two-port devices (Fig. 2.15). The filter bandwidth is
approximately set by the spacing between the first and third mode of vibration and
is given by

FBW3dB ≈ fr3 − fr1

fr1
=

√
3CM

2C0
+ 1− 1 ≈ 3

π2 k2
t , (2.17)

where fr3 and fr1 are defined as in Fig. 2.16, and CM and CO are the equivalent
parameters of the two-port resonator. It is important to note that the k2

t of the device
sets the filter bandwidth.

To maximize power transmission from input to output, the filter needs to be
terminated by a proper resistance RT , which is primarily determined by the input
impedance of the filter and can be approximated by the impedance magnitude of the
input transducer, C0, of the first resonator stage. It can in fact be proven that in order
to attain maximum power transfer (i.e., minimum insertion loss), RT needs to be set
approximately equal to:

RT ≈
∣∣∣∣ 1

j ωsC0

∣∣∣∣ . (2.18)
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Approximately, an nth-order filter at resonance is equivalent to a circuit of n
series resistors, each having value of RM , with two additional intrinsic capacitors
C0 at the two ends. It can therefore be shown that the filter insertion loss IL can be
expressed as

IL(dB)≈−20log10

(
4

4+ nπ2/k2
t Q

)
. (2.19)

Equation (2.19) shows how filter IL exclusively depends on k2
t ·Q and further

emphasize the importance of this figure of merit. When designing a filter, another
important parameter to take into account is its out-of-band rejection. In this filter
topology, the resonators behave as open circuits and the overall equivalent circuit
corresponds to the two input capacitors to ground and a feedthrough capacitance,
CF . Then, the out-of-band rejection is determined by CF , which is generally set by
substrate parasitics and can be controlled by proper routing and spacing of the input
and output electrodes. In this filter, the out-of-band rejection is given by:

Re j.(dB)≈−20log10

(
Cf

C0

)
− IL. (2.20)

CF can generally be limited to values around few fF, therefore providing for large
out-of-band rejection in excess of 60 dB (Fig. 2.17).

The filter shape factor is defined as

XdBShape Factor =
Filter bandwidth at XdB below IL
Filter bandwidth at 3dB below IL

, (2.21)

where X is the number of dB lower than the IL at which the filter bandwidth is
measured. The shape factor primarily depends on the number of poles forming the
filter (the order of the filter) and to a second degree on the Q of the device.

Figure 2.17 shows an experimental demonstration of the described filter
topology, for which a bandwidth of 0.34%, IL of 4.2 dB, and rejection >60 dB
were attained at 271 MHz.

2.3.2 Mechanically Coupled AlN Contour-Mode Filters

Mechanical coupling techniques require the use of mechanical links between
different resonators to synthesize band-pass filters. Extensional beams or solid
quarter wave couplers (typical of monolithic filters) have been employed to realize
these types of filter. The principle of operation can intuitively be understood by
looking at the equivalent lumped mechanical model of a resonator. As shown in
Fig. 2.18, two resonators coupled by a mechanical element (generally represented
by a spring and a mass) behave as a coupled system of oscillators and are
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Fig. 2.17 Experimental response of a 271-MHz filter formed by electrically cascaded two port
AlN CMR devices. Inset shows an image of the same filter. c©2007 IEEE. Reprinted, with
permission, from [14]

therefore characterized by two possible modes of oscillation. By properly defining
the stiffness (and mass) of the coupling element, the frequency spacing (i.e., the
bandwidth of the filter) between the modes of vibration can be appropriately set.
Once this is understood, then standard techniques used to describe IL, rejection,
and shape factor of electrically coupled filters can be applied to the mechanically
coupled version. It is in general hard to control the location of different poles and
the elimination of spurious modes in mechanically coupled filters of order greater
than two. It is because of this reason that the most promising mechanical filters are
limited to the second order.

A specific case of CMR mechanically coupled filter is the one shown in Fig. 2.19,
for which a set of two width-extensional rectangular plates are coupled via a
length-extensional beam. The two mechanical resonators are modeled in the same
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Fig. 2.18 Schematic representation of a second order coupled system of oscillators. Top represents
an equivalent lumped analogy, whereas the bottom represents the distributed version formed by
CMR devices. c©2006 IEEE. Reprinted, with permission, from [19]

Fig. 2.19 SEM of a mechanically coupled CMR filters formed by two width-extensional res-
onators coupled by a λ /4 axial bar. The equivalent T network representation of the coupling
elements is shown for different length of the coupler in the right part of the figure. c©2006 IEEE.
Reprinted, with permission, from [19]

way shown in Fig. 2.1. The coupling element is instead treated as a mechanical
waveguide and is described by the following relationship:

[
v1

F1

]
=

[
cos
(
kLcoupler

) j sin(kLcoupler)
ZAC

jZAC sin
(
kLcoupler

)
cos
(
kLcoupler

)
]
·
[

v2

F2

]
. (2.22)
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Fig. 2.20 Equivalent electrical model of a second order mechanically coupled filter

This matrix form relates the input and output mechanical vectors representing
force, F , and velocity, v (subscripts 1 and 2 refers to the two ends of the bar). In
(2.22), k is the wave vector, ZAC is the acoustic impedance of the bar (ZAC =

√
Eρ ·A,

where E and ρ are the Young’s modulus and density of the material that forms the
coupling bar and A is the cross-sectional area of the bar), and Lcoupler is the length of
the coupling element. Depending on the length of the coupler and the frequency of
operation, the coupling bar can be modeled by a T network formed by combinations
of equivalent masses and springs (as in Fig. 2.19). Generally, in order to minimize
manufacturing dependence of the bandwidth of the filter to the dimensions of the
coupler, the coupler length is chosen to be a quarter wavelength of the acoustic
frequency of operation of the resonator. In this manner, the T network is formed by
three springs of the same value but different signs. The spring is a representation of
the equivalent stiffness of the coupling bar. As in Sect. 2.1, a mechanical stiffness
corresponds to a capacitor in an electrical circuit representation.

Another element, a mechanical transformer, needs to be included between the
resonator and the coupling element (Fig. 2.20), in order to take into account any
difference in velocity between the coupling point and the point at which the
equivalent lumped model of the resonator has been calculated. In this specific
case, the resonator is coupled at the point of maximum velocity, and therefore, the
transformer has a 1:1 turn ratio (it would otherwise be the ratio of the velocities at
the two aforementioned points).

According to the equivalent model described in Fig. 2.20, it is possible to derive
an expression of the fractional bandwidth of the filter, which depends exclusively
on the spring constant of the resonator and the one of the coupling element:

FBW3dB =

√
1+

CM

Ccoupler
−
√

1− CM

Ccoupler
≈ CM

Ccoupler
≈ kcoupler

keq
. (2.23)

It is important to note that the fractional bandwidth of the filter can be set
lithographically by varying the size of the coupling bar. This is a distinct feature
of mechanically coupled filters over purely electrically coupled ones. Because of
limitations on ripple and IL, also the bandwidth of mechanically coupled filters can
hardly be extended beyond the value of k2

t .
Termination resistance and insertion loss can be computed in a manner similar

to the one presented for electrically coupled filters. The rejection is generally
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Fig. 2.21 Experimental
response (S21) of a 40-MHz
mechanically coupled filter.
The unterminated response
highlights the two peaks
formed by the coupled system
of oscillators. c©2006 IEEE.
Reprinted, with permission,
from [19]

determined as in (2.20), although, depending on the strength of the mechanical
coupling, it can be limited by the mechanical current induced by the out-of-
resonance displacement of the coupled resonator system.

The typical response of a second-order mechanically coupled filter formed by
AlN CMR width-extensional devices is shown in Fig. 2.21, for which IL of 1.5 dB
at 40 MHz have been attained.

2.4 Applications for Aluminum Nitride Contour-Mode
MEMS Resonator Technology

A unique advantage of the AlN CMR technology over other resonant devices is the
ability to provide for multiple frequencies of operation on the same silicon chip.
If integrated with switches (either micromechanical or electronic), the CMR tech-
nology can be employed for the demonstration of highly reconfigurable monolithic
RF front ends that will represent a paradigm shift in the way RF signal processing
is performed. By taking advantage of the possibility to array banks of switched
narrowband filters at different frequencies, previously envisioned, but never im-
plemented, RF front ends can be made possible. For example, channel selection
in wideband code-division multiple-access (W-CDMA) can be implemented by
arraying twelve distinct filters with a fractional bandwidth of approximately 0.25%
(twelve 5-MHz channels spaced 200 kHz apart around 2 GHz). The filter bank can
be employed to directly select the carrier signal before downconversion in low IF
or direct conversion receivers (Fig. 2.22). The proposed architecture significantly
reduces the power consumption in low noise amplifiers (LNAs), mixers, and
voltage-controlled-oscillators (VCOs) by improving rejection directly at the channel
and relaxing the linearity requirements on the electronic components and the phase
noise of the oscillator.
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Future software-defined radios (SDR) will also have similar requirements in
terms of front-end filtering. In order to reduce power consumption in the ADC,
direct channel sampling at the antenna location needs to be implemented by means
of switched arrays of narrowband filters (Fig. 2.22). At the same time, broadband
and direct frequency synthesis via high Q oscillators can be implemented with the
same CMR technology. A very large area of the available spectrum (e.g., 300 MHz–
5 GHz) needs to be covered: large scale integration (LSI) of microelectromechanical
CMR devices will make this possible.

2.5 Concluding Remarks and Future Directions

This chapter introduced an emerging MEMS resonator technology that has been just
recently developed in a university setting. The AlN CMR technology bears great
promises of constituting one of the solutions for next-generation communication
devices. Novel RF architectures that take advantage of LSI of AlN CMR MEMS
devices have been presented as revolutionary designs that will significantly reduce
power consumption in modern communication systems and will enable next-
generation software-defined radios. Despite the noteworthy progress that has been
made with the AlN CMR MEMS technology, there are still significant challenges
that need to be addressed in terms of characterizing these devices to meet specifica-
tions for power handling, temperature stability and packaging, as well as improving
the resonator quality factor and electromechanical coupling. Furthermore, more
recent demonstrations of CMR devices at microwave frequencies (5–10 GHz) [20]
open an entire new range of applications for this technology. These topics are the
subject of ongoing research.
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Chapter 3
Nanoelectromechanical Systems (NEMS)

Adrian Ionescu

Abstract This chapter focuses on NEM devices and their technologies and
applications for information processing with special emphasis on NEM switches
and resonators. Top-down and bottom-up fabrication of NEMS are presented.
Then NEM switches for ultralow-standby-power digital applications and their
fabrication and design challenges are described; silicon or metal nanowires and
carbon nanotube switches are able to achieve interesting figures of merit for
nanoscale electromechanical information processing (logic and memory functions).
The chapter continues with NEM resonators; the extreme scaling requires active
detection such as resonant gate/body transistors. Finally, the concept of NEMS-
based radio is introduced and its promises and challenges are discussed.

3.1 Electromechanical Information Processing

Today, the engineering of Nanoelectromechanical systems (NEMS) for analog, ra-
dio frequency (RF) and sensing applications became a reality due to the tremendous
progress and maturity in microelectromechanical systems (MEMS) fabrication and,
especially, because of the convergence of MEMS and silicon CMOS processes. Of
particular importance for the progress of NEMS are the last decade achievements in
the domain of radio-frequency MEMS (RF MEMS) that opened many opportunities
for improved circuit performance at high frequency (MHz to 100 GHz) combined
with low-power static consumption and affordable technology costs [1, 2]. The
aggressive miniaturization of MEMS was possible thanks to silicon technology that,
after year 2000, entered into the nanoelectronics era, featuring sub-100-nm device
dimensions. Furthermore, the advancement of bottom-up technologies (especially
nanowires and nanotubes) has created new opportunities for experimentally testing
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novel NEMS principles, investigating and exploiting specific electromechanical
properties at nanoscale beyond the simple device miniaturization, finally aiming
at disruptive information processing and sensing applications.

In general, the mechanical information processing can be understood in two
fundamentally different forms: (a) as a multistate logic, with the logic states dictated
by a spatial configuration of movable objects, and (b) as vibrational modes of
mechanical elements, based upon waves [3]. Devices with nanometer small size, like
NEMS, generate supplementary interest for collective information processing and
their use for building devices and systems that can address some of the main limita-
tion of dense digital computation with CMOS such as standby power. Alternatively,
the potential of NEMS for analog signal processing and sensing is enormous and
difficult to completely imagine. Resonant nanostructures could embed today full
equivalent circuit functions such as filtering or frequency references with figures
of merit unreachable by MEMS or solid-state devices. Prospects for all-NEMS
RF front-ends or even all-NEMS radios are transformed in experimental realities.
The extremely small mass of NEM devices made possible the increase of their
resonance frequencies close or beyond GHz and their mass sensitivities below
the atogram. On the other hand, their small sizes raise great challenges in terms
of manipulating and exploiting relatively poor signal-to-noise ratio and sensitivity
to dynamic environment. This generated novel research aimed at new detection
schemes (different from the traditional MEMS capacitive detection) and interfacing
circuitry that can exploit the particular NEMS features. Nonlinearities and operating
power levels are today intensely researched fields for NEMS applications.

While there are clear benefits of scaling down MEMS into NEMS, we should also
fairly note that size reduction at nanoscale may not be a panacea for all applications
[4]. Finally, the scaling limits of NEMS are at atomic and molecular scale, with
electrical features set by switching or vibrational properties of molecules. Therefore,
it is expected that research on NEMS and molecular electronics will have to meet in
the future.

This chapter focuses on applications for information processing with special em-
phasis on NEM switches and resonators. It gives an overview on NEMS technology,
NEM switches including silicon or metal nanowires and carbon nanotube switches,
NEM resonators and detection schemes, and finally the concept of NEMS-based
radio. Beyond the intrinsic NEM device performance, the success of NEMS-CMOS
industrial products is conditioned by solving the still open issues of reliability and
packaging. The heterogeneous or monolithic integration of NEMS and CMOS and
hybrid NEMS-CMOS codesign are expected to trigger further functionality and
performance at system level.

3.2 NEMS Technology: Top-Down or Bottom-Up?

NEMS technology requires the fabrication of nano-objects combined with surface
micromachining [5] that involves the possibility of suspending and anchoring
parts of the fabricated nanostructures based on deposited thin films. In general, a
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Table 3.1 Various top-down fabrication techniques, their achievable minimum feature size
and main advantages/issues

Top-down fabrication
techniques

Minimum feature
size Advantages and issues

(DUV) optical
lithography

∼30 nm Batch processing, robust,
controllable, complex

E-beam lithography [7] ∼5 nm Low throughput, high resolution
Nanoimprinting [8] ∼10 nm High throughput, low cost,

alignment issues
Nanostencil [9] ∼50 nm High throughput, low cost,

alignment issues (∼1 µm)
Spacer or sidewall [10] ∼20 nm High throughput, some limitation

in design
Scanning probe

lithography [11]
∼5 nm Fast prototyping of individual

devices with very small size
Reactive ion etching

[12]
∼50 nm Free of wet etching restrictions,

suitable for mass production,
profile and uniformity control
needed at nanoscale

Metal deposition by
liftoff [13]

∼10 nm Removing metals hard to etch,
surface microfabrication

Focused ion beam (FIB)
[14]

∼30 nm Versatile, fast, ion contamination
issues

free-standing structure is obtained by using a sacrificial layer that is selectively
etched. The fabrication techniques capable of making nanostructures can be grouped
into three main categories [6]: (a) top-down, (b) bottom-up, and (c) hybrid bottom-
up/top-down.

Top-Down processing is based on the optical lithography and etching batch-
type processing of semiconductor industry, which gives high volumes and high
productivity on silicon wafers. By using such an approach, NEMS can take benefits
from all the maturity of CMOS processing and high-resolution DUV lithography,
which is now industrially available at the 45-nm technology node. However, many
NEMS developments are in a research phase and cannot afford such very complex
and expensive advanced processing. Some of the most frequent structures used
to build top-down NEMS are silicon and metal nanowires. A series of top-down
fabrication techniques listed in Table 3.1 together with their minimum feature size,
advantages, and issues are available: deep-ultraviolet (DUV) optical lithography,
e-beam lithography [7], nanoimprinting [8], nanostenciling [9], spacer or sidewall
techniques [10], scanning probe lithography (using a sharp tip in proximity to a
sample to pattern nanometer-scale features) [11], reactive ion etching [12], metal
deposition by liftoff [13], and focused ion beam [14]. Usually, these techniques are
not singularly used to define a complete NEMS structure; a combination of two of
more of the cited processes offers the best compromise for structures that combine
different materials and different sizes of the active (movable or vibrating) regions
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of the NEMS and their passive regions (contacts and interconnects, anchoring,
packaging, etc.). The main characteristics of the top-down technique is that the
minimum feature size of NEMS depends on the resolution of one of the before-
mentioned processes. Finally, one can distinguish between direct and indirect
top-down fabrication [7]. A typical indirect type of fabrication is the so-called
sidewall technique [8]. In sidewall techniques, delineation of a large line pattern
is made first by lithography and the sidewall of the line structure is conformally
deposited with another material. By dissolving the line structure, the film deposited
on its sidewall is left as a stand-alone feature, which can be of much smaller width,
dictated only by the film thickness, than the original.

In the bottom-up approach, the key nanostructures used to fabricate NEMS are
processed by a nonlithographical method: growth or self-assembly processing that
can provide feature size much smaller than the resolution offered by the lithography.
Alternatively, at comparable size, the bottom-up fabrication can offer much simpler
and less expensive processes with a very high turnover [15]. Silicon nanowires
(SiNWs) and carbon nanotubes (CNTs) are typical nanostructures than can be
realized by bottom-up techniques with cross sections smaller than 50 nm. SiNWs
seem particularly attractive since they can, in principle, be incorporated into existing
processing flows and can be grown epitaxially at predefined locations. Growing
SiNWs by the Vapor–Liquid–Solid (VLS) technique [15] has been found to be
an attractive approach since VLS growth allows obtaining NWs with extremely
small diameters. Moreover, there is no need for lithography and etching, which
potentially leads to surface-roughness degradation. Other advantages are related to
the fact that VLS-grown SiNWs can be doped in situ during growth, without the
need of implantation and high-temperature anneals for dopant activation. However,
issues concerning SiNWs controllability, variability, forming contacts and interfaces
with desired electronic properties, and leveraging of existing Si-CMOS process
infrastructure needs further efforts and exploration of bottom-up and top-down
SiNW fabrication alternatives. Alternatively, some of the most successful bottom-
up structures are the CNTs, discovered in 1991 [16]. CNTs have unique mechanical
and electrical properties that cannot be matched by any known top-down fabrication
techniques. They are highly elastic and with a Young’s modulus in the range of 1 TPa
[17]. CNT can show ballistic conduction in the range of hundreds of nanometers to
micrometers and can carry very high current densities (up to 109A/cm2) [18].

Finally, it is worth noting that the future use of bottom-up SiNW and CNTs
in functional NEM devices operating in complex electronic systems will probably
require a smart and efficient combination of bottom-up and top-down fabrications.

Hybrid Top-Down/Bottom-Up processing is probably the most efficient and
realistic way to build and support collective mechanical computation at nanoscale
based on millions of NEM devices. While semiconducting or metal nanowires and
nanotubes can be built with controlled dimensions by some selected bottom-up
approaches, top-down is used to provide the processing of nanogaps, contacts, and
interconnections as well as the interfacing between the nanometer and micrometer
worlds (Fig. 3.1).
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Fig. 3.1 Illustrations of nanoimprinting (top-left), nanostenciling (top-right), sidewall (bottom-
left), and AFM nanoscratching (bottom-right) as examples of top-down nanofabrication techniques

Overall, although the assembly of bottom-up nanowires and nanotubes into
functional NEMS devices shows great progress, this is still dominated by one-
by-one device fabrication with a relatively low yield. The top-down fabrication of
NEMS is still the most robust and can offer feature size similar with the bottom-up
fabrication for very-large-scale integration of NEMS on 200 nm.

In the following, we present three recent examples that illustrate some successful
NEMS device processing by top-down and bottom-up techniques.

A first example concerns the hybrid nanoelectromechanical systems (NEMS)
array integration strategy combining deterministic bottom-up semiconducting sil-
icon (Si) or metallic rhodium (Rh) nanowire (NW) assembly with conventional
top-down microfabrication as illustrated in Fig. 3.2 [19]. Bottom-up assembly is
used to position single NWs at lithographically defined locations on a Si chip for
fabricating multiplexed arrays. Three separate mechanisms are combined to achieve
high-yield NW integration over centimeter-scale chip areas: electric-field forces,
capillary forces, and NW liftoff. Arrays of wells are processed in a sacrificial
insulating photoresist layer covering metal guiding electrodes defined on the chip
surface. Long-range dielectrophoretic forces generated by an alternating voltage
in the kilohertz range applied between the guiding electrodes attract the NWs to
the surface and align them along the electric field gradient. The NWs that are
preferentially aligned in the wells are retained there by capillary forces produced
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Fig. 3.2 Left: Bottom-up fabrication of NW resonator arrays. (a) PNA probe molecules are
attached to the NWs. (b) dielectrophoresis is used to preferentially align single NWs in wells
patterned in a sacrificial photoresist layer. (c) Individual clamp windows are defined in a second
photoresist layer. (d) Metal clamps are electrodeposited around the NW tips. The photoresist is
dissolved to suspend the clamped NWs and lift off any that are misaligned. (e) NWs are exposed to
fluorescently label complementary and noncomplementary targets to confirm detection selectivity.
Right: Rhodium NW resonator arrays with high yield. Reprinted by permission from Macmillan
Publishers Ltd: Nature Nanotechnology [19], c©2008

during evaporation of the suspending liquid within each well. The NEMS resonator
integration is finalized by electrodepositing a thick metal clamp at one end of the
NW aligned in each well and dissolving the photoresist layers.

The second example concerns the realization of a nanoelectromechanical res-
onator based on a polysilicon suspended cantilever placed on top of a CMOS circuit
by using nanostenciling [9]. As CMOS circuits require fabrication compatibility
of the postprocessing patterning techniques to avoid any degradation of circuit
characteristics during the NEMS definition, nanostenciling appears as a very good
candidate to fulfill such requirements. The main steps of the fabrication are depicted
in Fig. 3.3. The vibrating nanobeams are defined by nanostencil-deposited Al
patterns, and a UV-patterned photoresist mask is used for the releasing aperture.
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Fig. 3.3 Left: Illustration of top-down fabrication of polycrystalline silicon NEMS by nanostencil
on top of a silicon CMOS circuitry. c©2008 IOP Publishing. Reprinted with permission from [9].
Right: SEM images of resulting hybrid NEMS-CMOS and zoom on the NEM cantilever. c©2008
IEEE. Reprinted, with permission, from [20]

The third fabrication example concerns the fabrication of a CNT NEM structure
based on hybrid bottom-up/top-down processing and is depicted in Fig. 3.4 [21].
A 5×5-mm2 silicon substrate with a 1.5−µm-thick oxide layer is spin coated with
a copolymer of methyl methacrylate and methacrylic acid [P(MMA/MAA)] as a
first resist layer followed by PMMA as a second resist layer and baked, Fig. 3.4b.
Reference alignment markers are defined by e-beam lithography, Fig. 3.4c. After
the development process, 2−nm Cr (adhesion layer) and 30−nm Au are deposited
followed by liftoff and cleaning. Before SWNTs are adsorbed from a suspension,
the surface is functionalized, Fig. 3.4d, with a self-assembled monolayer of 97%
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Fig. 3.4 Top: Illustration of hybrid fabrication of CNT NEM devices by combining bottom-up and
top-down techniques. Bottom: SEM images of fabricated NEM device based on suspended CNT.
c©2006 IEEE. Reprinted, with permission, from [21]

N-[3-(trimethoxysilyl)propyl]-ethylene-diamine (DAS) to enhance the absorption.
The nanotubes adhere to the surface by strong van der Waals forces, which keep
them in place during AFM scanning (in tapping mode) and the following e-beam
lithography. Deposited reference alignment markers serve to identify the location
of each SWNT as is recorded by AFM imaging in tapping mode, Fig. 3.4e. After
spin coating again Fig. 3.4f, e-beam lithography is used to structure the individual
devices. A short oxygen plasma treatment removes the underlying self-assembled
monolayer, Fig. 3.4g as well as all CNTs not covered by PMMA. Further high-
precision alignment e-beam and liftoff of Cr as an adhesion layer (1–2 nm) and Au
(30–50 nm), Fig. 3.4h,i precede the final HF release, Fig. 3.4j.

3.3 NEM Switches

The main past focus of the semiconductor industry has been on MOS transistor
miniaturization to improve performance in terms of speed together with the
reduction of the die area and the cost. This has been a successful approach during
the happy scaling era, but as the transistors have been scaled to dimensions much
below 100 nm, many other challenges have appeared. Most importantly, the off-
state leakage current, Ioff, has increased exponentially as the transistor threshold
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voltage, Vth, was reduced in order to achieve increased transistor speed. Today
that static (leakage) power dissipation comprises a large fraction of the total power
consumption of a chip, limiting voltage scaling in nano-CMOS.

The power issue is fundamentally due to the nonideal switching behavior of
a transistor in the subthreshold region. An ideal switch has an infinitely abrupt
transition between the off and the on states, as the gate control voltage is varied.
It has zero subthreshold swing defined as SS = [d(logID)/dVGS]

−1. Such an ideal
switch would allow for a very low operating voltage (i.e., a low supply voltage Vdd

of ∼100 mV) and hence very low static and dynamic power consumptions. Unfor-
tunately, the subthreshold swing of a MOSFET is limited by Boltzmann statistics
to be no less than 60 mV/dec at room temperature and so needed voltage must be
much larger than 60 mV in order to allow for reasonably large Ion/Ioff ratios (for
instance, Ion/Ioff > 105 needs a voltage swing SS > 300 mV in MOSFET operating
at room temperature). Note that for many conventional sub-100−nm MOSFETs, the
value of SS is usually larger than the 60 mV/decade fundamental limit. Multiple-gate
MOSFET structures offer improved electrostatic control of the channel potential
and therefore can achieve SS values close to the limit of 60 mV/decade. Therefore,
more ideal switching devices based on other physical mechanisms are needed to
overcome the power issue. Various solutions have been proposed in order to break
the 60 mV/decade subthreshold swing limit: impact ionization devices, tunnel FETs,
negative capacitance FETs, and electromechanical devices. Each of them has their
advantages and disadvantages. The nanoelectromechanical (NEM) switch or relay,
and the hybrid NEM field-effect transistor (NEM-FET) presented and discussed in
this chapter are two key examples of electromechanical device candidates for abrupt
switching [22].

3.4 NEM Relays

A NEM relay can be designed similarly to a MOSFET as a three- [23] or four-
[24] terminal in-series switch where an air-gap separates one movable conductive
electrode and one fixed conductive electrode, see Fig. 3.5a,b. Recently a two-
terminal microelectromechanical diode switch was also reported [25], Fig. 3.5c.
In Fig. 3.5a, these two electrodes can be considered analogous to the “source”
and “drain” electrodes of a MOSFET. In the off state, the air gap between source
and drain electrodes provides zero Ioff (or zero conductance). As the “source” and
“drain” electrodes are brought into physical contact via an actuation mechanism
(very often, electrostatic actuation) using the control offered by the “gate” electrode,
the conductance increases abruptly with near-zero subthreshold swing, see Fig. 3.6.
Device operation is based on electrostatic actuation, and the current-voltage char-
acteristics usually feature a hysteresis characterized by a pull-in voltage, Vpi, which
is larger than the pull-out voltage, Vpo (Fig. 3.6). In addition to the relay operation,
the NEM switch hysteresis can be exploited for one-transistor memory functions.
The actuation direction can be out-of-plane or in-plane. Three-terminal NEM relays
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can be interconnected as the MOSFETs and can be used to design logic families
[23, 24]. Four-terminal relays can be used to design more complex functionality
so that a given logic function can be implemented with a smaller number of devices
compared with CMOS implementation, compensating in terms of number of devices
the larger device area needed for a NEM relay compared to a solid-state transistor.

It is well known that any micro- or nanoelectromechanical relay has an associated
problem of contact wear due to opening and closing of the mechanical contacts.
The mechanical opening/closing and the high current density through the resulting
imperfect contact can naturally limit the lifetime of such mechanical relay. On the
other hand, although solid-state semiconductor switches do not have such contact
problem (resulting in longer operational lifetimes), they have other intrinsic limita-
tions such as high leakage (Ioff) current and a significant dependence and increase
with the temperature of their leakage currents. Thus, the major advantages that
NEM switches can offer compared to their solid-state counter parts are (a) ultralow
standby power (due to air-gap isolation in off state and abrupt switching between
off and on states, see Fig. 3.4), (b) reduced dependence of Ioff on environmental
conditions such as temperature, and (c) excellent high-frequency characteristics
(such as isolation, insertion loss).

Overall, NEM switches have a clear potential for low dynamic energy dissipa-
tion, which can be reduced down to the aJ. Figure 3.7 shows the energy-throughput
tradeoffs in CMOS and NEM relay adders [24]. Here the adders have been designed
to drive a load capacitance of either 25 fF or 100 fF, and in order to isolate the
energy dissipation of the adder itself and enable comparisons with respect to driving
different loads, the plot shows the energy per operation (Eop). A reduction of about
two orders of magnitude in Eop is obtained with the price of a slower operation.
Applications requiring throughputs of the order of 50–100 MOPS or less would
appear to benefit from such NEM relay technology [24].
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Furthermore, in case of CNT relays, one can also foresee NEM relays with
significantly increased current density and power handling, drastically extending the
reliability and lifetime of mechanical contacts and avoiding or limiting electromi-
gration phenomena. Given the extremely small cross section of CNTs (thus a limited
current per individual tube), the integration of such concepts in electronic circuits
requires the design and fabrication of arrays of CNT switches. While Fig. 3.6
qualitatively compares the absolute values of the current, in-series CNT relays
might achieve higher current density compared to ultrascaled MOSFETs. However,
in order to drive currents as high as hundreds of µA or mA, many parallel tubes
should be connected, which gives a motivation for the concept of arrays of parallel-
connected CNT NEM switches. Various reports show that the main weakness of
NEM switches is their switching speed: a realistic lower limit for the delay related to
beam movement from the off position to the on position is of the order of 1 ns [23].

NEM relays can exploit CMOS-like processing or can be cointegrated with
silicon CMOS. Foreseen applications of a NEMS relays hybridized with CMOS
consist of power gating high-performance CMOS circuits [26] and configuration of
CMOS FPGAs [27]. Another key application opportunity of NEM relays resides
in their combined improved energy efficiency and potential for 3D integration (due
to low-temperature processability), both of which may allow increased functional
density for a given substrate real estate. This is especially interesting for memory
applications where NEM-intrinsic hysteresis (Fig. 3.6) and sticking can be turned
into practical advantages.
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Fig. 3.8 (a) NEM cantilever switch, (b) cross-sectional view of 35−nm-thick TiN cantilever
suspended over a 15−nm air gap (c) I-V experimental plots of the fabricated NEM cantilever
switches showing abrupt switching and quasi-zero off current (noise floor of the measurement
equipment also shown). Reprinted with permission from [28]. c©2008 American Institute of
Physics

NEM relays can be fabricated by lithographic top-down or bottom-up approaches
using CNT or nanowire beams, as described in the previous section. There are
many successful demonstrations using top-down approaches at the micron scale
with reliable operation up to 109 cycles [27]. The nanoscale contact reliability
is particularly challenging since logic circuits would require the relays to operate
without failure over ∼1016 cycles in “hot switching” conditions.

Another critical process step is the beam release (air-gap formation with
nanometer feature size), which is realized by the etching of a sacrificial material,
such as oxide, polyimide, or silicon. The smallest actuation gap demonstrated so
far for a functional NEM memory structure fabricated using a top-down approach
is 15 nm, as shown in Fig. 3.8 [28]. The device consists of a vertically actuated
2-terminal NEM switch featuring a 35−nm-thick TiN cantilever beam that is
300 nm long and 200−nm-wide. The pull-in voltage was in the order of 13.45 V
and the off-state current is quasi-zero with a subthreshold swing practically zero.
The fabricated cantilever-type NEM switch showed an abrupt switching with
less than 3 mV/decade, and an on/off current ratio exceeding 105 in ambient air.
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The endurance property could be improved by using insulating layer with high
melting temperature and strong hardness, such as Al2O3 and HfO2.

The remarkable electromechanical and electrical properties of carbon nanotubes
(CNTs) make them excellent candidates for the design of NEMS. In [29] NEM
structures based on a single-walled nanotubes (SWNTs) with a diameter of the
order of 1–3 nm suspended over shallow trenches (air gap of the order of 20 nm)
in a SiO2 layer, with a Nb pull electrode beneath, were reported. The nanotube
growth is performed on-chip using a patterned Fe catalyst and a methane chemical
vapor deposition (CVD) process at 850 ◦C. The corresponding SEM micrograph
of a finished device is shown in Fig. 3.9a. The underlying Nb pull electrode in the
nanotrench contacted by the Au/Ti electrodes is labeled “pull” in the same figure.
Figure 3.9b reports the switching characteristics. At 3.5 V, the current begins to rise
rapidly to ∼250 nA at ∼4.5 V. The Ion/Ioff is larger than 104, implying well-defined
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off and on states. The authors explain the measured currents based on tunneling
mechanisms and hysteretic behavior are well observed in the same work.

Overall, the works on NEM switches agree on the fact that, when the contribution
from van der Waals forces is ignored, the switch pull-in voltage, VPI, to first order,
is calculated using:

VPI =

√
8keff g3

27ε0wL
, (3.1)

where g is the air gap, ε0 is the effective permittivity, w is the beam width, and L is
the length. The effective spring constant, keff , depends on the Young modulus, the
inertia modulus, and the clamping design of the suspended structure.

One of the limitations of NEM switches based on individual structures is the
limited current level that usually stays below 1–10 µA for a single NW or CNT.
Therefore, there is a practical necessity of assembling parallel arrays of NW or
CNT switches. Recently, the use of “CNT wafers” rather than individual CNTs has
been demonstrated as a very promising approach for fabricating high-density, highly
controllable CNT-based NEM relays and logic circuits [30]. Hayamizu et al. [30]
have proposed a hierarchical assembly of carbon nanotubes into closely packed and
highly aligned three-dimensional wafer films from which a wide range of complex
and three-dimensional nanotube structures were lithographically fabricated. They
have fabricated an all-SWCNT CNT relay (Fig. 3.9c) composed of a 170−nm-wide
cantilever connected to a 3D electrode associated with two 3D nanotube source
and gate electrodes arranged in predefined locations. All device parts are made
from the same SWNT film and located with high precision to achieve operational
devices. The electromechanical switching is demonstrated in Fig. 3.9d; the high
pull-in voltage (∼50 V) is due to the large air gap. This CNT switch can pass
currents well beyond 100 µA (e.g., 270 µA is experimentally demonstrated). Future
advancement on this thin-film CNT approach could create controlled CNT-NEMS
devices and offer to the circuit designer novel applications opportunities.

3.5 Nanoelectromechanical Field-Effect Transistors
as Abrupt Hysteretic Switches

The first electromechanical transistor, called resonant gate transistor, was proposed
by Nathanson in 1967 [31]. The main functionality of the device was not related
to its mechanical electroswitching behavior but rather to the exploitation of the
mechanical resonance of a movable gate and the possible use in electronic oscil-
lators. However, because at the respective time the MEMS technology was only
in a very early stage, further developments were very limited and later reports on
transistors with suspended gate were dedicated to applications in gas sensing where
a suspended gate design permits the access of gas species to the inner surface of the
gate which acts as chemical-sensitive layer [32]. Recently, so-called suspended-gate
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FET (SG-FET) devices [33–36] have been proposed with main emphasis on
their ability to offer solutions for ultralow-power logic, power management, and
capacitorless memory devices by taking advantage of the properties of the hybrid
MEM-solid-state transistor.

A Micro-/nanoelectromechanical field-effect transistor (MEM- or NEM-FET)
combines the features of a mechanical relay and a MOS transistor. It has a conduc-
tive movable part (movable gate or movable body) and a solid-state semiconductor
part (transistor channel between source and drain regions), see Fig. 3.10a–d, that
operate to couple the mechanical movement with the formation of the inversion or
accumulation channels at the gate-insulator/semi-conductor interface. In a MEM-
FET, the effective gate dielectric thickness is dynamically modulated by the applied
gate voltage. The resulting applied electrostatic force moves the suspended gate
or the suspended body and changes the air gap and gate-to-channel capacitance.
MEM-FETs with movable gate-electrode dimensions on the order of 10 µm, or
movable body dimensions on the order of 1 µm, and air gaps in the range from 100
to 200 nm and actuation voltages in the range of a few volts have been successfully
demonstrated [34].

The MEM-FET (called SG-FET in the original publications [34, 35]) device
architecture with out-of-plane (vertical) suspended gate is depicted in Fig. 3.11a and
its experimental behavior of Fig. 3.11b. The movable part determines the state of the
gate capacitance Cgg (either low or high), which determines the threshold voltage.
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Therefore, the SG-FET is a dynamic threshold voltage (Vt) device, with a high Vt

in the off state (providing a very low Ioff) and a low Vt in the on state (providing a
high Ion). In the SGFET, when the gate is pulled in, the gate capacitance increases
abruptly, and so do the surface potential, the charge density, and the drain current. As
can be seen from Fig. 3.11b, an abrupt transition (with an experimental swing as low
as 2 mV/decade, reported in [34]) occurs as the gate voltage is increased beyond the
point when an imbalance between the electrostatic and mechanical spring-restoring
forces is reached so that “pull-in” of the mobile gate occurs. A similarly abrupt
transition from the low-Vt state to the high-Vt state occurs as the gate voltage is
decreased back to 0 V, when the electrostatic force is reduced to be equal to the
spring restoring force so that “pull-out” occurs.

Note that in SG-FET the current path is always in the semiconductor part, so
that this device is not subject to contact reliability issues specific to mechanical
relays. However, NEM-FETs could be subject of oxide charging, resulting in shifts
of the pull-in voltages; this effect can be minimized by appropriate design or even
exploited for nonvolatile memory applications. Memory applications of suspended
gate MOSFET have been reported based on experiments [35] or simulations [36].
Recently, the experimental characteristics of a fabricated in-plane double-gate
movable-body SOI MOSFET (Fig. 3.12a) with lateral nanogaps have been reported
showing similar abrupt transition and hysteretic behavior controlled by the lateral
gate voltages [37]. The reported hysteresis (Fig. 3.12b) can be exploited to define
stable high and low states for memory applications, using the combined biases of
the two lateral gates.

For logic circuit applications of NEM-FETs, the pull-in should occur at a
gate voltage less than the (high) off-state Vt to achieve substantial subthreshold
leakage power savings for a given on-state current specification [38]. Furthermore,
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Fig. 3.12 (a) Drawing and SEM cross-sectional view of movable body FET on thin SOI,
(b) experimental characteristics of a fabricated double-gate in-plane movable body FET. c©2008
IEEE. Reprinted, with permission, from [36]

pull-out should occur at a gate voltage greater than 0 V for proper circuit operation.
Comprehensive analytical models to predict NEM-FET device characteristics, to
predict the pull-in and pull-out with equations specific to the hybrid NEM-FET
devices, and, finally, to enable accurate circuit simulation and design have been
proposed in [38, 39]. Supposing that the switching occurs in weak inversion, the
pull-in and pull-out voltages can be calculated as:

Vpi =VFB + γ ·√ψpi +ψpi, (3.2)

Vpo =VFB + γ ·√ψpo +ψpo, (3.3)

where

γ = γ ·
(

1+
Cox

εgap/xpi

)
, (3.4)

and

γ =

√
2εSiqNA

Cox
, (3.5)

with ψpi and ψpo being the surface potential values at pull-in and pull-out,
respectively. These equations reduce to the well-known equations on MEM switches
when the semiconductor substrates transform in an ideal conductor (NA → ∞)
leading to ψpi → 0V and xpi → 2tgap0/3.

The measurement of nanodisplacements based on in-plane suspended gate
MOSFET detection fully compatible with front-end CMOS processes has been
demonstrated in [40].

Although truly nanometer-scale NEM-FETs have not been experimentally re-
ported to date, successful demonstrations of micron-scale devices together with
simulations of scaled NEM-FETs with calibrated models indicate that NEM-FETs
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hold an interesting potential for low-standby-power applications. Moreover, the use
of NEM-FET as resonating devices in analog/RF (detailed in next section) and
sensing applications appear to be the most promising for the future.

3.6 Nanoelectromechanical Resonators

3.6.1 Principles, Opportunities and Limits

Historically, some of the first human-made resonators have been musical instru-
ments and chronographs operating from Hz to kHz frequencies. The increasing
recent interest in wireless applications [41–43] has generated new efforts to
miniaturize and integrate the off-chip passives needed for filtering and frequency
generation in communication circuits. Among various off-chip components of
a communication transceiver, the quartz crystal used in the reference oscillator
appears to be the most difficult to miniaturize and integrate on chip while preserving
its off-chip performance. Its high quality factors, Q (>104–105), simultaneously
combined with unique temperature stability (uncompensated, much better than
1 ppm/◦C) have been unbeatable by any IC technology until very recently. The
quality factors of integrated LC tanks are severely limited by the poor-quality-factor
values of integrated inductors and capacitors, ranging in best cases from tens to
hundreds. Even with more sophisticated techniques like suspended postprocessed
and suspended L and C using advanced Cu interconnect layers [44], the values of Q
stay limited at RF frequencies. This is naturally related to losses coming from their
series resistances, substrate coupling, and supplementary capacitance parasitics
related to the particular device design. Moreover, the technologies proposed for
optimizing the performances of inductors and capacitors are different and could
frequently require divergent efforts and complex processing.

As a consequence, the most promising solutions to miniaturize reference os-
cillators with uncompromised quality factors [41] are related to the classes of
vibrating devices, based on IC-compatible micromachining processes and materials
like semiconductors, polysilicon, or metals. Among the most promising of these
vibrating structures are the capacitively transduced micro- and nanoelectromechan-
ical (M/NEM) resonators and the thin-film bulk acoustic piezoelectric resonators
(FBARs). The principle of M/NEM resonator with capacitive transduction is
depicted in Fig. 3.13a. When an ac signal is applied on the fixed electrode and
capacitively coupled to the beam at an applied signal frequency matching the me-
chanical resonance frequency, f0, of the clamped–clamped beam displacement, thus
the output capacitive current is maximum and a maximum of the transfer function,
bandpass-like (Fig. 3.13b), is obtained. The resonance frequency is expressed as:

f0 =
1

2π

√
keff

meff
, (3.6)
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where keff is the effective stiffness and meff the effective mass. The equivalent circuit
of the resonator is shown in Fig. 3.13c. It essentially consists of a series Rm, Lm,
Cm circuit, developed by using an electrical-to-mechanical analogy, as follows: (a)
the motional inductance, Lm, corresponds to the resonator mass, m; (b) the motional
resistance, Rm, to the damping (coefficient), b; and (c) the inverse of the capacitance,
1/Cm, to the stiffness, k. The equivalent circuit components can be expressed as
functions of the mechanical parameters of the structure, the applied DC voltage,
and the capacitance derivative with respect to displacement as follows:

Lm =
meff

2V 2
DC(∂C/∂x)2

, (3.7a)

Cm =
2V 2

DC(∂C/∂x)2

keff
, (3.7b)

Rm =
ω0meff

2QV 2
DC(∂C/∂x)

=
keff g4

0

ε2
0 A2ω0QV 2

DC

. (3.7c)

Of major importance is the value of the motional resistance that should be as
small as possible. Additionally, Fig. 3.13 suggests the importance of the values of
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capacitances C0 and C1 for the proper exploitation of a resonator; at resonance the
value of Rm (equivalent impedance of the series circuit) should be much smaller
than 1/(ωC0). In practice, with keff and Q quasi-fixed and C0 not easily scalable, this
requires a severe reduction of Rm by using nanogaps (low value of g0) or by applying
a higher DC bias (VDC). The values of C0 and C1 are also crucial for the design of
the oscillator circuit. Very high quality factors of M/NEM resonators reflect the
possibility to have very low energy losses compared to the energy stored in these
structures. Figure 3.14 shows the typical design of an M/NEM oscillator combining
a sustaining amplifier and a resonator to provide a positive feedback loop.

The general trend being to increase their resonance frequency from MHz to
frequencies exceeding the GHz, the needs in terms of very small, very stiff, and low
mass systems have pushed MEM into NEM designs of such resonators, exploiting
materials with high Young modulus like silicon, carbon nanotubes, and diamond.
However, despite the obvious potential given by NEM resonators in terms of higher
resonance frequencies, their ability to conserve a high-Q when the losses cannot be
scaled anymore can be questioned as it depends on the amount of energy stored in
the structure (thus, its geometrical size). For instance, Fig. 3.15 reports the general
observed quasi-linear trend of having smaller quality factors in fabricated resonators
when their volume is aggressively scaled down. The limits of quality factor in NEM
resonators based on one-dimensional structures such as nanowires and nanotubes
have been discussed in [43]. The main energy dissipation mechanisms in NEM
resonators resulting in low quality factors Q (100’s to 1,000’s) are gas friction,
clamping loss, and surface loss. However, recent experiments based on microwave
spectroscopy on vibrating molecules showing ultra-narrow spectral width with high-
Q factors suggest that this scaling trend of smaller Q at smaller size is probably not
a fundamental one.
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Another important question concerning the limits of NEM resonators is how
the (in)stabilities of these resonators scale with dimensions. For instance, when
a resonator device becomes very small, the effects of fluctuations in numbers of
photons, phonons, electrons, and adsorbed molecules can significantly affect the
noise characteristics [45]. It was suggested that at nanometer scale the frequency
noise due to temperature fluctuations is likely to limit their performance and
usability. Figure 3.16a reports the effect of the volume scaling of a clamped–
clamped silicon beam resonator on the root-mean-square (RMS) temperature
fluctuations and the corresponding RMS fractional frequency fluctuation, assuming
a frequency versus temperature coefficient of −10 ppm/K. In Fig. 3.16b, the
comparison of the phase noises due to the temperature fluctuations caused by the
combined effects of radiation and conduction in silicon NEM resonators versus
a quartz reference is shown. The temperature-fluctuation-caused noise of the Si
resonators are significantly higher than that of the quartz resonator, for example, by
∼70 dBc/Hz at 1 Hz when comparing 10 MHz Si and quartz resonators. However,
when connecting N resonators in series, a 10logN reduction in both flicker and white
phase noise floor levels was observed [46]; therefore, one possible solution to reduce
noise in ultrascaled resonant devices could be to exploit arrays with a large number
of components.
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3.6.2 High-Frequency Silicon Nanowire and Carbon Nanotube
Resonators

The availability of high-frequency resonators, with resonance frequency possibly
higher than 100 MHz to 1 GHz are highly desired for on-chip implementations
of the preselect or channel-select filters needed in the RF front-ends of wireless
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Fig. 3.17 (a) 1.2−GHz polysilicon ring resonator with 78−nm air gap, c©2003 IEEE. Reprinted,
with permission, from [47]. (b) 4.41−GHz resonator with dielectric actuation and piezoresistive
sensing, c©2007 IEEE. Reprinted, with permission, from [49]

communication applications. The availability of miniaturized in-IC RF filters based
on M/NEM resonators is expected to simplify the realization of future multiband
reconfigurable wireless communicators, requiring many of such RF filters compared
to today’s communication architectures [47].

At micrometer scale, recent successful demonstrations of very-high-frequency
resonators are the extensional wineglass resonators with frequencies ranging from
400 MHz to 1.5 GHz (and Q > 3,700) [47] and the dielectrically actuated and
piezoresistively sensed 4.41−GHz silicon bar resonator exploiting internal dielec-
tric actuation [48]. Figure 3.17a shows the polysilicon ring resonator structure with
electrode-to-resonator spacing of 78 nm proposed in [47], capable of achieving high
resonance frequency (>1.2 GHz), high quality factor (>3,700) and low impedance
(∼200 kΩ at 10 V applied voltage). In [48, 49], the piezoresistive sensing of a
capacitively actuated resonator exceeding 4 GHz with Q > 8,000 and using the
9th harmonic longitudinal mode, is implemented (Fig. 3.17b). In this design and
operation, the resonator geometry and frequency scaling are more favorable than for
capacitive sensing, and additionally, an independent control of the output current is
possible via the piezoresistive transconductance. However, the size of the mentioned
resonators is still in the order of micrometers and much more aggressive scaling can
be achieved by using nanowire and nanotube structures.

Various top-down and bottom-up approaches have been proposed to create
true NEMS structures, but very few of them have achieved ultrahigh resonance
frequencies (>100 MHz). The top-down polysilicon NEM cantilever resonator
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reported by Arcamone et al. [20] has the great merit of being fully integrated and
interfaced with silicon CMOS circuitry; however, its resonance frequency is limited
to 1.5 MHz with a quality factor of around 8,000 at applied bias of 2 V, in vacuum
(0.9 Pa).

One of the first reports on very-high-frequency (VHF) NEM resonators describes
platinum nanowires (43 nm in diameter and 1.3 µm long, suspended mass of 40 fg)
resonating at frequencies higher than 100 MHz and quality factors of 8,500 at 4 K
[50]. The same group (Roukes at Caltech) has reported later [51, 52] VHF NEM
resonators based upon single-crystal nanowires (SiNWs) prepared by bottom-up
synthesis. The metalized SiNW have resonance frequencies near 200 MHz and
quality factors of the order of 2,000–2,500 (in vacuum at T =25 K) while the
pristine nanowires have much higher quality factors (∼5,750 at 215 MHz). For these
suspended nanowires, there is no coupling electrodes, the transduction is magne-
tomotive via the Lorentz force, F(ω) = L ·B · I(ω), generated by passing an RF
current, I(ω), of variable frequency through the silicon nanowire. The Lorentz force
excites the resonance in the suspended SiNWs, which induces an electromotive
force and signal in the wires placed in a magnetic field B. Figure 3.18a,b report
the scanning electron micrograph of a grown SiNW and the measured resonance
characteristics of a metallized SiNW at VHF [51], with a fundamental resonance
frequency at ∼200 MHz. The main reason invoked for metallizing the nanowires
in these experiments (and obtaining impedance close to 50 Ω) is the impedance
mismatch in pristine SiNW, which compromise the efficiency of actuation and
transduction. In [52] the characteristics of SiNW resonators at room temperature
with piezoelectric and electrostatic transductions are reported. The more practical
electrostatic measurement schematic is shown in Fig. 3.18c and the corresponding
signal characteristic at resonance ( f0 = 96 MHz, Q ≈ 550) of a 40−nm-thick,
1.8−µm-long SiNW resonator, are given in Fig. 3.18d.

A material that attracted major interest for building NEM resonators, due to its
high stiffness (E near 1 TPa), low density, defect-free structure, and ultrasmall cross
section, is the carbon nanotube. Sazonova et al. [53] reported measurements of the
resonant responses varying from 3 to 200 MHz with voltage-tunable characteristics,
in CNTs with diameters of 1–4 nm, suspended over a trench. CNT NEM resonators
with a fundamental mode resonance frequency higher than 1.3 GHz operating
in ambient air have been reported by Peng et al. [54]. The device was created
from single-wall (SW) CNT grown by chemical vapor deposition across a trench
between metal source and drain electrodes on a silicon substrate (Fig. 3.19a). The
method used to drive and investigate this resonator is depicted by the schematics
in Fig. 3.19b. The gate is biased by a superposition of a DC signal, Vg, and an RF
signal of frequency ω and amplitude δVg, while on the drain a signal of frequency
2ω −Δω and amplitude δVd are used. The current is monitored at Δω frequency
by a lock-in technique; Fig. 3.19c shows data in vacuum and air with sharp changes
in amplitude and phase at resonance (1.33 GHz). This CNT resonator can serve as
a mass-sensitive sensor with exceptional sensitivity; when evaporating a very small
amount of Fe on it, the authors were able to detect the mass with a resolution as
small as 10−18g.
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Fig. 3.18 (a) Bottom-up SiNW resonator excited in magnetic field and (b) measured resonance
near 200 MHz. Reprinted with permission from [51]. c©2007 American Chemical Society. (c)
Measurement setup for electrostatic transduction and (d) measured resonance signal in SiNW at
room temperature. Reprinted with permission from [52]. c©2008 American Chemical Society

The NEM resonator with the highest resonance frequency reported to date is a
similar CNT device from [54] loaded in an abacus style with inertial metal clamps
(2.5−nm-thick indium), yielding very short effective beam lengths [55]. When
driven mechanically, such structure shows flexural modes in the very short segments
between two adjacent indium beads, as described by the authors, this operation is
akin to a musician placing the fingers (nanobeads) on the musical string (vibrating
CNT) to select a specific musical note.

One of the major issues of such small vibrating SiNWs and CNTs is the early
onset, a very low applied power, of nonlinearities characterized by frequency
bistability arising from the effect of tension builtup in the wire at large vibration
amplitudes, see Fig. 3.20a. A more general discussion concerning nonlinearities in
MEM resonators, including electrical and mechanical nonlinearities was proposed
in [56]. In fact, in NEM resonators, the linear dynamic range, bounded by
the thermomechanical noise floor and the onset of nonlinearity, can practically
disappear, meaning that nanowire and nanotube resonators are practically nonlinear
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Fig. 3.19 (a) Schematic cross section of the CNT resonator. (b) SEM image of a suspended CVD-
grown carbon nanotube crossing a trench. Scale bar is 200 nm. (c) Experimental diagram for the
two mixer methods. Reprinted with permission from [54], c©2006 by American Physical Society
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Fig. 3.20 (a) Nonlinearity at large vibration amplitudes observed in SiNW resonator. Reprinted
with permission from [52]. c©2008 American Chemical Society. (b) Frequency response curves
of the SiNW with different values of αeff ; the native nonlinearity is α0 = 1.09× 1021 m−2 s−2.
Reprinted with permission from [57]. c©2009 American Institute of Physics

elements [52]. The dominant nonlinearity in many NEMS is the cubic restoring
force, often called the Duffing nonlinearity. Nichol et al. [57] have suggested that a
nonlinear feedback can be used to cancel out the native nonlinearity or even change
its sign (coefficient αeff in Fig. 3.20b). The equations governing the nonlinearity in
clamped–clamped nanowire and nanotube structures have been derived by Postma
et al. [58]; they reported a strong dependence of the dynamic range on the structure
aspect ratio. For some applications like noise squeezing, signal amplification, and
mechanical mixing, the nonlinearities can be smartly exploited. However, for some
other applications requiring a large linear dynamic range, such as ultrasensitive mass
detection, or for building reference oscillators, they can be detrimental.

One solution proposed to limit the power applied on a single vibrating structure
and reduce the overall motional resistance is to operate the M/NEM resonators in ar-
ray configurations [59]. Therefore, the maximum power handling for a mechanically
coupled array of resonators such as the ones shown in Fig. 3.21 is expressed as:

Pmax n = ω0
ke f f n

Qn
(ad0)

2 = ω0
n ·keff

Qn
(ad0)

2 , (3.8)

where n is the number of resonators in the array, and ke f f n and Qn are the stiffness
and quality factor of the resonator array, respectively. The motional resistance is
reduced (output signal level increased) and the phase noise is significantly improved
(down by 17–26 dB in [59]). Figure 3.21b proves the significant improvement in
terms of power handling, with a moderate degradation of the quality factor, when
an array configuration is used. It is worth noting that such array technique has been
successfully reported only for beams with micrometer sizes; it is probably much
more difficult to apply it to vibrating nanowires and nanotubes due to the need of
extremely small coupling elements.

Recently, the graphene material attracted further attention for its outstanding
carrier mobility offered for high-ion transistors. The graphite material consists
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Fig. 3.21 (a) Depiction of arrays of parallel connected resonators in multibeam configuration to
achieve higher level signal handling with smaller motional resistances. (b) Measured transmission
characteristics; quality factor, Q; and motional resistance, Rx, for the various fabricated arrays with
1-, 3-, 10-, and 20-parallel-beam configuration. c©2004 IEEE. Reprinted, with permission, from
[59]

of stacked layers of graphene sheets separated by 0.3 nm and held together by
weak van der Waals forces, having extremely high strength, stiffness, and thermal
conductivity along the basal plane. In [60] graphite is exfoliated onto an insulating
substrate, producing micron-sized graphene sheets with thicknesses down to a single
atomic layer that are suspended to form two-dimensional NEMS with ultimate
thickness. Figure 3.22a depicts a resonant graphene sheet made by this technique
with a thickness of 0.9 nm. The resulting resonators are excited both optically and
electrically and produce, in vacuum conditions, resonance frequencies from 1 to
170 MHz (depending on the membrane thickness), with quality factors Q of 20–850.
A graphene resonator with f0 = 70.5 MHz, for the fundamental mode of the single
layer, is shown in Fig. 3.22b. In this ultrathin vibrating NEMS, the role of the tension
existing in the atomic-thin sheet is found to be of major importance for calculating
the values of the resonance frequency:

f0 =

√√√√(A

√
E
ρ

t
L2

)2

+A2 0.57
T
ρ

L2 w t, (3.9)

where E is the Young modulus; ρ is the mass density; t, w, and L are the dimensions
of the suspended graphene sheet; and the clamping coefficient, A, is 1.03 for doubly
clamped beams. The built-in tension is T = 13 nN [60].

Beyond application in sensing (mass, force, and charge), the robust graphene
ultrathin conductive membranes can act as a nanoscale supporting structure or
atomically thin layer separating disparate environments.
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Fig. 3.22 (a) Top: schematic of a suspended graphene resonator and Bottom: image of a few-layer
(∼2) graphene resonator; the scale bar is 1 µm. (b) Amplitude versus frequency taken with optical
drive for the fundamental mode of the graphene resonator. From [60]. Reprinted with permission
from AAAS

3.6.3 From Resonant Gate to Vibrating Body Transistors

The majority of the proposed and investigated MEM resonators exploit the prin-
ciples of capacitive excitation and detection via very narrow air gaps. The main
reason is the simplicity of the operation, the low power consumption, and a
certain straightforwardness to design and fabricate such resonant structures made on
semiconductors (monocrystalline silicon or polysilicon). In general, the capacitively
transduced signals are very small and when the extreme scaling and the impedance
matching of the resonators are also considered, some practical limitations could
arise. Alternatively, the movable gate and body FET transistor structures proposed
in Fig. 3.10a–d can operate as M/NEM resonators, with the main difference that the
output is the drain current of the transistor, offering the possibility of building active
resonators, similar to the very first proposed resonant gate transistor [31].

The first resonant gate transistors with modern silicon technology have been
reported by EPFL; first, with out-of-plane AlSi resonant gate MOSFETs by Abelé
et al. [61,62] and second, with in-plane resonant silicon gate transistors with various
geometries by D. Grogg et al. [63]. The in-plane resonant gate MOSFET is an all-
silicon resonator device suited to front-end integration, with the drain and source
placed in the same horizontal plane as the gate (all made of the silicon layer of an
SOI substrate), see Fig. 3.23a. Aggressively scaled versions of the in-plane resonant
gate transistors have been reported by Durand et al. at LETI-CEA [64,65] based on
silicon-on-nothing technology (with SiGe sacrificial layer) to achieve sub-100−nm
gaps and 400−nm-thick single crystal resonators with a front-end process. A typical
fabricated lateral resonant gate device with the length of 4 µm and the width of
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Fig. 3.23 (a) Schematic and measurement setup for resonant gate (RG-)MOSFET, (b) SEM
image of fabricated RG-MOSFET, c©2008 IEEE. Reprinted, with permission, from [64], (c)
static characteristics of the device, c©2009 IEEE. Reprinted, with permission, from [65], (d)
corresponding measured transmission under vacuum showing resonance and +4.3-dB gain in RG-
MOSFET configuration compared to capacitive detection

200 nm is depicted in Fig. 3.23b. The lateral MOS transistor could suffer from poor
carrier mobility due to the roughness of the vertically etched sidewalls and have
shown very little gain (the transistor gain being limited because of the very narrow
width, defined by the thickness of the silicon film). Moreover, in [64], the channel
surface was partially implanted on a few nanometers, resulting in a 2.1−MΩ
resistor in parallel with the main transistor, explaining the relatively high leakage
current (see Fig. 3.25c). However, the measured resonator transmission at an applied
DC gate voltage maximizing the transconductance (e.g., gain) shows a resonance at
14.3 MHz and demonstrates a clear gain of +4.3 dB when the MOS detection is used
instead of traditional capacitive detection. The unique ability of lateral resonant gate
transistors to be integrated with advanced CMOS was demonstrated by Colinet et
al. in [65], where a 130−nm CMOS ASIC using a bridge measurement technique
and a high sensitive first stage to minimize the influence of parasitic capacitances is
monolithically combined with a resonant gate transistor to detect nanometer-scale
displacements.

D. Grog et al. [66, 67] have proposed an alternative resonant transistor, called
vibrating body FET (VB-FET). This device integrates a MOSFET transistor in a
double-gate FIN-FET like suspended architecture with two side channels, and two
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Fig. 3.24 (a) SEM image of a fabricated vibrating body field effect transistor (VB-FET) and (b)
comparison of MOSFET detection for two different bias voltages with capacitive detection using
the same structure. A gain of more than +30 dB is obtained with the MOSFET detection. c©2008
IEEE. Reprinted, with permission, from [67]

lateral gates separated from the transistor body by two air gaps, see Figs. 3.24a
and 3.25a. In the VB-FET, the movable body modulates both the inversion or
accumulation charge in the lateral channels and the piezoresistance of the structure
(carrier mobility and mass). The piezoresistance modulation could be an extremely
important mechanism in vibrating wires with very small cross sections and with
low doping levels. SiNW show an unusually large piezoresistance effect compared
with bulk. For example, the longitudinal piezoresistance coefficient along the
<111> direction increases with decreasing the diameter for p-type Si nanowires,
reaching as high as −3,550× 10−11 Pa−1, in comparison with a bulk value of
−94× 10−11 Pa−1 [68]. This giant piezoresistance effect can be exploited in future
nanowire implementations of VB-FETs.

An outstanding gain of more than +30 dB for the output signal is obtained in
micrometer-scale double-gate VB-FET when the output is taken on the transistor
drain, compared with the identical structure operated in capacitive detection mode,
Fig. 3.24b. Moreover, the device motional resistance is reduced from 16 kΩ below
100 Ω , which enables excellent conditions for 50−Ω matching in RF applications.
Figure 3.25a, b depict the depletion-mode double-gate structure reported in [64,65]
and its equivalent small-signal circuit with two gain mechanism: (a) channel
charge modulation, for example, idFET = gmFET vin, and (b) piezoresistive, for
example, ipiezo = gmpiezovin. The transistor gain can be increased by increasing
its transconductance, gmFET , by applying higher gate and drain voltages up to
eventually obtaining an active electromechanical resonator, with intrinsic gain. This
unique property is demonstrated by the experimental data reported in Fig. 3.25,
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Fig. 3.25 (a) Depiction of double-gate in-plane vibrating body FET, (b) equivalent small-signal
circuit of VB-FET showing the two main gain mechanisms: charge and piezoresistive, and
(c) experimental s21 characteristics of a clamped–clamped beam VB-FET demonstrating the
possibility to control and increase the gain with the applied drain voltage bias. An intrinsic
gain >0 dB can be obtained with the VB-FET, suggesting the possibility to minimize or even
to eliminate the sustaining amplifier. c©2009 IEEE. Reprinted, with permission, from [69]

where for Vds >1.25 V the resonance peak reaches a level superior to 0 dB, for
instance, +3 dB at Vds =1.65 V (in reality the gain is even higher, the measurement
being carried out with an imperfect impedance matching). This result suggests that
the gain mechanism in VB-FET can be exploited to simplify the design of the
sustaining oscillator and obtain ultralow-power oscillators with sub-10−µW power
consumption [69,70] or, even further, provide self-sustained oscillations without the
need of any external sustaining amplifier (e.g., a single-device oscillator) [71].

While the clamped–clamped beam design of the VB-FET is the most straightfor-
ward implementation for flexural-mode resonators, Fig. 3.26 shows that multigate
VB-FET resonators operating at much higher frequency in bulk mode can be
achieved. In this particular design, a lateral transistor and corresponding gate are
defined on each side of a square resonator. The transistor source contacts are
connected together and one can activate one, two, or four gates to take advantage of
the VB-FET operation compared to capacitive operation (Fig. 3.26b). Interestingly,
in the square VB-FET, vibrating in a bulk extensional mode, the piezoresistive
modulation is found to provide an important contribution to the output signal
[69, 70].

Another active resonator has been proposed by van Beek et al. [72] by using
the mechanical strain rather than an electrical field to modulate the conductivity of
the silicon. The resonator layout is depicted in Fig. 3.27a and can be represented
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Fig. 3.26 (a) Multigate VB-FET device in a 4-gate implementation on SOI and (b) measured
characteristics of a square 4-gate multigate VB-FET as a function of the number of active gates,
compared to capacitive detection using a single gate. c©2008 IEEE. Reprinted, with permission,
from [67]

Fig. 3.27 (a) Piezoresistive resonator principle and demonstrated gain compared with capacitive
operation of the same structure (b) SEM fabricated device. c©2008 IEEE. Reprinted, with
permission, from [72]

by a lumped mass-spring system. The springs of the system are approximately
localized in the “arms” of the resonator with length l, width t, and height h. The
mass is localized in the resonator’s “head” with length w, width b, and height h.
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At resonance, the resonator arms are compressed and stretched along their axis.
Therefore, the resulting mechanical strain is detected by the change in electrical
resistance of the resonator arms due to the piezoresistive effect. The authors have
implemented this resonator in 1.5−µm-thick SOI and proposed a small-signal
equivalent model, with the gain calculated according to the expression:

vd

vg
=

gm(ω)

gd
= jQε0πiVg0Vd0

b
2tg2 , (3.10)

where the piezoresistive coefficient πi is maximum when the resonator arm is
oriented in the <100> direction. This resonator can provide a gain higher than unity,
similarly to the VB-FET. Figure 3.27c shows experimental results with an increased
signal when the device is operated as a transistor. The gain can be improved by
decreasing the gap width, g, or by increasing the ratio of the arm width to the head
width, b/t. Amplification factors up to 4.6 dB and Q values up to 60,000 were
obtained for 15 MHz resonators. This piezotransistor principle is expected to be
particularly suited for future silicon nanowire resonators.

3.7 NEM Mixers and Single Nanotube Radio

In communication applications, the mixer function is extremely useful for any
transceiver architecture. Early mixer operation of MEM resonators has been
reported by Nguyen [73] by applying radio frequency (vRF =VRF · cosωt) and low-
frequency (vLO = VLO · cosωt) signal to the two electrodes of a vibrating beam
in Fig. 3.13a and by exploiting the nonlinear voltage-to-force transduction of the
resonator, relating the input force to input voltage (vRF − vLO) by a square law:

Fd = . . .+
1
2

VRFVLO
∂C
∂x

cos(ωRF −ωLO)t + . . . . (3.11)

The operation schematic and the spectrum of a single-device vibrating body
FET mixer-filter, where the RF and the LO components to be mixed are applied
on the same electrode, is depicted in Fig. 3.28. The resonator behaves itself as a
filter, providing a relevant output signal only if the difference of the two applied
frequencies matches the mechanical resonance frequency (for the VB-FET mixer
from [67], f0 = 9.84 MHz). MEM mixers can provide major simplification of RF
front-ends with the simultaneous reduction of the power consumption; for instance,
the power consumption of the active VB-FET mixer reported in [67] is only 500 µW.

A more sophisticated exploitation of RF NEMS for receivers is illustrated by
the all-in-one nanotube radio, proposed by Jensed et al. [74]. A vibrating carbon
nanotube serves simultaneously as all essential components of a radio: antenna,
tunable bandpass filter, amplifier, and demodulator (Fig. 3.29). A direct current (dc)
voltage source is connected to the CNT electrodes and powers the radio. The applied
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Fig. 3.28 (a) VB-FET mixer configuration and (b) experimental demonstration of the mixer-filter
with fhigh − flow = fres = 9.84 MHz. c©2008 IEEE. Reprinted, with permission, from [67]

Fig. 3.29 (a) Principle of all-in-one nanotube radio, (b) fabricated device used to experimentally
proof the concept. Reprinted with permission from [74]. c©2007 American Chemical Society

dc bias negatively charges the tip of the nanotube, placed in advanced vacuum,
sensitizing it to oscillating electric fields. The principle of the nanotube radio is quite
different from the one used in traditional radios: the electromagnetic waves from
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a radio transmission impinge upon the nanotube, forcing it to physically vibrate
through their action on the charged tip. Of great importance is that the vibrations
are only significant when the frequency of the incoming wave coincides with the
CNT flexural resonance frequency. Successful reception has been demonstrated
with carrier waves in the 40–400−MHz range and both frequency and amplitude
modulation techniques. This demonstration of a completely novel functionality
embedded in a single NEM resonator opens the door to many other future low-
power communication applications.

3.8 Conclusions and Perspectives

The principles and examples showed in this chapter support the idea that NEMS-
based information processing offers interesting opportunities for future digital and
analog/RF applications. The novel functionality and the low-power consumption of
NEM devices are the two main opportunities to seize. Moreover, NEMS processing
(top-down or bottom-up) is compatible with advanced silicon ICs, which can
result in high-performance, low-power hybrid NEMS-CMOS systems. Particularly
the small mass and high stiffness of silicon- or carbon-based NEM resonators
offers unique features for high-frequency (>100 MHz–1 GHz) applications such as
communication circuits. The resulting miniaturization and the low costs are other
key benefits. Beyond analog and digital applications, NEMS are also foreseen
as unique candidates for pushing the limits of sensing (mass, force, gas, and
biosensing) due to their extreme sensitivities to the mass loading or to the very
small amount of electrical charges. This important class of sensing applications was
not the object of this chapter.

Additionally, it is important to note that future design of RF ICs with NEMS
should not be limited to mimicking the traditional circuit architectures and having
the NEMS just as replacement components for some parts of the integrated circuits
or for off-chip components. The promise of NEMS consists in being able to
embed full circuit functions and generate novel circuit design, more compact, with
more functionality and lower power consumption. Certainly, there are still a lot of
problems to solve before we will see NEMS devices in mass market applications
like the reliability and packaging that have not been described in the chapter due
to limited available space. However, all the recent progress achieved in terms of
packaging and reliability for MEMS is exploitable and applicable to NEMS. Of
course, there are some NEMS-specific phenomena like the van der Waals and
Casimir forces that should be accounted for when one deals with more aggressive
scaling and optimized design, but globally, many of the processes and design
advancement in MEMS field can be used and exploited in NEMS, similar to the
way the various progresses in CMOS technology have been used as an additive
booster strategy to improve its performance at nanoscale.

Finally, in this chapter we have presented some more disruptive concepts such as
the hybrid NEM-solid-state devices, which could embed a transistor in a movable
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object. Such device architecture can take benefits from both the novel NEM
functionality and the signal gain that is specific to any transistor. In the case of
vibrating transistors, this approach results in a novel category of devices that can be
called active NEM resonators, exploiting charge and/or piezoresistive modulations.
The active NEM resonator can further simplify the IC design and offer more
complex functions in a single device; this is certainly one of the most interesting
way to pursue in the future for the success of NEMS.
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Chapter 4
Future Trends in Acoustic RF MEMS Devices

Bertrand Dubus

Abstract Piezoelectricity and longitudinal elastic wave propagation constitute the
basic physical mechanisms involved in the classical bulk acoustic wave resonator.1

Innovative acoustic MEMS will rely on other types of elastic waves (shear waves,
guided waves in free plates or plates bonded on substrate, waves in periodic media)
or transduction mechanisms (electrostriction) which are described in the first section
of this chapter. Operation and characteristics of emerging acoustic RF MEMS
devices, such as shear and guided wave resonators, tunable resonators and phononic
crystal-based resonators and filters, are reviewed in the other sections.

4.1 Overview of Physical Phenomena Used in Future
RF MEMS Devices

In acoustic RF MEMS devices, electrical effects coupled to elastic2 wave propa-
gation are used to obtain a specific electrical response. Considering, for example,
a classical bulk acoustic wave (BAW) resonator, the thickness resonance of the
longitudinal wave in a piezoelectric layer having electrodes on top and bottom
surfaces generates a rapid and large change of the input electrical impedance with

1Surface acoustic wave (SAW) devices are not discussed in this chapter except in Sect. 4.3.
SAW devices are generally not considered as MEMS for historical (first SAW devices were
developed when MEMS technology did not exist) and technological (classical SAW devices require
a piezoelectric substrate) reasons. This separation is less and less justified today, as current research
in SAW, BAW and other acoustic RF MEMS devices converges.
2In this chapter, the term “elastic waves” is preferred to “acoustic waves” which is also associated
to waves propagating in fluids. However, devices are still denoted as “acoustic RF MEMS devices”
throughout the text as they are often designated by these terms in electrical engineering.
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frequency. Such acoustic RF MEMS device can be divided schematically into three
parts representing the mechanical part, the electromechanical transduction and the
electrical part.

The function of an acoustic RF MEMS device is based on a physical effect
associated to elastic wave propagation. Section 4.1.1 provides an overview on elastic
wave propagation with a focus on specific properties which could be used in future
RF MEMS devices. Analysis of elastic waves propagating in unbounded media,
waveguides and periodic media is presented.

In the RF range, the electromechanical transduction is often obtained via
piezoelectric effect. The efficiency to convert electrical energy into mechanical
energy and vice versa is evaluated by a quantity called coupling coefficient. Many
parameters affect coupling coefficient: material class of symmetry and physical
constants, distribution of displacement and electric fields, geometry of the sample,
position of the electrodes, etc. Section 4.1.2 gives a general description of the
piezoelectric effect with a view to explain how changes of these parameters can lead
to improved or new RF devices. Electrostriction which is another physical effect
coupling electrical and mechanical fields in insulators is also discussed.

4.1.1 Elastic Wave Propagation

This section gives a brief description of elastic wave properties in solids. A detailed
analysis can be found in the following textbooks: [1, 2] for bulk and guided waves,
[3] for waves in periodic media.

4.1.1.1 Bulk Waves

In elastodynamics, the vibration of linear elastic materials is considered in a small
strain approximation. From Newton’s law and Hooke’s law, equation of motion, not
considering external forces, is written as

ρ
∂ 2ui

∂ t2 = ci jkl
∂ 2ul

∂x j∂xk
, (4.1)

where ui and ul are the components of the displacement field, ci jkl the elastic
constants of the material, ρ the material density, x j and xk the space coordinates
and t the time. Subscripts i to l vary from 1 to 3. Einstein’s summation notation
is used throughout the chapter. Equation (4.1) is reduced to an eigenvalue problem
when plane waves are considered. In the case of an isotropic material, the elastic
constants are expressed with two independent constants: Young’s modulus E and
Poisson’s ratio ν . Three plane waves can propagate in any given direction n: one
longitudinal wave (displacement along n) at velocity

VL =
√

E(1−ν)/ρ(1+ν)(1− 2ν),
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and two transverse (or shear) waves (displacement perpendicular to n) at velocity

VT =
√

E/2ρ(1+ν).

In anisotropic materials, three plane waves can propagate in any given direction,
one quasi-longitudinal wave and two quasi-transverse waves, each of these waves
having its own velocity which depends upon propagation direction.

4.1.1.2 Guided Waves

Material boundaries have the effect of guiding elastic waves. The simplest waveg-
uide is the free surface. In an elastic half-space, the surface or Rayleigh wave
verifies (4.1) together with stress-free conditions at the surface. It is constituted by
the superposition of longitudinal and transverse partial waves that cancel stresses
at the surface. A Rayleigh wave propagates along the surface with displacement
amplitude exponentially decreasing when moving perpendicular to the surface. It is
non-dispersive but its polarization is not rectilinear.

An unbounded plate with horizontal stress-free surface constitutes another simple
waveguide. In such geometry, the horizontally polarized transverse partial wave
remains decoupled from longitudinal and transverse waves polarized in the vertical
plane. At circular frequency ω , the guided waves constituted by the superposition of
horizontally polarized transverse (or shear) partial waves that verify the stress-free
conditions on both surfaces are denoted SH waves. The longitudinal and transverse
partial waves polarized in the vertical plane undergo mode conversion for each
reflection at the surfaces and are therefore coupled at the boundaries. The guided
waves constituted by the superposition of longitudinal and transverse partial waves
polarized in the vertical plane that verify the stress-free conditions on both surfaces
are called Lamb waves.

In straight waveguides considered aligned along x1 axis, displacement field
components associated to a guided wave are expressed as

ui(x1,x2,x3, t) = ũi(x2,x3) e+ j(ωt−β x1), (4.2)

where β is the wavenumber. As in electromagnetism, properties of guided waves
are analysed from dispersion curve representing ω (or frequency f ) versus β .
Figure 4.1 displays the dispersion curve of Lamb waves in a 1-µm-thick aluminium
nitride (AlN) plate with some corresponding displacement fields. Several branches
are found corresponding to different mode families. Lamb waves with symmetrical
(respectively anti-symmetrical) displacement field with respect to plate mid-surface
are denoted S (respectively A) waves. All these modes are dispersive as Lamb
waves are constituted by the superposition of partial plane waves reflected on plate
boundaries and therefore depend upon boundary separation distance. At β = 0,
the longitudinal and transverse partial waves are decoupled, and branch points are
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Fig. 4.1 Dispersion curves and displacement fields of Lamb waves propagating in 1-µm-thick AlN
plate with top and bottom surfaces grounded and associated displacement fields

associated to some well-known acoustic phenomena3: the half-wavelength thickness
resonance of the longitudinal wave (or TE resonance mode) corresponding to an
ideal BAW resonator for mode S1, the half-wavelength thickness resonance of the
horizontally polarized transverse wave (or TS resonance mode) for mode A1, the
one wavelength thickness resonance of the horizontally polarized transverse wave
(or TS2 resonance mode) for mode S2, etc. Close to the branch point, S1 modes

3The location of the resonance modes at β = 0 is given here for AlN. Their connection to S1 and
S2 modes could be different in other materials.
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can produce the spurious modes observed in the BAW resonators when resonances
of Lamb waves occur due to phase matching of successive reflections on the lateral
boundaries of the plate.

The plate can be considered as a first approximation to describe so-called film
bulk acoustic resonators or FBAR. To analyse BAW resonators fabricated on a
Bragg mirror deposited on a substrate (also called solidly mounted resonators or
SMR), the propagation of elastic waves in a plate or a multilayered plate bonded
over an isotropic half-space must be considered. This case differs from the plate
waveguide which involves total reflection of the partial waves on the boundaries.
The infinite half-space is open on the lower side (as in the case of surface waves)
making possible the wave radiation in the substrate to infinity, which is equivalent
to an energy leakage. For an isotropic plate on an isotropic half-space, a family of
non-leaky horizontally polarized shear waves called Love waves (which reduce to
SH wave when density or stiffness of the substrate goes to zero) can be found when
V plate

T ≤ ω/β ≤ V substrate
T . The same modification is found for Lamb waves which

become generalized Lamb waves in the presence of a substrate. Generalized Lamb
waves can only exist when ω/β ≤ V substrate

T . Their behaviour is rather complicated
and depends upon the values of β h (h being the plate thickness) and the ratio
V plate

T /V substrate
T .

Figure 4.2 displays the dispersion curves of generalized Lamb waves in a 1-µm-
thick AlN and zinc oxide (ZnO) plates bonded on a silicon (Si) substrate with some
corresponding displacement fields. Different behaviours are observed for the two
cases as V ZnO

T ≤V Si
T ≤V AlN

T . Only one general Lamb wave is found for the bonded
AlN plate, whereas an infinite number of branch solutions is obtained for ZnO (only
first two branches are seen in Fig. 4.2). Finally, when β h becomes large, interface
waves, also called Stoneley waves, localized at the plate-substrate boundary can
exist under some conditions. The analysis becomes even more complicated for
multilayered plates bonded on a substrate [4].

When designing a BAW resonator, all these elastic waves and dispersion curves
have to be considered to explain two- or three-dimensional effects such as spurious
modes or energy radiation into the substrate [5–9]. However, these elastic waves can
also be utilized to design new acoustic IF and RF MEMS, as discussed in Sects. 4.2.1
and 4.2.2.

4.1.1.3 Elastic Waves in Periodic Media

An elastic periodic medium is constituted by an elementary elastic volume which is
periodically repeated along one or several directions. Considering one-dimensional
periodicity along x1, (4.1) becomes

ρ(x1)
∂ 2ui

∂ t2 = ci jkl (x1)
∂ 2ul

∂x j∂xk
, (4.3)
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Fig. 4.2 Dispersion curves and displacement fields of generalized Lamb waves propagating in
1-µm-thick AlN (a) and ZnO (b) plates bonded on semi-infinite silicon substrate with top and
bottom plate surfaces grounded

with ρ(x1 + nd) = ρ(x1) and ci jkl(x1 + nd) = ci jkl(x1), d being the period of the
medium and n an integer. At circular frequency ω , the general solution for wave
displacement given by (4.2) implies that

ui(x1 + d,x2,x3, t) = ui(x1,x2,x3, t) e− jβ d, (4.4)

where β d appears as an angle which is only known as modulus 2π . Consequently,
ω must be a periodic function of β of period 2π/d. The study of the dispersion
curve is therefore limited to the interval [−π/d,+π/d] called first Brillouin zone.
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In an artificially periodized medium,4 dispersion curves lead to numerous branch
crossings at β = nπ/d where n is a positive or negative integer (Fig. 4.3a). Two
wave solutions exist for each branch intersection, corresponding to branches centred
at different β values. The branches do cross on the dispersion curve as these waves
do not interact. If the medium is really periodic, the two waves interact at β = nπ/d
and combine into normal propagation modes. Branch splitting and band gap opening
are observed (Fig. 4.3b). The phenomena of propagation modes interaction and
band gap opening is not limited to Brillouin zone boundaries in periodic media.
They happen in any dispersion curve as soon as two branches, corresponding to
propagation modes of the same class of symmetry, get close. Thus, in Fig. 4.1,
symmetrical (resp. anti-symmetrical) Lamb modes interact without crossing, while
mode S and A can intersect without interaction.

The possibility to tailor the dispersion curve by modifying geometry and con-
stitutive materials of the periodical medium has opened a wide field of research on
acoustic material engineering. The Bragg mirror, constituted by a stack of alternate
high and low acoustic impedance layers and used to isolate the BAW resonator from
the substrate in the SMR technology, is a well-known example of one-dimensional
periodic structure. Bragg mirror can also be designed to modify the dispersion
curves of the guided waves close to the thickness longitudinal resonance in order to
improve spurious modes control [5], or to optimize isolation of generalized Lamb
waves from substrate and design guided wave IF or RF resonators in an SMR
technology [10].

Phononic crystals (PC) are periodic structures designed to exhibit absolute band
gaps, i.e. frequency bands in which the propagation of elastic waves is forbidden

4This case corresponds to a homogeneous medium treated as a periodic medium of period d. The
dispersion curve is obtained by superposing homogeneous medium dispersion curves and their
replication shifted by any integer (positive or negative) multiple of 2π/d.
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Fig. 4.4 Dispersion curve of elastic waves propagating in a phononic crystal constituted by a
square array of cylindrical cavities in a PZT plate

in all directions [11–13]. Works on phononic crystals cover many different fields
and applications. In this chapter, focus is on PC properties which could lead to
the emergence of new RF MEMS components. Typical dispersion curve of guided
elastic waves in a two-dimensional PC plate [14] is displayed in Fig. 4.4. The
absolute band gap extends from 1.18 to 1.31 GHz. This property could be used to
design a bandstop filter, as described in Sect. 4.3.1, or to isolate very efficiently
a MEMS resonator from substrate. However, a most ambitious application is the
use the band gap as a basis to select and process the signal propagated by the
guided elastic wave through the PC. By adding point defects, linear defects or
local resonators in the PC, it becomes possible to realize guiding, multiplexing or
demultiplexing of elastic waves, as described in Sect. 4.3.2.

4.1.2 Transduction Mechanisms for RF Devices

This section describes electromechanical energy conversion using materials intrinsic
properties which is the most widely used transduction mechanism in acoustic
RF MEMS. In insulating materials, mechanical and electrical quantities can be
coupled through two different physical effects: piezoelectricity and electrostriction.
A detailed presentation of these effects can be found in the following textbooks:
[1, 15, 16] for piezoelectricity, [17] for piezoelectricity and electrostriction.
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Fig. 4.5 (a) Piezoelectric effect, (b) electrostrictive effect

4.1.2.1 Piezoelectricity

In some material, strain can induce electrical polarization. This effect is called
direct piezoelectric effect if it is linear, i.e. if the polarization is proportional to
strain and if the sign of polarization is reversed when the sign of strain is reversed
(Fig. 4.5a). The direct piezoelectric effect is always accompanied by an inverse
piezoelectric effect: an external electric field induces a strain of the piezoelectric
material. Piezoelectricity is intimately related to microscopic material symmetry.
Among the 32 classes of symmetry, piezoelectric crystals are found in 20 non-
centrosymmetrical classes. Aluminium nitride (AlN) and zinc oxide (ZnO) are
the most commonly used materials in acoustic RF MEMS. They belong to the
hexagonal 6-mm class of symmetry which is characterized by a preferred axis
(polarization axis conventionally denoted Ox3) and an isotropic behaviour in the
perpendicular plane (O x1 x2).

Constitutive equations of piezoelectricity, which are deduced from thermody-
namic potentials, are written as

{
Si j = sE

i jkl
Tkl + dmi jEm

Dm = dmi jTi j + εT
mnEn

, (4.5)

where Tkl and En are respectively the components of the stress tensor and of the
electric field vector which are chosen as independent variables. Si j and Dm are
respectively the components of the strain tensor and of the electric displacement
vector. sE

i jkl , dmi j and εT
mn denote the components of the elastic compliance tensor at

constant electric field, the piezoelectric tensor and the dielectric permittivity tensor
at constant stress, respectively. Subscripts i to n vary from 1 to 3. Equation (4.5)
emphasizes the close relationship, in a piezoelectric RF device, between the applied
electric field, the induced strain and the orientation of the material. In a classical
AlN or ZnO TE BAW resonator, polarization axis x3 is orientated along thickness.
Electrodes on top and bottom surfaces of the piezoelectric film generate an electric
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field along x3 which mainly induces a strain (and therefore a vibration) along x3

due to the symmetry of the piezoelectric tensor. At the design stage, the choice
of polarization direction, electrode geometry and resonator geometry must be
optimized to maximize excitation of a specific elastic wave and the consequent
resonance mode, e.g. the half-wavelength longitudinal thickness mode in a TE
resonator.

The electromechanical coupling factor is used to evaluate the efficiency of this
overall conversion. For a transducer, the electromechanical coupling factor k is
defined as the ratio of the mutual energy Wmut (work transformed from one form of
energy to another) to the geometric mean of the work done on the blocked electrical
impedance We and the work done on the open-circuit mechanical impedance Wm

k =
Wmut√
WeWm

. (4.6)

If the work is done only on one port, the electrical port in the case of an acoustic
RF MEMS, k is defined as the square root of the ratio of the work done on the
electrical port transduced into mechanical energy to the total work done on the
electrical port

k =

√
Wmut

We
. (4.7)

Considering the Butterworth–van Dyke representation of a transducer on which
a quasistatic voltage V is applied (Fig. 4.6), the works are We = (C0 +CM)V 2/2 and
Wmut =CMV 2/2, leading to

k =

√
CM

C0 +CM
. (4.8)

Defining the transducer series resonance frequency fs and parallel resonance
frequency fp as

fs =
1

2π
√

LMCM
, (4.9a)

fp =
1

2π
√

LM(C0 +CM)
, (4.9b)

k can then also be written as

k =

√
1− f 2

s

f 2
p
. (4.10)

The electromechanical coupling coefficient can be evaluated by measuring
series and parallel resonances on the electrical port. This evaluation is exact at
low frequency or for some particular transducer geometries and modes (length
resonance of bars, thickness resonance of plates, radial resonance of thin rings or
thin spheres, etc.).
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Fig. 4.6 Lumped parameter
Butterworth van Dyke circuit
representation of a transducer.
C0, CM , LM and RM are
respectively the blocked
capacitance, the motional
capacitance, the motional
inductance and the motional
resistance

Table 4.1 Coupling coefficient of thin piezoelectric film [18]

Material AlN ZnO PT PZT KNO KLN LNOa LTOb

k2
t (%) 6.5 9.5 19 23 45 25 2.8 3.7

aLithium niobate, LiNbO3
bLithium tantalate, LiTaO3

In BAW resonators, the coupling coefficient is an important parameter as it
determines approximately the bandwidth of the bandpass filter build with these
resonators. Table 4.1 displays the coupling coefficient k2

t (corresponding to TE
mode) for various piezoelectric materials grown in thin films. In AlN or ZnO BAW
resonators, k2

t , from 6.5% to 9.5%, is well suited for emission and reception bands of
mobile phone communication standards. Much larger bandwidths could be obtained
with potassium lithium niobate (KLN), lead titanate (PT), lead zirconate titanate
(PZT) or potassium niobate (KNO), if they become technologically compatible
without degradation of their properties.

Other modes than the thickness longitudinal mode could be exploited. Progress
in this field requires new geometries of resonator and/or electrodes or new techno-
logical processes for thin piezoelectric layer fabrication. Thus, deposition of tilted
AlN or ZnO layers has drawn lot of interest these last years in order to develop TS
resonators. Perspectives on TS BAW resonators are given in Sect. 4.2.1.

4.1.2.2 Electrostriction

When an insulating material is submitted to an electric field, electrostriction
produces a strain which is a quadratic function of polarization (Fig. 4.5b). At the
microscopic level, this effect, similar to the inverse piezoelectric effect, does not
require specific crystal symmetry. Electrostriction is a second order effect, which
exist in all materials but is often negligible. Barium titanate (BTO) and lead
magnesium niobate (PMN) are bulk materials exhibiting a large electrostrictive
effect due to their high dielectric permittivity. Strontium titanate (STO) and barium
strontium titanate (BST) are the most studied electrostrictive material in acoustic
RF MEMS.
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Constitutive equations of electrostriction are written as

{
Si j = sD

i jkl
Tkl +Qi jmnDmDn

Em =−2Qi jmnDnTi j +β T
mnDn

, (4.11)

where the stress tensor and the electric displacement are chosen as independent
variables. sD

i jkl , Qi jmn and β T
mn denote the components of the elastic compliance

tensor at constant electric displacement, the electrostrictive tensor and the dielectric
impermeability tensor at constant stress respectively.

As electrostriction is a quadratic effect, the electrostrictive BAW resonator is
submitted to a DC electric field with superposed small-signal AC field. Equivalent
linearized elastic, piezoelectric and dielectric constants, depending upon DC field,
can be derived from (4.11) [19]. As a consequence, the DC electric field can control
the coupling coefficient, opening the way for the design of switchable and tunable
resonators described in Sect. 4.2.3.

4.2 Acoustic RF Resonators and Bandpass Filters

Resonators are the most studied acoustic RF devices. As elastic wavelengths are
much smaller than electromagnetic wavelengths at a given frequency, resonators can
be miniaturized by using elastic waves. In the RF range, the elastic wavelength in
usual materials (0.1–1 µm at 1 GHz) coincides with the dimensions of the objects
that can be fabricated with the MEMS technology. As the classical thickness
extensional BAW resonator is already discussed in details in other chapters of this
book, this section focuses on emerging RF devices using shear and guided elastic
waves and on tunable TE BAW resonators.

4.2.1 Thickness-Shear Resonators

Thickness-shear (TS) resonators, which exploit the half-wavelength thickness
resonance of the transverse or shear wave (Fig. 4.1), are mainly studied for sensing
applications in liquids. However, there is some interest to consider their use in RF
filters. As the transverse or shear wave is slower than the longitudinal wave and
piezoelectric layers with “good properties” deposited by sputtering are thickness
limited, TS resonators could address a lower frequency band (such as GSM 900)
than the TE resonator. In addition, TS and TE resonators could be co-integrated on
a single piezoelectric material layer to address different communication standards.
Finally, the coupling coefficient can be theoretically larger for TS resonator than for
TE resonator in some piezoelectric materials such as ZnO.

In AlN and ZnO, the TS thickness can be excited electrically with plain top
and bottom electrodes when the polarization axis of the piezoelectric material is
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Fig. 4.7 Coupling coefficients versus polarization axis orientation for TE (k2
t ) and TS (k2

s ) in AlN
and ZnO thin films. θ is the angle between the polarization axis and the film thickness direction.
Bulk material characteristics are used and electrodes are neglected

adequately tilted with respect to the direction normal to the layer. The theoretical
values (calculated from bulk material properties) of k2

t for TE mode and k2
s for

TS mode versus tilt angle θ are displayed in Fig. 4.7. Maximum values for ZnO
(resp. AlN) TS resonator are k2

s = 13.4% when θ = 32◦ (resp. k2
s = 6.3% when

θ = 34◦). TE modes are also coupled at these angles. The longitudinal coupling
coefficient goes to zero at θ = 44◦ for ZnO (resp. θ = 51◦ for AlN) where k2

s = 9.3%
(resp. k2

s = 3%). Characteristics of recently fabricated TS resonators with titled
piezoelectric material are given in Table 4.2. Different methods of fabrication are



108 B. Dubus

T
ab

le
4.

2
M

ea
su

re
d

ch
ar

ac
te

ri
st

ic
s

of
re

ce
nt

T
S

re
so

na
to

rs

L
in

k
et

al
.[

21
]

M
ar

ti
n

et
al

.[
20

]
B

ju
rs

tr
öm

et
al

.[
22

]
Y

an
ag

it
an

i
et

al
.[

23
]

M
il

yu
ti

n
an

d
M

ur
al

t[
24

]

M
at

er
ia

l
Z

nO
A

lN
A

lN
Z

nO
A

lN
L

ay
er

an
d

or
ie

nt
at

io
n

O
ne

la
ye

r
ti

lt
ed

18
◦

O
ne

la
ye

r
ti

lt
ed

6◦
(0

01
)

O
ne

la
ye

r
ti

lt
ed

28
◦ –

32
◦

(1
03

)
Tw

o
la

ye
rs

ti
lt

ed
90

◦
(1

12̄
0)

of
op

po
si

te
po

la
ri

za
ti

on

O
ne

la
ye

r
no

t
ti

lt
ed

(0
01

)

E
le

ct
ro

de
s

Pl
ai

n
Pl

ai
n

Pl
ai

n
Pl

ai
n

In
te

rd
ig

it
at

ed
R

es
on

at
or

ty
pe

SM
R

SM
R

FB
A

R
FB

A
R

SM
R

f s
(G

H
z)

0.
85

5
1.

64
0.

25
1.

85
k2 s

(%
)

1.
6

0.
5

2
3.

3
–

Q
31

2
11

0
35

0
–

1,
00

0



4 Future Trends in Acoustic RF MEMS Devices 109

used to obtain the tilted orientation: substrate holder tilted during sputtering [20],
blind constituting an additional anode near the substrate [21] and use of anisotropic
deposition flux far from the target centre [22]. Measured coupling coefficients are
much smaller than theoretical values. Quality factors,5 around 300, remain too low
for RF filter applications.

Other solutions have been developed to couple TS mode (Table 4.2): in reference
[23] a larger shear coupling coefficient is obtained with plain electrodes by deposit-
ing two layers of ZnO with opposite polarization axes aligned along substrate plane;
in reference [24] classical thickness oriented AlN with interdigitated electrodes is
used to reach a quality factor of 1,000 and Q · f product of 1.8× 1012.

4.2.2 Guided Acoustic Wave Resonators and Filters

In guided acoustic wave resonators, the resonance effect is obtained by in-phase
looping of Lamb waves or generalized Lamb waves. The guided wave propagation
is parallel to the plate surface, and the resonance occurs whether along one specific
direction (“lateral” resonator) or in the plate plane (“contour” resonator). The
resonance frequency of guided acoustic wave resonators is determined by the
resonator lateral dimensions and the guided wavelength. Typical geometries of
guided wave resonators are displayed in Fig. 4.8. They mainly differ by their lateral
boundaries (plate/air interface or Bragg mirror). In the process, resonator critical
dimension is obtained by etching and not by film deposition as in BAW resonator.
A wider range of dimensions is therefore available, making possible the realization
of guided wave resonators in IF and RF band with the same technology, as well as
and their co-integration with BAW resonators [25].

The characteristics of recently fabricated guided wave resonators exploiting S0
Lamb wave are given in Table 4.3. All are of FBAR type. Resonance frequencies
range from 15 MHz to 1.25 GHz. Effective coupling coefficients squared (k2) are
low, between 0.4% and 0.8%, as expected for the S0 wave. Q-factors range from
1,400 to 6,100, and high Q · f products around 1.8×1012 can be reached [26].
Guided wave solidly mounted resonators have not been fabricated yet, but Bragg
reflectors have been designed to isolate guided waves and resonator characteristics
have been theoretically evaluated [10].

Guided wave resonators have already been implemented in several communica-
tion devices:

• Compact narrowband IF and RF channel-select filters using acoustically coupled
guided wave resonators [30,31]. Such devices could replace off-chip SAW filters
and LC components and enable total integration of an heterodyne RF receiver

5Quality factors given in this chapter are in-air measured values at series frequency fs unless
specified otherwise.
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Fig. 4.8 Typical geometries of guided wave resonators: (a) lateral resonator with etched bound-
aries, (b) lateral resonator with Bragg mirrors, (c) contour resonator suspended by anchors

architecture using simultaneously IF and RF filters. They are also well suited
for low power, low to medium bandwidth applications such as IEEE 802.15.4
(Zigbee).

• Low phase-noise reference UHF oscillators in which guided wave resonators
replace electromechanical resonators as they exhibit lower motional impedance
and operate without DC polarization [32].

4.2.3 Tunable Thickness Extensional Resonators

Mobile terminals become more and more multi-standard and multimode. Conven-
tional approach, based on switching between different circuits dedicated to a specific
standard, is not effective in terms of cost and miniaturization. The trend is to use
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Table 4.3 Measured characteristics of recent S0 guided acoustic wave resonators

Volatier
et al. [25]

Yantchev
and
Katardjiev
[27]

Stephanou
and Pisano
[26]

Piazza et al.
[28] Ho et al. [29]

Material AlN AlN AlN AlN ZnO
Resonator

type
FBARa FBAR FBAR FBAR FBAR

Lamb wave
type

S0 S0 S0 S0 S0

Mode type Lateral Lateral Lateral Contour Contour
Mode orderb 1–7 40 9 (1,0) and (0,1) (1,0) and (0,1)
Lateral

boundary
conditions

Suspended
along
shorter
sides

Strip
reflectors

Suspended by
anchors

Suspended by
anchors

Suspended by
anchors

fs (GHz) 0.02–0.28 0.89 1.28 0.02 and
0.085

0.015 and
0.09

k2 (%) up to 0.8 0.56 0.41 0.52 and 0.68 –
Q up to 2,000 3,100 1,400 2,000–3,000 6,100 and

3,400
a Co-integrated with TE FBAR at 2.5 GHz
b Mode order is denoted by l for lateral resonator where l is the number of half-wavelengths along

the direction of guided wave propagation and by (n,m) for contour resonator where n (resp. m)
is the number of half-wavelengths along resonator length (resp. width)

reconfigurable components and thus to develop filters with tunable central frequency
and bandwidth. For example, 9% (resp. 16%) relative frequency shift is required
to switch from DCS to PCS (resp. to W-CDMA). Tunable resonators could also
be used to reduce dispersion of BAW resonance frequencies (due to variations of
deposited layer thickness) after fabrication and thus to avoid the complicated laser
ablation process. In that case, ±1.1% relative frequency shift is needed.

Although tunable resonators have been realized by associating conventional
BAW resonators with variable capacitances, this section focuses on tunability
obtained by exploiting intrinsic properties of ferroelectric and paraelectric materials.
Ferroelectric materials are characterized by a spontaneous electric polarization and
an hysteresis loop (due to domain switching) in the polarization curve. Paraelectric
materials require an external electric field for polarization and do not exhibit
hysteresis. They can be described by the theory of electrostriction. In both cases,
the application of a DC bias produces a change of small-signal effective elastic,
“piezoelectric” and dielectric properties, and therefore a change of resonator
characteristic frequencies and coupling coefficient.

Table 4.4 summarizes measured characteristics of recent (ferroelectric) PZT,
(paraelectric) STO and BST made TE resonators. Frequency shifts obtained under
DC bias are large enough to correct dispersion caused by layer thickness variations
but not to switch between RF standards. In most cases, shifts vary differently for
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Table 4.4 Measured characteristics of recent tunable TE resonators

Schreiter
et al. [33]

Schreiter
et al. [33]

Zinck
et al. [34]

Conde and
Muralt [35]

Berge
et al. [36]

Volatier
et al. [19]

Material PZT 25/75 PZT 58/42 PZT 52/48 PZT 53/47 BST 25/75 STO
Resonator type SMR SMR FBAR FBAR SMR SMR
fs at low bias

(GHz)
2.06 1.87 1.55 0.78 4.4 2.2

Max. bias field
(MV/m)

+28/−28 +32/−32 +25/−25 +20/−20 +47 +70

Max. relative fs

shift (%)
+0.3/−0.1 +1.5/−1.9 −1.4/+0.7 −3.4/+1.8 −1.6 −1.6

Max. relative fp

shift (%)
+0.5/−1.8 +0.1/−0.5 −0.1/+0.7 −2.1/+1.1 −1.3 −0.6

Hysteresis Yes Yes Yes Yes No No
Max. k2

t (%) 4.4 9.0 7.3 9.0 0.7 3.0
Bias field at zero

k2
t (MV/m)

+16.8/−6.5 +2.6/−2.6 +2.5/−5.0 +1.2/−7.0 0.0 0.0

Q 220 220 85 (at fp) 50 120 50

series and parallel resonances, as a consequence of coupling coefficient variation
with DC bias. To use such resonators, new filter architectures would be required to
shift central frequency without bandwidth modification.

Conde and Muralt [35] have found, for 53/47 PZT resonator, a range of DC bias
where k2

t was kept constant around 7%. A bandpass filter using these resonators
would theoretically have a 1.3% relative shift of the central frequency without
modification of the bandwidth. Quality factors of tunable TE resonators remain low.
In PZT, the low Q value is attributed to the ferroelastic domain wall relaxation which
occurs close to BAW operating frequency and can therefore not be avoided [18].
Paraelectric materials do not have this limitation. BST and STO resonators’ quality
factors and coupling coefficients are currently limited by the quality of the active
layer. Much higher values are expected from improved processes.

4.3 Acoustic RF Devices Based on Phononic Crystals

Phononic crystals (PC) have emerged recently as candidates for RF signal pro-
cessing applications, as photonic crystals did previously in optics [37]. Properties
of guided elastic wave dispersion curves in PC (described in Sect. 4.1.1.3) can
be exploited with propagating or stationary waves. In the first case, the guided
wave propagates through the PC, and emitting/receiving IDT are used as electrical
input/output. In such devices, dispersion curve properties are easily transposed
into a specific RF function, but high insertion loss is expected. Devices involving
stationary waves may have low insertion loss when a resonance is used, but
the design of a specific function from dispersion curves is not straightforward.
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I/O interdigitated
transducers

Piezoelectric
substrate

Phononic
crystal

Fig. 4.9 Typical geometry of a phononic crystal bandstop filter using surface acoustic waves

Table 4.5 Measured characteristics of PC-based SAW bandstop filters

Wu et al.
[39]

Benchabane
et al. [40]

Benchabane
et al. [40]

Assouar
et al. [41]

Material Silicona y-cut LNO y-cut LNO z-cut LNO
Lattice geometry Square Square Square Square
Hole geometry Cylinder Cylinder Cylinder Hexagon
Hole volumic fraction (%) 38.5 64 64 28
Propagation direction Γ X Γ X Γ M ΓY
Central frequency (MHz) 200 220 215 297
Bandwidth (%) 5 60 23 15
Insertion loss (dB) 65 20 25 52
Rejection level (dB) 10 10 20 18
a To generate and detect elastic waves, thin ZnO films are deposited on silicon substrate

on each side of the silicon PC

The very few PC-based devices fabricated until now involve surface acoustic waves.
Some theoretical results as well as measurements on acoustic waves in fluid PC are
also reported in this section.

4.3.1 Resonators and Filters

An elastic wave propagating through a PC is evanescent in the band gap.
A bandstop filter function is therefore realized between input and output
interdigitated electrodes (IDT). Several PC IF bandstop filters have been realized
with surface acoustic waves propagating through a lattice of holes in silicon or
LNO substrates (Fig. 4.9 and Table 4.5). Relative bandwidths (BW) range from
11% to 27%. Rejection level (RL), comprised between 10 and 20 dB, is limited by
transmission of leaky SAW waves. As expected, insertion loss (IL) is high (between
20 and 52 dB). Simulations made for generalized Lamb waves propagating in a
square lattice of cylindrical holes in a PZT layer bonded on silicon substrate give
similar results: BW = 24%, RL = 18 dB, IL = 25 dB for a hole volumic fraction of
70% [38].
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I/O interdigitated
transducers

Bragg mirrors

Fig. 4.10 Typical geometry of Fabry–Perot resonator using surface acoustic waves

Acoustic bandpass filters have been realized by adding defects in a PC having
a very large band gap [42]. In a lattice of PVC cylinders surrounded by air,
a waveguide is created by removing a row of cylinders along the propagation
direction. Such waveguide transmits very efficiently the waves falling inside the
stopband. Resonant filtering is obtained by coupling the waveguide to a side branch
resonator. Notches appear in the transmission spectrum of the waveguide at the
resonance frequencies of the branch resonator. Waveguide BW varies between 25%
and 60% with high IL. For notches, BW is typically 2% and RL 5–10 dB. This
principle could be extended to elastic waves.

Two PC can be combined via an acoustic cavity to realize a Fabry–Perot
resonator [43]. A one-dimensional acoustic Fabry–Perot resonator is constituted by
two Bragg mirrors delimiting an acoustic cavity (Fig. 4.10). Transducers are located
outside this structure for acoustic wave emission and reception. The transmission
of acoustic wave through the structure is only possible in very narrow frequency
ranges corresponding to resonant propagation through the Bragg mirrors. Due to
the interference between the Bragg mirrors, acoustic wave amplitude in the cavity is
amplified and low IL can be obtained. Using surface acoustic waves, a resonator at
98.7 MHz with Q ≈ 25,000 has been realized. The same principle could be applied
with bulk or guided acoustics waves.

4.3.2 Multiplexers and Demultiplexers

Acoustic multiplexers and demultiplexers are based on resonant tunnelling phe-
nomenon. A device is composed of two parallel waveguides and a resonator between
the waveguides acting as coupling element. Figure 4.11 displays an extrapolation of
this concept using surface acoustic waves. At some frequencies, an energy transfer
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I/O interdigitated 
transducers

Phononic crystal

Waveguides

Coupling element

Piezoelectric
substrate

Fig. 4.11 Schematic representation of a PC demultiplexer using surface acoustic waves

occurs between the two waveguides through the resonance modes of the coupling
element. This effect, already known for photonic crystals, has been experimentally
demonstrated for acoustic waves in a square lattice of composed steel cylinders [44].
BW of the transferred signal is around 1% with amplitude of –10 dB in the input
waveguide and −3 dB in the output waveguide.

4.4 Conclusion

Most of recent advances on new acoustic RF MEMS devices in research laboratories
are based on other types of acoustic waves than bulk or surface acoustic waves
and/or other transduction phenomena than piezoelectricity. Guided acoustic wave
resonators and filters exhibit some interesting characteristics and could be rapidly
utilized in IF and RF circuits. Much research has been conducted on thickness-
shear and tunable resonators, but physical properties of active materials used in
these components have still to be improved. Perspectives have been opened up by
phononic crystal-based components which are at an early stage of development.
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Chapter 5
The Design of Low-Power High-Q Oscillators

Eric A. Vittoz

Abstract This chapter starts with a general theory of high-Q oscillators that
includes all nonlinear effects and a basic approach of phase noise. Then, three
important circuit architectures that are compatible with MEMs or quartz crystal
resonators are discussed. For each of them, a linear analysis is first carried out to
obtain the critical transconductance for oscillation and the amount of frequency
pulling from the mechanical resonance of the resonator. The dependency of the
amplitude on the bias current is then derived from the transfer characteristics of the
active transistor(s) by using the concept of transconductance for the fundamental
component. A more detailed noise analysis is followed by the presentation of
practical implementations, with one example of amplitude limitation circuitry. The
respective merits of the three approaches are compared in a last section.

5.1 Introduction

A quartz crystal or a MEM resonator is basically a passive mechanical device
driven electrically by means of an electromechanical transducer. An oscillator is
built by combining it with an electronic circuit that provides the necessary energy
of oscillation and compensates the losses. The frequency of oscillation should
be defined by the precise resonant frequency of the resonator, with a minimum
influence of the circuit. This is made easier by the value of the quality factor Q
of the resonator that is much larger than that of a standard electrical resonator.

For the usual case of an electrostatic or a piezoelectric transducer, the electrical
circuit equivalent to the mechanical oscillator is an Rm,Lm,Cm series resonator. The
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limited amount of electromechanical coupling results in an unavoidable capacitor C0

of large value, connected across the series resonator. Thus, the device also exhibits
a high-impedance parallel resonance (or antiresonance) when the oscillatory current
circulates in the Rm,Lm,Cm,C0 loop.

High-Q and parallel capacitance C0 are the two main differences with respect
to a normal electrical series resonator. In this chapter, three well-known oscillators
will be analyzed and modified to take into account the presence of C0 while taking
advantage of the high value of Q. These are the single-transistor Pierce circuit [1],
the symmetrical oscillator for parallel resonance, and the symmetrical oscillator for
series resonance. A general theory of high-Q oscillators that includes all nonlinear
effects will first be explained.

Most of the material presented in this chapter is extracted from a more extended
analysis of circuits for quartz and MEMs oscillators [2].

5.2 General Theory of High-Q Oscillators

5.2.1 Splitting of the Oscillator for Nonlinear Analysis

The general form of an oscillator based on an electromechanical resonator with
piezoelectric or electrostatic transduction and a sustaining circuit is illustrated in
Fig. 5.1a.

The motional impedance Zm is an RmLmCm series resonant circuit that corre-
sponds to the mechanical part of the resonator. The mechanical resonant frequency
ωm and quality factor Q are given by

ωm = 1/
√

LmCm and Q =
1

ωmCmRm
=

ωmLm

Rm
. (5.1)

resonator nonlinear circuit

1

0

2

V

a b

V

C20
Rm

Zm

IcIm

Zm ZC(1)

ZC(1)Lm

Cm

Rm

Lm

Cm

C10

C12

Ic= -Im

Fig. 5.1 General form of an oscillator based on a electromechanical resonator with piezoelectric
or electrostatic transduction: (a) combination of the resonator with a nonlinear circuit; (b) splitting
into motional impedance Zm and circuit impedance Zc(1)
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The motional inductance Lm is proportional to the mass of the resonator, whereas the
motional capacitance Cm is proportional to the inverse of its stiffness. The motional
resistance Rm represents the mechanical losses.

There is always a capacitance C12 in parallel with the series resonator because
only a (small) part of the electrical energy delivered to the resonator by applying
a voltage V across it is transformed into mechanical energy. The ratio Cm/C12

represents the electromechanical coupling. For piezoelectric transducing, it is
limited to the intrinsic coupling coefficient of the material, which is about 1% for
quartz. For electrostatic transducing, it depends on the DC voltage applied to the
transducing capacitor.

C10 and C20 are capacitances with respect to the packaging case, which is usually
grounded. If the resonator is used as a dipole (without the connection in dotted line)
or if the circuit is perfectly symmetrical, the three electrical capacitances can be
lumped into a single parallel capacitor:

C0 �C12 +
C10C20

C10 +C20
. (5.2)

The motional current Im is proportional to the velocity of oscillation. The
mechanical energy of oscillation is

Em =
Lm|Im|2

2
=

|Im|2
2ω2

mCm
=

QRm|Im|2
2ωm

, (5.3)

and the mechanical power dissipated in the resonator is

Pm =
Rm|Im|2

2
=

|Im|2
2ωmQCm

. (5.4)

Since the quality factor is large, the angular frequency ω is always very close
to the motional resonance frequency ωm. It is thus very useful to define a relative
amount of frequency pulling (by the circuit)

p � ω −ωm

ωm
with |p � 1|. (5.5)

The motional impedance is then given by

Zm = Rm + jωLm +
1

jωCm

∼= Rm + j
2p

ωCm
, (5.6)

where ω ∼= ωm is considered to be constant.
The resonator is usually linear, but the circuit must be nonlinear in some way

to limit the amplitude of oscillation. As a consequence, the voltage V across
the resonator might be distorted. A very important assumption can be made that
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drastically simplifies the analysis of the oscillator: since the quality factor Q is high
or very high, the motional current Im flowing through the motional branch of the
resonator is always sinusoidal, even if the voltage V across it is strongly distorted.

Therefore, the best way to analyze the oscillator is to split it conceptually into
the motional impedance Zm, and a circuit impedance that includes the electrical
component C12, C10, and C20 of the resonator, as pictured in Fig. 5.1b [2–4]. Since
the current Ic =−Im flowing in the nonlinear circuit is sinusoidal, no energy can be
exchanged at harmonic frequencies, and the nonlinear circuit can be characterized
by its impedance for the fundamental component defined by

Zc(1) �
V(1)

Ic
, (5.7)

where Ic is the complex value of sinusoidal current and V(1) the corresponding
complex value of the fundamental component of voltage V . Because the circuit is
nonlinear, Zc(1) is a function of the current amplitude |Ic|. Since the circuit contains
no high-Q component, its impedance is not sensitive to small frequency variations;
thus, Zc(1) may depend on ω but not on p.

With this definition of Zc(1), the condition for stable oscillation can be simply
expressed by

Zc(1)(|Ic|) =−Zm(p). (5.8)

This equation is explained by Fig. 5.2.
Part (a) of the figure shows the motional impedance connected to the circuit

impedance Zc(1). The latter is composed of a real part which is a negative resistance
Rn and an imaginary part supposed to be capacitive in this example. A possible locus
of Zc(1)(|Ic|) is shown in the complex plane of part (b) of the figure. It starts at point
O with the value of the small-signal impedance Zc for very small values of |Ic|. The
locus of −Zm(p) is represented in the same plane. According to (5.6), this locus is
a straight line with constant real value −Rm.
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In absence of oscillation (point O), the negative resistance is larger than the
motional resistance, and oscillation starts to grow with a time constant

τ =
2Lm

|Rn|−Rm
. (5.9)

As soon as the amplitude |Ic| of the sinusoidal current is sufficient to distort the
voltage, the point operation moves to the right along the locus. According to (5.9),
the time constant of growth increases until it becomes infinite at intersection point S
with −Zm(p). Stable oscillation is thus reached with an amplitude |Ics|. According
to (5.6) and (5.8), the amount of frequency pulling at stable oscillation is

ps =−ωCmIm(Zc(1))|S
2

, (5.10)

and the variation of Im(Zc(1)) from point O to point S is proportional to the effect of
nonlinearities on p.

The critical condition for oscillation occurs if points S and O coincide, that is, for

Zc =−Zm(p), (5.11)

thus for

Rn0 � Re(Zc) =−Rm, (5.12)

and

Im(Zc) =− 2pc

ωCm
, (5.13)

where pc is the pulling at the critical point. If the circuit is designed to minimize the
nonlinear effects on the frequency, pc becomes a very good approximation of the
pulling in stable oscillation.

The linear impedance Zc depends on the bias current applied to the circuit.
Nonlinear effects can be minimized by reducing this current when the amplitude
increases. With such an amplitude control loop, stable oscillation occurs very close
to the critical condition, thus Zc(1)|S ∼= Zc.

5.2.2 Phase Noise

5.2.2.1 Introduction

The long-term frequency stability of the resonator itself may be degraded by the
circuit. This is because the frequency pulling ps depends on the circuit and may
change with temperature, supply voltage, or drift of component values. Hence, the
degradation of stability due to the circuit can be reduced by reducing ps.
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Noise produces a short-term frequency instability called phase noise. Phase
noise has important implications when the oscillator is used to generate the carrier
frequency in RF applications.

5.2.2.2 Linear Analysis

The basic source of phase noise can be analyzed by the circuit shown in Fig. 5.3a.
A thermal noise voltage of power spectral density 4kT Rm is associated with the
motional loss resistance Rm of the resonator. At stable oscillation, the real part of
the circuit impedance Zc(1) is equal to −Rm and is associated with a noise voltage of
spectral density 4kTRm ·γ . The factor γ is called the excess noise factor and depends
on the circuit and on its bias current.

For noise frequencies ωn close to frequency of stable oscillation ωs, the
impedance ZL that loads the total noise voltage source of spectral density
4kTRm(1+ γ) can be expressed as

ZL = 2 jQRm
Δω
ω

, (5.14)

where

Δω � ωn −ωs. (5.15)

The spectral density of the noise current Inl flowing in the loop is thus

SI2
n
� dI2

nl

d f
=

4kT (1+ γ)Rm

|ZL|2 =
(1+ γ)kT

Q2Rm
·
( ω

Δω

)2
. (5.16)

This noise current is added to the motional current Im. For an elementary bandwidth
d f at angular frequency ω , the corresponding complex phasors are illustrated in
Fig. 5.3b at a given instant. The length of the phasor dInl is a random value of
variance SI2

n
d f . Since the noise current is small compared to the motional current,

the power spectrum of the phase noise φn can be expressed as
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Fig. 5.4 Equivalent circuit for nonlinear analysis of phase noise

Sφ 2
n
� dφ2

n

d f
=

1
2

SI2
n

(|Im|/
√

2)2
=

(1+ γ)kTω2

Q2Rm|Im|2(Δω)2 , (5.17)

where the factor 1/2 comes from the fact that the other half of the noise is amplitude
noise. The dependency of phase noise on the power Pm dissipated in the resonator
or the energy of mechanical oscillation is obtained by introducing (5.3) and (5.4)
in (5.17):

Sφ 2
n
=

(1+ γ)kTω2

2Q2Pm(Δω)2 =
(1+ γ)kTω
2QEm(Δω)2 . (5.18)

5.2.2.3 Nonlinear Time Variant Circuit

When the amplitude increases, the oscillator circuit becomes nonlinear, and the
noise produced by the transistors becomes cyclostationary [5]. Phase noise can then
be analyzed by using the impulse sensitivity function (ISF) introduced by Hajimiri
and Lee [6], by means of the equivalent circuit for stable oscillation shown in
Fig. 5.4.

A cyclostationary noise source current is injected in a capacitor Ci that is
part of the circuit capacitance Cc in series with the motional capacitance Cm of
the resonator. This noise source is composed of a stationary noise current In(t)
multiplied by a modulation function α(ωt) synchronous with the voltage across Ci.

According to [6], the phase noise spectrum density for a white noise current
source In(t) is given by

Sφ 2
n
=

Γ 2 ·SI2
n

2(Ci|Vi|)2Δω2 ·
(

Cm

Ci

)2

. (5.19)

The product Ci|Vi| is the maximum charge in capacitors Ci and Cm. The factor Cm/Ci

corresponds to the fraction of the total voltage (state variable) that appears across
Ci 	Cm. The variable Δω is the offset of the noise frequency ωn with respect to the
frequency of stable oscillation defined by (5.15).

The periodic function Γ is the effective impulse sensitivity function. Since the
quality factor Q is very large, the motional current is perfectly sinusoidal. The same
is true for the voltage across the motional capacitance Cm. To obtain an analytic
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Fig. 5.5 (a) Basic Pierce oscillator without biasing circuitry; (b) small-signal equivalent circuit

solution for phase noise, we will assume that the voltage across Ci is sinusoidal as
well. This is an approximation, since this voltage is slightly distorted by the current
delivered by the active device to compensate the losses in the resonator. With this
approximation, the effective ISF for a sinusoidal voltage |Vi|sin φ across Ci derived
in [6] becomes simply

Γ = α(φ)cosφ , (5.20)

where φ = ωt. As shown by (5.19), the phase noise spectrum due to white noise
sources depends on average value of the square of the ISF. For a 1/f flicker noise
current of spectral density Kf i/ωn, the phase noise spectrum depends on the square
of the average value of the ISF, according to

Sφ 2
n
=

Γ 2 ·Kf i

(Ci|Vi|)2Δω3 ·
(

Cm

Ci

)2

. (5.21)

The effective ISF is still defined by (5.20), but it may be different from that for white
noise.

5.3 The Pierce Oscillator

5.3.1 Basic Circuit and Linear Analysis

The most simple quartz or MEMs oscillator is the Pierce circuit illustrated in
Fig. 5.5a [1].

The circuit itself uses a single 3-terminal active transistor (source connected
to the local substrate) and two functional capacitors C1 and C2. The resonator is
connected between the gate and the drain. It is very similar to the Clapp oscillator
[7], except for the presence of the unavoidable capacitance in parallel with the series
resonator, which has important implications in the circuit behavior.

The small-signal equivalent circuit of this oscillator is shown in Fig. 5.5b. Each
impedance Zi is defined as

Zi �
1

jωCi +Gi
. (5.22)
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The capacitor C3 includes C12 of the resonator and some parasitic capacitors. The
functional capacitors C1 and C2 include C10 and C20 and parasitic capacitors. The
transistor is saturated with a transconductance Gm. The loss conductances Gi are
due to the bias circuitry and other possible losses.

The small-signal impedance of the circuit is

Zc =
Z1Z3 +Z2Z3 +GmZ1Z2Z3

Z1 +Z2 +Z3 +GmZ1Z2
. (5.23)

It is a bilinear function of Gm. Therefore, the locus of Zc(Gm) in the complex plane
is a circle. If the circuit is lossless, with G1 =G2 =G3 = 0, then the circle is centered
on the imaginary axis, as depicted in Fig. 5.6.

For Gm = 0, the circuit impedance is imaginary and has the value

Zc|Gm=0 =− j
ω(C3 +Cs)

, (5.24)

where Cs is the series combination of C1 and C2:

Cs =
C1C2

C1 +C2
. (5.25)

It is also imaginary for Gm infinite:

Zc|Gm=∞ =− j
ωC3

. (5.26)
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The maximum value of small-signal negative resistance is given by the radius of the
circle:

|Rn0|max =
1

2ωC3(1+C3/Cs)
. (5.27)

It is obtained for a value of Gm called Gmopt with the value given in the figure.
The locus of −Zm(p) is also reported on the figure. According to (5.6), it is

a vertical line at position −Rm. It intersects Zc(Gm) at points A and B. Point A
corresponds to the critical condition for oscillation, which is obtained for the critical
value of transconductance Gmcrit . For Gm > Gmcrit , the oscillation grows until the
amplitude reaches a level for which the circuit cannot be considered linear any
longer. For Gm = Gmopt , the excess of negative resistance |Rn0|−Rm is maximum,
and the time constant of growth τ given by (5.9) is minimum. A further increase
of Gm reduces |Rn0| −Rm until it comes to zero for Gm = Gmmmax at point B. No
oscillation can start for Gm > Gmmmax.

Of course, oscillation is only possible if |Rn0|max >Rm. By combining (5.27) with
(5.1), this condition can be expressed as

M � QCm

C3
> 2(1+C3/Cs)> 2, (5.28)

where M is the figure of merit of the resonator. This condition expresses the fact that
the overall impedance between drain and gate must be inductive.

According to (5.13), the pulling is proportional to the imaginary part of Zc. Thus,
in order to avoid a dependency of the frequency on Rm (thus on the quality factor
Q), Fig. 5.6 shows that Rm should be much smaller than |Rn0|max (condition (5.28)
fulfilled with a large margin). If this is the case, then from (5.13),

pc =
Cm

2(C3 +Cs)
, (5.29)

and it can be shown from (5.12) and (5.23) that

Gmcrit = ω2RmC1C2(1+C3/Cs)
2 =

ω
QCm

C1C2(1+C3/Cs)
2, (5.30)

whereas the maximum transconductance for oscillation is

Gmmax =
C1C2

RmC2
3

=
ωCmC1C2Q

C2
3

. (5.31)

The dependency of Gmcrit on pc can be expressed by introducing (5.29) in (5.30),
which yields

Gmcrit =
ωCm

Qp2
c
· (C1 +C2)

2

4C1C2
=︸︷︷︸

for C1=C2

ωCm

Qp2
c
. (5.32)

The critical transconductance for a given amount of pulling is minimum for C1 =C2.
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If the loss conductances are not negligible, the circular locus is moved to the
right. It can be shown that the resulting increase of critical transconductance can be
approximated by

ΔGmcrit
∼= G1C2

2 +G2C2
1 +G3(C1 +C2)

2

C1C2
=︸︷︷︸

for C1=C2

G1 +G2 + 4G3. (5.33)

5.3.2 Amplitude of Oscillation

If the bias current I0 of the transistor is such that Gmcrit <Gm <Gmmax, the amplitude
of oscillation grows and is first limited by the nonlinear transfer characteristics of
the transistor. The gate voltage V1 can be shown to remain almost sinusoidal, but
the drain current is distorted. Since its DC value must remain constant at value
I0, the fundamental component of drain current ID(1) is reduced. The equivalent
transconductance for the fundamental, defined as

Gm(1) � |ID(1)|/|V1|, (5.34)

is reduced by the increasing amplitude until stable oscillation is reached for Gm(1) =
Gmcrit .

If the transistor is in weak inversion (with exponential transfer characteristics)
and remains saturated, the bias current I0 needed to obtain an amplitude |V1| at the
gate is given by

I0

I0critmin
=

IB0(v1)

2IB1(v1)
v1, (5.35)

where

I0critmin = nUT Gmcrit , (5.36)

is the current needed in weak inversion to produce the critical transconductance.
UT = kT/q is the thermodynamic voltage, and n is the slope factor (ranging between
1.2 and 1.5). IB0 and IB1 are modified Bessel functions of order zero and one, and

v1 =
|V1|
nUT

(5.37)

is the normalized gate voltage amplitude. This result is plotted in thick line in
Fig. 5.7. It is close to the strait dotted line, which would be obtained by Dirac drain
current pulses having the same mean value I0.

In strong (and medium) inversion, the |V1|(I0) relationship depends on the
inversion coefficient IC0 at the critical current, defined as

IC0 = I0crit/Ispec, (5.38)
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where

Ispec = 2nβU2
T = 2nμCoxU

2
TW/L (5.39)

is the specific current of the transistor that depends on the width-to-length ratio
W/L. No simple analytic expression exists if the drain current is cut off during the
negative peaks of gate voltage. Curves for various values of IC0 have been obtained
by numerical computation on the EKV model [8,9] and are also plotted in the figure.

The nonlinear effects due to the transfer characteristics are essentially equivalent
to a reduction of the small-signal transconductance Gm (this is exactly true if Z3

is very large, so that V1 remains perfectly sinusoidal). Thus, the locus of Zc(1)(Ic)
follows the circular locus of Zc(Gm). For a given value of Rm, pc

∼= ps and is
independent of the amplitude.

This would not be the case for stronger nonlinear effects such as those due to the
desaturation of the active transistor or of the transistor delivering the bias current. In
order to avoid those effects, the amplitude should be limited. This is best obtained
by using an amplitude control loop as described in [2, 10] or [11].

5.3.3 Phase Noise

5.3.3.1 Introduction

For the evaluation of phase noise, the circuit impedance Z3 between drain and gate
can be neglected in a first approximation. The noise produced by the transistor or by
its biasing current source is then simply flowing through capacitor C2.
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5.3.3.2 Linear Calculation

For a noise frequency ωn close to the oscillation frequency ω , a noise current of
spectral density SI2

n
produces a noise voltage of spectral density

SV 2
n
=

SI2
n

(ωC2)2 (5.40)

in series with Zm and Zc. According to Fig. 5.3, the noise excess factor for a very
small amplitude is thus

γ0 =
SV 2

n

4kT Rm
=

SI2
n

4kT Rm(ωC2)2 . (5.41)

The spectral density of channel noise current of a saturated transistor can be
expressed as [9]

SI2
nD

= 4kT nγtGm, (5.42)

where n is the slope factor (ranging from 1.2 to 1.5) and γt is the noise excess factor
of the transistor (normally 1/2 in weak inversion and 2/3 in strong inversion).

Introducing this expression in (5.41) with Gm = Gmcrit and using the expression
(5.30) of Gmcrit to replace Rm gives the phase noise excess factor for small
amplitudes due to the transistor:

γ0 = nγtC1/C2. (5.43)

If Gmcrit is increased by losses, then γ0 is increased proportionally.

5.3.3.3 Phase Noise of the Nonlinear Time Variant Circuit

As discussed before, the results obtained by the linear analysis are no longer
valid when the amplitude increases. The circuit becomes nonlinear and the noise
becomes cyclostationary, with a noise modulation function α (defined in Fig. 5.4)
that depends on the mode of operation of the transistor.

If the transistor operates in weak inversion, calculations of the spectrum of the
white cyclostationary noise due to channel noise give

α2SI2
n
= nkTGmcrit

v1

IB1(v1)︸ ︷︷ ︸
S

I2
n

ev1 sin(φ+Δφ)︸ ︷︷ ︸
α2

, (5.44)

where the first part is the spectrum SI2
n

of a fictitious white noise current modulated
by α , and Δφ is the small phase shift between the gate and drain voltages. According
to (5.20), the squared RMS value of the effective impulse sensitivity function
(ISF) is
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Γ 2(v1) = cos2 φα2 =
1

2π

∫ 2π

0
cos2 φ ·ev1 sin(φ+Δφ)dφ (weak inversion). (5.45)

The phase noise spectrum is then obtained by introducing the above values of SI2
n

and Γ 2 in (5.19), which results in

Sφ 2
n
= Sφ 2

n 0
v1

IB1(v1)
Γ 2(v1), (5.46)

where

Sφ 2
n 0 =

nC1

2C2
· kT

Q2|Im|2Rm
· ω2

Δω2 . (5.47)

According to (5.17), this corresponds to an excess noise factor γ0 given by (5.43)
that was obtained by the linear analysis, since γt = 1/2 in weak inversion. For larger
amplitudes, γ grows proportionally to the noise spectrum contribution:

γ = γ0
v1

IB1(v1)
Γ 2(v1). (5.48)

This variation is plotted in Fig. 5.8 for several values of phase shift Δφ .
This figure shows that, in weak inversion, the phase noise excess factor γ remains

constant and equal to its small amplitude value γ0 if there is no phase shift Δφ .
Otherwise, it increases slowly with the amplitude.

Calculations for strict strong inversion (i.e., for |V1| ≤ 2nUT
√

IC0 so that the
current is not cut off in the negative peaks of gate voltage) show that γ remains
constant independently of the phase shift Δφ .

The flicker noise of a MOS transistor can be approximated by a noise voltage
VnG at the gate with a spectrum

SV 2
nG

= Kf /ωn (5.49)
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independent of the bias current. The resulting cyclostationary noise spectrum
obtained for weak inversion is

α2SI2
n
=

Kf G2
m

ωn
=

Kf G2
mcrit

ωn

(
v1

2IB1(v1)

)2

︸ ︷︷ ︸
Kfi/ωn

(
ev1 sin (φ+Δφ)

)2

︸ ︷︷ ︸
α2

, (5.50)

where the first underbraced part is the spectrum density Kf i/ωn of a fictitious
stationary flicker noise current source modulated by α . The average value of the
ISF is thus

Γ =
1

2π

∫ 2π

0
cosφev1 sinφ+Δφ dφ = sinΔφ · IB1(v1). (5.51)

Introducing the above values of Kf i and Γ in (5.21) and using the expression (5.30)
of Gmcrit (with C3 = 0) yields finally

Sφ 2
n
=

(
ω

2QnUT

)2

· Kf

Δω3 · sin2 Δφ , (5.52)

which is independent of the amplitude, but depends on the phase shift Δφ between
gate and drain voltages.

Similar calculations for strong inversion show that the value of Sφ 2
n

given by
(5.52) is reduced by a factor 4IC0.

5.3.4 Practical Implementations

The best way of implementing the Pierce oscillator is to ground the source of the
transistor, as illustrated in Fig. 5.9.

The two functional capacitors are then grounded, but not the resonator, which
requires two special connecting pins at nodes Q1 and Q2. The active transistor T1 is
biased by a current I0 delivered by the p-channel current source T2 and by resistor R
that forces the DC components of gate and drain voltages to be equal. The value of
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R must be large to minimize the loss conductance G3. If resistors are not available,
R may be implemented by means of a transistor adequately biased [2].

To avoid additional losses and nonlinearities, the gate amplitude must be
limited to avoid desaturation of the transistors in the peaks of oscillation. The DC
component at the drains depends on the threshold voltage of T1 and on the amplitude
of oscillation. It may be better centers by flowing a very small current through R.

Replacing the single active transistor by a complementary pair reduces the bias
current needed to obtain the necessary transconductance. However, a realization
based on the simple CMOS gate is not recommended because of its many disad-
vantages. The features of a CMOS pair are best exploited by the current-biased
configuration depicted in Fig. 5.10 [12].

The CMOS inverter T1n − T1p is biased by a current I0 delivered by T2. It
produces a transconductance Gm = Gm1n + Gm1p. A coupling capacitance Cc is
needed to ground the source of the p-channel transistor T1p for the AC signal of
oscillation. Its admittance must be much larger than the source transconductance
nGm1p of T1p.

The DC voltages at the drains and V0 across the CMOS inverter depend on the
bias current, on the threshold voltages of the transistors, and on the amplitude of
oscillation. The latter must be limited to avoid desaturation of T1n and/or T1p in
the peaks of oscillation. To allow of a larger amplitude, the DC voltages can be
increased by separately biasing the two complementary transistors [2, 12].

The transistor T1p can be put in a separate well connected to its source, as
indicated in dotted line in the figure. This provides a better isolation of the inverter
from variations of the supply voltage VB.

The basic Pierce oscillator can also be implemented by grounding the drain of
the active transistor, as shown in Fig. 5.11. It has the advantage of requiring only
one special connection pin for the resonator, since the other side is grounded for AC
currents. But the functional capacitor C1 is now floating.

The main drawback is that the unwanted capacitor C3 is increased since it
includes one of the parasitic capacitors C10 or C20 defined in Fig. 5.1a, plus the



5 The Design of Low-Power High-Q Oscillators 137

T1

T2

0

Zm

VB

C2

C1

I0

ID
C3

R

Fig. 5.11 Grounded-drain
implementation of the Pierce
oscillator

capacitance of the interconnection with respect to ground. The radius of the circular
locus of Fig. 5.6 may thus be considerably reduced, thereby reducing the margin of
available negative resistance.

The active transistor T1 must be put in a separate well connected to the source as
shown in the figure. Indeed, if this transistor is in the common substrate connected
to the negative supply rail, the current is also modulated by the source, with a
transconductance nGm. Then, it can then be shown that

Im(Zc)|Gm=∞ =
−1

ω
(
C3 +

n−1
n C1

) instead of
−1

ωC3
. (5.53)

Since C1 is usually much larger than C3, the radius of the circular locus of Fig. 5.6
is dramatically reduced.

Grounding the gate of the active transistor, as is often done for the Colpitts
oscillator, is not convenient since there is no DC path through the resonator.

5.4 Parallel-Resonance Oscillator

5.4.1 Basic Circuit and Linear Analysis

Because the resonator includes the capacitor C0 in parallel with the motional
impedance, its global impedance has a maximum that corresponds to a parallel
resonance (also called antiresonance). The standard symmetrical circuit for a
parallel L,C,G resonant circuit is depicted in Fig. 5.12a.

The DC path across the inductance prevents this cross-coupled circuit from be-
coming a bistable flip-flop. But this DC path does not exist for the electromechanical
resonator. Thus, the DC coupling of the sources must be replaced by an AC coupling
through capacitor CS, as shown in part (b) of the figure. It can be shown that the
circuit without Zm remains stable (no parasitic oscillation) only if

CS < nCD, (5.54)
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Fig. 5.12 Parallel-resonance oscillators: (a) standard L−C−G oscillator; (b) modified circuit for
the electromechanical resonator (biasing circuitry omitted)

where CD includes the parallel capacitance C0 of the resonator and n is the slope
factor of the transistors (assumed to be in a common substrate connected to the
negative supply rail).

Although this oscillator is basically exploiting the parallel resonance of the
resonator, it can still be analyzed by spitting it into the motional impedance Zm

and the circuit impedance Zc. The latter is then

Zc =
ZD(2+ nGmZS)

2+ nGmZS −GmZD
, (5.55)

where

ZD � 1
jωCD +GD

and ZS �
1

jωCS +GS
(5.56)

include possible loss conductances GD and GS. The impedance Zc is once more a
bilinear function of Gm. The corresponding circular locus is shown in Fig. 5.13 for
the lossless case, and for three different ratios CS/CD.

At the limit of condition (5.54), with CS = nCD, the locus is a horizontal straight
line (circle of infinite radius) at −1/ωCD. If the condition is not fulfilled, the circular
locus is located above this limit line. The circle for CS < nCD is located underneath
this line, and Zc remains capacitive. The maximum negative resistance is given by
the radius of the circle:

|Rn0max|= CS

2ωCD(nCD −CS)
, (5.57)
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and is reached for Gm = Gmopt given by

Gmopt =
2ωCDCS

nCD −CS
. (5.58)

If Rm < |Rn0|max, the locus of −Zm(p) intersects the circle at points A and B.
Point A is stable and gives the critical condition for oscillation. If Rm � |Rn0|max,
then the imaginary part of Zc is −1/ωCD. Thus, according to (5.13), the pulling is

pc =
Cm

2CD
. (5.59)

It can be shown that, again for Rm � |Rn0|max, the critical transconductance is

Gmcrit =
2ωC2

D

QCm
= 2ω2C2

DRm =
ωCm

2Qp2
c
. (5.60)

A small loss conductance GD � ωCD increases the critical transconductance by
about 2GD. It also increases the effective value of CD. Thus, the margin of stability
with respect to the condition (5.54) is increased, and the pulling is slightly reduced.

A loss resistance RS in series with CS has no effect on the pulling, but it increases
the inverse of the source transconductance of each transistor by RS/2. The critical
transconductance Gmcrit is therefore increased.

5.4.2 Amplitude of Oscillation

The most direct way to implement the parallel-resonance oscillator of Fig. 5.12b is
depicted in Fig. 5.14.
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Each transistor is biased by a current source I0, and load resistors R fix the
common mode drain and gate voltage at VB −RI0. Their value must be sufficiently
large to limit the corresponding loss conductance GD = 1/2R.

The circuit can be seen as a differential pair biased by 2I0 and degenerated by the
impedance of Cs. It can be shown that this degeneration is negligible if

QCm

CD
	 nCD

CS
, (5.61)

which is usually the case.
Moreover, the parallel resonator made of Zm and CD has a high Q. Thus, the

voltage Vin across it remains sinusoidal even if the drain currents are distorted. This
voltage is the input voltage of the differential pair.

A transconductance for the fundamental component Gm(1)(Vin) can be calculated
by using the analytic expression of the transfer characteristics of the differential
pair (ID1 − ID2)(Vin). As was done for the Pierce oscillator, the current-amplitude
relationship is then obtained by equating Gm(1) with Gmcrit .

The result obtained for transistors operated in weak inversion is

I0

I0crit
=

I0

nUT Gmcrit
=

vin

2fw(vin)
, (5.62)

where

vin �
Vin

nUT
and fw(vin) =

1
π

∫ 2π

0
tanh(

vin

2
sinφ)sin φdφ . (5.63)

It is plotted in Fig. 5.15. Results obtained for several levels of strict strong
inversion are also reported in the same plot. Here, the level of inversion is
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Fig. 5.16 Equivalent circuit for the calculation of noise

characterized by the inversion coefficient at stable amplitude IC = I0/Ispec. The
curves for strong inversion therefore do not represent the variation of amplitude
for a fixed-size transistor.

An asymptotic limit

Vin

nUT
=

8
π
· I0

Gmcrit
(5.64)

is approached for I0/I0crit 	 1, when the drain currents tend to a square wave shape
(the total bias current 2I0 flows through one of the transistors).

5.4.3 Phase Noise

5.4.3.1 Introduction

The noise analysis of the basic lossless circuit of Fig. 5.12b can be carried out with
the equivalent circuit of Fig. 5.16.
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The source-to-source capacitance CS is divided by n to take into account the fact
that the source transconductance is n-times larger than the gate transconductance.
Although the circuit is physically symmetrical, the transconductances Gm1 and Gm2

of the transistors vary in opposite phase along each cycle of oscillation. Therefore,
their values are not equal. Furthermore, the noise sources In1, In2, VnG1, and VnG1 are
not correlated. Calculations with this circuit yield

αiIn =
Gm2In1 −Gm1In2 +Gm1Gm2(VnG1 +VnG2)

(Gm1 +Gm2)+Gm1Gm2(n/CS − 1/CD)/ jωn︸ ︷︷ ︸neglected

. (5.65)

Now, CS is normally close to nCD (to maximize the radius of the locus of
Zc(Gm). Thus, for noise frequencies that are not too low, the imaginary part of the
denominator can be neglected.

5.4.3.2 Linear Analysis

If the noise currents In1 and In2 are solely the white channel noise currents of the
transistors, with spectral densities given by (5.42), then the spectrum of stationary
noise voltage Vn across CD is obtained from (5.65) with Gm1 = Gm2 = Gmcrit :

SV2
n
= 2kTnγt · Gmcrit

(ωCD)2 = 4kTnγtRm. (5.66)

Hence, referring to Fig. 5.3a, the phase noise excess factor for small amplitude is

γ0 =
SV 2

n

4kT Rm
= nγt . (5.67)

If Gmcrit is increased by losses, then γ0 is increased proportionally.

5.4.3.3 Phase Noise of the Nonlinear Time Variant Circuit

The spectrum of the cyclostationary noise current due to channel noise currents In1

and In2 can be calculated from (5.65) and (5.42). The result for weak inversion is

α2SI2
n
= 2nγtkT Gmcrit · vin

2fw(vin)︸ ︷︷ ︸
S

I2
n

· 4
2+ evin sinφ + e−vin sinφ︸ ︷︷ ︸

α2

. (5.68)

The squared RMS value of the effective ISF is thus

Γ 2 = cos2 (φ +Δφ)α2 =
1

2π

∫ 2π

0

4cos2 (φ +Δφ)
2+ evin sinφ + e−vin sinφ dφ , (5.69)
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Fig. 5.17 Variation of the phase noise excess factor due to channel white noise with the drain-to-
drain amplitude

where Δφ is the small phase shift between the gate voltages and the drain currents
due to the source-to-source capacitor CS.

The phase noise spectrum is then calculated by introducing the above values of
SI2

n
and Γ 2 in (5.19), with Ci = CD and Vi = Vin. The corresponding excess phase

factor is finally obtained by dividing this spectrum by 4kT Rm, according to Fig. 5.3a.
The result is

γ = γ0
vin

fw(vin)
Γ 2, (5.70)

where γ0 is given by (5.67). This result is plotted in Fig. 5.17 for two values of phase
shift Δφ .

Results obtained for transistors operated strictly in strong inversion (no cut off of
currents) are also reported on this plot, for several values of the inversion coefficient
IC0 defined by (5.38), but approximated by IC = I0/Ispec.

Except for weak inversion with Δφ = 0, γ decreases slightly when the amplitude
increases.

In the expression (5.65) of the cyclostationary noise current, the factor weighting
VnG1 and VnG1 is symmetrical with respect to Gm1 and Gm2. As a consequence,
the corresponding value of Γ is zero, and no flicker noise is transposed around
the oscillation frequency. But this is only true with the simple model of a bias-
independent noise voltage at the gate, corresponding to a drain current noise spectral
density proportional to G2

m. This model is approximately valid if the inversion
coefficient is close to unity [9]. If the noise current density is proportional to a
different power of the transconductance, then the symmetry is lost and some flicker
noise is transposed around the oscillation frequency. The resulting phase noise
spectrum is proportional to sin2 Δφ and maximum at small amplitudes. It is reduced
when the amplitude increases [2].
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5.4.4 Practical Implementations

The load resistors R in the direct implementation of Fig. 5.14 must be large to limit
losses. Therefore, it is not compatible with a low supply voltage VB. An alternative
solution, better suited to low voltage, is illustrated in Fig. 5.18a.

The load resistors are replaced by current sources I0. The common mode drain
and gate voltage of Ta is controlled by a feedback loop through the biasing
transistors Tb. This common mode voltage is extracted by the symmetrical pair of
resistors R.

At the DC bias point, the transistors Ta and Tb are equivalent (by symmetry) to a
single transistor with gate and source connected. The transistors Tb are not saturated.
Their output conductance Gmdb is proportional to the source transconductance Gmsa

of Ta:

Gmdb = PGmsa = nPGm, (5.71)

with

P � Ispecb/Ispeca, (5.72)

where Ispec is the specific current of the transistors defined by (5.39). The output
conductance of Tb creates a conductance GS = Gmdb/2 in parallel with CS. This
conductance has been introduced in the expression (5.55) of Zc to obtain the locus
of Zc(Gm) plotted in Fig. 5.18b. This locus is no longer a circle, because Zc is no
longer a bilinear function of Gm. However, for P sufficiently small, it follows the
circular locus of the basic circuit within an acceptable range of Gm.
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In the calculation of this locus, the resistance R has been assumed to be
sufficiently large to create negligible losses. However, the stability of the DC bias
puts an upper limit to this value. Indeed, the gain of the amplifier formed of Ta

degenerated by Tb and loaded by R must be smaller than unity. This condition can
be expressed as

R <
n(1+ 1/P)

Gmmmax
, (5.73)

where Gmmax is the maximum value of Gm (corresponding to a maximum of bias I0)
for which stability must be ensured. Thus, P must be very small to allow for a large
value of R.

An alternative solution for biasing the circuit without resistors is illustrated in
Fig. 5.19 [13].

The gate of Tb is now connected directly to the drain of the corresponding
transistor Ta. But Tb is also active, which modifies the locus in a way that depends
on the parameter P defined by (5.72), and by the mode of operation of the transistors.
Figure 5.20 shows in full lines the loci of Zc(Gm) for Ta and Tb in strong inversion,
and for Ta and Tb in weak inversion, for P = 0.01. The circular locus of the basic
circuit is shown in thin line for comparison.

The maximum negative resistance is reduced, especially for weak inversion.
Now, operating Ta in weak inversion is interesting to minimize the critical bias
current, but there is no reason to operate Tb in weak inversion.

Intermediate loci for Ta in weak inversion and Tb in strong inversion are shown
in dotted lines, further characterized by the parameter S defined by

S � Ispecb

ωCDnUT
. (5.74)
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The circuit of Fig. 5.19 includes an amplitude regulator. For this purpose, two
pairs of transistors matched to the main pairs Ta–Tb have been added. The same
current I0 flows through all four branches. The common mode voltage of the main
pair is extracted by transistors Tr1 and Tr2 matched to their biasing transistor Trc.
The pair Ta3 −Tb3 is identical to the main pairs. Hence, in absence of oscillation,
all four gate nodes G1–G4 are at the same potential. But the specific current of
both transistors of the fourth pair is K-times larger than that of the main pairs. This
difference must be compensated by a voltage drop RI0 across resistor R.

If all pairs are in weak inversion, the current needed to produce this voltage drop
in absence of oscillation is

I0 = I0start =UT lnK/R. (5.75)

If this current is larger than the critical current, the oscillation starts growing. The
rectifying effect of transistors Tr1 and Tr2 lowers the DC voltage at node G4, which
reduces I0, until equilibrium is reached. If these transistors are in weak inversion,
the transfer characteristics of the regulator are

I0

I0start
= 1− ln[IB0(|Vin|/2UT )]

n|nK
, (5.76)

where IB0 is the modified Bessel function of order zero. These characteristics are
plotted in Fig. 5.21 for several values of the ratio K.

An example of the current-amplitude relationship for the oscillator in weak
inversion (according to Fig. 5.15 where Vin was normalized to nUT instead of UT ) is
plotted in dotted line. Stable oscillation occurs at its intersection with the regulator
curve.

The specific current of Tr1 and Tr2 must be much smaller than that of their biasing
transistor Tcr to limit the equivalent loss conductance GD due to these transistors.



5 The Design of Low-Power High-Q Oscillators 147

K=   32

4

8

16

2

0

2

4

6

8

10

12

n =1.3

0 0.2 0.4 0.6 0.8 1.0N
or

m
al

iz
ed

 g
at

e-
to

-g
at

e 
am

pl
itu

de
  

I0crit

UT

os
ci

lla
to

r

Normalized bias current I0/I0start

|Vin|
Fig. 5.21 Regulator
characteristics for various
values of ratio K. Stable
oscillation occurs at the
intersection with the
oscillator characteristics
(example in dotted line)

5.5 Series-Resonance Oscillator

5.5.1 Basic Circuit and Linear Analysis

A minimum of two active transistors is required to obtain a negative resistance that
is essentially real. Among several possibilities, the symmetrical circuit illustrated in
Fig. 5.22a was already known with vacuum tubes [14]. A bipolar version was used
in first prototypes of electronic watches.

The transistors are assumed to be in the common substrate connected to the
negative power supply rail zero. The corresponding negative-resistance circuit
producing the impedance Zc is shown in part (b) of the figure. Without capacitors
CP and CL, or for DC signals, this impedance would be

Zc|ω=0 =
2−GmRL

Gms
=

1
n

(
2

Gm
−RL

)
, (5.77)

where Gm and Gms = nGm are the gate and source transconductances of each of
the two transistors, and n is the slope factor. Thus, the role of the transistors is to
transform the positive load resistance RL into a negative resistance.

But the capacitance CP includes the unavoidable parallel capacitance C0 of the
resonator defined by (5.2). To avoid oscillation of the circuit alone (without the
motional impedance Zm of the resonator), a compensating load capacitance CL is
necessary. It can be shown that the condition to avoid this parasitic oscillation at all
values of Gm > 0 is

CL >CP/n. (5.78)
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Fig. 5.22 Symmetrical oscillator for series resonance: (a) complete oscillator; (b) negative-
resistance circuit without bias sources

The overall circuit impedance including possible losses associated with CP can
be expressed as

Zc =
ZP(2−GmZL)

2+Gm(nZP −ZL)
, (5.79)

which is again a bilinear complex function of the transconductance Gm. For ZP

purely capacitive, the corresponding circular locus of Zc(Gm) is centered on the
imaginary axis.

There is no reason to fulfill condition (5.78) with a margin larger than the
maximum spread of capacitance values. Thus, the analysis will be simplified by
assuming that this condition is just fulfilled, with CL =CP/n. The real and imaginary
parts of Zc can then be expressed as

Re(Zc) =
1

ωCP
· AB(2B+ 2/B−A)

4+(2B−A)2 (5.80)

Im(Zc) =
1

ωCP
· 4(AB−B2− 1)

4+(2B−A)2 , (5.81)

where A and B are the normalized transconductance and the normalized bandwidth,
defined by

A � Gm

ωCL
and B � ωCLRL = ωCPRL/n. (5.82)

The normalized locus of Zc(Gm) is represented in Fig. 5.23 for several values of B.
It starts at − j (thus Zc = 1/ jωCP) for Gm = 0 and ends at −B (thus Zc =−RL/n)

for Gm = ∞. Notice that the imaginary part of the impedance is positive (inductive
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impedance) when its real part is negative. The motional impedance must therefore
be capacitive, which corresponds to a frequency of oscillation lower than the
motional frequency ωm (p < 0).

In order to obtain a negative resistance, the transconductance must reach a value
Gmlim that is easily obtained from (5.80):

Gmlim =
2ωCP

n
(B+ 1/B). (5.83)

For a given value of the parallel capacitance CP, this limit value is minimum for
B = 1, that is, for RL = n/ωCP. The imaginary value of Zc at this limit obtained
from (5.81) is

Im(Zc)|Re(Zc)=0 =
B2

ωCP
. (5.84)

If the motional resistance Rm is much smaller than the load resistance RL (as
depicted in the figure), the imaginary part of the impedance can be approximated
by (5.84). Then, according to (5.13), the pulling is

pc =− Cm

2CP
B2. (5.85)

When Rm approaches RL, pc tends to zero. This is only true if CL = CP/n, as is
assumed in this analysis. If CL > CP/n, then pc is increased and remains always
negative.
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The critical transconductance is larger than Gmlim. If Rm � RL, it can be
approximated by

Gmcrit =
2

RL

(
1+B2+

nRm

RL

)
=

2ωCP

n

(
B+

1
B
+

1
2Q|pc|

)
. (5.86)

Thus, if Q|pc| is sufficiently large, then Gmcrit
∼=Gmlim; the critical transconductance

no longer depends on the quality factor.

5.5.2 Amplitude of Oscillation

As soon as the transconductance Gm exceeds the critical value given by (5.86), the
amplitude of oscillation grows. The drain current of each transistor is then composed
of the DC current I0 imposed by the biasing source and an AC component I1.

If the parallel capacitance CP is not too large, most of the AC current I1

flowing through the transistors is the motional current of the resonator; thus, this
current remains approximately sinusoidal. Therefore, the gate voltage remains also
sinusoidal, but the source voltage VS is distorted. The effective transconductance is
reduced, and more bias current I0 is needed to further increase I1, until it reaches its
maximum value equal to I0 (100% modulation of bias current I0).

According to the EKV model [8, 9], the drain current in saturation depends on a
combination of gate and source voltages, and on threshold voltage VT0:

Vc =VG −VT0 − nVS (5.87)

with a corresponding transconductance Gmc ≡ Gm. Assuming that the AC current
I1 is perfectly sinusoidal, the transconductance for the fundamental component is
given by

Gmc(1) =
|I1|

|Vc(1)|
=

miI0

|Vc(1)|(mi)
, (5.88)

where |Vc(1)| is the amplitude of the fundamental component of Vc produced by I1

and mi = |I1|/I0 is the index of current modulation. Stable oscillation is obtained for
Gmc(1) = Gmcrit . Combining (5.88) with (5.36) yields

I0

I0critmin
=

1
mi

· |Vc(1)|(mi)

nUT
. (5.89)

The control voltage Vc is a logarithmic function of the current in weak inversion,
and a square root function in strong inversion. Its fundamental component is thus
easily computed numerically. Results are plotted in Fig. 5.24. Strong inversion is
again characterized by the inversion coefficient IC0 at the critical current, as defined
by (5.38).
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Fig. 5.24 Amplitude of oscillation of the series-resonance oscillator, assuming sinusoidal currents
in the transistors

The AC current I1 saturates to I0 as soon as I0 exceeds its critical value by
about 50%. The assumption of a sinusoidal AC current would only be valid if the
impedance of CP were much larger than the motional impedance Zm. Otherwise,
harmonic current components created by the distortion of the source voltages can
flow through CP. As a result, I1 tends to a square wave of amplitude I0 for I0 	 I0crit .

5.5.3 Phase Noise

The calculation of the excess phase noise for the linear case yields, for 4Qpc 	 1,

γ0 = (1+B2)
1+ nγt

n2 · RL

Rm
. (5.90)

Since the load resistance RL must be chosen sufficiently larger than the motional
resistance Rm to have an acceptable margin of negative resistance, γ0 is much
larger than that for the Pierce and for the parallel-resonance oscillators discussed
previously. Furthermore, the analytic approach based on the ISF for large amplitude
is only feasible for B � 1, that is, for Gmcrit 	 Gmcritmin according to (5.86).
Therefore, phase noise will not be discussed any further for this type of oscillator.

5.5.4 Practical Implementation

Complementary voltage signals can be extracted at the drains by simple voltage
followers. However, this circuit is by nature a current-mode oscillator, and the signal
is best extracted by current mirrors in series with RL/2, as illustrated in Fig. 5.25.



152 E.A. Vittoz

T3

T1 T2

T4 T6
T5

0

VB

RL/2 RL/2
CL

CP

Zm I0I0

Fig. 5.25 Extraction of
complementary oscillation
currents

0

0

0.4 0.8 1.2 1.6

−0.4

−0.8

0.4

0.8

1.2

−0.4

Gm

Gm=oo

Gm=0

−0.8

 
 

B = 1.0 

    n =1.3  

  

Im(wCPZc)

Re(wCPZc)

B = 0.5

Gmp= Gm

CP =nCL

Gm=4wCL

Gmp=oo

Fig. 5.26 Loci of Zc(Gm). In dotted line, basic circuit of Fig. 5.22a with B = 1; in full line,
modified circuit of Fig. 5.25 with B = 0.5

Of course, the input transistors T3 −T4 of the mirrors modify the effective load
resistance. An interesting situation occurs when the Gmp of these transistors is equal
to the transconductance Gm of the active transistors, as is approximately the case if
all transistors are in weak inversion. Indeed, according to (5.77), the DC negative
resistance is then −RL, independently of the value of Gm, which is compensated.

But this compensation does not take place for AC. Zc is no longer a bilinear
function of Gm; thus the locus is no longer a circle. It can be shown that the minimum
transconductance producing a negative resistance is the same as that of the basic
circuit, but that it occurs at B = 0.5 instead of B = 1. A comparison of the loci is
illustrated in Fig. 5.26.

It shows that the imaginary part of Zc (thus the pulling pc for Rm � RL) is the
same in the two cases, but that its derivative is no longer zero for the circuit with
mirrors. The pulling is thus more dependent on the value of Rm (thus on the quality
factor Q).
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5.6 Comparison and Conclusion

Let us identify the three types of oscillators discussed in this chapter as follows:

(a) The Pierce circuit of Sect. 5.3
(b) The parallel-resonance symmetrical circuit of Sect. 5.4
(c) The series-resonance symmetrical circuit of Sect. 5.5

With its single active device, (5.6) is the simplest of the three architectures.
However, the symmetrical circuits (5.6) and (5.6) have the advantage of delivering
symmetrical signals that are frequently needed in RF applications.

The critical currents for a given value of pulling pc are given by (5.32) for (5.6)
and by (5.60) for (5.6). Since (5.6) has two branches, the corresponding critical
current is the same for the two circuits. But that of (5.6) can be reduced by a factor
two by using the current-controlled complementary configuration of Fig. 5.10. As
shown by (5.86) and (5.85), the critical transconductance for (5.6) has a minimum
4ωCP/n for pc =−Cm/2CP and Q very large. It is more than for (5.6) and (5.6) for
usual values of pulling pc, but less sensitive to pulling. It may thus be smaller for
very small values of pc.

Pulling is always positive for (5.6) and (5.6) (frequency of oscillation above
the mechanical resonant frequency of the resonator). It has a maximum value
Cm/2C0 limited by the minimum parallel capacitance C0 given by (5.2). Pulling
is always negative for (5.6) (frequency of oscillation below the mechanical resonant
frequency) and has no fixed limit, except for an increase of current.

Since it exploits the high-impedance parallel resonance (or antiresonance), (5.6)
is best suited for minimizing power consumption when no requirement is put on
frequency pulling (that is, on the dependency of the frequency of oscillation on
electrical components).

The maximum obtainable negative resistance is limited by the parameters of
the resonator for (5.6). For (5.6), it is limited by the need to respect the stability
condition (5.54) in spite of the capacitance mismatch. The maximum negative
resistance of (5.6) is given by the load resistance RL. It can in principle be increased
to very high values, at the cost of an increase of pulling, current I0, and of course
supply voltage VB > RLI0/2.

The symmetrical circuit (5.6) is better than (5.6) for phase noise if the phase shift
Δφ between drain current and drain voltage is not negligible. Both are better than
the series-resonance circuit (5.6).

Overall, although (5.6) is in principle best adapted to the series-resonance mo-
tional circuit of the resonator, its behavior is drastically degraded by the unavoidable
parallel capacitorCP ≥C0. As an advantage, it delivers complementary currents with
100% modulation. These currents are approximately sinusoidal if B = ωCLRL � 1.
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Chapter 6
5.4 GHz, 0.35 µm BiCMOS FBAR-Based
Single-Ended and Balanced Oscillators
in Above-IC Technology

Éric Tournier

Abstract For the last few years, one of the main challenges in circuit design has
been the integration of frequency references in applications where phase noise
requirements are very stringent. To overcome the usual limitation of (Bi)CMOS
integrated circuits (ICs) phase noise, mainly due to the low Q-factor of standard
integrated passive devices (R, L, C) inherent to low resistivity substrate, a solution
has been to use BAW resonators. Indeed, thin film BAW resonators based on
piezoelectric material, generally AlN or ZnO, sandwiched between two metallic
electrodes, exhibit a high Q-factor, can handle high power, and can operate at
high frequencies (above 10 GHz), while keeping a small size and being compatible
with (Bi)CMOS IC processes. The very first oscillators using FBAR and SMR
resonators were designed with separately wire-bonded resonators connected to
the IC circuit. This chapter deals with the world premiere realization of two 5 -
GHz FBAR-based oscillators, where the FBAR is directly integrated above the IC
with some further process steps, compatible with (Bi)CMOS. A single-ended and
a balanced version were designed. The circuits were implemented in a 0.35 -μm
SiGe BiCMOS process from AMI Semiconductor. From the obtained results, we
show that post-processing the FBAR directly over the IC eliminates much of the
parasitics and modelling issues associated with bondwires. Furthermore, it reduces
the circuit area. The single-ended and balanced oscillators are based on the Colpitts
configuration and achieve respectively a state-of-the-art phase noise performance (at
the time of design) of −117.7 dBc/Hz and −121 dBc/Hz at 100 kHz offset from the
5.4 -GHz carrier frequency. The balanced version allows direct driving of balanced
dividers and mixers without the need of a single-ended to balanced converter. Some
comparisons are also made with standard LC balanced oscillators.
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6.1 Introduction

Oscillators are a key function of any communication systems. They generate
sinusoidal signals at frequencies where the information spectrum needs to be
translated, for example, to fit into the bandwidth of a given channel, or to switch
between different users of a frequency division multiplexing (FDM) protocol.

In case of commercial applications, low phase noise, high output power, high
integration, low cost and low consumption are often required. While (Bi)CMOS
technologies are the main candidates to integrate most of the hardware, these
technologies suffer from low quality passive devices, especially inductors, which
do not allow the design of resonator with a sufficient quality factor. Then, the
choice is either to use these devices to the detriment of the performance or to
use external stand-alone resonators to the detriment of integration level. Even
the quite popular SAW device, widely used in the current mobile communication
systems, is likely to become inadequate for high-frequency applications above
5 GHz due to degraded performance and poor electrical power-handling capabilities
[1]. Moreover, technology steps of SAW technology are incompatible with standard
(Bi)CMOS technologies.

In recent years, among various approaches and breakthroughs in integration
processes to allow more and more miniaturization of RF systems, the introduction
of bulk acoustic wave (BAW) devices has been decisive. BAW resonators, with
their excellent behaviour at high frequency, their high quality factor and their
compatibility with (Bi)CMOS technologies, are the main candidate to reach all the
design requirements, together with a high integration level.

At the time of design, some realizations of oscillators based on BAW devices
had been reported, but all were done with discrete devices wire-bonded on the
main circuit afterwards [2–4]. This chapter describes the design of two completely
integrated FBAR-based oscillators, featuring for the first time a 5 -GHz operating
frequency, in their single-ended [5] and balanced [6] topologies. For the purpose
of integration, an above-IC technique was used, which allowed processing BAW
technology steps as a natural extent of (Bi)CMOS ones [7], leading to high-
frequency, high-performance monolithic oscillators.

Our initial goal was to demonstrate the benefit of having above-IC BAW instead
of LC resonators. With this goal in mind, we did not use very sophisticated design
techniques, to let all the improvement benefit on the BAW resonators and their
above-IC connections. The work described in this chapter has been done in the frame
of the European project MARTINA, during the years 2003–2006.

After a few words on oscillators in transceivers, and some others on LC and
BAW resonators, we present the above-IC technology used for the oscillators’
integration. Then, we introduce the single-ended and balanced topologies, with
some informations on the design steps, and we give comments on the obtained
performances of the designed oscillators. Finally, we compare them with some more
classical balanced oscillators based on LC resonators.
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Fig. 6.1 Lower and middle U-NII bands: 8 carriers in 200 MHz/20 MHz

As a targeted standard to design such oscillators, we based our work on the
lower band (200 MHz) of the 802.11a standard [8], an overview of which is given
in Fig. 6.1.

6.2 Resonators and Oscillators in Transceivers

6.2.1 Resonators’ Use in Transceivers

Figure 6.2 gives an example of a typical direct conversion transceiver. I and Q are
in-phase and quadrature signals from/to a digital signal processor (DSP), which
controls the constellation of the modulation through mixing with a local oscillator
(LO) and its 0 degree and 90 degree outputs. The functions (shown in bold) where
BAW resonators can be used are filters, duplexer, and local oscillators.

In this chapter, we are focusing on the local oscillator, and Fig. 6.3 gives an
example of using a BAW resonator as a reference for such an oscillator in a phase-
locked loop (PLL). Indeed, as the BAW resonator is very selective, it will not allow
any frequency shift in the oscillator output. A LC oscillator is locked to the BAW
oscillator through a wide-bandwidth PLL allowing to set the output frequency to
arbitrary frequencies.

6.2.2 Oscillators’ Use in Transceivers

In a transceiver, local oscillators generate sinusoids that are used to translate the
spectrum of the signal of interest to a different frequency. Most of the time, a mixer
is employed to implement this translation also referred to as heterodyning.

If x(t) is the signal of interest, X( f ) its spectrum, and fo the frequency generated
by a local oscillator o(t) that, in the best case, features a time-varying voltage
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given by Vo cos(2π fo t), the mixing of x(t) with o(t) leads to a double-sideband
spectrum:

F (x(t)o(t)) = X( f )�

{
Vo

2
[δ ( f − fo)+ δ ( f + fo)]

}

=
Vo

2
[X( f − fo)+X( f + fo)] (6.1)

The baseband spectrum X( f ) is simply translated around fo. Obviously, if the local
oscillator is not stable and exhibits amplitude and phase noises (v(t) and ϕ(t),
respectively), the spectrum after translation will be degraded. In this case, o(t) can
be written as : (Vo + v(t)) cos(2π fo t +ϕ(t)). As the amplitude noise can be quite
easily cancelled by a proper limiter or amplitude control circuit, the phase noise
remains the only degradation of the local oscillator: o(t) = Vo cos(2π fo t +ϕ(t)).
By inspecting its power spectrum density:

So( f ) =
V 2

o

4

[
δ ( f − fo)+ Sϕ( f − fo)+ δ ( f + fo)+ Sϕ( f + fo)

]
(6.2)
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we can now see the influence of the spectral density Sϕ of phase variation
which directly impacts the transceivers’ quality, regarding signal-to-noise ratio for
analogue transmission, or bit error rate for “digital transmission.”1

6.2.2.1 Figure of Merit for Phase Noise Design

The more significant oscillator characteristics are frequency of oscillation, fre-
quency tuning range, frequency stability (phase noise and jitter), purity (harmonics),
amplitude stability, output power and power dissipation. In order to ease the
comparison between different oscillators, an appropriate figure of merit (FoM) is
needed. It must include most of the characteristics of the oscillator, keeping in mind
that a trade-off between some of them is usually needed in order to optimize a given
parameter at the expense of another one. This FoM is usually given as [9]:

FoM = 20 log

(
fo

foffset

)
− 10 log

(
Pdiss

1 mW

)
−L( foffset) (6.3)

An appropriate FoM should remain unchanged if a simultaneous modification of
two dependant parameters occurs in the proportion of their dependance.

The definition (6.3) takes into account the phase noise at a given frequency offset
foffset from the carrier f0, which is the main contribution of the FoM: the lower the
phase noise, the higher the FoM. Its value is then balanced with the 20 log( fo/ foffset)
term which ensures that watching the phase noise at a different offset will not change
the FoM as long as the phase noise exhibits a classical −20 dB/dec slope. The
Pdiss/1 mW term normalizes the FoM to a power dissipation of 1 mW.

Some properties such as the oscillator output power are, however, not included
in this widely used FoM.

6.2.2.2 General Oscillator Design

To design an oscillator, we need a resonator featuring a resonant frequency equal to
the expected oscillating frequency, together with an amplifier to compensate for the
losses of the resonator.

The well-known Barkhausen criteria are used to ensure that oscillations will
start and remain stable. These conditions can be expressed under many forms: with
transfer functions, with impedances, with S-parameters and so on, all being in fact
equivalent.

If we use here, for example, the transfer function formalism in a feedback
approach, well adapted for transmission type oscillations, the conditions can be
expressed as (Fig. 6.4a):

|A(ω0)Q(ω0)| = 1 (6.4)

∠A(ω0)+∠Q(ω0) = 0 (6.5)

1More exactly “analog transmission of digital information.”
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where A(ω) is the amplifier transfer function and Q(ω) is the resonator transfer
function and ω0 its resonant frequency.

In a negative resistance approach, more adapted to oscillations in reflexion mode,
and speaking in Z-parameters terms, we have (Fig. 6.4b):

RA(ω0) = −RQ(ω0) (6.6)

XA(ω0) = −XQ(ω0) (6.7)

where RA(ω) (resp. RQ(ω)) is the resistive part and XA(ω) (resp. XQ(ω)) the
reactive part of the negative resistance (resp. resonator) impedance. Note that at
the very beginning of the oscillation, we will need to have either |A(ω0)Q(ω0)|> 1
or RA(ω0)> −RQ(ω0) (and not only equality) for the oscillations to take place and
their amplitude to grow up to their final value where the equalities (6.6) and (6.7)
will be valid.

6.2.3 LC Resonators

In their simplest form, resonators can be made with inductors (L) and capacitors
(C). LC resonators can be designed in many ways, the most common ones having a
name: Colpitts, Pierce, Clapp, Hartley, Armstrong. . . Well, with time and according
to authors, all the (L,C) topologies behind these names change, and it is difficult
to find a unified definition. By inspecting a quite old reference [10], we found a
possible one. Figure 6.5 shows the resonator used in Colpitts/Pierce/Clapp, with
one inductor and two capacitors. The signal goes from v1 to v2 while v3 is tied to
ground for the Pierce, from v3 to v1 while v2 is tied to ground for the Colpitts, from
v1 to v3 while v2 is tied to ground for the Clapp (v1 and v2 are interchangeable).
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To ensure that the oscillations will be as close as possible to a perfect sinusoid,
the selectivity of the resonator needs to be the highest possible, so that the oscillation
condition will be met only for a tiny bandwidth. The selectivity is directly correlated
to the Q-factor of the resonator. But the main problem with integrated LC resonators
is that their Q-factor is very low, leading to poor phase noise performances. Let us
remind that the Q-factor is defined from a physical point of view as:

Q = 2π × Energy stored
Energy dissipated per cycle

(6.8)

or for a more usable definition:

Q =
f0

Δ f
(6.9)

where Δ f is, for example, the transfer function bandwidth at 50% as shown in
Fig. 6.6.

6.2.4 Phase Noise Versus Q-Factor

By following the simple theory of Leeson [11], we can see that the oscillator phase
noise is directly related to the resonator Q-factor by the expression:

F( fm) =
f0

2
√

2Q fm
+ residual phase noise of the negative resistance (6.10)

fm is the frequency offset from the carrier, where the phase noise power is measured
in a 1 -Hz bandwidth. This simple equation shows that better phase noise will be
obtained with higher resonator Q-factor.
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6.2.5 BAW Resonators

BAW resonators can be modelled with an RLC equivalent circuit. The BVD
(Butterworth–Van Dyke) model, in its original [12] and modified version [13], is
the most widely used in design because of its simplicity (Fig. 6.7).

Rs models the ohmic losses in the electrodes. Co is the main capacitance defined
by the electrodes and the dielectric. Ro represents dielectric losses (a few tenth ohm),
and exists only in the modified version of the BVD model. Rm, Lm and Cm are
respectively the acoustic resistance, inductance and capacitance. This model is valid
only in the vicinity of the main resonant mode and only if the width of the resonator
is much higher than its thickness.

A version that includes substrate losses can also be defined as in Fig. 6.8.
The typical impedance module of this model versus frequency is given in Fig. 6.9,

where fs and fp are respectively the series and the parallel resonance, given after a
few assumptions by [10]:

fs ≈ 1

2π
√

Lm Cm

fp ≈ 1

2π

√
Lm

(
Co Cm

Co +Cm

) ≈ fs

(
1+

Cm

2Co

)
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From the graph on Fig. 6.9, we can see that the resonator acts as a capacitor for most
of the frequency range, except in the range [ fs; fp] where it acts as an inductor. Then,
we can replace the inductor of the resonator topology given in Fig. 6.5 by a BAW
resonator working in its [ fs; fp] range.

With the thin electrode approximation, we can determine the values of each
element of the BVD model as follows, with only the mechanical and geometrical
characteristics [14]:

Co =
εr ε0 A

d
(6.11)

Rm =
π η εr ε0

8k2
t ρ Aω Va

(6.12)

Lm =
π3Va

8εr ε0 ω3
r k2

t A
(6.13)

Cm =
8

π2 k2
t Co =

8εr ε0 ωr A
π3Va

k2
t (6.14)

where:

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

A is the resonator area
εr relative permittivity of piezoelectric material
ε0 vacuum permittivity
ρ piezoelectric material density
η viscosity
ω pulsation
k2

t coupling coefficient

Rs and Ro are losses of a few tenth ohm.
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The coupling coefficient is defined as:

k2
t =

π
2

fs

fp

tan

(
π
2

fs

fp

) ≈ π2

4
· fp − fs

fp
(6.15)

This coupling coefficient is very important because it is directly proportional
to the difference of resonant frequencies fp − fs. A large coupling coefficient will
give the possibility to use the resonator on a larger range of frequencies, where its
behaviour is inductive.

By measuring fs and fp, one will not obtain exactly the intrinsic coupling
coefficient seen from the material, but the effective coupling coefficient seen from
the electrodes:

k2
eff =

π2

4
· fp − fs

fp

The coupling coefficient of harmonic resonances is given by:

k2
t,n =

k2
t

n2

where n is the harmonic index. Because of the inverse square dependance to n,
the usability of the resonator around its harmonic frequencies diminishes as the
harmonic index increases: it will be, for example, very difficult to control the
frequency of an oscillator based on a high harmonic index (this can also be seen
as an advantage).

The Q-factor, which is very important as explained earlier in Sect. 6.2.4, can be
expressed as:

Qp = Qs =
Lm ω
Rm

=
V 2

a ρ
ω η

when ohmic losses are neglected. By taking into account the ohmic losses, the series
Q-factor can be rewritten as:

Qs =
Lm ω

Rm +Rs

In order to easily compare the performances of different resonators, a figure of
merit derived from the Q-factor and the effective coupling coefficient is [15]:

FoM =
Q

2Cr
= k2

eff Q
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where:

Cr =
Co

Cm

Q-factors of BAW resonators, are consequently tens of times those of LC
resonators.

6.3 Above-IC Technology

The basic configuration of a BAW resonator is a piezoelectric thin film sandwiched
between two metal electrodes. At the mechanical resonance, the half wavelength of
the acoustic wave corresponds to the total thickness of the stack. Actual resonators
need to be mechanically isolated from the substrate on which they are built, in
order to confine energy in the resonator itself and hence achieve high quality
factors [16]. Figure 6.10 shows the two main configurations for realizing this
isolation. The first, also known as film bulk acoustic resonator (FBAR), is built on
a membrane suspended in air by its edges and manufactured over a sacrificial layer.
The second configuration is the solidly mounted resonator (SMR), in which the
acoustic impedance of the substrate is transformed to a very low value by a reflector
made of a set of quarter wavelength sections of materials having large impedance
ratios [7].

In this work, FBARs fabricated by surface micro-machining were used since
they seem more appropriate for an above-IC integration. Indeed, since only a very
thin isolating air gap is created underneath each resonator, the latter is placed
very close to the IC. Low loss interconnections are hence much easier to achieve
than if vias were to be implemented through a thick acoustic reflector. The heart
of a BAW resonator is the piezoelectric thin film. Aluminium nitride (AlN) is

Piezoelectric film

Si wafer

Si wafer

a b
Piezoelectric film

Electrodes Reflector ElectrodesAir gap

Fig. 6.10 FBAR (a) versus SMR (b) resonators. c©2006 IEEE. Reprinted, with permission,
from [7]
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Fig. 6.11 Overview of the above-IC process. c©2006 IEEE. Reprinted, with permission, from [7]

most often preferred over competitor materials, such as ZnO or PZT, because it
offers an excellent compromise between performance and manufacturability. Its
coupling might not be very high compared to the other materials, but it is chemically
very stable and has an excellent thermal conductivity and a low temperature
coefficient [7].

FBAR resonators are post-processed over 0.35 -μm BiCMOS SiGe wafers, from
AMIS technology. First, silicon oxide is deposited over the passivated wafers and
planarized by chemical–mechanical planarization in order to get a smooth and
flat surface for the FBAR fabrication. A polymer sacrificial layer is deposited and
patterned for defining each resonator’s position, and a dielectric encapsulation layer
is applied to protect the polymer. Next, the active part of the devices is built up, with
the subsequent deposition and patterning of a Pt bottom electrode, the piezoelectric
AlN layer and an Al top electrode. Via holes are then etched through the different
dielectric layers down to the last metal level of the integrated circuit (M5), and
a thick Al film is deposited and patterned to create interconnections between the
BAW filter and the IC. Finally, the sacrificial layer is etched off for releasing the
membranes. Figure 6.11 shows a schematic cross section of a FBAR connected to
the last metal level of an IC wafer [7].

Figures 6.12 and 6.13 show the microphotograph of two FBAR resonators, a
single-port one (grounded) and a two-port one (floating), taken at the time of the
measurements of their S-parameters from which the BVD model has been deduced.

Only two-port resonators have been investigated in this work. Table 6.1 gives
measurement values obtained from tens of resonators, and Fig. 6.14 shows the
fundamental resonance together with order two and three resonances for a typical
resonator.

These measurements led us to a BVD model (Fig. 6.7 and Table 6.2), and the
extracted parameters have been used for designing forthcoming oscillators later in
this chapter.
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Fig. 6.12 One-port FBAR
resonator (reflection type,
210×285 µm2)

Fig. 6.13 Two-ports FBAR
resonator (transmission type,
280×260 µm2)

Table 6.1 Measurements of two-port FBAR

Coupling
fs (GHz) fp (GHz) coefficient (%) Qs Qp

Mean 5.542 5.700 6.67 294 341
Standard deviation 0.1455 0.1545 0.22 55 115
Minimum 5.326 5.465 6.12 185 113
Maximum 5.863 6.041 7.09 396 553
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Fig. 6.14 The first three resonances of the FBAR

Table 6.2 BVD model of the
FBAR resonator used Rm(Ω ) Lm(nH) Cm(fF) Co(pF) Ro(Ω) Rs(Ω)

1.2 34.64 25.55 0.52 0.55 2.15

6.4 FBAR-Based Single-Ended and Balanced Oscillators

When working at very high frequency, there is a significant benefit in designing
balanced functions: because of the inherent symmetry of both the topology and
signals, design is most often based on relative values in case of balanced functions,
instead of absolute values as in the case of single-ended ones; and we know how
good the matching of identical components on a wafer can be, whereas a single
component will have a high dispersion of its characteristics from its typical value
through multiple runs of the same technology.

In this section, we present a single-ended [5] and a balanced version [6] of FBAR-
based oscillators.

6.4.1 Single-Ended Version

The schematic of the single-ended oscillator is given in Fig. 6.15. Figure 6.16 shows
the equivalent model of the oscillator where the FBAR is replaced by its BVD model
around the resonant frequency.

As said before, in order to study the oscillator around its periodic steady state, we
can use the model given in Fig. 6.17, where the equivalent negative resistance RA of
the transistor input impedance compensates for the equivalent resistance RQ of the
resonator, and the capacitive reactive part of the transistor input impedance XA =CA

compensates for the equivalent inductive reactive part XQ = LQ of the resonator.
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Fig. 6.15 Schematic of the
single-ended oscillator
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Fig. 6.16 Single-ended
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Fig. 6.17 Equivalent model
at oscillation

By neglecting most of the parasitic components (low base-collector capacitance
(with no Miller effect here), high collector resistance, high biasing resistance
Rb1 , . . .) and a base-emitter resistance Rπ 	1/(j(C1 +Cπ)ω) near the resonance,
we can make a very simple model of the transistor topology (Fig. 6.18).
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Fig. 6.18 Small signal input
impedance of the transistor in
the vicinity of the resonant
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We can write:

vBE =
iA

(C1 +Cπ) jω
(6.16)

vA =
iA + gm vBE

C2 jω
+ vBE (6.17)

where gm is T1 transconductance and Cπ its base-emitter capacitance. Then replacing
vBE in (6.17) by its value (6.16) gives:

vA

iA
= ZA =

1
C2 jω

+

[
gm

C2 jω
+ 1

]
1

(C1 +Cπ) jω

=
(C1 +Cπ +C2) jω
C2 jω (C1 +Cπ) jω

+
gm

C2 jω (C1 +Cπ) jω

We easily identify:

ZA =
−gm

C2 (C1 +Cπ)ω2 − j
C1 +Cπ +C2

C2 (C1 +Cπ)ω
= RA + jXA (6.18)

The real part of the impedance seen at the input of the transistor T1 can be
considered as a negative resistance whose value is:

RA =
−gm

C2 (C1 +Cπ) ω2 (6.19)

The reactive part can also be identified to an equivalent capacitor:

XA =
1

CA jω
=

1
C2 (C1 +Cπ)

C1 +Cπ +C2
jω

⇔CA =
C2(C1 +Cπ)

(C1 +Cπ +C2)
(6.20)
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The negative resistance’s absolute value can be increased at a given frequency
with the decrease of C1 or C2, or the increase of gm with the bias current I1. As the
C1 and C2 capacitors are generally fixed by the oscillation frequency, I1 remains the
only way to modify the negative resistance.

For oscillation start-up, the negative resistance must not just compensate for the
resistive behaviour of the FBAR resonator, as it is the case to maintain oscillations
when they have started: its absolute value must be higher.

The transistor T2 acts as a buffer to isolate the resonator from the 50 Ω impedance
of the measurement instruments. It is coupled to the oscillator through a small
coupling capacitor Cc1 .

By studying Fig. 6.7 to which an equivalent load capacitor CL =CA is connected
and the resistor Ro is neglected, and after a few assumptions [10], we can write the
equivalent resistance (real part of the impedance) of the resonator:

RQ = Rs +Rm

(
1+

Co

CL

)2

(6.21)

The absolute value of the negative resistance must be larger than this equivalent
resistance in order to allow start-up of the oscillation. A larger amplitude, and a
better phase noise, can be obtained by using a small capacitance C2. However, a
small C2 will increase the equivalent resistance RQ of the resonator, according to
(6.21), which in turn reduces the amplitude. So the capacitor C2 as well as the bias
current I, transistor T1 area and capacitors C1 and C2 ratio were optimized in order
to achieve good phase noise.

The resonator operates in parallel mode between the series ( fs) and the parallel
( fp) frequencies. The oscillation frequency is given by:

fo = fs

[
1+

Cm

2 (Co +CL)

]
(6.22)

Knowing that the motional capacitance Cm is very small compared to Co, the
oscillation frequency is mainly fixed by fs as we can note it from (6.22). The
oscillation frequency depends also on the loading capacitor CL, so it could be
slightly tuned by using a varactor in series with the resonator. The tuning sensitivity,
or the sensitivity of the oscillation frequency to the load capacitance variation, can
be expressed as:

S =
∂ fo

∂CL
=− fr

Cm

2(Co +CL)
2 (6.23)

Figure 6.19 shows the calculated output power and the phase noise at 100 kHz
versus C1 and for C2 = 0.7 pF. A good trade-off between the maximum output power
and the minimum phase noise is achieved with C1 = 1.3 pF.

For the 5 -GHz FBAR resonator used here, the capacitances Cm and Co are in the
order of femtofarad and picofarad, respectively. So the tuning sensitivity is in the
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Fig. 6.19 Output power and phase noise @100 kHz versus C1 (C2 = 0.7 pF)

order of 70 MHz/pF and is not sufficient to accommodate, for example, the whole
200 MHz range of Hiperlan and IEEE 802.11a lower bands [8]. This sensitivity
can be trimmed during the design process by adjusting the capacitance Co via the
resonator area, depending on the application needs. As we can see it from (6.23),
increasing Co will reduce the tuning sensitivity. So, if the resonator is used in a fixed
frequency oscillator, the capacitor Co must be large, while it must be low if used
in a voltage-controlled oscillator. Moreover, a varactor can be added in series with
the resonator in order to compensate for the technological variation of the resonator
series resonance frequency fs. For a 5.32-GHz oscillation frequency, the resonator
is dimensioned in order to provide a 5.25 -GHz series resonance frequency. The
microphotograph of the oscillator is shown in Fig. 6.20, and the chip area is only
640×650 µm2.

6.4.2 Balanced Version

The schematic of the balanced oscillator is shown in Fig. 6.21. The balanced output
configuration allows driving balanced dividers or mixers, more common than single-
ended ones, without the need of a single-ended to differential converter. Without
design changes, this configuration consumes twice the DC power of the single-
ended one because of the duplicate topology. It also delivers twice the output power
and provides better phase noise performance as will be seen in Sect. 6.4.3.

The oscillation frequency and the equivalent resistance of the resonator can be
determined by examining the equivalent half circuit of the balanced oscillator shown
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Fig. 6.20 Microphotograph
of the single-ended oscillator
(640×650 µm2). c©2006
IEEE. Reprinted, with
permission, from [5]

Fig. 6.21 Schematic of the FBAR-based balanced oscillator

in Fig. 6.22. Their expressions are given by the following equations:

RQ =
Rs

2
+

Rm

2

(
1+

2Co

CL

)2

(6.24)

fo = fs

⎡
⎣1+

Cm

2
(

Co +
CL
2

)
⎤
⎦ (6.25)

From (6.24) and (6.25), it is obvious that for the same loading capacitance CL,
the oscillation frequency of this balanced oscillator is higher than the single-ended
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Fig. 6.22 Model of the FBAR-based balanced oscillator

Fig. 6.23 Influence of the electrode resistance on the phase noise of both the balanced and the
single-ended oscillators. c©2006 IEEE. Reprinted, with permission, from [6]

one. In this design, the target oscillation frequency fo is 5.34 GHz, compared to the
single-ended one at 5.32 GHz. The resonator equivalent resistance of the balanced
oscillator is lower than the single-ended one. Therefore, the balanced oscillator
requires less negative resistance, hence less current to start and maintain oscillation.
The lower equivalent resistance also implies better phase noise performance.
Figure 6.23 shows that the impact of the electrode resistance on the phase noise
is less critical for the balanced than for the single-ended oscillator.
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Fig. 6.24 Microphotograph of the balanced oscillator (830×650 µm2). c©2006 IEEE. Reprinted,
with permission, from [6]

Simulations already show that the phase noise is −122.5 dBc/Hz, that is,
4 dB higher than the single-ended version. The microphotograph of the balanced
oscillator is shown in Fig. 6.24 and fills 830×650 µm2 of silicon area.

6.4.3 Measurement Results

The single-ended Colpitts core oscillator draws 1.7 mA from 2.7 V supply voltage.
The buffer amplifier consumes 3 mA. The balanced Colpitts core draws 2×1.7 mA.
On-wafer measurements were done to check the output spectrums and the oscil-
lation frequencies of the oscillators using an RF probe station and a spectrum
analyser. The measured oscillation frequency range is between 5.39 and 5.6 GHz.
These frequencies are higher than the simulated ones (5.32 GHz for the single-
ended and 5.34 GHz for the balanced), due to a resonator resonant frequency higher
than anticipated. The power delivered to 50 Ω load is between 8.4 and 11 dBm.
Figures 6.25 and 6.26 show the output spectrum of the single-ended oscillator and
the balanced oscillator, respectively. The second and the third harmonics’ powers
are 22 dB and 30 dB below the fundamental, respectively. Phase noise measurements
have been carried out on-wafer using the delay-line discriminator method [17]. The
measured phase noise of the Colpitts and the balanced oscillators are shown in
Fig. 6.27. At 100 kHz offset frequency, the achieved phase noise of the single-ended
oscillator is −118 dBc/Hz (simulated value was −118.5 dBc/Hz; the difference is
due to a lower quality factor of the resonator). The measured phase noise of the
balanced oscillator is −120.5 dBc/Hz at 100 kHz offset from the carrier (simulated
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Fig. 6.25 Output spectrum of the single-ended oscillator. c©2006 IEEE. Reprinted, with permis-
sion, from [6]

Fig. 6.26 Output spectrum of the balanced oscillator

value was −122.5 dBc/Hz). The figure of merit of both oscillators is around 205.5.
The simulated and measured performances of both oscillators are summarized in
Table 6.3.

Another advantage of the balanced configuration is that it is well suited for
the generation of an oscillation frequency at twice the core oscillator frequency.
This also allows doubling the tuning range as well as extending the oscillation
frequency. Indeed, oscillators can be designed at higher frequencies by using
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Fig. 6.27 Phase noise of the single-ended and balanced oscillators

Table 6.3 Simulated and measured performances of the two 5 -GHz FBAR oscillators

Colpitts oscillator Balanced oscillator

Simulation Measure Simulation Measure

Power supply Vcc (V) 2.7 2.7 2.7 2.7
Current of the core. osc. (mA) 1.7 1.7 2×1.7 2×1.7
Buffer current (mA) 3 3 2×3 2×3
Frequency (GHz) 5.32 5.39; 5.6 5.34 5.4–5.6
Output power (dBm) −7.5 −11; −8.4 −7.5 −12; −9
Phase noise (dBc/Hz) −118.5 −118 −122.5 −120.5
Figure of merit (dBc/Hz) 206.4 205.8 207 205.6

resonators with lower resonance frequencies, where it is easier to control the
thickness of the piezoelectric materiel, and using multiplication techniques. The
generation of the double oscillation frequency can be achieved by shortening the
differential output nodes and biasing the collectors of the buffer amplifiers via an
inductor as shown in Fig. 6.28.

6.5 LC-Based Balanced Oscillator

To give some elements of comparison, we have also designed two LC-based
balanced oscillators using STMicroelectronics BiCMOS7RF SiGe:C 0.25 µm, based
on standard topologies: a cross-coupled and a Pierce oscillators.
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Fig. 6.28 Balanced oscillator with an oscillation frequency at twice the resonator resonance
frequency

6.5.1 Cross-Coupled Balanced Oscillator

The schematic of the oscillator is shown in Fig. 6.29. The core of the oscillator
consists of a cross-coupled differential pair (T1, T2) and the LcCv resonator [18].
The capacitive feedback is formed by C1 and Cπ (T1 or T2 input capacitance). T6 and
T7 are buffers that drive 50 Ω loads with an appropriate isolation from the resonator
in order to keep its Q-factor as high as possible.

The frequency of oscillation can be estimated as:

f0 =
1√

Lc Ceq
where Ceq =Cp +

Cv C0

Cv +C0
+

C1 Cπ
C1 +Cπ

(6.26)

Cv is the varactor capacitance, Cp, the parasitic capacitance of the inductor, and C0

is the output capacitance of the transistors T1 and T2. This frequency of oscillation
is tuned by changing the P+/Nwell varactor capacitance with the control voltage Vc.
As the substrate is tied to ground, the cathode of such a varactor needs to be tied to
AC ground in order to short-circuit the parasitic substrate/Nwell junction capacitor
Cwb and hence preventing a Q-factor decrease. The varactors are placed in the
oscillator as shown in Fig. 6.29 so both sides of the parasitic substrate-Nwell diode
are tied to AC ground. The coupling capacitors C0 are used to isolate the anodes of
the varactors from Vcc; otherwise, the varactors would be forward biased. These
coupling capacitors also help to linearize the capacitance variation with control
voltage and thus reduce the phase noise component due to the varactor non-linear
characteristics. The drawback of these coupling capacitors is that they reduce the
tuning range.

The differential amplitude of the oscillation is set by the tail current I0 (through
T3) and the equivalent parallel resistance of the LC tank. The oscillation amplitude
is given by [19]:

Vo ≈ 2
π

Req I0 (6.27)
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Fig. 6.29 Schematic of the balanced cross-coupled oscillator

Cp Cp RpRPL

Cv

C0 C1

Ceq ReqL
Rv

L

Fig. 6.30 Equivalent resonator from the cross-coupled topology

where Req is the equivalent parallel resistor of the resonator, which includes the
losses in the inductors, capacitors, varactor and the active elements. Req can be
estimated with Fig. 6.30 as:

Req = RPL//Rv

(
1+

Cv

C0

)2

//
Rπ

n2 (6.28)

RPL = Rs Q2
s//Rp is the equivalent resistance of the inductor, while Rs is its

resistance, Qs its Q-factor, and Rp its parasitic resistance.
The collector-base feedback ratio is:

n =
C1

C1 +Cπ
(6.29)
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Fig. 6.31 Frequency and output power of the balanced cross-coupled oscillator

Q is the loaded quality factor of the resonator. All the capacitors are implemented
as metal-insulator-metal (MIMs) capacitors as they are less lossy (high Q).

In order to reduce the phase noise, the voltage swing of the tank should be as
large as possible, but it is limited by the breakdown voltage of the transistors BVce

and the transistors’ saturation. If the transistors of the differential pair enter into
saturation, the output impedance of the transistors collapses, therefore lowering the
quality factor of the resonator leading to a large increase in phase noise.

Therefore, an optimal value of the varactor biasing resistance Rv must be found.
A large Rv increases thermal noise, which degrades the phase noise whereas a low
Rv deteriorates the quality factor of the resonator, which in turn also increases the
phase noise. A good trade-off is a value of 1 kΩ in the present case.

Figure 6.31 shows that the measured output power to a 50 Ω load is about 4 dBm
and the range of output frequencies is [5.1;5.5]GHz. Figure 6.32 gives the phase
noise at 100 kHz from the carrier, and Fig. 6.33 shows the microphotograph of the
balanced cross-coupled oscillator that fills a 945×1,092 µm2 silicon area.

6.5.2 Balanced Pierce Oscillator

The schematic of the differential oscillator is shown in Fig. 6.34. The oscillator
consists of coupling two identical single-ended Pierce oscillators. The resonator is
formed by the inductor L and the series connection of the varactor Cv and MIM
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Fig. 6.32 Phase noise of the balanced cross-coupled oscillator

Fig. 6.33 Microphotograph
of the balanced cross-coupled
oscillator (945×1,092 µm2)

capacitor C0. The feedback ratio, representing the amount of the collector voltage
amplitude fed back to the base of the transistor, is given by n = −Cv/Cb. Like in
the previous balanced cross-coupled oscillator, the feedback ratio n is an important
parameter for phase noise minimization.
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Fig. 6.34 Schematic of the balanced Pierce oscillator

Rb Cp RpC1Cout Rout

Rv
Cv

C0 L

Ceq ReqL

Fig. 6.35 Equivalent resonator from the balanced Pierce topology

The frequency of oscillation is given by:

f0 =
1

2π
√

LCeq
where Ceq =

Cv (C2 +Cπ)

Cv +C2 +Cπ
(6.30)

The resonator amplitude swing is given by:

A ≈ I0 Req (6.31)

where I0 is the tail bias current and Req is the equivalent parallel resistance of the
tank deduced from Fig. 6.35.
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Fig. 6.36 Frequency and output power of the balanced Pierce oscillator

Fig. 6.37 Phase noise of the balanced Pierce oscillator

Figure 6.36 shows that the measured output power to a 50 Ω load is about
−8 dBm and the range of output frequencies is [5.05;5.45]GHz. Figure 6.37 gives
the phase noise at 100 kHz from the carrier, and Fig. 6.38 shows the microphoto-
graph of the balanced cross-coupled oscillator which fills a 1,000×1,000 µm2 silicon
area.
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Fig. 6.38 Microphotograph
of the balanced Pierce
oscillator (1,000×1,000 µm2)

Table 6.4 LC-based balanced oscillators performances

Cross-coupled Pierce

Supply (V) 2.5 2.4
Current (mA) 2.5 3
Tuning range (GHz) 5.10–5.50 5.08–5.50
Output power (dBm) −4 −8
Core power (mW) 6 7.5
Total power (mW) 32.25 26
Phase noise @ 100 kHz (dBc/Hz) −99 −101
FoM −185.5 186.5

6.5.3 LC Based Oscillators Versus FBAR-Based Oscillator

The measured performances of the LC-based oscillators are given in Table 6.4.
Phase noise and tuning range are very good for LC-based oscillators with respect to
previously reported data on similar oscillators and fulfil phase noise and bandwidth
specifications for IEEE 802.11a. However, a modest 185 FoM is obtained compared
to the state-of-the-art 206 FoM demonstrated on our FBAR oscillators (Table 6.3) at
5 GHz. This translates in a 20 -dB improvement of the phase noise in the above-IC
design which is the consequence of the much higher FBAR Q-factor and the low
interconnect parasitics.

6.6 Conclusion

In this chapter, we have shown that the above-IC integration of FBAR resonators has
allowed the design of low-noise oscillators. Two 5 -GHz FBAR-based oscillators
were designed using AMI Semiconductor SiGe 0.35 -μm BiCMOS process and
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above IC integration. A state-of-the-art −120 dBc/Hz phase noise (100 kHz off
5.4 GHz) has been demonstrated. The figure of merit is 205, which is a serious
improvement over the best integrated LC oscillators that have been investigated in
this chapter too. The reduced silicon area needed by the FBAR oscillator allows
the realization of small form factor systems. Due to their low tuning range, such
oscillators cannot be used as directly as local oscillator for channel selection.
However, the oscillator can be used for fully integrated reference signal generation
followed by a programmable divider for a completely integrated multimode PLL as
well as a fixed RF oscillator for wide-band IF double conversion receivers.

Acknowledgements The author would like to thank all the participants of the MARTINA project
and especially AMI Semiconductor (Belgium) for the IC technology, LETI (France) and CSEM
(Switzerland) for BAW post-processing.
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Chapter 7
Low-Power Quadrature Oscillator Design
Using BAW Resonators

Shailesh S. Rai and Brian P. Otis

Abstract Aggressive silicon technology scaling, combined with immense
unexplored MEMS potential, leads to new advancements in the field of low-power,
high-performance RF-MEMS codesigned architectures. This chapter introduces the
approach, theory, and design of an important block in RF transceivers: a quadrature
voltage-controlled oscillator (QVCO) stabilized with bulk acoustic wave (BAW)
resonators. A new time-varying source degeneration coupling mechanism has
been used to quadrature-couple the two oscillator cores for I/Q signal generation,
reducing the required headroom of the series coupling transistors. The phase
accuracy of the quadrature outputs determines the image rejection capability of
integrated RF front ends. To improve phase error in the presence of process
mismatch, we introduce a self-calibration loop for phase control of quadrature
oscillators. Design concerns like temperature stability of BAW-tuned oscillators
are addressed. Side-by-side comparisons of the BAW- and LC-based oscillators are
made, and assembly challenges are discussed.

7.1 Introduction

CMOS processes suffer from the unavailability of high-quality factor passives,
which results in severe performance limitations of RF oscillators. With continuous
scaling of CMOS technology nodes, the cost of integrating large on-chip passives
like inductors becomes a big concern. Addressing these limitations, RF designers
have begun to explore alternatives to make RF systems power, bandwidth, and cost
efficient. One approach is the use of high-quality factor MEMS-assisted RF design.
In this chapter, we discuss design approaches for one of the most critical blocks
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in communication systems: the quadrature voltage-controlled oscillator (QVCO).
We demonstrate a 600-µW bulk acoustic wave (BAW)-based QVCO prototype,
providing a figure of merit (FOM) significantly greater than the state-of-the-art. An
identical QVCO using an integrated LC tank with 600-µW power consumption is
presented for direct comparison with the BAW-tuned QVCO.

Digital RF transceiver architectures increasingly require quadrature (I/Q) local
oscillator sinusoid generation to allow highly integrated image-reject or direct-
conversion architectures. The phase noise and power consumption of QVCOs have
a significant impact on the system performance. The relevance of VCO power
consumption becomes even more profound due to the demand for implementations
of ultralow-power, short-range, wireless transceivers. For last decade or so, the
technique of quadrature signal generation using two cross-coupled on-chip LC
VCOs has been extensively explored.

The next section discusses the need for quadrature signals and the potential of
high-Q MEMS components in RF systems. A brief overview of existing QVCO
design techniques using two-core coupling is also presented in Sect. 7.2. Section 7.3
introduces to BAW technology and discusses approaches for BAW-assisted RF
design. A BAW-based QVCO prototype is presented in Sect. 7.4, along with an
autocalibration loop for QVCO phase-error correction.

7.2 Quadrature Modulation, RF-MEMS Potential,
and QVCO Design Background

In this section, we discuss the need for quadrature signals in modern communication
systems and how they have been affecting the modulation approaches over the past
few years. Also, the potential of MEMS-assisted RF design is presented, followed
by a brief overview of published QVCO design techniques using on-chip passives
as a tuning element.

7.2.1 Quadrature Signals in RF Communication Systems

By definition, a quadrature signal is a complex signal consisting of two orthogonal
and noninterfering signals exactly 90◦ out of phase. From RF system point of view,
we need to ask: What purpose in-phase (I) and in-quadrature (Q) signals serve, and
why are they required in modern communication systems? The answer lies in the
type of modulation employed in modern communication systems. The push towards
minimizing power while maintaining high spectral efficiency (bps/Hz) has resulted
in the ubiquity of digital (de)modulation schemes. Digital modulation techniques
offer better efficiency, performance, and adaptability than analog modulation tech-
niques. Most digital modulation schemes rely on the quadrature modulation of I/Q
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Fig. 7.1 High-Q passive enhanced front end

signals, allowing single-sideband (SSB) modulation. Zero-IF (direct-conversion)
receivers rely on quadrature downconversion, and fully integrated image-reject
downconverters necessitate precise I/Q sinusoid generation.

The I/Q phase and amplitude matching becomes critical in determining quadra-
ture modulation accuracy and efficiency. Upconverter image suppression is highly
dependent upon the phase and amplitude imbalance between I and Q signals. The
relation between I/Q amplitude mismatch, phase mismatch, and image rejection, IR,
in dB is [1]:

IR = 10log
1+ 2(1+ δ )cosε+(1+ δ )2

1− 2(1+ δ )cosε+(1+ δ )2 , (7.1)

where ε is the I/Q phase offset from 90◦ and δ is the I/Q amplitude mismatch in dB.
Although specifications vary widely, it is typically necessary to limit I/Q phase error
to less than a few degrees. In communication systems, the specification of adjacent
channel interference rejection defines the I/Q imbalance requirement. For example,
42 dB IR needs less than 0.1 dB I/Q amplitude mismatch and less than 1◦ I/Q phase
offset error from 90◦.

7.2.2 Need for MEMS in RF Systems

The power/noise trade-off in wireless systems is a well-known issue and has been
extensively studied and documented in the past few decades. The use of on-chip
passive components consuming a large silicon area adds a third dimension in
defining the RF systems: the cost metric.

Over the past few years, research groups have begun focusing on RF design
using high-Q MEMS components (RF switches, varactors, resonators, and filters).
Shown in Fig. 7.1 is a possible example of how MEMS components can be used
at various stages in RF front end. A very low loss with narrow bandpass response
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Fig. 7.2 Area comparison of on-chip inductor (Q = 10), left, and BAW resonator (Q = 1,000),
right

MEMS filter bank can be used at the receiver input for interferer rejection, allowing
a power reduction in high-gain LNAs by relaxing the linearity specification. MEMS
resonators can be used as tuning element in RF frequency synthesis, which is the em-
phasis of this chapter. Also, the future integration of MEMS processes with CMOS
will result in high level of integration that will address cost issues for communica-
tion systems. MEMS switches would be ideal for highly reconfigurable RF systems
because of their extremely low loss characteristics and high RF power handling
capabilities. Similarly, BAW resonators with high unloaded quality factor (>1,000)
find its application as a tuning element in ultralow-power oscillator design. Oscilla-
tors using high quality factor (Q) BAW resonators have been demonstrated to pro-
vide excellent phase noise, supply pushing, and power consumption performance.

On-chip LC VCOs exhibit a well-known power consumption and phase noise
trade-off [2]. Additionally, the silicon area consumed by on-chip inductors is
becoming increasingly expensive in terms of lost transistor count and functionality.
An area comparison for a typical on-chip inductor (Q approximately 10) and BAW
resonator (Q approximately 1,000) is shown in Fig. 7.2.

It is striking to note that, in a 65-nm process, a single 300×300 µm inductor
consumes the real estate of approximately one million logic or memory transistors.
The fact that designers are willing to trade this amount of functionality for the ability
to place one inductor with a poor quality factor on chip indicates how important
tuning elements are in RF design.

To improve the trade-off between oscillator power consumption and phase noise
while reducing wasted die area, we developed a prototype that demonstrates the use
of matched high-Q BAW resonators used as a tuning element in a 2-GHz QVCO.
We introduce a new oscillator coupling mechanism for quadrature signal generation,
which we demonstrate on both a BAW- and an integrated LC-tuned QVCO [3].
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Fig. 7.3 Quadrature signal
generation through anti-phase
signal injection ( c©2008
IEEE. Reprinted, with
permission, from [3])

7.2.3 QVCO Design Approach

Does the world need another quadrature signal generator? Recent literature
suggests that, especially in low-power space, quadrature LO signal generation
consumes a relatively large amount of system power budget. Many circuits have
been proposed for generating quadrature LO signals. One common technique is
to utilize a VCO operating at twice the desired LO frequency followed by a
quadrature divider. However, this technique has the drawback of higher power and
area consumption. Another typical method involves a VCO followed by an RC-
CR phase-shifting network. Quadrature accuracy for this method is determined
by the absolute accuracy of on-chip passive elements and results in a loss of LO
power through the passive structure. One of the most power-efficient solutions
is the antiphase cross coupling of two symmetric differential LC oscillators, first
demonstrated by Rofougaran et al. [4]. As seen in Fig. 7.3, if VQ couples in a signal
at the same frequency as the free-running oscillator frequency, the coupling results
in shifting the phase of the output signal VI , as VQ modifies the vector current
summation at the output node [5].

VI and VQ are generated using identical oscillators cross-coupled in antiphase.
Quadrature oscillators can be intuitively understood by observing that antiphase
coupling enforces a 180◦ phase shift across the two oscillators, naturally leading
to a 90◦ phase in the intermediate node. Alternately, the in-phase coupling of two
identical oscillators simply results in in-phase coupling, which is not of interest in
this application.
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The following quadrature oscillator coupling methods have been demonstrated in
literature:

1. Parallel-coupled QVCO (PQVCO), in which the coupling transistors are placed
in parallel with −gm switching transistors [4]. As shown in [6], this coupling
mechanism suffers from a trade-off between phase noise and phase error of
quadrature signals.

2. Series-coupled QVCO, in which the coupling transistors are placed in series with
the negative-gm switching transistors [6]. Although this coupling mechanism
results in better phase noise than the PQVCO, the need for stacking saturated
transistors invariably increases the device headroom. Series coupling has also
been demonstrated with linear-region devices stacked below the switching
transistors [7].

3. Back-gate-coupled QVCO, in which the two oscillators are coupled using the
back gate of −gm switching transistors [8]. The back-gate coupling mechanism
necessitates triple-well CMOS process availability and introduces the possibility
of forward biasing the intrinsic bulk-substrate diode.

4. Other methods include inductively coupling the common source node of two
oscillators [9] and transformer coupling [10], both of which require extra die
area resulting from using additional inductors.

As explained later in Sect. 7.4.2, we have attempted to address these limitations
by introducing oscillator coupling based on time-varying source degeneration of
cross-coupled RF transistors in differential oscillator.

7.3 BAW Technology and MEMS-Assisted RF Design

7.3.1 BAW Resonator as Tuning Element in RF Design

In this subsection, an overview of BAW technology and its scope for use in
integrated circuit design is presented. Figure 7.4(a) shows the cross section of a
thin-film bulk acoustic wave (FBAR or BAW) resonator.

The BAW design consists of a freestanding membrane containing a piezoelectric
material, aluminum nitride (AlN), sandwiched between two molybdenum electrodes
[11]. The resonance mechanism is based on the energy exchange between the
mechanical and electrical domains. The electrical signal induces a mechanical
displacement in the piezoelectric film, generating acoustic waves. In turn, this me-
chanical displacement itself induces an electric field, creating a resonant condition
at a particular frequency. The high Q results from high acoustic isolation due to an
air interface on both sides of the resonator, resulting in very little acoustic power
dissipation during the membrane motion at resonance.

One of the properties of BAW resonator that is of interest for radio frequency
circuit designers is the much higher quality factor (Q) available than any other
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Fig. 7.4 (a) Cross section
of BAW resonator and (b)
BAW equivalent electrical
model for simulation ( c©2008
IEEE. Reprinted, with
permission, from [3])

on-chip resonant structure. For the purposes of circuit co-simulation of BAW
resonators using standard tools like SpectreRF, the fundamental resonance mode can
be modeled using the modified Butterworth–Van Dyke model (MBVD), as shown in
Fig. 7.4b, where C0 represents the parallel plate capacitance of the BAW resonator
[12]. As shown in (7.2), the oscillation frequency of an oscillator operating at the
parallel resonance is [13]:

fosc = fs ·
√

1+
Cx

CT
, (7.2)

where fs is the series resonant frequency of a BAW resonator and is modeled by Lx

and Cx, and CT is the total capacitance accounting for C0 and any capacitive loading
from CMOS circuitry. The series and parallel loading effects of CMOS circuitry
on the BAW resonator are represented by Zs and Zp, respectively, with Rx and R0

representing resonator losses.
Though BAW resonators typically have an unloaded Q greater than 1,000 for

resonators fabricated in the 0.5 –7.5 GHz frequency range, the real impedance at the
parallel resonance is around 1 kΩ . In other words, the extremely high Q for BAW
resonators does not directly translate into a corresponding higher value of parallel
resistance as an inductor would, avoiding the need for an extremely large circuit
impedance to avoid detuning the resonator. This can be further understood with the
aid of a simulated plot of impedance versus frequency for a BAW resonator as well
as for an on-chip LC tank (Q≈10), shown in Fig. 7.5.

Even though both resonant tanks are tuned to approximately 2.1 GHz, there
are significant differences in the impedance profile. At low frequencies, the BAW
resonator is capacitive and exhibits a high impedance, while the on-chip LC tank is
inductive at low frequencies and allows DC current flow. The LC tank exhibits one
low-Q resonance with a parallel resistance of approximately 800 Ω . At its series
resonance, the BAW resonator impedance is real with a value less than 5 Ω , while at



194 S.S. Rai and B.P. Otis

Fig. 7.5 Simulated impedance magnitude versus frequency for BAW and LC tank. The maximum
impedance of BAW at parallel resonance is around 1 kΩ ( c©2008 IEEE. Reprinted, with permis-
sion, from [3])

the parallel resonance, the impedance is real with a value greater than 1 kΩ . From
RF designers’ perspective, we can visualize BAW resonator as a tuning element that
replaces on-chip inductor for frequency tuning of RF oscillators.

RF oscillator design using these high-Q BAW resonators mainly suffers from the
following disadvantages:

1. Low tuning range: Because of their extremely high quality factor, the tuning
range of BAW-tuned oscillators is extremely narrow. Current research involves
techniques like widening the tuning range of BAW-tuned VCOs using negative
capacitance [14]. Ultimately, there is a direct trade-off between phase noise and
tuning range for BAW-tuned RF oscillators.

2. Integration: Even though BAW resonators have extremely small form factor,
which bodes well for the integration of MEMS with CMOS processes and
miniaturizing RF systems, they are most often implemented off chip and present
assembly challenges.

3. Temperature stability: The BAW resonators have a temperature coefficient of
approximately −30 ppm/◦C. This issue can be addressed using either on-chip
temperature compensation techniques or by exploring ways to perform mechanic
temperature compensation.

Similar to frequency stabilization efforts that are commonly used for quartz
crystal references, we can address temperature instability using an on-chip real-time
temperature calibration of BAW-tuned oscillator. A conceptual example is shown in
Fig. 7.6. The on-chip temperature calibration using a discrete switched capacitor
array is performed as a two-step process:
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Fig. 7.6 Proposed real-time temperature calibration of BAW-tuned oscillator

1. Sensing, amplifying, and digitizing temperature variations: This can be accom-
plished by a combination of PTAT temperature sensor, a high-gain switched
capacitor amplifier and a high-resolution ADC.

2. Fine frequency tuning using a lookup table (LUT): A prestored temperature
compensation profile can be stored in an on-chip SRAM. The ADC addresses the
LUT as the temperature changes, resulting in an appropriate frequency correction
capacitor setting.

Research in this space is aimed at eventually providing thin-film quartz-free
frequency references. In addition to temperature drift, a calibration step must correct
any manufacturing variations. As shown in Fig. 7.6, calibration can be accomplished
using standard MOS varactors, while storing the calibration data in on-chip non-
volatile memory (e.g., floating gate (FG) analog memory cells).

A quartz-free RF frequency reference would exhibit a phase-noise profile
characteristic of a free-running oscillator. Figure 7.7 shows the measured phase
noise for a differential 1.5-GHz GPS-band 300-µW oscillator.

The far-out phase noise is better than −150 dBc/Hz at 1-MHz offset. Since the
close-in noise is not locked to a low-frequency reference, the integrated jitter can
suffer. Tackling the frequency stability and the close-in phase-noise challenges of
BAW-based references is a topic of current research [15].
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Fig. 7.7 Measured phase noise of BAW-tuned oscillator at GPS frequency

7.4 BAW-Tuned QVCO Analysis

This section presents the analysis and implementation of a BAW-based QVCO
(BQVCO). BQVCO design is a two-step process:

1. CMOS/BAW codesign of differential oscillator core.
2. The coupling of two symmetrical oscillator cores for quadrature signal

generation.

The design focus is optimization for ultralow power consumption, I/Q quadrature
accuracy, and low phase noise. These circuit techniques are also applicable for
design of RF QVCOs using on-chip passives. Additionally, a phase correction loop
is proposed for autocalibration of I/Q phase imbalance.

7.4.1 RF Oscillator Design Using BAW Resonators

The differential oscillator circuit topology must drive the BAW resonator sym-
metrically and excite its parallel resonance while maintaining a sufficiently high
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Fig. 7.8 BAW-based
differential oscillator ( c©2008
IEEE. Reprinted, with
permission, from [3])

impedance at resonance to avoid detuning the mechanical resonator. In many
traditional integrated differential oscillators, the negative resistance of the sustaining
amplifier is achieved through a cross-coupled transistor pair. Looking into the cross-
coupled pair, a wideband, DC-to-RF negative resistance is created. To achieve
oscillation at a specific frequency, a parallel LC load is used to provide high
impedance at one frequency, as shown in Fig. 7.5. At this particular frequency, the
total tank impedance is negative and oscillation occurs. The bias current can conve-
niently be provided through the same inductors that tune out the tank capacitance.
A BAW resonator-based differential oscillator requires a circuit topology, satisfying
the following requirements:

1. Low-frequency stability: The resonator can be shunted across the cross-coupled
pair, providing a high-Q response at the parallel resonance to set the oscillation
frequency. However, at low frequencies, the resonator presents a high impedance
(as shown in Fig. 7.5). Thus, the circuit would be DC unstable if presented with
a broadband negative resistance.

2. Loaded Q: Bias current must be supplied to the cross-coupled pair without de-
tuning the BAW resonator at RF frequencies. Thus, a high-impedance differential
circuit environment at high frequencies is required.

3. Common-mode control: A fully differential high-impedance bias circuit necessi-
tates common-mode control over the oscillator core.

Current sources could be used to supply bias current to the cross-coupled pair
without detuning the resonator, but would result in low-frequency instability. One
way to circumvent this problem is to design a high-pass response into the cross-
coupled pair negative resistance. This is realized by using separate current sources
for the cross-coupled pair and coupling the sources through a capacitor [16]. At
low frequencies, the cross-coupled pair experiences a large degeneration impedance,
reducing the negative resistance. At high frequencies, the sources of cross-coupled
pair interact, providing full transconductance from the cross-coupled pair. The
schematic of a BAW-based differential oscillator core is shown in Fig. 7.8.
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It can be shown that the differential impedance looking into the cross-coupled
pair is given by

Zcc =− 2
gm

(
1+

gm

2sCs

)
. (7.3)

Thus, at high frequencies, the structure provides a negative resistance of −2/gm.
If Cs is large, low-frequency instability is possible due to the inductive nature of
the capacitively degenerated cross-coupled pair interacting with the BAW parallel
plate capacitance. This resonance would cause a parasitic oscillation if the loop
gain exceeded 0 dB following Barkhausen’s criterion, which could be attenuated by
reducing Cs. However, reducing Cs increases the negative resistance pole frequency
in (7.3), reducing the oscillator loop gain at the desired resonance. Thus, a proper
choice of Cs is crucial for stable and efficient oscillation. The use of BAW resonators
in place of an LC tank necessitates a common-mode feedback circuit, which was
implemented using resistive common-mode sensing and a single-stage operational
transconductance amplifier (OTA). To avoid detuning the BAW resonator, the
sensing resistor should be significantly larger than the effective resonator impedance
at the parallel resonant frequency (shown in Fig. 7.5). The common-mode voltage is
adjustable by changing the reference bias voltage of the OTA.

7.4.2 Coupling Mechanism and BQVCO Topology

As explained in Sect. 7.2.3, the different coupling mechanisms reported in literature
exhibit multiple trade-offs. We propose to address those issues using a circuit
topology employing a new coupling mechanism. Figure 7.9 shows the proposed
BAW QVCO architecture with two differential oscillator cores coupled in antiphase
for quadrature signal generation.

The voltage headroom and parasitics added by the quadrature coupling transis-
tors should be minimized to allow low supply voltage and maximum tuning range,
respectively. We propose the use of differential triode-region switching transistors
placed in series with the source decoupling capacitor (Cs). These transistors,
driven by opposing oscillator core, degenerate the cross-coupled pair, effectively
modulating their negative transconductance. In absence of any signal injection from
the second core, the effective small-signal transconductance, GM, is approximately
given by gm/(1+ gm/gds), where gm is the intrinsic transconductance of cross-
coupled switching transistors and 1/gds represents the on-resistance of coupling
transistor operating in the linear region. 1/gds is a time-varying parameter in
this design, as an oscillating signal is applied to the coupling transistors for
quadrature coupling of two oscillator cores. As a result, the cross-coupled oscillator
transconductance is time-varying and phase-locked to the opposing oscillator core.
Compared to conventional QVCO coupling methods, this coupling mechanism
consumes no voltage headroom enabling operation at low power supplies. For stable
oscillation, the transconductance of each cross-coupled switching transistors must
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Fig. 7.9 BAW-based quadrature voltage-controlled oscillator ( c©2008 IEEE. Reprinted, with
permission, from [3])

be greater than 2/Rp. The sizing of the switching devices presents a trade-off
between transconductance efficiency and device fT degradation. In this work,
the cross-coupled transistors are sized for moderate inversion operation with an
inversion coefficient (IC) of approximately 0.3. Future technology nodes will allow
RF circuits biased into increasingly weak levels of inversion, allowing higher
transconductance efficiencies for a given device fT [17]. Coarse frequency tuning
of the QVCO is achieved using a digitally controllable capacitor bank at each
output node. The MOS switches controlling discrete capacitor switching has been
optimized to avoid detuning of BAW resonator.

7.4.3 Comparison of BAW- and LC-Stabilized Oscillators

Both QVCOs were implemented in a 0.13-µm 8-metal CMOS process. A micro-
graph of the assembled QVCO chip is shown in Fig. 7.10.

The CMOS chip is wirebonded to two frequency-matched BAW die. An LC
QVCO using an identical oscillator topology is placed on the same die for
direct comparison, which utilizes two on-chip 7-nH inductors with unloaded Q of
approximately ten in place of the BAW resonators. Figure 7.11 shows the measured
quadrature signals generated with the BQVCO.

The coupling transistor bias is set to minimize I/Q phase error. The measured I/Q
phase error for both the BAW- and LC-based QVCOs is less than ±1◦, as limited by
the test setup. A comparison of the measured frequency spectrum with 1-MHz span
and resolution bandwidth of 5 kHz for the BAW and LC QVCOs, both operating
at a 600-µW power consumption and 1-V power supply, is shown in Fig. 7.12. The
significantly higher unloaded Q provided by the BAW resonators (approximately
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Fig. 7.10 Chip micrograph of BAW and LC QVCO ( c©2008 IEEE. Reprinted, with permission,
from [3])

Fig. 7.11 Measured BAW
QVCO quadrature sinusoid
output ( c©2008 IEEE.
Reprinted, with permission,
from [3])

1,500) compared to the integrated LC tanks (approximately 10) clearly improves
the quality of the frequency spectrum and thus the phase noise.

The high Q mechanical resonance, however, greatly reduces the tuning range of
the BQVCO to 1.5 MHz. The sensitivity to capacitance variation for the BAW and
LC oscillators is given by (7.4) and (7.5), respectively:

δ fosc

δCT
= fseries

−Cx

2C2
T

, (7.4)
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Fig. 7.12 Measured BAW- and LC- QVCO spectra ( c©2008 IEEE. Reprinted, with permission,
from [3])

Fig. 7.13 Measured BAW- and LC-QVCO phase noise ( c©2008 IEEE. Reprinted, with permis-
sion, from [3])

δ fosc

δC
=

−C−3/2

4π
√

L
. (7.5)

While severely limiting the tuning range, this insensitivity to change in capaci-
tance results in the ability to perform fine-grained discrete frequency control with
relatively large switched capacitors. The LSB of the capacitor array corresponds to
60-kHz (30 ppm) change in carrier frequency for BQVCO, with a frequency sensi-
tivity of −0.006 MHz/fF. The LC QVCO achieves a tuning range of approximately
300 MHz, with a frequency sensitivity of −1.6 MHz/fF. The measured phase noise
of both oscillators operating at 600 µW, overlaid for comparison, is provided in
Fig. 7.13.
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Table 7.1 Prototype BAW
and LC QVCO specifications

BAW QVCO LC QVCO

Technology 0.13 µm CMOS 0.13 µm CMOS
Center frequency 2.1 GHz 2.2 GHz
Tuning range <1% 13.6%
Vdd 1 V 1 V
Power consumption 600 µW 600 µW
Phase noise @ 1 MHz −143.5 dBc/Hz −110.7 dBc/Hz
FOM 212.1 dB 179.7 dB
Active CMOS area 290×360 µm 440×1,040 µm

c©2008 IEEE. Reprinted, with permission, from [3]

The phase noise for the BQVCO is −143.5 dBc/Hz at 1-MHz offset from the 2.1-
GHz carrier frequency. The LC QVCO achieves a phase noise of −110.7 dBc/Hz at
1-MHz offset from the 2.2-GHz carrier. Although the design value is 600 µW, the
BQVCO achieves reliable startup at a minimum power consumption of 250 µW from
a 1-V power supply. The standard FOM for oscillators is given by the following:

FOM = 10log

[(
fo

Δ f

)2 1
L(Δ f )×Pdiss |mW

]
. (7.6)

The performance summary for the BQVCO and LC QVCO is presented in
Table 7.1. The BQVCO operating at its nominal 600-µW operating point achieves a
FOM of 212.1 dB, which exceeds any previous published QVCO implementation.
The FOM of the LC QVCO operating at 600 µW at a 1-V power supply is 179.7 dB,
which is comparable to other published LC QVCOs.

7.4.4 Quadrature Autocalibration Loop

As explained in Sect. 7.2.1, I/Q amplitude and phase matching is the key to defining
quadrature modulator efficiency in RF systems. Amplitude control loops for RF
oscillators have been researched and well documented. One of the fundamental
problems with quadrature-coupled VCOs is the error in the 90◦ phase relation.
Quadrature imbalance has multiple negative effects in a digital transceiver, including
a reduction in image rejection and degradation of signal-to-noise ratio at the
detector. For a quadrature VCO using the two-core coupling implementation, the
phase accuracy is mainly determined by frequency matching between the resonant
tanks, parasitic capacitances, device mismatches, and mutual coupling between
inductors. For on-chip LC-tuned QVCOs, inductive coupling between tanks has
been shown to introduce systematic phase error [18]. BAW-tuned QVCOs, on the
other hand, exhibit very little tank coupling. However, frequency mismatch between
two high Q resonant tanks in BAW-based cross-coupled oscillators can result in I/Q
phase offset error.
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Fig. 7.14 Proposed phase
calibration architecture for
RF QVCO

Shown in Fig. 7.14, we propose a new quadrature correction scheme that will
provide a large improvement in quadrature accuracy for any RF QVCO. Our
technique involves an analog feedback loop that drives the phase error to zero.

The feedback point is the differential control of RF varactors that controls the
frequency of the two oscillators. Differential adjustments of the varactor control
voltage modify the natural resonant frequency of the oscillator tanks and thus
modulate the phase relation between the oscillator outputs. To detect the phase
relation, we make use of the following trigonometric identity:

sin(ω1t +θε) ·cos(ω2t) =
1
2

[
sin((ω1 +ω2)t +θε)+ sin((ω1 −ω2)t +θε)

]
, (7.7)

where the sine and cosine terms represent the I and Q outputs of the QVCO and
θε is the error of the phase relation at the output of the QVCO. If the output of the
operation is low-pass filtered, the output becomes

1
2

[
sin((ω1 −ω2)t +θε)

]
. (7.8)

Since the two oscillators are frequency locked, ω1 = ω2. Thus, the output
becomes

1
2

[
sin(θε)

]
, (7.9)

which provides a zero DC output with a zero phase error.
The differential I and Q outputs of the QVCO are mixed by a pair of double-

balanced Gilbert-cell mixers. Since the I/Q inputs exhibit different phase shifts
through the mixer, phase imbalance in the signal path is introduced. As shown in
Fig. 7.15, two mixers can be used to cancel the phase offset that exists between the
upper and lower inputs of the traditional Gilbert cell. The outputs of the mixer are
added in the current domain and are subsequently low-pass filtered, leaving a fully
differential DC term that is proportional to the phase error. A fully differential OTA
is used to drive the phase error to zero by feeding back to differential varactors
controlling the QVCO core oscillation frequency. Simulation results suggest that
this technique can reduce a 5◦ phase error (induced by tank mismatch) to less
than 0.5◦.
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Fig. 7.15 Quadrature mixer using two Gilbert cells

7.5 Conclusion

BAW resonator-tuned quadrature oscillators offer compelling power and noise per-
formance improvements over traditional LC-tuned oscillators. A new time-varying
source-degenerated oscillator coupling mechanism is proposed for quadrature
signal generation. The combination of a high-Q mechanical resonator and source-
degenerated quadrature coupling technique mitigates the oscillator power/phase
noise trade-off and reduces the necessary circuit headroom. The same circuit
architecture was demonstrated with an on-chip LC tank for comparison. Eliminating
the need for on-chip inductors significantly reduces the necessary die area at the
expense of additional assembly complexity.

The use of MEMS components into RF circuits has resulted in systems with
superior performance. As RF designers, we need to continually explore the immense
potential of high quality factor MEMS passives in communication systems. A very
important step will be inclusion of MEMS passive models in design libraries of
commercial CMOS processes. Extensive ongoing research in the field of MEMS-
assisted RF designs will address design of other critical RF blocks and will
revolutionize our existing wireless communication systems.
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Chapter 8
Tunable BAW Filters

Stéphane Razafimandimby, Cyrille Tilhac, Andreia Cathelin,
and Andreas Kaiser

Abstract Most current radio receivers use SAW bandpass filters for band selection.
Their center frequency depends on the dimensions of the interdigital structure.
Therefore, in the next few years, SAW technology will face some fabrication
process limits because of the need of higher operating frequencies. BAW resonators
are emerging as an alternative technology. One of the potential advantages is the
compatibility of the BAW process with standard silicon processing technology.
BAW resonators exhibit high Q factors around 1,000 which make them very
attractive for low insertion loss RF filters. Nevertheless, process dispersions on the
thickness of AlN lead to a shift of the BAW resonator characteristic frequencies and
thus a shift of the filter’s center frequency. Moreover, BAW resonators suffer from
thermal drift of around 20 ppm/◦C. Therefore, the need of designing a tunable filter
and an automatic tuning circuitry appears for SoC in order to correct process and/or
temperature deviations. After presenting the way of synthesizing BAW filters for a
given mask, the feasibility of tuning a 2-GHz bandpass BAW filter is demonstrated
in this chapter by a very first flip-chip assembly of a BAW solidly mounted resonator
(SMR) die on the top of a BiCMOS 0.25-µm chip.
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8.1 Tunable BAW Filter Synthesis and Its Physical
Implementation

8.1.1 BAW Resonator

BAW resonators are typically composed of three parts: electrodes, a piezoelectric
layer, and an isolation part like an air gap for TFBAR (thin-film bulk acoustic
resonator) or a Bragg reflector for SMR (solidly mounted resonator) (see Fig. 8.1).
The principle of the isolation part is that a change in the impedance affects the
amount of acoustic energy that is reflected and transmitted. Creating a discontinuity
at material boundaries allows breaking the transmission of an acoustic wave in the
materials. Hence, a Bragg mirror consists of several pairs of alternatively high and
low acoustic impedance λ/4 material layers. Thus, most of the signal is reflected in
the piezoelectric material and not transmitted to the substrate.

8.1.2 Filter Topologies

8.1.2.1 Ladder Filter

In this chapter, we denote the BAW resonator’s impedance in the series branch
by Rs and the BAW resonator’s impedance in the parallel branch by Rp. As BAW
resonators behave like a short circuit at fs and like an open circuit at fp, the series
frequency of Rs is aligned to the parallel frequency of Rp in order to create a
bandpass filter function. For this, a loading material is added on the top of Rp to
reduce its resonant frequencies as illustrated on the SMR of Fig. 8.2. In the case of
a ladder filter, fs of Rp and fp of Rs create the notch frequencies. In fact, Rp at fs

forms a RF path to ground, and Rs at fp cuts the RF signal transmission. If Rs and Rp

have the same size, that is, the same Co, each cascaded stage brings 6-dB attenuation
out of the band (see Fig. 8.2).

Fig. 8.1 Different types of BAW resonators
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Fig. 8.2 Ladder filter principle

8.1.2.2 Lattice Filter

The lattice filter can be analyzed in the same way as the ladder filter. No notch
frequency is produced because of the existence of a perpetual RF path. However,
a second means of using lattice filter can be explained by analyzing the transfer
function of such a structure (see Fig. 8.3a). The filter transfer function is defined by

S21 =
R0(Rs −Rp)

(Rs +R0)(Rp +R0)
. (8.1)

When series and parallel arm impedances are equal and their phases are opposite,
we obtain an optimal condition to transmit the RF signal (see Fig. 8.3a). Contrary
to that, when the impedances of the different branches are equal in magnitude and
phase, a high attenuation is obtained. In fact, this new way of understanding lattice
filters is based on a phase constructive phenomenon (see Fig. 8.3b). Considering
BAW lattice filter, only one BAW resonance is thus useful. The low-impedance
resonant frequency fs is therefore preferred, and the antiresonance is no more useful.

To tune this type of filters, we have to tune the resonant frequency of each
resonant structure unless one of the resonant frequencies can be made no more
useful. Notice that a common control quantity between Rs and Rp can make the
tunability easier. Finally, lattice filters exhibit a better selectivity than ladder filters.
Therefore, for a same given filter mask, lattice structures employ a lesser number of
BAW resonators. Furthermore, the differential structure eliminates the constraints
on even-order nonlinearity.
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Fig. 8.3 Lattice filters principle. (a) Classical one. (b) Constructive phenomenon

8.1.3 Filter Synthesis

The technique used to synthesize a tunable BAW filter is based on a classical design
technique for polynomial LC filters in which the coupling concept is used.

In order to realize a tunable BAW filter, the first step is to define or to choose
a synthesis method that allows introducing the electrical model of the BAW
resonator. A brief review of classical filter synthesis exhibits two theories: the image
parameters theory and the effective parameters theory. Only the second one seems
to be useful. While the starting point of the first method is the effective attenuation
(directly linked to the insertion losses) which characterizes the behavior of the
network, the effective parameters allow more freedom in the architecture, which in
our case seems sensible, given the nature of the architecture to be realized. Indeed,
the main goal is to synthesize a tunable filter using BAW resonators which have a
motionless electrical model. Finally, the results obtained by the image parameters
theory can be likened to a particular case of those provided by the effective
parameters theory because, for a set of given parameters (ripple, bandwidth. . .), a
unique architecture is possible, contrary to the multitude of architectures obtained
with the effective parameters. It turns out that the method of the effective parameters
is more rigorous than the image parameters method because it defines the effective
attenuation exactly.

The transfer function of the chosen filter can be defined by several categories of
functions, of which the most common are Butterworth, Tchebychev, and generalized
Tchebychev, which will be not detailed in this chapter.
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Fig. 8.4 Principle of coupling method with (a) a capacitor as first element and with (b) an inductor
as first element

The filter synthesis is generally based on an equivalent electrical schematic of
the device with lumped elements. This synthesis allows, from the circuits theory, to
determine the values of the components according to the chosen filtering function.
In order to synthesize some filters (lowpass, bandpass, highpass. . .), a lowpass
prototype is necessary at the beginning. This one is defined thanks to its own
lossless transfer function. We then use classical transformation principle to obtain
the equivalent bandpass filter. Despite a very simple method, it is impossible to
create a BAW filter with good performance because of the use of inductors with
critical Q in the direct signal path.

The bandpass filter synthesis by the coupling method introduced by Milton
Dishal in the networks synthesis theory [1, 2] has therefore been preferred. The
word coupling generally refers to a parasitic effect between an element to another
one (see Fig. 8.4).

The two coefficients used in this method are defined as

qi =
ω3dBLi

Ri
=

ω3dBCi

Gi
, (8.2)

ki j =
ωi j

ω3dB
=

1

ω3dB
√

Li jCji
, (8.3)

where qi corresponds to the quality coefficient of the reactive element i and ki j is the
coupling coefficient which is actually equal to the ratio between the pulsation ωi j of
the i and j elements and the filter cutoff pulsation ω3dB.

The bandpass filter consists of a coupling between series or shunt resonators. As
the BAW electrical model is based on series LC resonator, we will take the coupled
series resonator arrangement.

The obtained ladder configuration consists of a series resonator coupled through
inductive or capacitive inverters, networks. The negative elements of the inverter
will be integrated in the BAW model in the next part. In fact, the k coefficient can be
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Fig. 8.5 (a) 4th-order ladder filter. (b) Transformation to a BAW ladder filter

identified to a coupling coefficient between two adjacent resonators, whereas the q
coefficient represents the input–output adaptation. The bandwidth is strongly linked
to the coefficient k, while the ripple depends on k and q.

The impedance and admittance inverters are ideal coupling networks that have
the interesting property to be able to change their impedance without changing the
central frequency of the filter. It is thus possible to adjust the filter bandwidth by
changing the inverter or the values of its elements [3].

Let’s see the different steps implemented for a bandpass filter developed for
a WCDMA post-LNA filter. The obtained fourth-order ladder filter uses two
symmetrical cells (see Fig. 8.5a). To have only two different BAW resonators for this
four poles filter as used in a classical BAW filter and thus to simplify the integration
process, the −C23 capacitors have been artificially introduced in each half-arm of
the input–output ladder filter. Then, in order to recover a new schematic equivalent
with the original one, new elements (Cti and Rti) must be introduced in the new
schematic. The new capacitors Ct and the new source and load resistances Rt are
defined as follows (see Fig. 8.5b):
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Fig. 8.6 Filter synthesis method. c©2008 IEEE. Reprinted, with permission, from [4]

Cti =
C23

1+(ω0C23Ri)2 , i = S,L, (8.4)

Rti = Ri +
1

Ri(ω0C23)2 , (8.5)

where Ri is either the source or the load resistance.
As a differential structure is less sensitive to substrate noise, ensures high second-

order linearity, and eliminates the needs of a single to differential conversion,
“Bartlett’s Bisection Theorem” [2] (see Fig. 8.6a) is then applied to transform the
single ladder filter into a differential lattice one. By adding a shunt capacitance
C0 (Fig. 8.6b) to the classical LC resonant circuit, it is possible to generate a BAW
resonator equivalent model. However, this modifies the filter response. That is why a
shunt inductance Lad is added to the schematic in order to resonate with C0 allowing
to obtain an equivalent circuit to the initial series LC resonator around the filter
center frequency. Figure 8.6c presents the synthesized BAW filter [3].
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Fig. 8.7 (a) Electrically tunable filter. (b) Impact of the inductor’s Q factor on in-band losses.
c©2006 IEEE. Reprinted, with permission, from [5]

For a perfect equivalence, the inductance Lad should be replaced by a negative
capacitor in order to compensate C0 and to be directly similar to a LC circuit without
any disturbances. The final electrically tunable filter schematic is given in Fig. 8.7a.
Figure 8.7b illustrates the need of high-Q inductors for an implementation with
reduced in-band losses.

8.1.4 BAW Resonator Tuning

The goal is to correct a filter’s process and temperature dispersions in the frame of
the given filter mask. In classical use of ladder and lattice filters, both series and
parallel frequencies of BAW resonator have to be shifted by the same ratio in order
to shift the filter shape properly without any changes. A series capacitor will increase
the series resonant frequency in the theoretical limit of the antiresonance frequency
that remains constant (see Fig. 8.8a). A parallel one will decrease the antiresonant
frequency while it makes the series frequency unchanged (see Fig. 8.8b).

A tuning component with an opposite phase allows to reach the opposite
phenomena. A series inductor reduces the series frequency (see Fig. 8.8c), whereas
a parallel one will increase the parallel frequency (see Fig. 8.8d). Nevertheless,
inductors create additional resonances by interacting with the Co capacitance of
BAW resonator [6].

Integrated variable capacitors (varactors) in advanced process have only a limited
tuning range. Controlling both resonant frequency fs and antiresonant frequency fp

with only variable capacitances is not achievable on a large band.
Nevertheless, as seen before, the second principle of lattice filter appears as

a more interesting alternative. Indeed, the use of the BAW resonator resonant
frequency ( fs) by eliminating the antiresonant frequency offers a better opportunity
to make lattice filter tunable. For this purpose, a parallel inductance will be used
in order to resonate with Co at fp. Thus, only the resonant frequency (i.e., fs)
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Fig. 8.8 Tuning a BAW resonator (a) with a series capacitance, (b) with a parallel capacitance,
(c) with a series inductor, and (d) with a parallel inductor

will be exploited. Using this inductance pushes away fp rather than eliminates it
which is nevertheless sufficient. It then acts like a resonant cell whose resonant
frequency will be adjusted by a series capacitance. Notice that switched capacitors
could be a very good implementation for reconfigurable filters. However, care has
to be taken about their Q factor. The next section will present the different solutions
and considerations for the parallel component of the tuning cell.

8.1.5 Implementation of the Tuning Cell: Design
of the Parallel Component

Table 8.1 summarizes the major trade-offs for the silicon integration of a high-Q
inductance circuitry. A Si integrated spiral in the BEOL classically meets no more
than 20 as a Q factor. An active inductor implemented using the gyrator technique
[7] showed high power consumption and noise and linearity issues for the given
application. The final choice went toward a spiral inductor with Q-enhancement
circuitry.
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Table 8.1 Trade-offs for the integration of a high-Q inductor

Integrated spiral inductors Active inductance Q-enhanced inductors

Pros Easy to implement Low area High Q (tunable)
No power consumption High Q (tunable)

Cons Large area Prohibitive power
consumption

Large area

Low Q factor Noise and linearity
performances

Power consumption

Ibias

Vss
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Fig. 8.9 (a) Q-enhanced inductor. (b) Variation of Q vs. Ibias

8.1.5.1 Q-Enhanced Inductor

Figure 8.9 presents a proposed circuit for a Q-enhanced inductor. Part of the losses
of the spiral BEOL inductor is compensated by a current controlled negative resistor
implemented using the gyrator technique.

This Q-enhancement circuitry allows to reach a Q factor of 80 for a current
consumption of 350 µA. A negative resistance compensates the resistive part of
the inductor in a narrow frequency band. A NMOS cross-coupled pair provides
a −2/gm resistive impedance. Thus, adding a second PMOS cross-coupled pair
allows increasing the negative resistance magnitude for the same tail current [8].
This biasing current controls the Q-factor inductance (see Fig. 8.9). In order to
prevent the oscillations of shunt Q-enhanced inductor and the BAW resonator, the
negative resistance magnitude must be less than the resistive part of the impedance
at its characteristic frequencies.

In fact, a second resonance at 1/(2π
√

L(Cva +C0)) is created by adding the
shunt inductance. Even though it does not impact on the filter response as this
extra resonance is identical on parallel and series arms of the presented lattice filter,
the antiresonant frequency can be eliminated by generating a negative capacitance
|−C|=C0.
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8.1.6 Filter with Q-Enhanced Inductors

8.1.6.1 Physical Implementation of the Tuning Cell with Q-Enhanced
Inductors

For a better distribution of parasitic capacitances, the varactor block has been
placed after the couple {inductor, BAW resonator}. In fact, the inductance parasitic
capacitances (around 300 fF) create a capacitive divider if the varactor is placed
before this couple. In addition, the PMOS cross-coupled pair fixes the common
mode that we exploit to bias the varactor. This permits to eliminate one of the
coupling capacitances needed in series with the varactor. Thus, the varactor block
consists of a metal-insulator-metal capacitor of 25 pF, a 100 kΩ poly-resistor and
an NMOS varactor. Figure 8.10a shows the final tuning cell implementation, while
Fig. 8.10b exhibits its simulated impedance for different varicap tuning voltage.

Each BAW resonator of the synthesized BAW filter is replaced by its respective
tuning cell. Now, the filter tunability becomes a function of the tuning range of the
varactor while the transfer function depends on only one control voltage.

8.1.6.2 Simulation Results

As expected, 50 Ωscattering parameter analysis exhibits good results on this filter.
Indeed, in-band insertion losses are reduced by 1 dB thanks to the Q-enhanced
inductance. The tuning cell permits to correct 1.4% of shift on the piezoelectric
layer as Fig. 8.11 shows.

A third-order intermodulation of 16 dBm has been simulated in-band with two
tones at 2.14 and 2.16 GHz. A 5.2-dB noise figure has also been simulated.
Noise is mainly due to MOS transistors used in the negative resistance of the
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Fig. 8.11 (a) Tunable filter c©2006 IEEE. Reprinted, with permission, from [5]. (b) (1) Nominal
filter response, (2) Filter response with BAW resonator presenting 1.4% shift on the piezoelectric
layer thickness, (3) Filter response with BAW resonator presenting 1.4% shift on the piezoelectric
layer thickness after correction by the varactor control voltage

Q-enhanced inductance. Finally, it is interesting to notice that the low passband
cutoff frequency of the proposed tunable filter is defined at the frequency at which
series and parallel impedances are equal in magnitude but opposite in phase.

To demonstrate the validity of this tunable filter, two chips have been imple-
mented: the first one contains the 8 SMRs whereas the second one is the BiCMOS
0.25-µm SiGe technology part. They will be assembled by thermal compression
thanks to a flip-chip bumping process. While targeted at above-IC BAW technology,
we used flip-chip technology here to assemble an IC-die with an SMR die to
demonstrate the validity of the concept (cf. Fig. 8.12). However, the flip-chip
assembly has a negative impact on the insertion loss. Indeed, BUMP PADs add
interconnection losses and do not permit to optimize filter size. Their design rules
impose spatial constraints that allow balancing the pressure during the assembling
part. Besides, this filter architecture is compounded of eight high-value inductances
whose size is critical. And, to avoid the self-coupling, a minimum gap is effectively
required hence contributing to the increase in the filter size.

8.1.6.3 Measurement Results

The electrical characteristics of the SMRs used in the filter are summarized in
Table 8.2.

As stated in the first part of this chapter, the in-band ripple is dependent on
the ratio of filter’s branch impedances and also on the phase difference. The
measured filter in-band ripple (1.5 dB) is larger than the simulated one (0.8 dB)
and may be explained by the slight discrepancies between targeted and measured
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Fig. 8.12 (a) Measured maximum available gain for the RF filter transfer function (Curves (1)
and (2)) corresponding to Vctrl = 0 V and Vctrl = 2.5 V , respectively. (b) Photomicrograph of
BAW/IC assembly c©2006 IEEE. Reprinted, with permission, from [5]. (c) Cross section of
BAW/IC assembly with gold bump process c©2007 IEEE. Reprinted, with permission, from [9]

Table 8.2 SMR characterizations

Co Impedance Parallel SMR fp Series SMR fs

SMR Resonators (pF) at 2.4 GHz (GHz) (GHz)

Targeted 1.37 54 2.0528 2.1158
Measured 1.77 42 2.050 2.124

BAW resonator parameters in Table 8.2. The measured maximum available gain is
reported in Fig. 8.12a. An out-of-band rejection of 28 dB has been measured over
a wide frequency band. The first prototype exhibits an extra 2-dB insertion loss
compared to the post layout simulations [5].

Several factors may be responsible for this in-band gain degradation. First of all,
coupling between BiCMOS on-chip inductors is enhanced by the metallic plate of
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Fig. 8.13 Network theorem. (a) Removal of a series element. (b) Removal of a parallel element

the flip-chipped die. Secondly, the large chip area implies significant parasitics on
the access lines. Finally, the bump access resistance degrades the BAW resonator’s
Q factor.

The filter’s center frequency may be tuned over a 0.3% relative frequency band
that corresponds to a correction of a 0.6% error on the piezoelectric layer. Moreover,
two notch frequencies due to mismatch between impedances of series and parallel
branches appear near the passband.

Further optimizations should considerably improve performances of such filters
in the future. Extra efforts on the layout of a second tunable BAW filter have led to
constant and lower insertion losses in the filter’s bandwidth. Indeed, an improved
filter structure using less inductors, an increase in the BAW resonator’s Q factor and
above-IC integration of such filters will also minimize losses due to the parasitic
elements.

8.1.6.4 Filter Architecture with Reduced Inductor Count

The filter area can be reduced by simply decreasing the number of inductances.
The application of two useful network theorems [2] allows the conversion of the
8-inductance filter into a 4-inductance filter. Indeed, identical series or parallel
elements can be moved out of the series and parallel arms by strict equivalences
(see Fig. 8.13). This allows reducing the filter area by decreasing the number of
inductors.

Then, inductances have been halved by the parallel removal theorem. Neverthe-
less, in order to keep a symmetrical fully differential filter, the varactor blocks have
been duplicated on the opposite series branch. A filter with two classical lattice
cells (only composed of BAW resonators on its arms) linked by inductance-varactor
blocks has been obtained.
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Fig. 8.14 Negative capacitance: (a) principle ( c©2008 IEEE. Reprinted, with permission, from
[4]). (b) implemented circuit, and (c) its measurement result

In fact, lower insertion losses yield higher tunability. The resulting filter is
tunable on a ±1% tuning range as illustrated in Fig. 8.12a; thus, the targeted process
or temperature deviations can be totally compensated.

8.1.6.5 Inductorless Filter

As seen in Fig. 8.6, a differential active component with a 90◦ phase can replace
the parallel spiral inductors as done in [4] without introducing extra parasitic
resonances. This second type of tunable BAW resonator is presented in Fig. 8.14a.
It shows the need of an active circuitry equivalent to a negative capacitor in a
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given frequency band. For instance, a negative capacitance transformation may
be obtained with a cross-coupled transistor pair (see Fig. 8.14). If Ze = 1/( jωC),
ideally the input impedance looking into the cross-coupled pair will be equivalent
to a negative purely capacitive impedance −C/2 (see Fig. 8.14a). It is convenient to
take into account a more accurate transformation (see Fig. 8.14b) with gm, cp, and rb

(classical small-signal parameters of a bipolar transistor). The transformed negative
impedance can now be expressed as the sum of a negative resistance, an inductive
term and a negative capacitor.

A compromise needs to be found on the type of active device to be used for the
impedance inverter. The maximum operating frequency f1 implies a significantly
high value of gm to work at gigahertz frequencies. For reason of efficiency, bipolar
transistors are preferred to MOS devices because of a larger gm value for an
equivalent current consumption. Moreover, the inductive effect implies the need for
a small rb value. In that case, a MOS transistor with an optimum layout provides a
reduced rg value instead of a bipolar ones.

This structure of negative capacitance presents a negative resistance too, thus
permitting to enhance the equivalent Q factor of any element connected in parallel
at the output nodes. The diode-mounted NPN bipolar transistors are exploited to
obtain on one hand a potential drop and on the other hand a pole that increases the
voltage operating range.

Figure 8.15 shows the implemented schematic for the negative capacitance
circuit and the measured results. Post-measurement analysis has pointed out the
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existence of several discrepancies implying a lower |C| value than initially expected.
Nevertheless, a slightly modified redesign may permit to obtain a value around
−1 pF for a 200-mVp-p input dynamic range.

This second type of tunable BAW resonator (cf. Fig. 8.15a) has been then
integrated into a one-section lattice filter, as depicted in Fig. 8.15b.

The level of insertion losses is only 1 dB that allows satisfying the WCDMA
specifications, and the 15-MHz tuning range is sufficient to compensate the BAW
process variations. This architecture presents an excellent out-of-band rejection with
a minimum of −50 dB at 1 GHz from the central frequency (see Fig. 8.15c). This
new 2-GHz bandpass filter presents a 1-mm2 size area. It consumes 32 mW and an
in-band third-order intermodulation of −9.5 dBm has been measured.

8.2 Tuning Circuitry

8.2.1 Preliminary Discussion

Finally, the direct tuning method (cf. Fig. 8.16a) implies that the electrical block
to be tuned is taken off the signal path during the tuning period [10, 11]. This is
incompatible with mobile communication standards with time division multiplexing
mode. Thus, such a calibration becomes inherently impossible to conceive for
numerous standards unless the calibration can be operated before starting all
communication phases.

The master/slave technique corresponds to an indirect tuning method
(cf. Fig. 8.16b). This one is very convenient to address the tuning of filters and
is particularly used with Gm–C filters [12]. One of the approaches used for the
master/slave technique is to lock a given device referred to as the master circuit with
respect to a fixed time reference using well-known frequency synthesis methods
like PLLs and to use the generated quantity (usually the control voltage of the VCO)
to tune the slave circuit, which has to be composed of the same basic elements as
the master circuit. Parasitic elements added by the tuning circuitry can make the

Test signal

Filter

a b

Comparison
Circuit

Slave filter

Comparison
Circuit

Reference signal

Master
Circuit

Fig. 8.16 (a) Direct tuning principle. (b) Indirect tuning principle
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master cell environment varied with respect to the slave cell environment and thus
generate a shift in the master cell impedance, thus providing a bad correction. The
master circuit has to be representative of the slave circuit and to be as sensitive as
slave cell in a same amount.

Several tuning strategies may be foreseen for the automatic tuning of the
previously presented filters. The choice of the master and the slave circuit turns
out to be crucial. Obviously, for reason of size, the filter cannot be duplicated. In
this case, the different decision criteria can be the following:

• A bandpass filter has its central frequency defined when its phase is zero. A direct
tuning method could be exploited to detect the phase difference between the
output signal and the test signal feeding the filter’s input.

• As a control voltage allows to shift the BAW resonator impedances by the same
amount, one of the resonant frequencies of one of the tuning cells can be also
tuned and controlled by an indirect tuning system.

• Finally, as the low passband cutoff frequency of the proposed tunable filter is
defined at the frequency at which series and parallel impedances are equal in
magnitude but opposite in phase, a third solution consists of detecting impedance
magnitude by an indirect tuning method.

In fact, as the insertion losses of the filter arouse a shift between the frequency
at which the filter phase is null and its central frequency, the first proposed solution
turns out difficult to be implemented. Moreover, an extra, complex loop would be
needed to correct such a phase shift. On the other hand, distortion harmonics in the
reference signal will also create phase error by interfering with the phase detector
[11]. Therefore, only the two other solutions will be discussed in the following
section. They are applied to the BAW tunable filter given in Fig. 8.11.

8.2.2 Discussion on the Tuning Methods

8.2.2.1 Indirect Tuning Method: PLL with a VCO Master Cell

Among indirect tuning methods, the tuning of the resonant frequency of one of
the BAW-based resonators (in series or in parallel branches) can be implemented.
The BAW resonators can be exploited in a VCO structure and inserted in a PLL.
The type of the VCOs (series or parallel tank) will define the resonant frequency
to use. However, according to the operating principle of the filter, it turns out to be
mandatory to use the resonant frequency. Just notice that the required accuracy on
the phase detector is no more necessary in this PLL solution (see Fig. 8.17a).

The efficiency of this tuning technique implies several operation mode con-
straints. Firstly, oscillation amplitude has to be controlled to place the master
and the slave circuit in same operating mode. The negative resistance of the
Q-enhancement inductors can generate nonlinearities and disturb the lock of the
PLL. Moreover, the VCO has to be responsive to the filter sensitivity to process and
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Fig. 8.17 Example of
master/slave tuning circuit (a)
with a matched Pierce VCO
on the parasitic (b) and on the
useful (c) series resonant
frequency

temperature frequency deviations. The tuning cell exhibits two resonant frequencies.
The parasitic one is determined by the inductor value and by its two capacitors C0

and varactor capacitance value. This lower resonant frequency is very attractive for
reaching lower power consumption. Moreover, the plate electrode capacitor C0 is
dependent on the thickness of BAW resonators and thus could well characterize the
main BAW process dispersions. The main drawback is that the resonant frequency
of BAW resonators is also defined by all the other stacked materials. Therefore, it
seems to be unavoidable to exploit the useful resonant frequency. The series resonant
frequency can be used by placing the tuning cell in the direct feedback of the VCO
as can be done in Pierce configuration VCO (see Fig. 8.17b). Thus, naturally, the
VCO will oscillate at the frequency requiring less energy (which is the parasitic
frequency), and an extra trap resonant circuit has to be used to force oscillation
at the second resonant frequency (see Fig. 8.17c). However, this extra circuit inserts
parasitic capacitances contributing to supplementary mismatches and thus to a quasi
systematic tuning error.

This master/slave technique cannot be applied with this tuning cell but can be
convenient with the tuning cell using a negative capacitance. However, even in this
case, oscillating at 2 GHz needs relatively high area transistors loading directly the
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tuning cell and shifting the oscillation frequency toward the effective series resonant
frequency of filter’s BAW resonators. Matching the slave filter to the master VCO at
gigahertz frequencies is difficult. Their respective structures are very different and
do not naturally match. Extra capacitors in the oscillator core give rise to frequency
pulling which results in a nonnegligible tuning error.

An alternative solution is possible with an envelope detection to determine the
characteristic frequencies of the filter.

8.2.2.2 Indirect Tuning Method: Frequency-Locked Loop by Envelope
Detection

For this tuning method, we have to detect the frequency at which the two resonant
structures are equal in terms of impedance magnitude. If we limit the detection
frequency range, we are located in the frequency interval where both impedances
have opposite phase. In this way, by using two gain blocks proportional to Zs

(impedance of the series tuning cell) and respectively to Zp (impedance of the
parallel tuning cell) and by injecting a signal at a reference frequency, we are
able to compare the level of both impedances at this frequency (see Fig. 8.18) [13].
Associated to a low-pass filter, an envelope detector will provide this information.
A true bit (=1) will be generated by a comparator if the difference between Zs and
Zp (noted Δ ) is positive. Otherwise, a false bit (=0) will be generated.

The comparator output controls a successive approximation register (SAR)
associated to a DAC, which will adjust the tuning voltage to the appropriate
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value, i.e., where both impedances Zs and Zp are equal in magnitude. Indeed, the
low-frequency clocked SAR will increment the central frequency’s control voltage
by addressing adequate bits to the DAC block following a dichotomy tuning law.
The resonant structures will be shifted by the same amount while always being
fed by the reference signal. This tuning method will be applied till the sign of Δ
changes. The final control voltage value to be applied to the filter has been thus
found. Then, by injecting this control voltage to the filter’s control voltage, the
filter’s central frequency is maintained close to the reference frequency. Moreover,
a supplementary bit (CLEAR) may be added in the SAR module to launch the
tuning of the filter. According to the sensitivity of the filter, it is possible to tune
it continuously and automatically or only punctually.

Furthermore, the accuracy of the tuning circuitry is highly linked to the matching
of the gain blocks proportional to Zs and Zp and the resonant structures used
effectively in the filter. It also depends on the reference clock. Indeed, because of
time constant, the tuning circuitry needs to have enough time to reach the steady
state and then to come to the good detection. The slower the clock, the more exact
the decision. Finally, the DAC will define the steps of the control voltage and has to
be adapted according to the required sensitivity.

8.2.3 Implementation of the Frequency-Locked Loop Using
Envelope Detection

8.2.3.1 Principle of the Implemented FLL

The gain is proportional to the impedances of each branch as given in the following
equation:

Gs,p =
Zs,p

R+Zs,p
, (8.6)

where R is placed in the direct path and Zs,p is grounded (see Fig. 8.19).
To match the slave to the master cell, Zp and Zs have to be loaded by the same

capacitors seen by the respective slave impedances employed in the filter to be
tuned. On the other hand, in order to increase the accuracy of the detection, the
resulting output signal will be amplified before sampling its envelope magnitude.
Figure 8.19a exposes the first stage of the tuning circuitry with its amplifier stage
associated to the envelope detector. It allows to reduce the constraints of high-
frequency design by down-converting the tuning operating frequency in a MHz
frequency range. This pseudo-differential part has to be well matched. Indeed, the
error committed on the envelope detection is, in the first order, the same on the two
paths, reducing the error on the decision. This part of the circuit consumes 2.54 mA
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Fig. 8.19 (a) Down-converted part of the tuning circuitry and (b) microphotograph of the
master/slave system. c©2007 IEEE. Reprinted, with permission, from [14]

current under 2.5 V and exhibits a 3-dB gain. The envelope detector is directly dc
coupled with the amplifier output. It exploits the PN junction of a common collector
bipolar transistor as a diode (see Fig. 8.19a).

An OTA consuming 220 µA under 2.5 V has been designed as a comparator and
provide the decision bit equal to one when the Zs magnitude is greater than that
of Zp, otherwise a bit equal to zero. This bit called RESULT will control the SAR
whose time reference will clock the filter tuning. For the proposed SAR design, a
single D-type flip-flop is used in each bit cell which functions both as sequencer and
code register. This type of design is often referred to as the sequencer/code register
design [15]. It consumes 40 µA and can be clocked from 1 to 5 MHz. Furthermore,
to reduce the locking time at the beginning of the tuning sequence, the SAR is
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initialized to the midvalue of the control voltage interval, i.e. MSB = 1, all other bits
are 0. The bits are then adjusted according to the comparator output value starting
from the MSB going toward the LSB, the final value of the tuning voltage being
within 1 LSB from the ideal value [14].

The full circuit is assembled using a SiP method where the 0.25-µm BiCMOS
die and the BAW SMR die are contacted by a flip-chip process (see Fig. 8.19b). The
first chip contains 6 SMRs (four for the filter and two for the master cell) in an AlN
process provided by CEA/LETI and STMicroelectronics, whereas the second one is
processed in STMicroelectronics 0.25-µm SiGe:C BiCMOS technology.

8.2.3.2 Measurement Results

For testability reasons, the reference frequency has not been implemented and
would be provided by an external source. This source has been swept from 2.07 to
2.09 GHz with a step of 100 kHz and a 1-Vp-p amplitude. As depicted in Fig. 8.20a,
the displayed results represent the behavior of the filter control voltage versus the
reference frequency whereas the variation of the corresponding central frequency
is also drawn. The measured filter presents a constant 104-MHz bandwidth, and
its central frequency is controlled on a 10.5-MHz frequency range. Finally, the
obtained error is about 3.6 MHz that is less than 0.2% error whereas the tuning step
is 100 kHz. Furthermore, the tunability is facing the nonlinear capacitance variation
of varactors toward its control voltage. Implementing a nonlinear step for the DAC
could sort out such an issue.

Two reference clocks (1 and 5 MHz) have been tested. A quasi systematic error
is committed by the use of a faster clock because the decision has been done before
achieving the steady state. Figure 8.20b capture has been done for a 2.083-GHz
input frequency, and the measured signal is the filter control voltage.

One can observe the dichotomy function of the SAR-DAC stage. Rise time
is defined by the product of the decoupling capacitor’s varactor to load and its
decoupling resistors. It actually determines the clock frequency to use. Nevertheless,
the establishing time of the tuning circuitry is function of the error between the
targeted central frequency and the effective one. This value is included between 2
and 4 µs. Finally, according to the applied correction voltage, the tuning circuitry
consumes from 2.54 to 4 mA. However, if a punctual correction is sufficient, the
tuning circuitry can be turned off after storing the control voltage.

8.3 Conclusion and Perspectives

Both tuning cell prototypes—with Q-enhanced inductors and with negative
capacitors—validate the feasibility of synthesizing and designing tunable BAW
bandpass filter which is able to compensate the AlN process and temperature
dispersions. Measurements have showed good agreement with post-layout
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Fig. 8.20 Measurement results

simulations. But further work is still needed to decrease the in-band insertion losses
by the use of passive high-Q components. Moreover, it offers new perspectives on
filtering issues; for example, in the case of the tuning cell using a shunt inductor,
by taking a different value for inductances or varactors from the series resonator to
the parallel one, an extra resonant frequency can be exploited in order to obtain a
second bandpass filter at lower frequencies [16]. However, it still requires high-Q
parasitic resonant frequencies and thus the use of high-Q components in a very
large frequency band. In order to automatically correct the frequency deviations,
we need to associate a tuning circuitry to this BAW tunable filter. Therefore, a
master/slave technique which allows to digitally tune a tunable BAW filter’s central
frequency with respect to a single available reference clock has been proposed.
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This system is aimed at correcting process and temperature dispersions and at
tuning all types of lattice filters accurately. Instead of relying on, the sometimes
complex, PLL tunability, the whole flexibility has been moved to the proposed
master/slave scheme, which consists of envelope detection. The control frequency
range is limited by the tuning varactor range and can be made larger by the use of a
matrix of switchable capacitors. It could be suitable for a reconfigurable application
if a convenient filter is designed.

Thus, the intimate BAW/IC cointegration has been demonstrated with a STMi-
croelectronics 0.25-µm 2.5 V CMOS process and SMR resonators. From now on,
individual BAW devices may be seen as intrinsic parts of an IC process just like an
inductor or a capacitor. Thus, we may think of redefined circuit architectures taking
benefit of the large Q factor of such resonators. Typical examples of system blocks
where BAW devices are attractive are oscillators [9] and filters.
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Chapter 9
A MEMS-Enabled Two-Receiver Chipset
for Asynchronous Networks

Brian P. Otis, Nathan Pletcher, and Jan Rabaey

Abstract Although technology scaling of CMOS devices has allowed great
advances in device speed and digital computational efficiency, the quality and size
of on-chip passive structures have not enjoyed similar scaling. As a result, the power
consumption, physical footprint, and performance of modern integrated transceivers
are typically limited by their passive components. In this chapter, we explore the
benefits of augmenting CMOS ICs with high-quality RF MEMS resonant structures.
In addition to improving the performance of standard RF building blocks, these
RF MEMS components enable fundamentally new radio architectures. Various
techniques for utilizing RF MEMS resonators will be discussed. We introduce two
new receiver topologies based on these techniques: one is an always-on wake-up
receiver with an uncertain intermediate frequency (IF); the other is a high-sensitivity
super-regenerative receiver.

9.1 Introduction

Miniaturized, low-power wireless communication remains one of the great chal-
lenges of an increasingly connected world. Emerging applications in implantable
human health monitoring, for example, require small form factor and infrequent bat-
tery replacement. Very aggressive applications may even necessitate a completely
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thin-film transceiver powered through solar or wireless energy sources. MEMS-
based transceivers provide the potential to tackle both the size and power challenges
presented by these new applications.

Section 9.2 discusses multiple techniques for using BAW resonators in RF
building blocks, while Sect. 9.3 introduces two transceiver architectures that rely
on these techniques to achieve low levels of power dissipation.

These two receivers illustrate two important capabilities of RF MEMS res-
onators. An uncertain-IF receiver leverages the extremely high-Q bandpass nature of
the resonator to perform pre-filtering, relaxing the linearity requirements of the re-
ceiver front-end, and performing image rejection. A super-regenerative receiver, on
the other hand, exploits the resonator response to stabilize a low-power, low-noise
RF oscillator that forms the basis for achieving super-regenerative gain. In both
cases, the resonator-enabled receiver achieves simplicity and efficiency that would
be impossible using solely on-chip passive components. The theory, design, and
results from both receivers will be presented. Finally, the system-level advantages of
using an asynchronous two-receiver platform in an energy-constrained environment
will be discussed.

9.2 Utilization of RF MEMS in Low-Power Transceivers

RF MEMS resonators were originally designed for applications like steep bandpass
filtering or RF duplexers. However, they can also perform a variety of useful
functions passively that are traditionally performed with power-hungry active
circuitry. Three examples of how RF MEMS can be used are given here, along with
design example case studies.

In recent years, RF MEMS research has yielded several different types of
resonators useful as high-quality factor resonant passives. Attainable quality factors
range from about 1,000 to more than 100,000. Most importantly, thin-film integrated
circuit fabrication methods are used, offering low manufacturing cost and possible
integration with CMOS. One of the most mature technologies, and the one chosen
for this research, is known as bulk acoustic wave (BAW) resonators. A BAW res-
onator is built using a thin layer of piezoelectric material, usually aluminum nitride
sandwiched between two metal electrodes. An electric signal on the electrodes
excites a resonance in the structure whose frequency and quality factor depend on
the thickness and geometry of the AlN layer. The resonator can be modeled quite
accurately with the modified Butterworth-Van Dyke (mBVD) model comprising a
series LCR circuit with lossy shunt capacitance, as shown in Fig. 9.1 [1].

Quality factors greater than 1,000 are readily achieved at frequencies in the
gigahertz range. Measured data from a 2.4-GHz BAW resonator fabricated by Avago
Technologies is shown in Fig. 9.2.

The dashed line is the measured impedance magnitude of a resonator with an
active area of 10,000 µm2. The solid line is measured from a resonator with twice the
area (20,000 µm2). Since the designer has the freedom to change the resonator layout
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Fig. 9.1 mBVD circuit
model of BAW resonator

Fig. 9.2 Measured impedance magnitude for BAW resonators of two different areas

and area, it is useful to compare impedances as the area is varied. Off resonance, the
impedance is dominated by the lossy capacitor Co. As expected, the impedance of
the large resonator is half that of the smaller device and the motional resistance Rx is
slightly lower. Significant differences are seen at the parallel resonance. The parallel
resistance of the smaller device is slightly higher but the larger device shows a higher
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parallel resonance frequency fp. This indicates that the larger device has a higher
piezoelectric coupling coefficient k2

t and will exhibit better tolerance to additional
capacitive loading due to the circuitry. It is clear that co-optimization between the
IC and the resonator is desirable.

The high-Q nature of BAW resonators, even at high frequencies, allows the
resonators to be incorporated into RF transceivers as either an oscillator frequency
reference or as a filtering element. BAW devices are fabricated using entirely thin-
film batch processing, enabling low cost and small size compared to traditional
passives. In this transceiver design, the use of MEMS devices enables a simple,
low-power implementation of both the receiver and transmitter in a small implemen-
tation volume. Two BAW resonators are sufficient to replace bulky quartz frequency
references and no other off-chip passives are required.

9.2.1 Stabilization of Low-Power, Low-Noise RF Oscillators

Although BAW technologies are manufactured for bandpass RF ladder filter appli-
cations, they are especially useful in the design of low-power, low-noise GHz-range
oscillators. The small size, high impedance at parallel resonance, and high-quality
factor lead to extremely high-power/noise figures of merit. Frequency synthesis
remains a critical problem in RF communications, especially in the low-power
space. A few important considerations are:

1. Fabrication tolerance in parts per million (ppm). This metric predicts the stability
of the oscillation frequency over process variations of all oscillator components
(e.g., capacitors, resonators, transconductors).

2. Phase noise. The phase-noise performance of a sinusoid generator is measured
in dB below the carrier per Hertz (dBc/Hz). Phase noise can be improved
by increasing the resonator Q, increasing the oscillator signal power, reducing
the oscillator noise factor, or enclosing the oscillator in a phase-locked loop
referenced to an even-cleaner frequency source.

3. Long-term stability. The long-term stability of an oscillator is determined by the
sensitivity of the oscillation frequency to temperature, supply voltage, and aging.

4. Power consumption. The power consumption of the frequency generator is of
utmost importance in most applications. In the field of ubiquitous transceivers,
extremely low-power dissipation is crucial for the success of the system.

5. Tuning range. Intentional frequency deviation is often desirable. For example,
frequency calibration, channel switching, and modulation all require active
control over the output frequency. In these systems, frequency control accuracy,
resolution, settling time, and tuning range are important parameters.

6. Level of integration. Increasing the level of integration decreases the form factor
of the system and decreases cost.

In [2], the first sub-mW BAW-based oscillator was presented. Figure 9.3
shows the schematic. It was fabricated in a 0.18-µm process and operated from
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Fig. 9.3 Schematic of low-power BAW-based oscillator. c©2003 IEEE. Reprinted, with permis-
sion, from [2]

a 1-V supply. The oscillator consumed 300 µW and allowed a phase noise of
−140 dBc/Hz at 1 MHz. Although a circuit designer using BAW resonators does
not have the luxury of modifying the film thickness, there is an additional degree of
freedom that affords the designer greater leverage in achieving an optimal design.
For a given resonant frequency, it is possible to vary the active area of the resonator
membrane. As the area of the resonator increases, the motional resistance (Rx in
Fig. 9.1) decreases. Increasing the membrane area of the resonator increases the
area of the parallel plate structure, thus increasing the feedthrough capacitance Co.
This, in turn, changes the oscillator tuning range and loaded parallel resistance. As
discussed in the prior section, the area of the resonator should be optimally sized for
a given circuit. For this oscillator, a 10,000-µm2 resonator area yielded the optimal
Rp, resulting in a minimization of power dissipation for the Pierce topology.

This oscillator prototype illustrates the advantages and disadvantages of free-
running BAW frequency sources:
Advantages:

1. Spurious tones (common in frequency synthesizers) are absent.
2. The high-Q resonator ensures excellent open-loop phase noise.
3. Reduced power consumption and complexity over a frequency synthesizer.
4. Supply pushing and load pulling are greatly reduced due to the high resonator Q.

Disadvantages:

1. The manufacturing tolerance of BAW resonators can be improved by trimming
but typically at the expense of fabrication cost.

2. The temperature coefficient of an uncompensated BAW resonator is approxi-
mately −30ppm /◦C: much worse than a quartz resonator.
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Fig. 9.4 Tuned RF amplifier
schematic

3. The resonant frequency is often defined by film thickness, reducing the number
of frequencies that can be fabricated on a single die.

4. Very poor tuning range (typically less than 1%) if capacitive tuning is used.

Much of the work that is currently underway in BAW-based transceiver design
is centered around leveraging these benefits while mitigating these disadvantages.
This oscillator forms the foundation of the super-regenerative receiver described in
Sect. 9.3.2.

9.2.2 Tuning of High-Q RF Amplifiers and Design Example

High-Q resonators can be used as narrowband loads to perform filtering within RF
amplifiers. The BAW resonator, used in the parallel resonance mode, performs high
Q filtering by presenting a high impedance for a very narrow bandwidth about its
parallel resonant frequency. However, for off-resonance frequencies, the resonator
presents a 1/( jωC) impedance. Thus, at low frequencies (LF), the resonator
presents a high impedance to the active circuitry. To provide bias current to the active
devices and reduce LF gain, a low load impedance at LF is desirable. However, at the
signal frequency, the impedance must be high to avoid de-tuning the BAW resonator.
Thus, an inductive structure is a natural candidate. To avoid substantial de-tuning of
the BAW resonator at 1.9 GHz, the bias device must present a high real impedance
value (greater than 1,500 Ω) or so. An example of a BAW-tuned RF amplifier is
shown in Fig. 9.4.
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The RF amplifier consists of an NMOS cascode transconductance stage and a
tuned load. A cascode structure is used to increase reverse isolation, improving
amplifier stability. The tuned load consists of a BAW resonator and a self-biased
PMOS-R-C that synthesizes a large (8.5 µH) inductance. This active inductor
structure stabilizes the low-frequency bias point of the amplifier. The loaded quality
factor of the tuned load is approximately 600, yielding an RF bandwidth of 3 MHz.

The use of an active inductor allows the realization of very high inductance values
and easy control over the inductor Q. For this application, a large, low Q inductance
is needed to provide high RF impedance while reducing the Q of the low-frequency
parasitic resonance (occurring at approximately 30 MHz).

A stand-alone RF amplifier was designed and implemented to verify the perfor-
mance of this structure. Transistor M1 is operated in weak inversion for two main
reasons: first, the degradation in fT is not crucial because the gate capacitance of this
amplifier is likely absorbed into the load of a prior stage. Secondly, the voltage gain
of the stage is proportional to the transconductance of M1, and gm/Id is maximized
in lower levels of inversion. In this implementation, a gm/Id of approximately 20
is achieved with a bias current of 500 µA. The gate of cascode device M2 is self-
biased, and the layout of M1 and M2 is optimized for low-drain and interconnect
parasitic capacitance.

A prototype was fabricated in a 0.13-µm CMOS process and assembled with a
1.9-GHz resonator. Figure 9.5 shows the measured s-parameters of the amplifier.
The prototype used an on-chip 50-Ω input-match resistor, and as expected, the |S11|
measurement shows a good wideband input match. It is interesting to note that the
series and parallel resonances of the BAW resonator are visible in the |S11| plot.
The forward gain, |S21|, shows a peak gain of 10 dB (16 dB after de-embedding
the output buffer). This gain matches our expectations given the following: Ibias =
500μA, gm/Id = 20, and the loaded resonator Rp = 700Ω . At the series resonance,
the resonator impedance drops to approximately 3 Ω , where we would predict
a rejection of 20 · log(700/3) = 47dB compared to the parallel resonance. Our
measurements reveal around 35 dB of rejection, likely due to parasitic inductance in
the CMOS/BAW wirebonding. The |S12| and |S22| measurements show good reverse
isolation and output matching, respectively.

9.2.3 Resonator Input Matching

The versatile BAW resonator is also easily embedded with input matching networks
as a filtering element. As shown at the beginning of Sect. 9.2, the resonator exhibits
as series resonance where the real impedance is low and a parallel resonance where
it is high. In principle, the resonator can be used in either mode as a filtering element.
In the series mode, the impedance is very low (about 1–4 Ω) and passes the signal.
However, an additional impedance matching network must still be included to match
subsequent circuit input impedance to the source. Using the resonator in the parallel
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resonance mode, on the other hand, allows the resonator to become a part of the
matching network. This can eliminate the need for large and lossy inductors in the
matching network. The following example illustrates one possible configuration.
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9.2.3.1 Passive Receiver Front-End Matching

Figure 9.6 shows a matching network using the BAW in shunt, parallel resonance
mode where the impedance is high (about 1.5 kΩ ).

A capacitive transformer (C1 and C2) transforms the low 50 Ω source impedance
up to match the high impedance of the resonator. Any parasitic capacitance at the
RF input port may be lumped into C2, while the input capacitance of the subsequent
circuit stage (an amplifier in this case) is conveniently absorbed by the large parallel
capacitance of the BAW. This is an advantage for CMOS circuits, which naturally
present a capacitive input impedance. An additional benefit is voltage gain through
the network due to impedance transformation. Again, this is an advantage for
properly designed CMOS circuits because the gates are sensitive to voltage. The
passive voltage gain realized through the network is particularly valuable for ultra
low-power receivers, where gain is costly from a power perspective. A simulation
of the matching network voltage gain and return loss is shown in Fig. 9.7.

The network exhibits a good impedance match to the 50-Ω source and a passband
bandwidth on the order of a few MHz.
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As a proof of concept for the BAW-based input matching circuit, the amplifier
in Fig. 9.6 was replaced with a simple nonlinear envelope detector acting as an AM
demodulator. Because no active gain is included in the receiver chain, the power
consumption is extremely low for this “passive” receiver. To verify the matching
topology, the receiver was implemented in 130-nm CMOS technology and a die
photograph is shown in Fig. 9.8.

The BAW resonator is fabricated on a separate die and wirebonded to the CMOS
circuitry. The measured sensitivity of the passive receiver was −38 dBm detecting
on-off-keyed (OOK) data, with a power consumption of less than 1 µW. Figure 9.9
plots the measured S11 magnitude.
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Fig. 9.10 Image-reject
transformer architecture

9.2.3.2 Image-Reject Front-End Matching

This concept can be further extended to active receiver front-ends. When doing so,
another interesting property of this inductorless, BAW-based impedance transfor-
mation emerges: a strong intrinsic image-rejection feature [3]. A fully differential
realization of the transformer, along with a tuning capacitor and downconverter, is
shown in Fig. 9.10.

Since the structure is now driven symmetrically, a virtual ground exists in the
middle of capacitor C2. Thus, only three transformer capacitors are needed. This is
beneficial for the following reasons:

1. Capacitor C2 does not have to be carefully matched on the positive and negative
sides (although capacitor C1 must be matched).

2. The capacitance value (and, thus, area) of C2 can be reduced by a factor of two
for a given transformation ratio compared to the single-ended version. Although
C1 is now duplicated, the value of C2 is much larger than for upward impedance
transformation.

3. Likewise, the tuning capacitance value (and area) can be reduced by a factor of
two for the same tuning range due to the Miller multiplication inherent in driving
the structure differentially.

One important property of this high-Q transformer is its ability to provide high
levels of image rejection. At the series resonance frequency of the BAW resonator,
the positive and negative nodes of the transformer are effectively shorted together
through the low resonator impedance. At the parallel resonance frequency, however,
the FBAR inhibits RF current from passing (recall that the ratio of the resonator
impedance at the parallel and series resonances can be larger than 1,000). This
dramatic impedance change over a very narrow range of frequencies can provide
a large amount of image-rejection when used with an appropriate frequency plan.
Referring to Fig. 9.10, we note that the intermediate frequency (IF) occurs at
fIF = | fRF − fLO|Hz. Thus, to achieve large image rejection ratios, one can place
fLO directly between the loaded series and parallel resonance frequencies of the
resonator. The image will be located within a deep null provided by the series
resonance, while the desired signal band exhibits gain (in the case of an active
mixer). Figure 9.11 shows simulation results of the transformer transfer function.
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Fig. 9.11 Image-reject transformer transfer function. Ctune is swept to show transformer tuning
capability

For this case, the impedance transformation ratio was approximately 20
(50 –1,000 Ω). As expected, the transformer provides a very narrow passband due
to the transformer quality factor (greater than 1,000). Since an upward impedance
transformation of approximately 20 is performed, the expected voltage gain of the
purely passive transformer is 13 dB. If the image-reject transformer drives the mixer
directly from the antenna, this passive voltage gain helps suppress the large noise
figures that low-power mixers typically exhibit. Capacitive tuning of the passband
by varying Ctune is also shown in the simulation.

This technique requires only one mixer, no lossy filters, no quadrature generation,
and can produce a relatively low intermediate frequency. One main drawback,
however, is that the intermediate frequency is fixed (typically a few percent of the
RF frequency, depending on the resonator coupling coefficient). If a fixed IF and
a fixed RF bandwidth is acceptable, this is a useful technique for easily achieving
50 dB of image rejection.
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9.3 Two-Receiver Asynchronous Chipset

Combining the techniques introduced in Sect. 9.2 can lead to new and interesting
transceiver architectures. We now discuss two new architectures that combine
to form an on-demand wireless link with a 10-m range and an average power
dissipation of 50 µW.

9.3.1 System-Level Considerations, Power Requirements

Wireless sensor network systems are characterized by very low duty cycles.
Individual nodes spend most of the time in sleep mode, only activating the radio
intermittently to communicate with neighboring nodes. A dedicated auxiliary re-
ceiver, or wake-up receiver, can be used to monitor the channel for communications
and activate the main receiver when data is being transmitted. Because the wake-up
receiver (WuRx) is listening all the time, the receiving node can react immediately to
incoming requests. This eliminates the need for beaconing [4] and reduces network
latency. The WuRx is not duty-cycled, however, so its power consumption must be
extremely low. In most cases, the average power of the entire node is limited by the
active power consumption of the WuRx.

A block diagram of the system is shown in Fig. 9.12. The WuRx sits alongside
the main receiver and shares the antenna. Co-designing the WuRx and main receiver
to use the same carrier frequency and modulation scheme ensures that both receivers
operate with similar channel conditions. During sleep mode, the main receiver and
the rest of the node’s electronics are powered off, while the WuRx is active and
listening for incoming requests. When the WuRx detects a predetermined sequence
of bits, it activates the main receiver to handle data reception. The challenge for the
WuRx design is to provide this listening functionality with a power consumption
that is an order of magnitude or more below that of the main receiver. The power and
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functionality of the two receivers may be optimized separately. The result is a
chipset providing on-demand wireless connectivity with low latency and average
power dissipation limited by the consumption of the WuRx.

9.3.2 Super-Regenerative Receiver Architecture

The past few years have seen a resurgence of the once-ubiquitous super-regenerative
radio receiver. This architecture was first introduced by Armstrong in the 1920s [5].
Basic operation can be described as follows: the RF input signal is coupled into
an oscillator tank. This oscillator is periodically enabled and disabled. When no
input signal is present, the oscillator exhibits an exponential rise in amplitude as
expected, where the initial condition is fundamental circuit noise. When an in-band
RF signal is present, the oscillator starts up much faster since the exponential initial
condition is now an RF signal. The very high sensitivity of the oscillator’s start-up
time to the incoming RF signal is the source of the large RF gain achievable with
this architecture. Notice that this is a discrete-time sampling process, so signal and
noise aliasing must be accounted for. Since analog audio reception was one of the
primary applications of these receivers, the sample rate was chosen to be higher than
the range of human hearing (supersonic) to avoid aliasing and audible tones, hence
the name “super-regenerative.” A subsequent demodulator circuit detects the pulse
width of the oscillator envelope and averages over multiple “samples,” effectively
downconverting the signal to DC.

Reasons for its success during the first half of the twentieth century include:

1. It requires a minimal number of active devices, which was extremely important
when vacuum electron tubes were the technology of choice. An entire receiver
could be realized with two tubes: one RF oscillator tube and another detection
tube.

2. Tremendous RF gain is realized without using an amplifier. This is probably the
most intriguing aspect of a super-regenerative receiver.

3. The receiver can operate at extremely high frequencies (relative to the speed of
the technology). This was a critical concern when using relatively slow vacuum
tubes and is once again important if the RF devices are biased at low fT s to save
power.

Although minimizing the number of active devices is clearly not a concern
for modern RF design, the super-regenerative architecture is appealing due to its
simplicity and potential for low-power dissipation. The receiver can operate above
the fT of the transistors, allowing subthreshold biasing that further reduces current
consumption.

In traditional super-regenerative receivers, manual adjustments were required
to fine-tune the oscillator frequency and loop gain [6]. Antenna reradiation,
low spectral efficiency, distortion of analogue modulation, and the advent of
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inexpensive solid-state transistors allowing super-heterodyne architectures rendered
the super-regenerative receiver obsolete by the late 1950s. However, we have
shown that modern RF MEMS, CMOS technology, circuit design techniques, and
digital communications solve many of the inherent problems with this architecture,
providing very low power and high integration for sensor node applications [7].

Figure 9.13 shows the block diagram of the low-power transceiver.
The receiver consists of a passive matching network, an isolation amplifier,

an amplifier with time-varying gain, and a bandpass positive feedback network
forming an oscillator. The isolation amplifier between the antenna and the oscillator
performs the following functions: it reduces RF leakage of the oscillation signal
to the antenna, it provides an input match to the antenna via the passive matching
network, and it injects the RF input signal current into the oscillator tank without
adding significant loading to the oscillator. The time-varying nature of the loop gain
is designed such that the oscillator transconductance periodically exceeds the critical
gm necessary to induce instability. Consequently, the oscillator periodically starts up
and shuts off. The periodic shutdown of the oscillator is called “quenching.” The
start-up time of the oscillator is exponentially dependent upon the initial voltage of
the oscillator tank. This dependency provides the large gain attainable by the super-
regenerative receiver.

The RF signal is coupled into the oscillator tank from the antenna. It is then
discretely sampled by the time-varying detector oscillator. Since this is a discrete-
time sampled process, the quench rate must be at least twice the highest frequency
component of the baseband signal. This quench tone must be filtered from the
data signal to avoid corrupting the baseband signal. Thus, the oversampling ratio is
determined by the complexity of this filter, and the data rate is ultimately limited by
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Fig. 9.14 Front-end schematic of super-regenerative receiver. The inset shows the measured
receiver |S11|

the filter bandwidth. However, the quench frequency cannot be arbitrarily increased
to achieve a higher data rate. The frequency of the quench signal is limited by the
time-varying growing exponential time constant of the oscillator, τdet . For a high-Q
resonant structure, such as a BAW resonator, τdet is relatively long (greater than
100 ns). To allow a higher quench frequency, a short duty-cycled quench signal
(e.g., 10%) can be utilized. In this implementation, such a short duty cycle is
possible due to the very rapid quenching of the oscillator tank by the shunting
transistor.

The front-end schematic is shown in Fig. 9.14.
The isolation amplifier comprises an inductively degenerated PMOS LNA with

two on-chip inductors, yielding a fully integrated matching network. The most
power-hungry components in the receiver—the isolation amplifier and detector
oscillator—share their bias current, thereby effectively halving the current consump-
tion of the receiver. The detector oscillator is cycled by the quench signal (Vquench),
which creates a time-varying tank impedance, periodically dissipating the RF energy
stored in the BAW resonator through a shunting transistor. The shunting transistor
must be sized wide enough to quickly quench oscillation, but small enough to avoid
loading the tank with unnecessary capacitance. A 50-Ω on-resistance is sufficient,
yielding the addition of very low parasitic capacitance. The power consumed in
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Fig. 9.15 Micrograph of the assembled integrated transceiver

driving the quench transistor must be absorbed into the receiver power budget. For a
300-fF capacitance (including pad and wiring capacitance), this power dissipation is
approximately 30 nW. The shape of this impedance wave form allows for the tuning
of the receiver gain and bandwidth properties. A square wave (10% duty cycle)
impedance wave form allows simple and adaptable quench generation. Because the
data symbols are oversampled, the exact quench frequency and phase is not crucial
and may be readily supplied from a digital control block. The high-Q nature of the
resonant BAW structure, providing a relatively long oscillator time constant and
narrow intrinsic bandwidth, relaxes the need for precise control over the oscillator
transconductance. Fine Tx/Rx frequency alignment can be achieved with relatively
large, binary-weighted capacitor arrays due to the high-Q resonator.

A weak-inversion PMOS nonlinear filtering stage is DC-coupled to the oscillator.
This stage consists of a PMOS source follower with a relatively low pole frequency
(1 MHz). The 2-GHz carrier is attenuated, but the nonlinearity of the PMOS
transistor creates a DC component proportional to the envelope of oscillation. By
using a DC-coupled topology, the nonlinear bias point shift of the oscillator NMOS
transistor adds to the PMOS nonlinear filter, thereby increasing the signal level to
the pulse-width demodulator. A replica stage (with 20x current division relative to
the super-regenerative core) was used to provide a pseudo-differential output of the
nonlinear filter.

The on-off keyed (OOK) transmitter consists of a BAW-referenced oscillator to
provide a stable RF carrier and an antenna driver to provide efficient power gain.
Digital bits are directly modulated onto the carrier by on/off cycling the transmitter.

A fully integrated version of this architecture was fabricated in a 0.13-µm CMOS
process (see Fig. 9.15 for a photograph of the assembled chip).

The transmit and receive resonators are clearly visible on the left and right sides
of the chip, respectively. Standard commercial assembly techniques (chip placement
with conductive epoxy and gold wirebonding) were used.

The total power consumption of the receiver when active is 380 µW. A majority
of the power dissipation occurs in the RF front-end, where the required fT of the
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transistors is highest (around 2 GHz). The chip was tested with a quench frequency
of 100 kHz and a 10% quench duty cycle. For a 10-kbps data rate, the measured
sensitivity for a bit error rate (BER) of 10−3 is −97 dBm, displaying negligible
degradation over a supply voltage range from 0.9–1.3V.

9.3.3 Uncertain-IF Chip

The super-regenerative receiver utilizes the MEMS resonator to stabilize the
oscillator frequency. However, the high-Q nature of the BAW resonator is also
useful as a filtering element. In this section, we describe a receiver architecture
that takes advantage of MEMS-based frequency selectivity to relax the linearity and
LO frequency accuracy requirements on the receiver circuitry [8]. The simplified
receiver circuitry, enabled by the high-Q filter, results in substantial power savings.
The concept is applied to the wake-up receiver, where the active power consumption
is most critical.

Figure 9.16 shows the frequency plan and method of operation for the uncertain-
IF receiver. First, the RF input signal passes through a front-end filter at the channel
frequency. Next, it is mixed with an LO whose frequency is not precisely defined but
instead is guaranteed to lie within a specified range (±BWi f ). The resulting IF signal
will then be located between DC and BWi f , where it can be amplified with greater
power efficiency due to the low frequency. Finally, because the precise IF frequency
is uncertain, an envelope detector performs the final downconversion to DC.

A block diagram of the implementation is depicted in Fig. 9.17.
The architecture relies on a sharp filter at the input to eliminate interferers,

provided by the MEMS resonator. The filter allows the use of simple ring oscillator
LO, which consumes about ten times less power than the power of the MEMS
oscillator described in Sect. 9.2.1. The envelope detector is insensitive to variations
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in phase and frequency, so the phase-noise performance and frequency accuracy
of the ring oscillator is much less important than in traditional architectures. The
LO simply needs to be tuned to within BWi f of the RF channel frequency, which
is easily accomplished using digital calibration techniques [9]. After calibration,
the ring oscillator is allowed to free run, only requiring periodic re-centering to
counteract aging or variations in temperature. Because the calibration operation is
performed infrequently, its power consumption is amortized over time and can be
neglected. The signal amplification is implemented at the lower IF frequency instead
of RF, which provides more total gain through the receiver chain compared to an
alternative implementation based on RF amplification [10].

A schematic of a prototype uncertain-IF implementation is shown in Fig. 9.18.
The input matching network employs the technique described Sect. 9.2.3 to

implement a sharp RF channel filter. The signal then passes directly to the mixer,
which is implemented with a single-ended dual-gate topology (M1 and M2). The
single-ended design minimizes LO drive requirements because a differential LO
signal is not needed; a single-ended CMOS ring uses half the power of a differential
design. Any RF or LO feedthrough is suppressed by the load network and low-pass
nature of the IF amplifier stages.

The IF amplifications is provided by a cascade of differential pair stages. The
resistive loads require small voltage headroom and simplify interstage biasing. In
order to mitigate accumulated offset throughout cascade of amplifiers, three of the
stages are implemented using a split-source topology [11] to roll off the gain at
DC. The envelope detector is a differential pair which exploits the nonlinearity of
subthreshold MOSFETs M3 and M4 to convert the OOK signal to DC at the Vbb

node.
Figure 9.19 shows a schematic of the digitally tunable ring oscillator.
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A simple three-stage CMOS ring is chosen to minimize the oscillator power
consumption. Recall that LO phase noise and frequency stability are not critical for
the uncertain-IF architecture. Frequency calibration is enabled through the digitally
tunable resistors that modify the virtual supply rails VH/VL of the ring. A scaled
inverter chain restores rail-to-rail output swing and drives the LO port of the mixer
(gate of M2 in Fig. 9.18).
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Fig. 9.20 Die photo of uncertain-IF receiver prototype

The prototype receiver was implemented in 90-nm CMOS technology. The die
photo is shown in Fig. 9.20.

The packaged BAW can be seen on the left side of the CMOS die; the inset
shows the location of the active resonator structure. Because the high-Q resonator is
simultaneously used for input matching and channel filtering, no additional on-chip
inductors or resonators are required. The result is a compact implementation and
small CMOS area.

In order to reduce power dissipation and take advantage of the low threshold
voltages in this deep submicron technology, the entire receiver is designed to operate
from a 0.5-V supply. The measured normalized gain is plotted in Fig. 9.21 for
four different samples. The high-Q resonance of the BAW filter is evident in the
frequency response.

For each sample, a calibration is first performed to tune the ring oscillator LO
frequency within BWi f from the channel frequency defined by the BAW resonator.
Therefore, each sample will have slightly different LO frequency due to natural
process variation. The calibrated LO frequencies are also marked in Fig. 9.21. In
spite of the variability in the LO frequency, each sample is able to detect a signal
at the RF channel frequency due to the wide IF bandwidth. In effect, the burden of
selectivity has been shifted from the LO to the front-end filter provided by the BAW
resonator. The measured receiver sensitivity is −72 dBm while receiving OOK data
at 100 kbps with a BER of 10−3. The power consumption of the WuRx prototype
is just 52 µW from the 0.5-V supply. Of the total, about 20 µW is dedicated to the
CMOS ring oscillator and LO buffers running at 2 GHz. The BAW channel filter is
the key component that allows the use of a free-running ring oscillator as the LO,
despite the poor phase noise and frequency accuracy of this type of oscillator.
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9.4 Conclusions/Toward the Future

In the past few decades, a huge body of research has enabled the realization of
fully integrated transceivers using very poor quality passive components (on-chip
inductors, capacitors, and a front-end filter). To accomplish this, the burden of
frequency definition has been placed on power-hungry active circuitry. For example,
to create a low phase-noise LO using an on-chip LC tank, the designer would likely
maximize the VCO signal swings and maximize the PLL loop bandwidth, at the
expense of power and reference spurs, respectively. In contrast, the overarching
theme of this chapter is the following: push the burden of frequency definition into
the passive domain as much as possible. We have shown three examples of this
strategy:

1. Oscillator tuning using BAW resonators
2. High-Q band-select amplifier tuning
3. Passive image-reject impedance transformation

As MEMS devices improve and become more widely available, circuit designers
will continue to leverage their unique properties. Future work will likely include the
design of low-jitter frequency references, bandpass oversampled data converters us-
ing high-Q MEMS resonators, and temperature-compensated frequency references
aimed at quartz-replacement.
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Chapter 10
A 2.4- GHz Narrowband MEMS-Based Radio

David Ruffieux, Jérémie Chabloz, Matteo Contaldo, and Christian C. Enz

Abstract This chapter presents an innovative wireless transceiver architecture
that rely on MEMS components to achieve further miniaturization and significant
power dissipation reduction compared to low-power radios targeting LDR to MDR
applications. It is shown in particular how the limitations of MEMS devices can be
waived at the architectural level and how their combination can lead to innovative
concepts preserving or even surpassing the performances of current mainstream
optimized solutions. Besides the architectural aspects, the chapter also focuses
on the design of some ultra-low-power and MEMS-specific circuits and reports
measurement results of the complete system. The synthesizer, which is based on
a low-phase-noise fixed-frequency BAW DCO and a variable IF LO obtained by
fractional division from the RF carrier, achieves a phase noise of −113 dBc/Hz at
3 MHz. To correct for its ageing and thermal drift, the BAW DCO can intermittently
be phase locked to a 3- µA, ±5-ppm, 32- kHz reference, which is obtained after
temperature-dependent fractional division of the signal of a 1- MHz silicon resonator
so as to compensate the non-idealities of the latter (frequency tolerance, large
thermal drift). An all-digital PLL implementation guaranties a nearly immediate
synthesizer settling when returning from an idle period, owing to the memorization
of the previous lock conditions eliminating a multi-MHz XTAL and its associated
start-up time. A sensitivity of 87 dBm was obtained in receive mode at 100 kb/s
for a global consumption of 6 mA. The transmitter demonstrates a high-data-rate
quasi-direct 1-point modulation capability with the generation of a 4-dBm, 1-Mbps,
GFSK signal with an overall current of 20 mA. Both the receiver and transmitter
further take advantage of BAW filters to implement interferers, image, and spurious
rejection.
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10.1 Introduction

Miniaturization and reduction of the power dissipation are the main issues that
currently prevent the seamless integration of wireless and networking capability into
any tiny device used in short distance wireless applications. The latter include low-
data-rate (LDR) (typically 10 kb/s) applications such as wireless sensor networks
(WSN), wireless body area networks (WBAN) but also medium-datarate (MDR)
(typically 1 Mb/s) wireless applications such as audio streaming, wireless medical
devices, wireless miniature drug delivery systems, or wireless implants. Today,
both LDR and MDR use different radios that are individually optimized for each
application. Nevertheless, these applications are now converging, and it is the main
objective of this work to design a single miniaturized radio covering the entire
spectrum of short distance wireless applications from LDR to MDR.

In short-range wireless communication, the link budget is often comfortable
resulting in an excess signal-to-noise ratio (SNR). When available, such excess
SNR can advantageously be traded for higher bandwidth to boost the data rate and
decrease the radio duty cycling. This is a promising way to increase the autonomy
of battery-operated nodes provided the quartz start-up and PLL settling times can
be reduced or even eliminated.

In many short-range wireless applications requiring an ultra miniaturized radio,
the SAW filters and the crystal quartz remain the bulkiest parts. For hearing aids, for
example, this prevents the introduction of a radio link into the ear canal. The system
miniaturization can be addressed first by a higher integration with a system on-
chip (SoC) embedding the radio chip together with other required functions (sensor
interface, μC, memory, power management,. . .) as demonstrated in [1] and second
with a system-in-package (SiP) approach to include all passive components (RF
SAW filters, impedance matching networks, quartz crystal,. . .). The external SAW
filters can then advantageously be replaced by bulk acoustic wave (BAW) filters
implemented either on top of the IC with an above-IC approach [2] or in a SiP [3].
Similarly, quartz crystal unit(s) can be replaced by miniature silicon resonator(s).

10.2 Duty Cycling for Long Node Autonomy and Current
Limitations

Wireless sensor nodes are faced with tremendous power concerns that are further
exacerbated as node miniaturization is desired. A 1-cm3 lithium battery (e.g.,
CR2032) can deliver some 200 mAh. Assuming a 10- mA radio, it translates to no
more than 20 h of continuous operation. The only way to ensure longer autonomy
is to duty cycle the radio activity calling for efficient synchronization techniques
to avoid wasting power needlessly. Nonetheless, many applications, such as remote
control, require low latency, meaning that the link must set up very fast should an
event be communicated after a long idle period. For example, a latency of 100 ms is
nearly unnoticeable by human beings.
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Fig. 10.1 Illustration of CSMA with preamble sampling (top) and associated wake-up sequence
with impact on power dissipation (bottom)

The top part of Fig. 10.1 illustrates a state-of-the-art low-power radio protocol
adapted to sensor nodes applications and known as carrier sense multiple access
(CSMA) with preamble sampling [4] that is particularly suited for rare signaling
traffic and for detecting incoming nodes. In this scheme, the receivers of the
destination or relay nodes are mostly idle but wake up at regular intervals according
to the desired latency of the system (reaction time) to listen if an activity is detected
on a predetermined channel with a receive signal strength indicator (RSSI). A node
having information to transmit only needs to emit a preamble that is slightly longer
than the system latency before actually sending data to make sure the receiver can
detect it despite the receiver/transmitter lack of synchronization.

Once aware of each other, such nodes could exchange regular data packets in
a synchronized way using other channels and spatial time division multiple access
TDMA [4]. The maximum idle time duration between packets in TDMA is limited
by the accuracy of the nodes real-time clocks (RTC). The receiving node has to
start listening earlier and longer to make sure it can account for RTC mismatches.
Assuming an overall timing accuracy of 100 ppm for any node, hence 200 ppm
maximum deviation, among any two nodes synchronization can be maintained
over some 8 min before the added listening time reaches 100 ms again and from
where it would be appropriate to switch back to unsynchronized mode. If the nodes
exchange data every minute, the extra listening time can be reduced to 12.5 ms while
suppressing the TX preamble in this example.

The bottom part of Fig. 10.1 illustrates the wake-up sequence and associated
power dissipation when sensing the communication channel in CSMA mode. In
such systems, when sleep mode is activated, only the RTC is maintained, calling
for very low-consumption implementation (1 µA) that can only be achieved with a
wristwatch 32- kHz crystal if significant RTC accuracy is desired. On the other hand,
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a conventional transceiver system will require a more precise, higher frequency
radio XTAL to serve as a low noise reference for the radio operation. Duty cycling
of the latter is mandatory to lower the average dissipation, but it translates into
a rather long start-up time close to 1ms during which a lot of current is required
to accumulate mechanical energy in the resonator. When the quartz oscillator
frequency and amplitude reach steady state, the phase-locked loops (PLL) can be
started to provide the desired synthesized RF carrier after an additional settling time
of about 200 µs (assuming a 10- kHz bandwidth). Only then the receiver can be
turned on to deliver after averaging over a few symbols an RSSI level and decide
whether to return to sleep mode or to keep listening. This translates to a period
of about 1.2 ms during which the system is burning power needlessly since no
information can be retrieved during that time. Furthermore, it limits the latency to
above 100 ms if duty cycling in the range of 1–2% is desired to significantly reduce
the average dissipation.

Eliminating the crystal start-up and PLL settling times would allow achieving
significant power savings not only by sparing the associated energy but mostly
by enabling short burst of data to be transmitted at higher data rate with reduced
TDMA time slots. A 10-kbps average throughput could, for example, be maintained
for some periods with 1–100% duty cycling and peak data rate between 1 Mbps
and 10 kbps depending on the link quality. Since the power consumption of a
transceiver system does not significantly depend on the data-rate for LDR to MDR
applications, trading excess link margin for bandwidth and lower cycling could
result in true power scaling. A frequency agile synthesizer would further allow a
rapid sampling of the different channels for increased robustness (e.g., redundant
CSMA channels), ease the implementation of efficient frequency hopping schemes,
and get dynamically an estimate of the load of the different channels for improved
coexistence.

10.3 Where to Use MEMS Components and How to Waive
Their Limitations

Besides the inherent size reduction that could be obtained with the replacement
of external parts of a transceiver with MEMS counterparts, one should seek for
ways to further reduce the power dissipation. At individual block level, using RF
MEMS filters in the receiver and RF MEMS resonator to implement the local
oscillator offers such opportunities. BAW resonators can be used in the RF front-
end taking advantage of their high-Q for interferers rejection so as to relax the
receiver global linearity requirements, thus lowering the power consumption. With a
superheterodyne architecture using a double-sideband (DSB) mixer and relying on
the filter selectivity to reject the image, the generation of quadrature LO signals
can be avoided again lowering the battery load. BAW resonators can obviously
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also be used in the oscillator to achieve extremely low phase noise at low-power
consumption [5–9]. One of their main drawbacks is their reduced tuning range
inherent to their small coupling coefficient. One approach used recently to extend
the tuning range of BAW oscillators is to use a negative active capacitance to tune
out the BAW parallel capacitance [10]. Unfortunately, this comes at the cost of
a significant reduction of the Q factor. An interesting alternative is to handle the
reduced tunability of the BAW oscillator at the architectural level and shift the
channel selection issue to intermediate frequency with the introduction of a wide-IF
concept as described in the next section.

Silicon MEMS resonators, which have recently entered the market trying to
rival with quartz crystals in consumer applications, are attractive candidates for
the replacement of the latter. More compact than their quartz counterpart and cost
effective, thanks to mass production and wafer scale whole silicon encapsulation,
they however suffer from a high temperature coefficient of frequency (TCF) in
the range of −30 ppm/K dominated by the variation of the elastic properties of
silicon. Structural techniques have been proposed for first-order TCF cancelation by
balancing the silicon stiffness variation with e.g., the introduction of temperature-
dependent axial stress into the resonator beam [11], applying an electric field-
induced stiffness control with temperature-dependent variable gap [12] or using
composite beams combining materials with positive (silicon dioxide) and negative
thermal stiffness coefficients [13, 14]. While interesting, such concepts tend to
significantly complicate the resonator fabrication process impacting cost, robust-
ness, and reliability or require precise thickness ratio control raising uniformity and
reproducibility issues. Furthermore, they only address part of the overall problem by
considering solely the resonator itself and trying to mimic quartz parts which have
such properties for granted. In particular, these approaches miss the generalization
that is demanded by large-scale manufacturing and that calls for a few standardized
designs and other means to implement customization via programmability. Avoiding
moreover mechanical frequency trimming of individual resonator as it is done with
quartz parts to compensate fabrication tolerance is as important when considering
wafer-level encapsulation.

Electronic compensation based on fractional PLL synthesizer techniques ele-
gantly solved all of the above issues simultaneously [15], in contrary to applying
a temperature-dependent bias to the resonator as proposed in [16], which is barely
sufficient to address temperature and tolerance compensation. One of the main
drawbacks of the PLL approach is the increased power consumption that makes such
a solution unpractical for low-power RTC that should achieve µW level dissipation.
The concept that will be illustrated below bridges the gap with the demonstration
of a generic ultra-low-power temperature compensation concept applied to a low-
frequency uncompensated piezoelectric AlN-driven silicon resonator [14] that can
be used to implement both an RTC [17] and a reference for a MEMS-based
frequency synthesizer architecture [18] eliminating the need for any other bulky
reference.
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10.4 MEMS-Based Radio Architecture

A new heterodyne radio architecture is proposed that basically keeps a fixed-
frequency high-Q BAW RF oscillator and shifts the tunability problem to the
intermediate frequency (IF), preserving the low phase noise of the BAW oscillator
and relaxing the phase-noise requirement on the IF PLL, thanks to frequency
scaling. This requires a wide tuning range at IF achieved, thanks to a new
relaxation oscillator. This approach also allows merging the reference frequency
and timekeeping functions into a single low-power and low-frequency oscillator,
using a low frequency resonator, hence eliminating a radio crystal and shortening
drastically the radio turn-on time.

Figure 10.2 depicts the architecture of the proposed MEMS-based superhetero-
dyne transceiver designed in the context of a miniature radio solution for the
2.4-GHz ISM band [18]. The main local oscillator is a fixed 2.32-GHz or 2.56-
GHz RF LO based on a high-Q BAW resonator yielding 30-dB improvement in
the phase-noise power product compared to LC implementation [9]. Such BAW
oscillators hence do not require being placed within high-bandwidth multi-MHz
quartz referenced PLL to achieve acceptable close-to-carrier noise levels. While
ageing and high thermal coefficients of RF BAW resonators remain a serious
issue for stable frequency generation, the large time constants associated to such
phenomenon allow using a PLL with a much lower reference frequency and loop
bandwidth for their compensation so that the increased noise of the reference can
also be suppressed. Merging the reference frequency and timekeeping functions
into a single low-power low-frequency oscillator spares another bulky radio XTAL
further eliminating the associated start-up time, while maintaining low-power
dissipation when the radio is idle and only the RTC is running. To ensure a rapid
settling time upon radio wake-up despite the low loop filter bandwidth, a simple all-
digital PLL (ADPLL) [19] has been implemented so that exact previous lock state
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conditions can be memorized and the PLL started almost locked. The phase error
is quantized on a time-to-digital converter (TDC) and filtered numerically before it
switches the varactor bank of the digitally controlled BAW oscillator (DCO). The
poor tuning capability of BAW resonators is thus turned into an asset to yield a
DCO with a very fine frequency resolution and high noise immunity. A 32-kHz
time and frequency reference is obtained from a higher frequency silicon resonator
after temperature-dependent fractional division. Further details on the concept and
the implementation of the compensated silicon resonator are given in the following
section.

In addition to the fixed RF carrier, the proposed RX and TX superheterodyne
architecture requires quadrature signals from 80 to 160 MHz at intermediate fre-
quency (IF) to cover the whole ISM band. These signals are derived from the fixed
RF carrier by an open-loop fractional division chain by 13–35 with inherent digital
modulation capabilities. The required BAW LO tolerance can then be derived and
yields 0.65% with a low side injection, while it is relaxed to 0.9% in a high side
injection implementation. Such tolerances are similar to what is needed for BAW
filter implementation and can be attained in volume production with wafer-level
trimming equipment [20]. A homodyne relaxation VCO PLL is then used to remove
the far-from-carrier quantization noise due to the Δ −Σ modulator noise shaping and
produce quadrature outputs [21]. The bandwidth should be chosen wide enough to
cancel out the large close-to-carrier noise of the relaxation oscillator, reduce settling
time, and allow in-band modulation at up to 2 Mbit/s yielding a calibration-free
quasi-direct digital modulation transmitter architecture suitable for standards such
as Bluetooth low energy [22] or Zigbee [23].

The receiver front-end consisting of a differential LNA and a double-sideband
mixer is preceded by a lattice BAW filter to relax the front-end linearity re-
quirements and yields a 50-dB image rejection without requiring RF quadrature
signals [24]. A variable gain amplifier is provided at IF before I&Q direct down-
conversion. Channel selection is performed by a few passive poles and a third-order
Butterworth Gm-C filter. The signals are then fed to two limiter chains to provide
RSSI information and rail-to-rail I&Q data.

The transmitter section consists of a DSB up-converter mixer combining the
RF and filtered modulated IF signals that is loaded by a single-stage BAW filter
to suppress the unwanted sideband before the wanted signal is amplified by a
preamplifier plus power amplifier chain and filtered again. Besides avoiding power-
consuming quadrature RF LO signal generation, this approach further allows
distributing the filtering stages, hence reducing the insertion loss after the power
amplifier. Inductive resonant loads where chosen both at the mixer output and
preamplifier input to provide well-defined real impedances for the intermediate
BAW filter that was optimized for 600-Ω loads.

A 16-MHz system clock is derived by fractional division from the RF carrier
to assist data modulation/demodulation. These modem functions are currently
implemented on an FPGA for greater flexibility, thanks to a parallel bus interface.
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Fig. 10.3 Temperature-
compensated clock block
diagram suitable for silicon
resonator

10.4.1 Low-Power Electronic Compensation of Silicon
Resonator Imperfections

Figure 10.3 shows the block diagram of a temperature compensated clock that
is based on a 1-MHz AlN-driven silicon MEMS resonator and that produces an
accurate 32,768-Hz clock at a power dissipation level suitable for RTC applications.
This architecture eliminates the power-hungry PLL without compromising any
of its advantages such as programmability, temperature, and fabrication tolerance
compensation.

It relies on frequency interpolation, which is obtained by switching dynamically
the load capacitance of the resonator between two values with a variable duty cycle
(dc) for fine-tuning and the introduction of programmable division (N) for extended
temperature range compensation and initial frequency adjustment. The relative
stability of the divided clock, d f rel

div as a function of the parameters introduced above
(N, dc), the relative frequency difference between high and low-frequency modes
Δ f rel

HL, and a variation of the temperature ΔT can be written as

d f rel
div(ΔT,N,dc) =

fo
N ·(1+α ·ΔT +β ·ΔT 2 + dc ·Δ f rel

HL)
fo
No

· (1+ dco ·Δ f rel
HL

) − 1, (10.1)

where α , β are the first- and second-order TCF of the resonator, fo, its nominal
frequency in low-frequency mode, and No, dco chosen to compensate its fabrication
tolerance at calibration and obtain the desired divided frequency. Setting (10.1) to
zero and solving for 0 ≤ dc(ΔT,N) ≤ 1 by adjusting N yield the condition for
temperature compensation. With Δ f rel

HL in the range of 50 ppm, N needs to be greater
than 20’000. With fo close to 1 MHz, the compensated frequency must lie below
50 Hz.

To overcome this limitation and yield programmability, division by N is obtained
by cascading a dual modulus divider (M,M + 1) controlled by a first-order modu-
lator together with a fixed divider by a power of two (1,024 in the example). When
the modulator and fixed divider use similar number of bits, programmable integer
division variable by unity can be obtained (1,024 ·M ≤ N ≤ 1,024 ·(M + 1)). The
resolution of the bi-frequency mode depends on the fixed divider size whose output
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signal duty cycle can be varied by detecting any intermediate state of the counter
(Qi > S). The overall division ratio is chosen big enough to guaranty the continuity
of the temperature compensation but at a scaled power of two of the desired output
clock (e.g., 32 Hz and 32,768 Hz in RTC applications). With a bi-frequency range
close to 50 ppm, an interpolated 32,768-Hz clock that is accurate 32 times per
second and that can be adjusted with a resolution of 50 ppb can hence be obtained.

To maintain the power dissipation low, only the oscillator and divider chain are
powered permanently. Periodically, the updated division ratio and bi-frequency duty
cycle are calculated with the help of (10.1) on a dedicated hardware state machine
or a microcontroller using the output of a temperature sensor and stored calibration
data obtained at three temperatures from both the thermal sensor and the resonator.
These blocks are heavily duty-cycled to yield negligible power overheads.

10.5 Frequency Synthesizer

10.5.1 BAW DCO Within ADPLL

The differential oscillator structure that has been chosen to implement the BAW RF
LO was proposed in [25] and is sketched in Fig. 10.4. The DC decoupling of the two
sources of the cross-coupled pair is necessary to avoid latching, and let the bottom
MOS transistors set the oscillator common-mode voltage. This negative feedback is
canceled above a given frequency and changes to positive to provide the required
negative conductance at the desired frequency. The upper value of Cs is however
limited so that parasitic relaxation oscillation can be avoided [25].

cdeg
M1

ib ib

M2

cload

CMOS (31..0)

Fine tuning
Coarse tuning

BAW

CFR (2..0)

Fig. 10.4 BAW DCO schematic (coarse and fine-tuning both implemented differentially). c©2009
IEEE. Reprinted, with permission, from [27]
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The resonator can be modeled by its dielectric capacitor C0 placed in parallel
with a motional branch made of a series RLC network that represents the resonance
mode of interest and for which a suffix “m” is added in the following. The equivalent
loading capacitor CL, placed in parallel with the resonator, represents the capacitive
load of the LO and the blocks to which it is connected. It could include an optional
varactor if tuning is desired. The equivalent parallel conductance GP of the tank that
the circuit will have to compensate for is given by [25]

GP =
ω0 ·C0

Q · Cm
C0

·
[

1+
CL

C0

]2

, (10.2)

where Q is the loaded Q factor to be derived shortly and ω0 the oscillator frequency
that is given by

ω0 =
1√

Lm ·Cm
·
[

1+
Cm

2 · (C0 +CL)

]
. (10.3)

The oscillator total start-up current can readily be obtained after calculating
gm(Ib), which is equated to 2GP, and doubled. It can be minimized if the MOS
are biased in weak inversion and the load capacitance is reduced. When the circuit
is supplied with a bigger current, the differential steady-state oscillation amplitude
VOSC depends on the nonlinearity of the MOS and can be found by solving
I f 0/VOSC = GP, with I f 0 the amplitude of the differential current at the fundamental
oscillation frequency f0 [26]. When expressed as a function of the mean total current
IM, the amplitude is bounded by VOSC < IM/GP. The equality can however be used to
provide a fairly accurate V − I behavior of the LO amplitudes above a few hundreds
of mV. The phase noise, L, of the oscillator when considering only thermal white
noise can be computed as a function of the resonator and circuit parameters. With k
the Boltzmann constant, T the temperature, and γ the noise factor of the oscillator
circuit, it yields

L(Δω) =
(1+ γ) ·k ·T

ω0 ·C0 ·Q · C0
Cm

·
(

1+ CL
C0

)2 ·
1

V 2
OSC

· ω2
0

Δω2 . (10.4)

When considering a low-power implementation, a relevant FOM is obtained
by computing the power phase-noise product, which should be minimized (e.g.,
obtaining a given phase noise while minimizing the power dissipation). As for LC
tanks, it turns out to be only dependent on 1/Q2, VDD/VOSC, and the oscillator noise
factor and shows no dependency on any reactive component of the tank.

The loaded Q is given as a function of the resonator and load Q factors, QR =
1/(ω0 ·Rm ·Cm) and QL = (g0 + gL)/(ω0 · (C0 +CL)), respectively, by

1
Q

=
1

QR
+

Cm

C0 +CL
· 1

QL
. (10.5)
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Interestingly, a moderate load Q factor, which also accounts for the resonator
dielectric loss (g0) is boosted by the tapping effect of the resonator (multiplied
by (C0 +CL)/Cm). As an example, with QL = 25, Cm/(C0 +CL) = 2.5%, and
QR = 1,000, the loaded Q is still 500, yielding a 34-dB improvement in the power
phase-noise product compared to an LC tank with a loaded Q of 10 (assuming
same amplitude, supply voltage, and noise factor). The drawback, however, is
the extremely reduced tuning range of the BAW LO which can be evaluated by
computing the derivative of the oscillation frequency (10.3) with respect to a
variation of CL. It yields

Δω
ω0

=
Cm

C0
·CL

C0

[
1+

CL

C0

]−2

· ΔCL

2 ·CL
. (10.6)

It is scaled at best by 1/4 ·Cm/C0 if CL = C0 compared to an LC tank.
Hence, it is close to a factor hundred with the coupling factor given previously.
Advantage can be taken from this poor tuning behavior to implement a high-
frequency resolution DCO that will prove very useful to ensure nearly immediate
locking after returning from an idle period or compensate a difference of pulling
between RX/TX modes. Figure 10.4 shows the two kinds of discrete varactors
that have been used to implement a bank of 32 4×0.18-μm2 inversion/depletion
nMOS capacitances for fine tuning and a bank of 3 coarse-tuning switched metal–
metal fingered capacitances. Sub-ppm frequency steps are obtained with frequency
interpolation by switching four fine-tuning MOS varactors with a 6-bits MASH 1–1
modulator as proposed in [19].

The ADPLL implementation is based on a programmable integer divider, a
phase frequency detector that is followed by a 100-ps resolution time-to-digital
converter (TDC) and a simple proportional/integer digital loop filter. Self-calibrating
compensation of the deterministic jitter introduced by the Δ−Σ modulator and
bi-frequency operation when generating the reference signal for the ADPLL was
incorporated within the TDC.

10.6 Bi-frequency Reference Oscillator

The bi-frequency mode reference oscillator was implemented with a structure
similar to that used for the RF BAW DCO to get high tuning range and low-current
consumption. Unlike the Pierce structure [26], this topology does not require a
functional load capacitance to work properly (ideally CL > C0). A large CL will
impact significantly the power consumption and reduce the achievable tuning range.
In the differential topology, the load capacitance can be reduced to the parasitic
load of the MOS, the pads, and the switchable capacitor in its off state. This is
made possible since above a given frequency that is controlled by the source to
source decoupling capacitor placed below the cross-coupled pair, the circuit merely
provides a negative conductance whatever the biasing level.
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Fig. 10.5 Dynamic dual-modulus divider by 3–4 circuit with balanced input synchronizing
signals. c©2009 IEEE. Reprinted, with permission, from [27]

Metal–metal finger-type capacitors switched by NMOS transistors were chosen
to implement the bi-frequency mode since they yield high tuning capacitor with
on/off ratios exceeding ten. The switched capacitor size is a trade-off between the
tuning range and average current consumption of the oscillator which can both be
evaluated with (10.2) and (10.6).

10.6.1 Divider Chains with Low-Power Dynamic Divider

The proposed architecture mandates for an efficient ultra-low-power divider imple-
mentation to maintain the overall consumption low, despite the four division chains
that should run in parallel to generate the LO reference signal, the 16-MHz system
clock, the 160–80-MHz IF signal, and the modulator clock used to obtain finer DCO
frequency steps. A dynamic divider topology based on multi-modulus injection-
locked ring oscillators with added control MOS transistors for synchronization or
pulse swallowing is proposed to meet this challenge. All the divider cells are laid
out with the size and pitch of standard digital cells using similar transistor sizes,
yielding an extremely compact implementation and resulting in ultra-low-power and
high-speed operation. Figure 10.5 shows the implementation of a differentially AC-
driven dual-modulus divider by 3–4.

It consists of a ring of five inverter stages, among which four of them are current-
starved, thanks to DC-biased series transistors to set the free-running oscillator
speed. Opposite differential LO signals are then AC-coupled on the DC-biased
transistors to alter the speed of each starved inverter, alternatively accelerating or
decelerating the transitions in any two consecutive branches in an opposite manner.



10 A 2.4- GHz Narrowband MEMS-Based Radio 271

424

6

S>Pi

7 5 25

22

32

2

MC ctrl

MC ctrl1 ctrl2

MC1 MC2 ctrl2MC3ctrl1

Combinatory logic

% 2% 2% 4

% 4 % 4

% 4/5

% 4/5 % 2...216

MASH 1−1−1

% 2

% 25

Bias

MASH 1−1

Bias

Combinatory logic

Combinatory logic

% 3/4 % 2/3 % 2/3

MASH 1−1LUT

LO_REF

IF_REF

IF_REF word

LO_REF word

16MHz SYS_CK

SYS_CK word

DCO ctrl

Fig. 10.6 Divider blocks arrangement. c©2009 IEEE. Reprinted, with permission, from [27]

Provided the free-running ring speed matches more or less that of the synchronizing
signal and depending on the level of the latter, a single transition is allowed every
half period of the LO, yielding injection locking and division by four. Division by
three is merely obtained by swallowing two half periods out of a complete cycle,
thanks to short circuiting transistors that waive synchronization on some positive
and negative transitions. Single-ended driven ring dividers can be built similarly
with an odd number of starved inverters whose synchronization terminals are all
tied together to the rail-to-rail input signal that only allows a single transition in the
ring as its polarity changes.

A block diagram showing the arrangement of the different divider blocks used
to generate the desired signals is shown in Fig. 10.6. The IF signal generation chain
made of a /3–4/2–3/2–3 arrangement combined to a 20-bits MASH 1–1 modulator
allows generating any fractional division ratio between 13 and 35, hence signals
between 178 and 66MHz with a 2.32-GHz input. The control of the three multi-
modulus dividers to achieve the sequence of integer dividing ratio computed by the
modulator is ensured with a combinatorial logic block that makes use of simple
control signals derived from the second and third dividers. The 16-MHz system
clock divider chain is built with a fixed pre-division by two followed by a /4–
5/4/2/2 structure, which is combined to a 20-bits MASH 1-1-1 modulator and a
combinatorial logic block to yield any fractional division ratio between 134 and
154. The reference LO divider chain is formed of a /2/4–5/4/4 dynamic structure
followed by a 16-bits synchronous flip-flop-based counter implementing any integer
division ratio between 213 and 223 in steps of two. Eventually, the 6-bits modulator
controlling the DCO interpolator capacitor network is clocked at some 36 MHz after
fixed division by 26 obtained with a cascade of 6 dividers by 2.
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Fig. 10.7 Current-controlled relaxation oscillator with amplitude control implemented by adapt-
ing oscillator output impedance. c©2009 IEEE. Reprinted, with permission, from [27]

10.6.2 IF Relaxation Oscillator and Homodyne PLL

A quadrature relaxation oscillator has been designed to realize the wanted IF local
oscillator [21]. The chosen basic topology is similar to the relaxation oscillator
proposed in [28] and is depicted in Fig. 10.7.

Quadrature signals are obtained by duplicating the structure of Fig. 10.7 and
using coupling transistors [21]. To reach the wanted higher frequencies with as
low power as possible, the oscillator is kept in quasi-harmonic mode; the gates and
drains of the main transistors M1 are DC decoupled by capacitors CC, and the gates
are biased via resistors Rb such that transistors M2 stays saturated. The gates of
transistors M1 will be referred to as the oscillator output nodes. Analysis leads to
the following relations:

gms ·Rout ≥ 2

(
1
n
− 1

α

)−1

, (10.7)

ω =
gms

2 ·Cout
·
√

1+β
α ·n − 1

α2 . (10.8)

Self-sustained or growing oscillation amplitude is reached when relation (10.7) is
verified, with Rout defined as real part of the parallel output impedance, n, the slope
factor accounting for the body effect [29], and α is the ratio Cr/Cout . The source
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transconductance gms is defined for transistors M1, and β is the ratio between
the source transconductances of M2 and M1, β = gms,2/gms,1. The capacitance
Cout merges all parasitic and load capacitance at the output nodes. Capacitance
CC is considered high enough to be neglected. The corresponding oscillation pulse
frequency ω is described by relation (10.8). It can readily be derived from (10.7)
that the capacitance ratio parameter α has to be greater than n. According to (10.8),
the oscillation frequency can be controlled by varying the bias current IC in order to
modify the value of gms. If the value of Rout varies also proportionally to keep the
condition (10.7) verified, the circuit of Fig. 10.7 implements a current-controlled
oscillator (CCO). Meeting this last condition requires amplitude control.

1. Amplitude control: The wide variation of bias current needed to tune the
oscillation frequency over the required range also creates wide variations in
the oscillator operating point, more specifically in the steady-state oscillation
amplitude [28]. In order to increase the tuning range, linearize the current-to-
frequency characteristic, and allow the oscillator to stay in the quasi-harmonic
mode over the entire range, an amplitude control has been designed. The
amplitude control circuitry is detailed in Fig. 10.7. The adaptive biasing of
transistor M4 allows to vary the impedance at the oscillator output nodes to
maintain the gain gms ·Rout constant, according to relation (10.7), even when
the gms varies. When oscillations amplitude grows, the nonlinearity of the I–V
characteristic of common-source transistor M2 decreases its average gate voltage
[26]. This mechanism can be used to implement an amplitude control with a
feedback loop which settles the average M2 gate voltage to a reference value
generated by a replicated branch.

2. Voltage-to-current converter: In order for the current-controlled oscillator to be
used in a conventional charge-pump PLL, a transconductance stage or voltage-
to-current converter (VCC) is needed. The gain of this stage allows setting
independently the equivalent voltage-to-frequency gain KVCO. To keep KVCO and
the VCC gain reasonable as well as to insure the stage linearity, the tuning range
is divided into multiple sub-bands. When used in a PLL, a finite-state machine
algorithm automatically switches between sub-bands and resets the differential
loop filter at each switching event. A sufficiently large hysteresis is set in the
out-of-range events detection to ensure stability. The designed transconductance
stage is a degenerated differential pair as detailed in Fig. 10.8.

The differential tuning voltage Vtune allows to change the oscillator bias
current IC. The degeneration resistor Rd determines the transconductance gain
G of the stage according to G = 1/(n ·Rd). Several sub-bands are implemented
by using current DACs. Replicated branches detect upper and lower out-of-range
events by comparing currents on both sides, and sub-band selection algorithm
increments or decrements the discrete value N depending on which event actually
occurred.

3. IF PLL: In order to be able to filter out noise coming from the divided BAW
oscillator, a simple homodyne PLL is implemented with a reverse gain of one
(no division in feedback). The loop is using the relaxation oscillator described
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Reprinted, with permission, from [27]

previously. The output frequency follows exactly the input frequency, with a
filtering effect. The chosen implementation for the phase-frequency detector
(PFD) is a classical tri-state PFD associated to a differential charge-pump circuit
and currently external loop filter for greater flexibility.

10.7 Receiver

10.7.1 RF Front-End Using BAW Resonators

Using high-Q filters with good selectivity and low insertion loss in front of a
receiver relaxes the overall linearity requirements and thus the power consumption.
Moreover, heterodyne receivers need to filter out their image band in order to avoid
signal degradation at the IF. Traditionally, off-chip SAW filters are used to this
purpose. The feasibility of high-Q RF filters realized with BAW resonators has
been demonstrated with comparable or even better results than SAW devices. An
above-IC integration of a filter realized with thin film bulk acoustic wave resonators
(FBAR) on top of a BiCMOS receiver front-end has been reported in [2], offering
promising solutions for the integration of a complete RF SoC.

The BAW filter using SMR BAW resonator is placed in front of the LNA to
eliminate out-of-band interferers and relax the linearity requirements. RF filters
need correct impedance terminations in order to perform as specified. Input
impedance matching is therefore a critical part of the LNA design. Classical LNAs
as used in [2] require several critical inductors to provide a real input impedance
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(typically 50-Ohm). On-chip inductors need a large silicon area and only offer
limited quality factor. The main novelty of this approach is to co-design the LNA
and the filter using BAW resonators. The use of only high-Q passive components
helps in achieving better gain and noise figure performance.

The proposed selective LNA topology is shown in Fig. 10.9 [24]. A fully
differential topology is chosen for better immunity to substrate and power supply
noise. Moreover, balanced operation is mandatory for lattice filters and similar
circuits such as the presented selective LNA to extend the available bandwidth
to its maximum. The core of the LNA is analogous to the so-called gm-boosted
LNA [30, 31] and presents a differential real impedance at the gates and sources of
the transistors. Similar to lattice filters, the Y1 and Y2 resonators are appropriately
detuned to achieve the widest bandwidth. These devices are mutually coupled
through the network formed by the transistors and the cross-coupled capacitors CC.
In order to improve the out-of-band rejection, a prefilter stage is added in front of the
circuit. This prefilter is a lattice network built from identical resonators than those
used in the selective LNA. The main transistors are cascoded to improve reverse
isolation and stability. The amplifier is loaded by an LC tank, the quality factor of
which determines the output impedance and gain of the amplifier. The tank inductor
is a differential integrated inductor using the five upper metal layers of the digital
CMOS process. In order to realize a trimming capability on the load resonance
frequency, several switched capacitors are added in parallel to the output nodes. A
classical active switching mixer follows the LNA and downconverts the RF signal
to the 160–80-MHz IF.
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10.7.2 Intermediate Frequency and Baseband

A variable gain amplifier stage was added at intermediate frequency to provide
additional gain for small input signals or attenuation for increasing the receiver
linearity. Two further active switching mixers are used to convert the IF signal to
baseband by mixing it with the quadrature IF LO signals. The baseband part of
the receiver consists of an RC filter followed by a buffer, an active filter, and a
limiters chain. Saturation levels of the limiter stages provide directly a logarithmic
received-signal-strength indication (RSSI). The active filter consists of a third-order
Butterworth low-pass Gm-C filter. Flexible channel filtering allows optimizing the
bandwidth for several modulation indexes and bit rates.

10.8 Transmitter

10.8.1 Quasi-Direct Modulation with Fractional Divider

Direct modulation transmitter architectures, based on fractional PLLs, are advanta-
geous to avoid LO pulling by the power amplifier, lead to better TX spectral content
where spurs are avoided, and are very efficient from a power, hardware complexity,
and area point of view. The noise shaping introduced by the Δ−Σ modulator limits
however the achievable PLL bandwidth to a small fraction (typically 1/200) of
the reference frequency, resulting in a limited data rate. Two-point modulation,
requiring however frequent calibration of the varactor gain, alleviates the band-
width/data rate trade-off at the expense of increased complexity. In the proposed
superheterodyne architecture where all the tuning is performed at the IF frequency,
the fractional division chain required for channel selection inherently allows
high-speed modulation. A large gain in the achievable bandwidth is however
obtained compared to classical PLLs since the frequency range lies very high
between 80 and 160 MHz, and the level of the Δ−Σ modulator noise experiences no
gain in the homodyne filtering PLL and up-converter mixer. A 1–2-Mb/s data rates
compliant with Bluetooth low-energy [22] and Zigbee [23] standards are thus easily
obtained without the need for any calibration.

10.8.2 DSB Up-Conversion Mixer with BAW Filtering

A double-sideband direct up-conversion mixer based on a pseudo-differential pair
Gilbert mixer with current injection has been chosen to limit the number of stacked
transistors and enhance low-voltage operation. Moreover, it can be demonstrated
[32] that the injection of current in the pseudo-differential pair increases the
conversion gain and the linearity, while decreasing the flicker noise coming from
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Fig. 10.10 Power amplifier simplified schematic (circuit is actually balanced. c©2009 IEEE.
Reprinted, with permission, from [27]

the switching pairs. The availability of rail-to-rail IF signals allows driving the
switching pairs directly. After proper biasing, the local oscillator signal is applied
to the pseudo-differential pair. The active mixer output is loaded by an integrated
differential inductance setting the mixer gain and input impedance of the following
one-stage differential lattice BAW filter that is used to reject unwanted sidebands
such as LO feedthrough, image, and IF harmonics. In order to present a well-
defined output impedance to the BAW filter, another differential inductor is used to
form a resonant load together with the input capacitance of the following amplifier
stage. On-chip switched capacitors are present to adjust LC resonances. The filter
input/output impedances have to be maximized to give the highest mixer gain and
reduce the current consumption. However, the mean impedance of the constituting
resonators determined by the shunt dielectric capacitance, CO, has to be increased
accordingly to maintain a rather flat response within the filter bandwidth, reducing
the size, parallel Q factor, and achievable coupling of the resonators [33]. As a
result, both the filter insertion loss and bandwidth are degraded when the resonator
impedance is increased. To limit the power dissipation of the mixer, an impedance
of 600 Ω was chosen for the resonators and the equivalent parallel resistance of the
inductors defining the input/output impedance of the filter, although it was already
considered somehow too high for the resonators.

10.8.3 CMOS Power Amplifier

The filtered signals coming from the up-converter mixer are amplified by an
integrated CMOS power amplifier, depicted in Fig. 10.10. The preamplifier stage is
a class B push–pull amplifier. The input signal is decoupled by means of integrated
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capacitors while the biasing of the stage can be controlled by a programmable
current. The structure is differential to reduce even order distortions. The differential
power output stage is formed by cascoded transistors biased for class AB operation.
The output stage is matched to 100 (differential), and another one-stage BAW filter
may be used to further reduce unwanted sidebands. The LC resonance frequency
at the interface can similarly be corrected by means of a switched capacitors bank
to compensate possible detuning. Finally, on-chip decoupling of the power supplies
has been used to filter out current peaks on the supply line. An additional advantage
is brought by the differential structure, which allows to limit the magnitude of the
supply AC current peak and to move the corresponding spectral component at twice
the operating frequency [33], mitigating the on-chip decoupling requirements.

10.9 Experimental Results

Over the last years, several different circuits were realized and tested, ranging from
simple RF blocks to the complete transceiver system shown in Fig. 10.2. The latest
CMOS version of the transceiver chip is shown in Fig. 10.11. The results presented
here have been chosen as the most representative of the combination of classical
CMOS ICs and MEMS. All circuits have been integrated in compatible 1P6M
0.18-µm generic CMOS processes. The overall current consumption figures under
1.5-V supply voltage for the latest version of the transceiver chip are described in
Table 10.1.

Fig. 10.11 Photograph of the integrated transceiver. c©2009 IEEE. Reprinted, with permission,
from [27]
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Table 10.1 Overall current
consumption figures

Description Current (mA)

BAW oscillator 0.9
GEN IF divider chain 1.2
BAW ADPLL + CK 16-MHz dividers 1
BAW frequency tuning 0.2
IF CCO + PLL 0.65

Receiver 2.2

Up-converter 3.3
Preamplifier 2
Power amplifier 10.8

Total Rx mode 6.15
Total Tx mode @ Pout =−4 dBm 20.05

c©2009 IEEE. Reprinted, with permission, from [27]

Fig. 10.12 Frequency
stability of the 32’768-Hz
temperature compensated
clock. c©2009 IEEE.
Reprinted, with permission,
from [17]

10.9.1 32-kHz Reference Clock

Figure 10.12 shows a measurement of the compensated clock frequency deviation
from 32’768 Hz versus temperature over a 0–50 ◦C range after individual calibration
of the thermal sensor and resonator pair at three temperatures. The measurement
was taken in two steps: after heating the sample at 50 ◦C followed by a temperature
frequency pairs data-logging during its return to ambient and similarly after cooling
down to 0 ◦C. The clock stability is better than 10 ppm and shows a remaining linear
dependence of 0.25 ppm/ ◦C, demonstrating a reduction by more than two orders of
magnitude compared to the uncompensated resonator drift. It is currently limited by
the accuracy of the calibration when determining the compensation parameters. The
standard deviation of the frequency at a stable temperature is close to 0.6 ppm, in
agreement with the product of the temperature sensor resolution and initial TCF of
the resonator.
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Fig. 10.13 Measured and simulated RF front-end voltage gain. c©2009 IEEE. Reprinted, with
permission, from [27]

The average current consumption of the electromechanical oscillator amounts
to 3 µA, and the divider chain draws 200 nA yielding multi-year autonomy with a
coin-size battery. The temperature sensor consumes 30 µA but is duty cycled to yield
negligible power overheads.

10.9.2 Receiver Front-End

This result highlights the selectivity attained by the first integration of the RF front-
end [24]. To measure the circuit, both chips were bonded together and to external
I/Os directly on a printed circuit board. In order to convert the single 50 generator
output into a 100 differential input to the circuit, an external passive balun is used,
resulting in a slight degradation of the overall noise figure due to its −1-dB insertion
loss. The RF selectivity is measured with a constant IF frequency (90 MHz), and the
results are shown in Fig. 10.13. It can be seen that measurements are close to the
simulated results, with a center frequency shifted upward by 80 MHz. This is due
to a thinner piezoelectric layer than expected in the resonators. Though this effect
can be compensated by adjusting the thickness of an extra loading layer on the
resonators, it requires an additional trimming step which was not performed for this
prototype but is routinely achieved for industrial-level BAW resonators production
[20]. The achieved image rejection is above 50 dB for the chosen IF. The overall
voltage gain of 12 dB is 6 dB lower than simulation, and the front-end noise figure is
degraded accordingly. This is mainly due to a lower Q than expected for the LC load.



10 A 2.4- GHz Narrowband MEMS-Based Radio 281

RBW = 3 kHz

−150 −100 −50 0 50  100  150
−70

−60

−50

−40

−30

−20

−10

0

 10

Offset frequency [kHz]

P
ow

er
 [d

B
c]

Fig. 10.14 Measured locked ADPLL spectrum (CF=2.3 GHz). c©2009 IEEE. Reprinted, with
permission, from [27]

The measured noise figure for the overall front-end amounts to 11 dB. While this
value may seem unduly high, it has to be noted that it includes all insertion losses
in the balun and the filter, as well as the mixer noise in some proportion depending
on the LNA gain. Linearity figures are a 1-dB compression point of −26 dBm and
input IP3 of −16.1 dBm. The front-end consumes a total of 1.5 mA under 1.2 V.

10.9.3 Frequency Synthesis

Figure 10.14 shows the spectrum of the BAW DCO that is phase locked to a 32-
kHz XTAL reference. A proportional, integral digital loop filter with a crossover
frequency of 10 Hz was implemented on an FPGA to suppress the reference noise.
The reference spurs are below −50 dBc and do not impact the system performances.
Figure 10.15 shows relevant phase-noise plots of the synthesizer. The BAW DCO
free-running spectrum (◦ symbol), measured at the PA output when the IF port of
the up-converter mixer is DC biased, is unexpectedly dominated by 1/ f 3 noise up
to 1 MHz where it reaches −125 dBc/Hz, compared to a three decades lower noise
corner reported previously with a DCO version with a slightly bigger area [21].
The reference IF signal obtained by fractional division from the BAW DCO (�
symbol) exhibits a better close-in noise due to frequency scaling, until a plateau is
reached at −120 dBc/Hz probably due to the folding of modulator noise induced
by non-linearity. Then the high-frequency shaped modulator noise increases above
that level with a maximum at half the IF frequency. The same signal filtered by the
homodyne PLL of the IF relaxation oscillator with a 1-MHz bandwidth (
 symbol)
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inherits from the good close-in noise of its reference but suppresses its far-from-
carrier noisy content. The IF in-band noise level reaches 95 dBc/Hz and is reduced
to 113 dBc/Hz at 3-MHz offset. The unmodulated transmitter spectrum obtained
after IF and RF LOs mixing merely consists of the sum of its two contributors and
is hence not surprisingly determined by the low-Q IF oscillator phase noise at large
offset (� symbol). Gladly, the degradation is mitigated since a given phase noise
level is easier to reach for lower frequencies.

10.9.4 Receiver Bit-Error Rate

Figure 10.16 shows a measurement of the receiver BER when a 100-kbit/s 2-FSK
23-bit long pseudo-noise sequence with a modulation index of eight is applied to the
LNA input (without the front-end BAW filter), and the IF division chain is operated
in fractional mode (Δ−Σ modulated). I & Q limited signals are fed to an external
FPGA where the demodulator and clock recovery functions are implemented.
A sensitivity of 87 dBm at a BER of 0.1% is obtained, corresponding to a
degradation of 15 dB when compared to performances measured on a previous chip
operated with external LOs. This discrepancy still requires further investigation to
be fully explained, but 3 dB can be attributed to the noise coming from the image
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Fig. 10.16 Measured receiver bit-error rate at 100-kbps 2-level FSK. c©2009 IEEE. Reprinted,
with permission, from [27]

band since the RX BAW filter was not mounted. Possible loss cause might be due to
a non-optimal demodulator implementation, poorly matched LNA input impedance,
and rather long printed circuit board RF tracks.

10.9.5 Modulated TX Signal

Figure 10.17 shows the non-modulated TX spectrum together with a 1-Mb/s GFSK-
modulated signal that is generated on an FPGA and introduced in the fractional
division chain used to produce the IF PLL reference frequency. The frequency
deviation is set to 250 kHz, resulting in a 0.5 modulation index. Gaussian filter
bandwidth symbol period product BT is 0.5. The average integrated RF power is
−3.73 dBm with a current consumption of 3.3 , 2 , and 10.8 mA for the DSB up-
converter mixer, preamplifier, and power amplifier, respectively. The transmitter
measurements have been performed without the two designed BAW filters since
the measurements of the 600-Ω intermediate filter stage have shown poor overall
performance (2.5 dB in-band ripple, 3–4-dB insertion loss). The 100-Ω output stage
filters have much better performances with an insertion loss of 11.5 dB and much
reduced in-band ripple (<0.5 dB).

The association of the DSB mixer with the intermediate BAW filter is hence not
attractive from a power consumption perspective. The additional current required
to counterbalance the low impedance level limitation introduced by the BAW
filter prevails over that spared by avoiding quadrature RF LO generation. If not
compensated, this gain reduction further leads to reduced performances since the
PA is operated in a lower efficiency class.
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Fig. 10.17 Non-modulated RF carrier and modulated GFSK signal. c©2009 IEEE. Reprinted, with
permission, from [27]

Figure 10.18 shows a picture of the chip-on board multi-chip module MEMS-
based transceiver. The BAW resonator used in the DCO is visible to the right. To the
left, an unpackaged 1-MHz silicon resonator was added for illustration purpose.

10.10 Conclusion

This chapter presents a new 2.4-GHz heterodyne radio architecture that is designed
for an optimum use of MEMS devices such as high-Q BAW RF resonators and low-
frequency Si resonators, paving the way toward an ultra miniaturized radio. The
radio architecture takes advantage of the BAW high Q to obtain a low phase-noise
fixed-frequency DCO. The limited tuning range of the BAW DCO is circumvented
by shifting the tuning at the IF, hence relaxing the phase-noise requirement on the
IF PLL, thanks to frequency scaling. A fast wake-up time is achieved, thanks to an
ADPLL where the previous lock state can be memorized, allowing for the PLL to
start almost in locked conditions despite its rather low loop bandwidth. The LO
signal provided by the BAW DCO is divided by low-power dynamic fractional
divider chains generating an IF frequency comprised between 66 and 178 MHz
together with the 16-MHz system clock from a 2.32-GHz input. The IF PLL is built
around a quadrature current-controlled relaxation oscillator with amplitude control.
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Fig. 10.18 Multi-chip module implementation showing Si Res, RF BAW resonator, and RFIC

BAW resonators are also used in the RF receiver front-end combining the functions
of interferer and image rejection, impedance matching, and selective amplification,
as well as in the transmit path for spurious components filtering. The radio circuit
has been integrated in a 1P6M 0.18-µm generic CMOS process and assembled
with BAW resonators. The complete radio has been validated demonstrating the
advantage of this new architecture. The current consumption is 6.15 mA in receive
mode with a sensitivity of −87 dBm at 100 kb/s and 20 mA in transmit mode with
−4-dBm output power under 1.5 V. The frequency synthesizer has been measured
using a 32-kHz external crystal. The free-running BAW DCO consumes about
900 µA and shows a −125-dBc/Hz phase noise at 1 MHz offset. The IF signal
achieves close-in phase noise below −95 dBc/Hz and reaches −113 dBc/Hz at
3-MHz offset. The IF PLL consumes about 650 µA, whereas the fractional divider
consumes about 1 mA. The receiver front-end achieves a voltage gain of about 12dB
with a 1-dB compression point of −26 dBm and IP3 of 16.1 dBm, a noise figure of
11 dB for a 1.5-mA current consumption.
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Chapter 11
A Digitally Controlled FBAR Frequency
Reference

Hiroyuki Ito, Hasnain Lakdawala, and Ashoke Ravi

Abstract Crystal oscillators have been the primary frequency reference sources
used in communication circuits. However, their size, frequency of operation, and
cost are hard to scale. Push toward miniaturization and low cost demands smaller
form factor and crystal-oscillator alternatives, and MEMS frequency references
have been manufactured recently. In this chapter, a digitally controlled FBAR
(freestanding bulk acoustic resonator)-based oscillator is presented as an alternative
frequency reference.

11.1 Introduction

A quartz crystal resonator has been an essential device for modern electronics. Near
10 billions of crystal devices are sold every year, and their usages have continued to
increase with growth in market size of electronic equipments, especially recent RF
wireless applications.

A large portion of the RF circuit functionality has been integrated into a CMOS
chips thanks to miniaturization of CMOS devices, resulting in reduction of board
size and of the number of components in RF modules. However, the crystal
oscillator, which has been the primary frequency source used in communication
circuits, still remains as a discrete element, even in the latest RF wireless transceiver
modules. No other device could attain Q-factor, frequency precision, and stability
of AT-cut crystal resonators and could replace them for more than half a century.
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One of the significant issues in recent electronic equipments is that their sizes,
frequencies of operation, and costs are not easily scaled simultaneously.

Some companies have recently started manufacturing silicon-MEMS oscillators
with lower prices than crystal oscillators for replacing crystal devices (http://www.
sitime.com, http://www.discera.com). Their package sizes are still larger than other
discrete elements such as chip capacitors, and there is an opinion that silicon-MEMS
oscillators will not dominate by 2012 due to tough specifications relating to phase
noise and temperature compensation (http://www.wtc-consult.com/english/news/
press-releases/28.03.08 mems-oscillators.html). However, silicon-MEMS crystal
alternatives are gradually becoming smaller form factor and are steadily penetrating
the market.

This chapter introduces a MEMS frequency reference using a FBAR (free-
standing bulk acoustic resonator) for RF wireless communication applications.
Application of the FBAR for a frequency reference has been proposed in the litera-
ture [1]. Some FBAR oscillators have achieved very low-phase-noise performances
comparable to crystal oscillators [1, 2]. One of the challenges faced in the design
of a FBAR frequency reference is the inaccuracy due to manufacturing variations
and temperature changes. We show ideas for calibrating frequency fluctuation and
propose a circuit architecture that is a digitally controlled FBAR-based oscillator
(DCFO) with very high frequency resolution and enough tuning range to cover
frequency variations. The resolution is achieved by a digital-to-analog converter
(DAC) composed of three subranged capacitor banks, with fine resolution being
obtained by 7-level sigma–delta capacitive DAC. We also address challenges due
to spurious resonance in the oscillator output induced by interconnect paths in
the package. The interconnect resonance effects are eliminated by a resonance
suppression circuit, implemented with a tuned circuit at the source of the gain stage.

The organization of this chapter is as follows: Characteristics of crystal alterna-
tives and the FBAR are discussed in Sect. 11.2, and a whole DCFO system and a
frequency calibration method are introduced in Sect. 11.3. In Sect. 11.4, details of
the DCFO are explained. Then, measurement results are shown in Sect. 11.5, and
the chapter is summarized.

11.2 FBAR Characteristics as a Frequency Reference

Table 11.1 shows performances of different types of resonators. Bonding wire, chip
(discrete), and on-chip inductors are also presented as references and can be used for
composing LC-resonators. Q of such inductors, and consequently that of resonators
built with these inductors, is much lower than that of crystal, ceramic, or MEMS
resonators. It is not feasible to use such inductors in a primary frequency reference
source in RF communication systems.

As might be expected, crystal resonators have the best Q, precision, and stability
of resonance frequency. Limitation of crystal resonators are that their resonance
frequency and size are very hard to scale. Resonance frequency and size of the

http://www.sitime.com
http://www.sitime.com
http://www.discera.com
http://www.wtc-consult.com/english/news/press-releases/28.03.08_mems-oscillators.html
http://www.wtc-consult.com/english/news/press-releases/28.03.08_mems-oscillators.html
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Table 11.2 A phase noise comparison among crystal and FBAR oscillators

Reference Process Center frequency (Hz)
Phase noise at 10 kHz
offset (dBc/Hz)

Crystal [4] 90nm Si CMOS 26M 2.0G −152−114a

[1] 0.18μm Si CMOS 1.9G −100
[5] 0.13μm Si CMOS 2.2G −85b

[7] 0.13μm Si CMOS 2.1G −95b

[8] 0.13μm Si CMOS 1.9G −98
[9] 0.35μm SiGe BiCMOS 5.5G −93
[6] 0.25μm SiGe BiCMOS 2.1G −94b

[2] Si bipolar 2.0G −112
a If the oscillator signal is ideally up-converted from 26 MHz to 2.0 GHz
b These values are read off from graphs in their papers

crystal resonator in Table 11.1 are higher and smaller class in crystal resonators,
respectively. However, resonance frequency is only 54 MHz, and package size
of 2.0 × 1.6 mm is larger than other discrete components that typically have
size of 0.6 × 0.3 mm or 0.4 × 0.2 mm in modern RF front-end modules. Size
reduction of crystal devices may progress in the future; however, small-size crystal
resonators will be expensive due to increase of fabrication (packaging) costs.
Ceramic resonators have been used for automotive applications and are superior in
price, oscillation start-up time, and shock properties. However, their frequency and
size are almost identical to crystal resonators. Table 11.1 also shows an example
of a MEMS resonator (non-FBAR), and the resonator (http://www.sitime.com) has
almost the same Q, precision, and stability of frequency as a crystal devices. It could
be a substitute for crystal devices in some applications but seems still to be large in
size at this time.

In terms of resonance frequency and area, FBARs have advantages over other
resonators. Chip cost of the FBAR can be lower than that of the crystal resonator.
One of the concerns is the Q of the FBAR, i.e., phase noise. Table 11.2 shows phase
noise characteristics of crystal and FBAR oscillators. Phase noise of a well-designed
crystal oscillator is around −150 dBc/Hz at 10 kHz offset [4], which corresponds
to about −110 dBc/Hz at 2-GHz oscillation frequency. Most FBAR oscillators have
achieved phase noise of better than −90 dBc/Hz, and oscillators in CMOS [1] have
attained a very low phase noise of −100 dBc/Hz. One of the significant results is the
−112 dBc/Hz phase noise of the FBAR oscillator of [2], the same level as crystal
oscillators. This means FBAR oscillators could become low-phase-noise primary
frequency reference sources in some RF communication systems when only phase
noise is considered.

Other remaining challenges in the design of FBAR frequency reference sources
are frequency fluctuations due to manufacturing variations and temperature changes.
Our FBAR resonance frequency fluctuates by over 4,000 ppm and needs to be
calibrated by using some techniques. Fortunately, we can achieve a frequency-
controllable FBAR oscillator with over 4,000 ppm tuning range [5, 6]. The next
section presents an idea of frequency calibration in RF communication systems.

http://www.sitime.com
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11.3 The Whole System and Frequency Calibration Scheme

Before discussing an RF communication system with the FBAR and frequency
calibration scheme, the brief target specification of the FBAR oscillator is shown
in Table 11.3. Target phase noise is the crystal-oscillator level, and the frequency
tuning range has to cover manufacturing and temperature variations. Frequency
tuning resolution has to be better than 100 ppb because the frequency accuracy
required for system such as Global System for Mobile Communications (GSM) is
in the 100 ppb range. Even the best crystal oscillator cannot achieve this accuracy
without feedback correction [4]. Thus, some communication standards (like GSM
and WiMAX) allow calibration of the frequency source using beacon information
from the transmitter. We can apply frequency control signals from a base station to
frequency calibration of the FBAR oscillator as shown in Fig. 11.1. This method can
be combined with factory calibration to overcome FBAR inaccuracies.

The frequency calibration scheme for crystal oscillators is also shown in litera-
ture [4], and we can use the same technique. The automatic frequency control (AFC)
loop in the GSM network is explained here as an example. A mobile terminal needs
to receive the frequency control burst (FCB) signal from the base station before
it transmits signals. The RF transceiver demodulates and decodes the FCB signal
using its own local oscillator; then, it maps decoded signals to the constellation plane
and calculates the frequency offset. A digital baseband sends AFC digital signals to
the reference clock oscillator and adjusts it until 100 ppb frequency accuracy is
achieved.

Table 11.3 The brief specification of the FBAR oscillator

Phase noise at 10 kHz offset Better than −110 dBc/Hz at GHz oscillation
frequency

Frequency tuning range Over 4,000 ppm (6.8 MHz for 1.7 GHz
resonance frequency)

Frequency accuracy (tuning resolution) Better than 100 ppb

Resonance frequency of our FBAR is around 1.7 GHz

Digital Baseband

DCFO

FBAR

AFC
Digital Signal

Rx

Tx

Synth.
Reference

LO

CLK
I/Q

I/Q & FCB

SW
Base
Station

Frequency Control Burst (FCB)

on the Frequency Control Channel

Fig. 11.1 An example of an RF communication system with the DCFO and a scheme of frequency
calibration. DCFO: digitally controlled FBAR oscillator, AFC: automatic frequency control, CLK:
clock, Rx: receiver, Tx: transmitter, SW: switch, LO: local signal, Synth.: synthesizer
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Package

Board

CMOS
Chip

BB: Baseband, Rx: Receiver, Tx: Transmitter, Synth.: Synthesizer
DCFO: Digitally Controlled FBAR Oscillator

Bonding Wire

Free standing Bulk 
Acoustic Resonator
(FBAR)

Transmission
Line

BB Rx

Tx
Synth

DCFO

Fig. 11.2 An image of DCFO implementation

Required frequency resolution is extremely fine. Thus, we develop a digitally
controlled FBAR oscillator (DCFO). Reasons are also the same as the crystal
oscillator’s case in [4] and are explained as follows:

1. Analog techniques for trimming require tiny varactors and very accurate voltage
references. Tiny varactors have poor process-variation robustness, and accurate
voltage references in recent sub-100-nm CMOS process have considerable
design difficulties.

2. The AFC signal is a digital signal and has to be converted to the analog
domain through a DAC if an analog FBAR oscillator (a voltage-controlled FBAR
oscillator: VCFO) is applied. Design of the AFC DAC is also a difficult challenge
because of the very low noise required for AFC DAC output signals that control
varactors. Phase noise of the VCFO is easily degraded by any noise injected into
varactor control lines. All tuning capacitors in the DCFO operate in low-gain
saturation region or linear region and can achieve better noise robustness.

3. Ratio of maximum and minimum varactor capacitance is limited especially
in sub-100-nm CMOS processes with low supply voltage, which reduces the
frequency tuning range of the VCFO. Maximum to minimum capacitance ratio
in the digitally controlled oscillator is limited only by the parasitic capacitance
and is usually much larger than what an analog varactor can achieve [4].

The DCFO will be implemented into RF modules like Fig. 11.2. Considering
an initial product, the FBAR will be placed on a printed circuit board. The fully
integrated RF transceiver chip is packaged and is connected to the FBAR through
bonding wires and transmission lines. The interconnect path including bonding
wires and transmission line causes a stability issue of the DCFO, and a solution
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is proposed in Sect. 11.4.2. Above-IC integration of the FBAR resonator would
eliminate this problem. However, the additional fabrication process for the FBAR
on CMOS wafers and three-dimensional integration of the FBAR still have cost and
reliability issues.

11.4 A Digitally Controlled FBAR Oscillator

Figure 11.3 shows a block diagram of the proposed DCFO which consists of a
core oscillator, the FBAR, a DAC including a second-order sigma–delta modulator,
a phase controller, a programmable divider, and a buffer. Low-pass filters and
buffer amplifiers (CMOS inverters) are inserted at coarse and moderate control
inputs reducing noise coupled from digital circuitry. The clock of the sigma–delta
modulator is supplied from the oscillator output through the divider and the phase
controller which adjusts switching timing of the fine capacitors for minimizing
phase noise. The core of the DCFO is explained next. We also show ideas for
achieving very fine frequency resolution, an issue of bonding wires connecting the
FBAR with the chip and solutions for it.

11.4.1 Overall Design of the Oscillator Core

First, circuit topology and transistor sizes in sub-100-nm CMOS process have to be
carefully designed for achieving low phase noise such as less than −100 dBc/Hz
at 10 kHz offset. Especially, flicker noise of MOS transistors in nanometer CMOS
processes is an important concern.

The schematic of the oscillator core is shown in Fig. 11.4, and FBAR resonators
can be modeled using the modified Butterworth Van Dyke model (mBVD) [10].
The basic topology is a differential oscillator introduced by [11]. One of the merits

Sigma-delta
modulator

Phase
controller

Programmable

divider
clock

coarse<55:0>

moderate<71:0>

fine x<5:0>

Buffer

DCO core with FBAR

RF
outputs

LPF

LPF

u<18:0>

p<5:0>
d<1:0>

reset
dither enable

Fig. 11.3 Block diagram of the oscillator with the subranged capacitive DAC including a sigma–
delta modulator, a phase controller, and a programmable divider
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FBAR
R2

R4

LS

M3

M1 M2

M4

vout

to buffer to buffer

coarse
moderate
fine

Vcc

R L C

Cm

Cp

CL

LS

R3

R1

Vout

VS1

Rm

FBAR model
(mBVD model)

vs2

Ro

Ron3 Ron4

Zb

v’s1 v’s2

Fig. 11.4 Schematic of the DCO core and a FBAR model. c©2008 IEEE. Reprinted, with
permission, from [13]

of this topology is that the number of transistors operating in saturation region,
i.e., flicker noise sources, can be limited to the cross-coupled pair M1 and M2.
A current source, which is generally applied for LC-type voltage-controlled oscil-
lators (VCOs), does not seem to be suitable for very low-phase-noise oscillators
because it also generates noises. We also need to care about the up-conversion of
noise from the current source [12]. However, this topology is not immune to noise
from the power supply. A voltage regulator may be required for implementing the
DCFO in RF wireless systems.

Sizes of M1 and M2 are designed to minimize phase noise at lower offset
frequencies. Flicker noise seems to be getting worse with transistor size reduction in
advanced CMOS processes, and the phase noise of oscillators tends to have a higher
corner frequency. Average power of flicker noises in a bandwidth of 1 Hz can be
approximately modeled as

v̄2
n =

K
CoxWL

· 1
f
, (11.1)

where Cox is gate capacitance per unit area [14]. K is a process-dependent constant
on the order of 10−25 V2F. Thus, one method in circuit design for reducing flicker
noise of MOS transistors is to increase the product of gate width W and gate length
L. When the minimum gate length Lmin of process is used, large W is needed
for reducing flicker noise. However, increase of W improves transconductance gm,
which degrades the thermal noise
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ī2n = 4kT γgm,
1 (11.2)

where k = 1.38× 1023 J/K and γ are the Boltzmann constant and the coefficient
determined by channel length or the drain-source voltage, respectively [14].

Thus, we should use larger gate length L. Then, the maximum transit frequency
ft and maximum frequency of oscillation fmax of large L transistors become of
concern. ft and fmax can be determined by

ft =
gm

2π(Cgs+Cgd)
(11.3)

fmax =

√
ft

8πRgCgd
, (11.4)

and large-L devices obviously have lower ft and fmax. Cgs, Cgd and Rg, are
gate-source capacitance, gate-drain capacitance, and gate resistance, respectively.
Figure 11.5 shows ft and fmax dependence on the minimum gate length of process
Lmin predicted by the International Technology Roadmap for Semiconductors
(ITRS) [15]. As of production year 2007, peak ft and fmax are over 170 GHz. Since
fT and fmax of recent and future sub-100-nm CMOS processes are more than high
enough to realize several-GHz-band analog circuits, increase of gate length L is
an expedient way to improve noise characteristics of transistors and RF circuits.
Obviously, it is to be noted that extremely large-L transistors consume large area

1The actual equation is ī2n = 4kT γgds, where gds is the drain-source conductance with Vds = 0 [14].
Equation (11.2) is for long-channel devices in a saturation region; however, we use it for simple
discussion.
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ZS ZS
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M1 M2

vout vout

vs1 vs2

Fig. 11.6 The simplified
bottom part of the DCFO at
lower frequencies

v’s1

voutvout voutvout

vs2

a b

vs2

vs1vs1

When Zs is a pure resistor. The stacked cross-coupled topology.

Fig. 11.7 Time-domain wave forms. (a) When Zs is a pure resistor. (b) The stacked cross-coupled
topology

and reduce frequency tuning range of the DCFO due to large gate capacitance. In
our design, gate lengths of M1 and M2 are three times the minimum gate length of
the 90-nm CMOS process.

Load resistors R1 and R2 are designed so that amplitude of oscillation signal
is maximized. Cp, R3, R4, M3 and M4 contribute stability of oscillation. Ls is
necessary to solve an implementation issue, and we will explain it in the next
section. According to the literature [11], Cp has to be less than n(CL +Cm), where
n is the transistor body effect factor. Small Cp avoids relaxation oscillation at lower
frequencies but reduces oscillation amplitude, so the trade-off has to be considered
in design.

R3, R4, M3, and M4 correspond to Zs as shown in Fig. 11.6. Zs reduces DC gain
and is also necessary to stabilize the DCFO. However, Zs is conventionally a pure
resistor, which limits the lower level of signals vout and ¯vout as shown in Fig. 11.7a.
Thus, we used the stacked cross-coupled topology. The bottom cross-coupled pair
(M3, M4), which mostly operates in the linear region and hardly generates flicker
noise, slightly emphasizes signal amplitude as compared to the case of the pure
resistor. When oscillation starts, R3 + Ron3 is almost constant and stabilizes the
DCFO at lower frequency, where Ron3 is the source-drain resistance of M3. In the
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Fig. 11.8 A simplified model of the FBAR element along with the interconnect effects seen by
the oscillators. c©2008 IEEE. Reprinted, with permission, from [13]
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steady state, voltage swings of vs1 and vs2 change source-drain impedances of M3
and M4 (Ron3 and Ron4), i.e., Zs. When vs2 is high, the drain-voltage of M3 v′s1
decreases due to reduction of Ron3. This suppresses peak voltage of vs1 as shown
in Fig. 11.7b. Then, the lower level of vout is slightly emphasized. In simulations,
oscillation amplitude increase of 44 mV and phase noise improvement of 0.9 dB/Hz
at 10 kHz offset without power penalties are seen.

11.4.2 A Spurious-Resonance Suppressor

A CMOS chip and the FBAR are connected to each other through an interconnect
path that includes bonding wires and transmission lines as shown in Fig. 11.2.
Figure 11.8 is a simplified model of the FBAR as seen by the oscillator. The
simulation results in Fig. 11.9 illustrate the effect of varying the length of the
bonding wires, changing their inductance (Lwire). The differential input admittance
of the FBAR with wires and pads shows the desired FBAR resonance around
1.7 GHz. A resonance at over 7 GHz is spurious and is induced by bonding wires,
and the spurious-resonance frequency decreases as Lwire increases. The significant
implementation issue is that the DCO core oscillates at the spurious frequency if
Lwire is as large as 3 nH, which is realistic when the CMOS chip and the FBAR are
placed on a board.



300 H. Ito et al.

Fig. 11.10 The proposed spurious-resonance suppressor circuit. c©2008 IEEE. Reprinted, with
permission, from [13]. (a) Approximate model. (b) Equivalent circuit of the suppressor
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One solution is to neutralize the effect of the parasitic inductor by exploiting
a negative impedance circuit. The concept of the cancelation scheme is shown in
Fig. 11.10. Coarse, moderate, and fine capacitors are excluded for simplicity. Odd-
mode impedance of the DCFO bottom-part Zb is

Zb =
Zs + j

{
4ω3Z2

s LsC2
p +ω

(
Ls − 2Z2

s Cp
)}

4ω2Z2
s C2

p + 1
, (11.5)

where ω is angular frequency. When frequency f is

fres =
1

2π

√
2Z2

s Cp −Ls

4Z2
s LsC2

p
, (11.6)

imaginary part of Zb becomes zero.
Figure 11.11 shows frequency dependence of Zb. fres will be set at around the

desired oscillation frequency fosc for utilizing both effects of “Zs and Cp” and “Ls”.
Because influences of Zs and Cp should be dominant as frequency is lower than
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fosc, they can prevent the oscillator from latching and relaxation oscillation at low
frequencies as described in the previous section. Imaginary part of Zb increases
at high frequency, then Zb almost behaves as Ls at over fres. Thus, when cross-
coupled transistors operate in saturation region, an equivalent circuit model of a
bottom portion at high frequencies can be represented by negative resistors −1/gm

and negative inductors −Ls as shown in Fig. 11.10b. Then, negative inductors −Ls

can cancel out parasitic inductors of bonding wires Lwire and can suppress spurious
resonance.

A filter connected in parallel with the FBAR would also be able to suppress
spurious resonance induced by bonding wires. However, this could degrade the
oscillation signal amplitude and could introduce another spurious resonance caused
by the filter. An advantage of this technique is that the spurious suppressor hardly
affects desired oscillation characteristics and minimally degrades phase noise.
Parasitic series resistors of inductors slightly degenerate the gain of cross-coupled
transistors M1 and M2 and have to be made up by increasing the gm of the cross-
coupled pair.

11.4.3 Principle of Frequency Tuning

Three types of capacitors, coarse Cc < 55 : 0 >, moderate Cmd < 71 : 0 >, and fine
Cf < 5 : 0 >, are connected in parallel to the FBAR as shown in Fig. 11.4. When the
negative resistance is large enough, oscillation can be achieved at frequency of [11]

fosc =
1

2π
√

LC

(
1+

C
2(Cm +CL)

)
. (11.7)

CL =Cc < 55 : 0 >+Cmd < 71 : 0 >+Cf < 5 : 0 > is total capacitance of capacitor
banks, and oscillation frequency can be controlled by changing the number of
capacitors through frequency control signals from the digital baseband as described
in Sect. 11.3.

The frequency control scheme with three kinds of capacitors is very similar to the
digitally controlled LC-based oscillator [16]. Coarse capacitors roughly calibrate
oscillation-frequency variations caused by process and temperature variations.
Moderate capacitors mainly compensate temperature fluctuation, and fine capacitors
improve the frequency resolution. Details of these capacitors are explained in the
following sections.

Note that Q of coarse, moderate, and fine capacitors are not important for this
oscillator. Oscillation characteristics of this circuit are mostly determined by series
resonance of the oscillator tank. Series Q of the FBAR is very high, on the order of
2,500, and most of the current flows into the FBAR at series resonance frequency
due to very small impedance of the FBAR. Thus, series Q of the oscillator tank
is almost determined by series Q of the FBAR and is hardly degraded by these
capacitors.
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Fig. 11.12 Coarse capacitors

11.4.3.1 Coarse Capacitors

The schematic of a coarse capacitor is shown in Fig. 11.12. The n-th coarse capacitor
consists of metal-insulator-metal (MIM) interdigital capacitors (Ccl < n >, Ccr <
n >), an NMOS switch (Ms < n >), pull-up transistors (Mp < n >), and pull-down
transistors (Mn < n >). Voltages Vc < n > control states of coarse capacitors. This
topology ensures suitable DC bias voltages for Ms < n > at both on- and off-states.
Maximum and minimum capacitance of the whole coarse bank is 770 fF and 270 fF
in our design.

When the control voltage Vc < n > is high, the NMOS switch Ms < n > and
pull-down transistors Mn < n > turn on. Then, the n-th coarse capacitor is active.
Pull-down transistors Mn < n > set source and drain voltages of the NMOS switch
Ms < n > (DC voltages of va < n > and v̄a < n >) to ground. This maximizes
overdrive voltage of Ms < n >, which provides minimum on-resistance of the
switch. The size of Mn < n > can be minimized because pull-down transistors
Mn < n > supply only a DC level.

The coarse capacitor turns off when the control voltage Vc < n > goes low. DC
voltages of va < n > and v̄a < n > are V coarse

cc , which enables high off-resistance of
Ms < n >. Note that V coarse

cc should be around half of the back-gate voltage Vnw of
Mp < n >, i.e., about half of supply voltage Vcc of the oscillator. RF signals (vsig �
vout) swing around the DC level V coarse

cc at drain and source nodes of Ms < n >.
If va < n > and v̄a < n > become much higher than Vnw, forward bias voltage is
applied to a diode at a junction of n-well and p-implantation layer of drain as shown
in Fig. 11.13, resulting in distortion of RF signal vsig.
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11.4.3.2 Moderate Capacitors

A moderate capacitor bank consists of NMOS varactors, MIM capacitors Cm1,
and resistors Rm for DC bias as shown in Fig. 11.14. Nodes Vm < n > control
the number of active moderate capacitors. The moderate bank is designed to have
enough frequency overlap between coarse and moderate tuning for ensuring margin
of process variations. Maximum capacitance of the moderate bank is 80 fF in
our design, which means capacitance of 1.4 fF is required for each moderate
capacitor. A small-size varactor with such tiny capacitance is critically affected by
process variations. Thus, the moderate bank includes capacitors Cm1 in series with
varactors, and effective capacitance per moderate capacitor can be reduced even
though varactors are not tiny. Rm should be designed so that parasitic capacitance
of Rm becomes small. High Rm improves Q of the moderate bank; however, high-
value resistors have large parasitic capacitance and degrade tuning range. Q of the
moderate bank is not important because it hardly affects the series Q of the resonator
tank as described above.
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11.4.4 Fine Frequency Tuning by a Sigma–Delta
Capacitive DAC

Figure 11.15 shows the schematic of a fine bank with six NMOS varactors Cf <
5 : 0 >, MIM capacitors Cf1, resistors Rf for DC bias, a second-order sigma–
delta modulator, a phase controller, and a programmable divider. Sizes of NMOS
varactors and resistors are the same as those in the moderate bank. MIM capacitors
Cf1 are designed to have 50% tuning overlap between the whole fine bank and each
moderate capacitor.

The clock for the sigma–delta modulator is supplied through the pro-
grammable divider and the phase controller. The frequency division ratio of the
programmable divider is set to 4. The phase controller changes timing of capacitance
change that affects jitter of phase noise. The varactor capacitance should be changed
at times when capacitors are fully discharged [16].

The second-order sigma–delta has a 19 bit input u < 18 : 0 > and drives 6 output-
capacitors Cf < 5 : 0 > of the fine bank. The sigma–delta is an error feedback
structure that breaks cascades of adders with register insertion to operate at the high
clock frequency that is 1/4 the oscillator frequency (425 MHz) at very low power.
Second-order sigma–delta modulators have better noise-shaping characteristics but
are less stable than first-order sigma–delta [17]. The stability issue can be avoided
by limiting the input signal pattern. A cycle of the frequency control signal from
the digital baseband is much longer than a clock period of the sigma–delta, so
an input signal (a control signal) of the sigma–delta u < 18 : 0 > can be roughly
treated as DC. The stability of second-order sigma–delta modulators with DC
input |u| less than one in magnitude has been rigorously established [17]. If the
full-scale input range is desired, combination of the first-order sigma–delta and
pseudorandom bit sequence dithering would be helpful for avoiding stability and
idle tone problems [4].
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capacitor bank connected to
the FBAR. c©2008 IEEE.
Reprinted, with permission,
from [13]

11.4.4.1 A Principle of Frequency Tuning

Each output bit of the sigma–delta xk < n > (= 0 or 1) at a cycle k turns on or off
the n-th capacitor with value Cunit. The quantization noise from the sigma–delta is
filtered by the bandpass response of the FBAR, which allows the capacitive DAC to
have a high resolution. The effective capacitance of the fine bank over K cycles of
the sigma–delta loop clock is

Ceff =

k=K−1

∑
k=0

n=N−1

∑
n=0

xk < n >

K
Cunit. (11.8)

n is the fine capacitor index, ranging from 0 to N−1(N = 6) as shown in Fig. 11.16.
The resolution of Ceff is the function of the cycles K over the measurement. This
simplified analysis assumes that the out of band noise of the sigma–delta is removed
by the FBAR filtering and that the switched capacitors are ideal. This scheme
allows very fine capacitance change, without applying small capacitors that have
poor process-variation robustness. This fine-tuning method using the sigma–delta
modulator has been proposed for LC-based and crystal-based digitally controlled
oscillators (DCOs) [4, 16], and we apply the technique to the DCFO.

11.5 Measurement

11.5.1 The Prototype Oscillator

The test chip is fabricated by using 90-nm Si CMOS process. Figure 11.17 shows
a micrograph and schematic of the prototype DCFO. The chip is mounted on
the board and is connected to the FBAR through bonding wires. The area of the
DCO core is 280 μm× 530 μm including a differential inductor for the spurious
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Fig. 11.17 Micrograph and schematic of the prototype in 90 nm CMOS. c©2008 IEEE. Reprinted,
with permission, from [13]

suppression. One of the important points for DCFO layout is to suppress series
parasitic resistance between the FBAR and cross-coupled transistors M1 and M2:
Just a few ohms of series resistance seriously degrades Q of the oscillator tank, i.e.,
phase noise.

A shift register is implemented into the test chip because of limitation of the
IO pad number. The sharp clock transition is preferred to prevent phase noise
degradation at buffer circuits, so CMOS-inverter-type buffers are commonly applied
for generating the rail-to-rail square wave [4]. However, a class-A amplifier is used
in the prototype for estimating spurious signals and quantization noise.

11.5.2 Measurement Results

The measured output spectrum is shown in Fig. 11.18a. A signal analyzer (Agilent,
E5052A) is used for measurement. All coarse and moderate capacitors are on, and
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fine tuning is also active. Measured output power from the buffer is about 2 dBm.
Spurious signals are observed and come from the shift register and equipments;
however, they are outside the band of interest. Figure 11.18b is the measured close-
in phase noise characteristic. The phase noise at 10 kHz offset is −97 dBc/Hz with
the instrument noise floor limiting the noise level over 1 MHz, and the integrated
jitter from 1 kHz to 10 MHz is 300 fs.

Figure 11.19 shows the measured frequency tuning characteristics with changing
of capacitances. The number of coarse and moderate capacitors is changed. In the
proposed oscillator, the oscillation frequency can be controlled over a tuning range
of 6.5 MHz from 1,702.7 to 1,709.1 MHz.

Single-sideband modulation is used for measuring resolution of fine bits con-
trolled by the sigma–delta capacitive DAC. A measurement scheme is shown in
Fig. 11.20. Output signals of the DCFO are once mixed down because of maximum
measurable frequency of a frequency counter. We tested several combinations of
control bits for the sigma–delta modulator and several types of periods tp. A
measured resolution per a fine bit was 0.03 ppb.

Performance of the oscillator is summarized in Table 11.4. Power consumption
of the DCO core is 1.5 mW, and the sigma–delta modulator consumes 2.3 mW. A
figure of merit (FoM) is −200 dBc/Hz at 10 kHz offset. The commonly used FoM
is determined by

FoM = L{Δ f}− 20log

(
fo

Δ f

)
+ 10log

(
PDC

1mW

)
, (11.9)

where L{Δ f} stands for phase noise at a given offset Δ f and fo is the center
frequency of the oscillator. PDC is power consumption.
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Table 11.4 Performance summary

Process technology 90-nm Si CMOS
Center frequency 1705.9 MHz
Supply voltage 0.9 V for the DCO core

1.1V for digital circuits
Power consumption 1.5 mW for the DCO core

2.3mW for the sigma–delta modulator
Tuning range 6.4MHz
Phase noise −97 dBc/Hz at 10 kHz offset
FoM −200 dBc/Hz at 10 kHz offset
Tuning resolution 0.03 ppb

c©2008 IEEE. Reprinted, with permission, from [13]

Table 11.5 Comparison with the present work and previously reported FBAR oscillators

Reference Process
Power
[mW]

Center
frequency
[GHz]

Phase noise @
10 kHz offset
[dBc/Hz] FoM [dBc/Hz]

Tuning
range [MHz]

This work 90 nm Si
CMOS

1.5a 1.7 −97 −200 6.4

[1] 0.18μm Si
CMOS

0.3 1.9 −100 −211 0

[5] 0.13μm Si
CMOS

6.0 2.2 −85b −184 220

[7] 0.13μm Si
CMOS

0.6 2.1 −95b −204 1.5

[8] 0.13μm Si
CMOS

0.089 1.9 −98 −214 0

[9] 0.35μm SiGe
BiCMOS

4.6 5.5 −93 −201 0

[6] 0.25μm SiGe
BiCMOS

24.3 2.1 −94b −187 37

[2] Si bipolar 115.5 2.0 −112 −197 2.5
a Only the DCO core
b These values are read off from graphs in their papers c©2008 IEEE. Reprinted, with permission,
from [13]

Measured phase noise is larger than the target phase noise of −110 dBc/Hz
at 10 kHz offset although −111 dBc/Hz at 10 kHz offset has been achieved in
our post-layout simulation. Degradation of phase noise was caused by larger-than-
expected series parasitic resistance among pads and the FBAR. Difficulties of wire
bonding to copper pads on low-k films resulted in increase of contact resistance at
the surface between the pad and the bonding wire. However, as shown in Table 11.5,
phase noise of our oscillator at 10 kHz offset is small as compared to other
frequency-tunable oscillators in CMOS processes. FoM of our DCFO is comparable
with other FBAR oscillators. Target frequency tuning range is about 6.8 MHz, and
our DCFO could almost cover frequency fluctuation due to manufacturing and
temperature variation. Our oscillator achieved a tuning resolution 0.03 ppb, far
better than the target resolution of 100 ppb.
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11.6 Conclusions

MEMS oscillators have been coming on the market for substituting area- and cost-
consuming crystal oscillators. We introduced a DCFO and addressed challenges:
frequency changes due to manufacturing and temperature variations and spurious
resonance due to interconnects between the oscillator and the FBAR. The oscillation
frequency of the FBAR oscillator can be calibrated by using beacon signals from the
base station in some RF communication standards. A very high frequency resolution
of 0.03 ppb can be achieved by the use of a sigma–delta capacitive DAC. Thus,
the DCFO can achieve very high frequency accuracy required by some of the RF
communication standards. The FBAR will be placed outside a package of a fully
integrated RF system chip because of cost. In that case, spurious resonance induced
by inductance of an interconnect path between the chip and the FBAR becomes an
issue. However, we can cancel out the spurious by exploiting a negative impedance
circuit.

One of the next challenges for FBAR oscillators would be to suppress increase of
phase noise due to parasitic resistance between the FBAR and the chip, especially
at contact planes of bonding wires and pads on the CMOS chip. For overcoming
the challenge, we may also have to investigate not only circuit techniques but also
suitable packages for both the DCFO and the RF system considering area, cost,
reliability, and so on.
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Chapter 12
A Robust Wireless Sensor Node
for In-Tire-Pressure Monitoring

Markus Dielacher, Martin Flatscher, Thomas Herndl, Thomas Lentsch,
Rainer Matischek, Josef Prainsack, and Werner Weber

Abstract In this chapter, we describe the architecture of an in-tire-pressure sensing
system for automotive applications. Challenges are the supply of sufficient power,
the proper functioning of the sensors (pressure, acceleration, and temperature),
and a transceiver architecture with extremely low power consumption. Power
consumption is reduced by use of a high-frequency resonator based on the bulk
acoustic wave (BAW) technology. Such devices are used both in the transmit and in
the receive paths. Further power-saving measures are taken introducing a specially
adapted on/off cycling operation. The power supplied to the system is provided
either by two small batteries or an energy scavenger, both capacitor buffered. The
electronic system is integrated into 3D stacks using either through-silicon vias
or the ultrathin chip stacking method to provide short interconnects for further
reduced power consumption. The overall system is mounted in a compact molded
interconnect device to save space and weight.

12.1 Power Aware System Architecture

12.1.1 Application Scenario

Today’s cars are equipped with an increasing number of sensor devices which
are in most cases connected via cables. However, there is an increasing demand
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RXCU

Tire Sensor

Key/Remote

Fig. 12.1 State-of-the-art wireless sensor network in a car

for wireless applications. Currently, they are used for scenarios where wire-based
communication is simply not possible, such as tire pressure sensors mounted in the
wheel or remote keyless entry (RKE) transmitters. In the future, there will be a
need to extend that wireless sensor network with sensors that are still wired today in
order to reduce the amount of cables and gain higher flexibility. This chapter focuses
on the first step in that direction, the optimization of wireless sensor nodes for the
existing wireless applications.

A typical application scenario of a state-of-the-art wireless sensor network in a
car is sketched in Fig. 12.1. The tire pressure sensors as well as the electronic car key
(or an advanced remote control) transmit an individual identifier code and additional
data payload to a common receiver (RX) in the central unit (CU). Optionally the data
transmission is repeated in order to increase the probability that the message is not
disturbed by interference or other radio noise.

12.1.2 System Power Optimization

In order to reduce the power consumption of the entire wireless network, the
communication protocols have to be optimized for low-power operation. This is
quite evident for the battery-powered tire pressure sensors and the RKE devices
because they have to operate self-sufficiently for several years. However, it is also
important that the power consumption of the wireless receiver system is minimized,
despite it is powered by the high-capacity vehicle electrical system. The reason is
that the receiver has to be active for the whole time the car is parked and wait for a
key to transmit. In this case, it has to be ensured that the receiver system does not
drain the car battery even when parking is for some weeks or months.
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An efficient way to reduce the overall power consumption of the wireless
communication system without decreasing the reception quality is to use duty
cycling of the radio units. For applications with cyclically transmitting sensor nodes,
there already exist optimized medium access control (MAC) protocols [1,2]. In these
protocols, the sensor nodes exchange their schedules during runtime and only wake
up at predefined points in time in order to reduce the power consumption for idle
listening.

However, such scheduled protocols cannot be used for tire pressure monitoring
systems (TPMS) or RKE. In these applications, the sensor nodes do not only
transmit cyclically but also immediately at random events. Such an event could be
a loss of pressure, a sudden change of acceleration, or simply the unlocking of the
doors by the driver. Therefore, another MAC variant is used. The basic principle is
similar to the common “Low Power Listening” protocol [3]: The radio reception is
activated for a short time followed by a longer period where the radio is in a power
down mode and reception is disabled respectively. During the reception period, the
advanced systems are first listening for a carrier and only in case of a detected signal
they keep listening for a specific header or preamble. The downside of this duty-
cycled receiver protocol is that if the transmission is acyclic, the transmitting sensor
nodes have to send a longer preamble (higher overhead) matched with the duty cycle
of the receiver. Consequently, the following trade-off has to be considered: On the
one hand, the overall power consumption of the receiver unit is reduced, but on the
other hand, the longer preamble comes along with increased power consumption for
each transmission. In case of the tire pressure sensor nodes, the typical duty cycle
of the data transmission is extremely low (a few ms transmission every minute).
Therefore, the transmission of an extended preamble is an acceptable trade-off.

However, the energy saving by duty cycling with conventional low-power radios
is rather limited, since they are typically based on crystal oscillators. The main
limiting aspect is the start-up time of the crystal and the PLL which is typically
in the range between 0.5 [4] and 1 ms [5] or even longer. In the case of the data
rates of typical low-power wireless sensor networks (20–50 kbps), the actual time
for carrier sensing (or receiving a short preamble) is about 0.3–0.6 ms; thus, the
crystal start-up time can become dominating.

In order to overcome these limitations, the presented sensor node utilizes a
novel MEMS-based radio architecture which allows for a significantly faster start-
up of the oscillator. The radio uses a free running bulk acoustic wave (BAW) [6]
oscillator that can be fine-tuned digitally and thus avoids the need of a crystal-
based PLL architecture. It achieves a start-up time of about 2 µs which is up to
1,000 times faster than crystal-based radios. This feature is especially beneficial
for duty-cycled wireless sensor networks applying idle listening: A shorter start-
up time can be used for a higher repetition rate with a constant duty cycle at the
receiver. In this case, only a shorter preamble is required, which especially reduces
the overhead and power consumption of the transmitting nodes. Another advantage
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of this configuration will be important for future wireless sensor applications:
The shorter start-up time and shorter cycle time of the receiver allows for a
significantly decreased message delay independent of the used MAC protocol, so
it can be used for more time-critical wireless applications.

12.2 Application of In-Tire-Pressure Monitoring

State-of-the-art tire pressure monitoring systems are wireless sensor nodes mounted
on the rim (see Fig. 12.2).

Attaching the node on the inner liner of a tire allows sensing of important
additional technical parameters, such as road condition, tire wearout, temperature,
tire friction, side slip, wheel speed, and vehicle load. These may be used for
improved tracking and engine control, feedback to the power train, and car-to-car
communication purposes. Thus, a significant step in car stability control appears
feasible. However, this is not straightforward because of the constraints on the
weight and size of the node. The maximum weight of the sensor is limited to 5 g
including package, power supply, and antenna. The node size is limited to about
1 cm3 to avoid high force gradients due to device deformation. Robustness is
required against extreme levels of acceleration of up to 3,000 g, and beyond (g =
9.81m/s2) and finally, a long lifetime of the module must be achieved.

The presented, self-sufficient, tire-mounted, wireless sensor node (Fig. 12.3)
has been:

• Designed with a BAW-based low-power FSK transceiver.
• Prepared for an energy scavenger-based low-volume and low-weight power

supply.
• Arranged in a 3D vertical chip stack for best compactness, lowest volume, and

highest robustness for pressure, inertia, and temperature sensing.

All in all, the sensor node includes four different dies: a sensor, a microcontroller,
a radio transceiver, and a BAW die. The sensor die is a MEMS device containing
sensors for pressure and acceleration. The sensor interface together with an ADC
for converting the sensor data is integrated on the microcontroller. Besides that,

Fig. 12.2 State-of-the-art
TPMS
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Fig. 12.3 In-tire sensor node
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Fig. 12.4 Basic block diagram of the wireless sensor node. c©2010 IEEE. Reprinted, with
permission, from [7]

the microcontroller contains RAM, ROM, and also a FLASH memory. It provides
additional sensors for temperature and the battery voltage. The communication with
the transceiver ASIC is established via a serial peripheral interface (SPI). The BAW
die contains separate resonators, two of which are connected to oscillators on the
transceiver ASIC and further two are used as filters. The basic block diagram of the
wireless sensor node is illustrated in Fig. 12.4.

In order to supply the sensor node with energy, a power supply module is
integrated. In a first version, this power supply module contains small batteries
together with capacitors which are required because the batteries are not able to
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Fig. 12.5 ASIC stack
(Source: SINTEF). c©2010
IEEE. Reprinted, with
permission, from [7]

provide the required peak current during transmission. The batteries slowly charge
the capacitors which are then used to provide the desired peak current.

In a second version of the power supply module, an energy scavenger converts
vibrations into electrical energy, which is stored in large capacitors again. For the
energy scavenger, it is very beneficial to attach the sensor node to the inner liner of
the tire instead of the rim because there is much more vibration energy available in
that position.

The microcontroller, the transceiver, the sensor, and the BAW dies are arranged
in two different versions of 3D chip stacks using either through-silicon vias (TSV)
[8] or the ultrathin chip stacking (UTCS) method [9]. This integration reduces the
required connections to external components to a minimum, and only very few
additional wire bonds are necessary. The whole ASIC stack is bonded onto a PCB
which is then mounted into a molded interconnect device (MID). Beside the ASIC
stack, the PCB only contains a few external capacitors for voltage regulators and to
fine-tune the resonant frequency of the antenna. Figure 12.5 shows the chip stack
using TSVs. The microcontroller is the bottom layer of the stack. It is carrying
the transceiver which has been mounted by making use of μBumps. On top of the
transceiver, one can see the sensor and the BAW die, both flip-chipped. In Fig. 12.5,
the dicing of the microcontroller wafer remains to be done.

The MID package consists of a modified polymer, which is appropriate for
injection molding. The modified polymer allows for laser activation of circuit tracks
on the surface of the device. After laser activation of the circuit tracks, the MID is
put into a chemical bath in a separate process step; then only the activated areas
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Fig. 12.6 Integrated sensor node

get metalized. A loop antenna is also fabricated in that way on the inside walls of
the MID. The whole sensor node has a volume of about 1 cm3 and can be seen in
Fig. 12.6.

12.3 Power Aware Radio Architecture

In Fig. 12.7, the schematic of the BAW-based transceiver is shown. It contains two
fully integrated BAW oscillators, one is used for generating the modulated carrier
in transmit mode and the other one provides a local oscillator (LO) signal in receive
mode. The two oscillators have a frequency offset for realizing a heterodyne receiver
with a low intermediate frequency (IF) of 10.7 MHz. The transceiver has been
evaluated with two different BAW devices. The resonant frequency of the BAWs
is around 2.1 GHz in the first version and 2.45 GHz in the second version. The
oscillators are tunable over a certain frequency range to compensate for temperature
and process variation, as well as frequency modulation. The tuning can be done
via a digitally controlled capacitor bank in parallel to the resonators or with a DC
voltage. In most cases, the tuning range of the BAW oscillators will not be sufficient
to provide sufficient channel selection. Due to the low costs and due to the fact
that the BAW devices can easily be integrated, it might be a reasonable solution
to use a bank of BAW resonators with slightly different resonant frequencies as an
alternative.

The oscillators have a very short turn-on time, and this fact in combination with
the small data packet of the sensor node results in a very narrow active time slot,
and therefore, the system is very energy efficient. The short turn-on time is feasible
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because the reference frequency is already at RF and the turn-on time is proportional
to the quality factor multiplied by the period. In transmit mode, the modulated
carrier is fed to a power amplifier after preamplifying. The power amplifier is able
to apply a power of about 1 dBm into a 50 Ω load.

The chosen receiver structure is an image-reject architecture. An on-chip match-
ing network, containing also the RX/TX switch feeds the incoming radio signal to a
differential LNA, which also includes two BAW resonators for filtering purposes.
Usually, the I and Q phases, required for the image-reject mixers are generated
by the local oscillator. The applied BAW oscillator, however, does not provide
quadrature phases because a quadrature oscillator would have a higher current
consumption. That is why the I and Q phases are generated in the signal path by
the polyphase filter (PPF) which follows the LNA.

After downconversion of the signal by the mixers, another PPF is responsible
for the image rejection. After filtering the desired channel out of the downconverted
band, the signal is fed into a limiter with a gain of more than 80 dB. The limiting
amplifier eliminates the need for an automatic gain control and delivers a binary
signal. Additionally, the limiting amplifier provides an RSSI (received signal
strength indicator) signal, which is converted to a digital codeword by a 10 bit ADC.
The RSSI signal can be used as wake-up criterion as well as for fine-tuning of the
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Fig. 12.8 Current profile for one event, measured with a 10 Ω shunt resistor. c©2010 IEEE.
Reprinted, with permission, from [7]

LO frequency, the BAW filters, and the matching network. In the digital domain,
the binary output of the limiter is directly mixed into complex baseband by using
a numerically controlled oscillator (NCO), which allows tuning of the frequency
in very fine frequency steps. The digital clock can be derived from any of the two
oscillators. After additional digital filtering and demodulation, the signal is passed
to the matched filter. By means of the clock and data recovery unit, the output of
the matched filter is sampled, and the received payload is stored in a FIFO memory,
where the microcontroller can access the data via the SPI. In order to access the
FIFO and to allow configuration of the transceiver while the oscillators are turned
off, the SPI is implemented asynchronously.

Figure 12.8 shows a typical timing diagram of a BAW-based TPMS sensor
node. The duration of one complete reporting event is about 7 ms, and the total
required charge is about 30 µC. Even when considering one reporting event every
10 s (only required during alert, when the tire pressure is critical), this contributes
to only 3 µA to the overall current. To obtain the overall current consumption, the
standby current has to be taken into account. The main part of the standby current
is caused by the RC oscillator in the system’s wake-up unit (1 µA) and leakage
of the monolithic ceramic buffer capacitors. In the presented prototype, the time
which is required for temperature compensation and configuration of the transceiver
before RF transmission is determined by the slow communication between the
microcontroller and the transceiver due to the slow clock of the microcontroller. The
transmitter is able to transmit at very high data rates because the BAW oscillator can
directly be modulated with a DC voltage.
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12.3.1 BAW-Based Transmitter

Figure 12.9 shows a more detailed schematic of the transmit section of the
transceiver, including the BAW oscillator together with the circuit for frequency
modulation via variation of the DC biasing. In addition to the tuning with the
digitally controlled capacitor bank, the BAW can be tuned with a variable DC
voltage, which causes a change in the stiffness of the piezoelectric BAW material.
The biasing voltage, generated by a 5 bit DAC, is applied at the bottom electrode
(AC ground) of the resonator and causes a linear frequency shift with a slope
of 40 kHz/V. The applied resonators are mirror-type BAWs, also called solidly
mounted resonators (SMR) [10]. Typically, the parasitic capacitances of the elec-
trodes of such BAWs are not equal, since the bottom electrodes have a higher
capacitance against substrate. The advantage of connecting one electrode to AC
ground is that the output impedance of the DAC does not have an influence on the
digitally controlled capacitor bank. Besides that, the required DAC can easily be
implemented into the chip, because the required resolution is only in the range of a
few bits and consumes only little additional chip area. This architecture is capable
of providing very high data rates at a very low complexity.

One critical design issue is the fact that the impedance of the BAW resonator
is relatively low. Particularly when loading the resonator with a huge capacitance
(e.g., tuning capacitors, ESD protection circuit, and parasitics), the impedance at
parallel resonance can drop below 500 Ω . To guarantee start-up of oscillation, the
transconductance of the oscillator core must be high enough. Because of the high
Q factor of the resonator (1,000–2,000), the phase shift of the oscillator core has
to be very low while keeping the gain high. In Fig. 12.10, the basic principle of the
BAW oscillator is shown [11]. Assuming the sources of transistors M1 and M2 in
Fig. 12.10 are connected to ground, the signal on node A amplified by M1 results in
a 180◦ shifted signal on node B. To avoid any additional phase shift, node B should
not be capacitively loaded, and hence, a simple resistor is used as load element.
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The capacitive load of node A is not so critical because it only causes a shift of
the BAW resonance frequency and degrades the impedance as already discussed. In
order not to damp the high Q resonant circuit, the resonator should be connected
to a high-impedance node. Therefore, a current source instead of a resistor is used
as load element of transistor M2. With the sources of M1 and M2 connected to
ground, the circuit obviously would not oscillate but latch and nodes A and B would
saturate. Therefore, the combination of C1, C2, and C3 together with two further
current sources has been introduced for DC decoupling. With C1, the phase shift
can be trimmed, which can also be used for tuning the frequency in a very small
range with 3 bit resolution. The high gain of the oscillator core could cause stability
problems in the control loop of the current source, operating as load of transistor
M2. In order to maintain stability more easily, a replica circuit (not shown in the
schematic) without the cross coupling of transistors M1 and M2 is applied.

Another critical design issue is the temperature drift of the BAW resonant fre-
quency of about −18 ppm/ ◦C. To overcome this temperature drift, the temperature
is measured and compensated via the binary weighted digitally controlled capacitor
bank with a resolution of 9 bit in parallel to the resonator in the range of -40 ◦C to
+125 ◦C by applying a simple temperature compensation algorithm.

The impacts of potential heat sources, the environment, and the active areas
on the dies have been investigated thoroughly. Figure 12.11 depicts temperature
variations of a typical transmission cycle [12]. In order to keep the required peak
current small, temperature measurement and RF transmission are never performed
at the same time—but in different phases of the transmit cycle. Furthermore, the
temperature sensor is located at the center of the transceiver die, and the BAW die
is flip-chipped on the transceiver using gold stud bumps. Thus, there might appear a
temperature difference at the different locations as well as a temperature difference
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at different points in time. Every phase of the cycle causes heat sources to appear
on different locations distributed all over the 3D stack at different points in time.
Therefore, a certain measurement error must be taken into account.

Assuming only 1/ ◦C temperature difference between the temperature sensor
in the measurement phase and the BAW die in the RF transmission phase, the
resulting shift of the carrier frequency in the transmitter is 38 kHz due to the drift of
18 ppm/ ◦C. The same might happen in the LO at the receiving side leading to a 76-
kHz frequency offset at the intermediate frequency (IF), where the channel filtering
is implemented. For applications such as TPMS, a bandpass filter with a narrow
bandwidth of about 300 kHz is advantageous, because the bandwidth is sufficient
for the low data rate while interferers and noise are rejected. The deviation of the
center frequency reduces the bandwidth twice, because it can be shifted toward the
lower as well as to the upper corner frequency of the filter, resulting in an effective
bandwidth of:

BWe f f = BW − 2 ·Δ fc = 300kHz− 2 ·76kHz = 148kHz. (12.1)

Hence, the frequency offset caused by only 1/ ◦C temperature difference between
sensor and BAW die reduces the available bandwidth for communication to only one
half of the filter bandwidth. On the one hand, the data rate needs to be reduced in
order to enable the received signal to pass the channel filter undisturbed, and on the
other hand, the signal-to-noise ratio (SNR) is decreased due to the large unused part
of the filter bandwidth.

Therefore, the understanding of temperature distributions and displacements is
crucial for the performance of the sensor node. While the appearance of external
heat sources is more or less random and can only be taken into account in terms
of worst-case scenarios, the temperature drift due to self-induced power dissipation
within the 3D stack is well predictable and can be compensated. For that reason,
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Fig. 12.12 Differential LNA with integrated BAW resonators

manifold simulations, have been performed [12]. For the simulations the location,
power dissipation, and timing of all heat sources distributed on the three different
dies (BAW, transceiver, and microcontroller) have been defined exactly.

According to the results of those simulations, the maximum temperature differ-
ence between the sensor during calibration and the BAW during transmission can
be estimated to be +0.25/ ◦C when constant temperature around the sensor node
is assumed. Neglecting this measurement error during calibration would cause a
systematic frequency shift of 4.6 ppm.

12.3.2 BAW-Based LNA

The schematic of the filtering LNA is shown in Fig. 12.12. It consists of a differential
common source input stage with cascode transistors, and an active inductor stage is
used as load. The source follower output stage includes a feedback loop to decrease
the output impedance.

As mentioned above, the impedance of the BAW resonators is quite low, even
at their parallel resonant frequency, where the impedance is at a maximum. That
is why it is not possible to insert the BAWs at high-impedance nodes in the LNA,
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for example, in parallel to the load; otherwise; the gain of the circuit would degrade
significantly. In the presented circuit, the nodes at the input of the cascode have been
chosen for inserting the BAWs because they are at a relatively low impedance level.
The reason for using two BAWs instead of only one connected in between the two
branches of the differential circuit is the higher capacitance against substrate in one
of the two electrodes, which makes the BAW nonsymmetrical.

In addition to the image-reject architecture, the BAW filters in the LNA can
be used to suppress the image frequency significantly. Figure 12.13 shows the
simulated voltage gain of the LNA. The difference between the series and the
parallel resonant frequency of the BAW is only 28 MHz or even less, if the BAW is
tuned. The choice of an intermediate frequency of 10.7 MHz is made, because in that
way, it is possible to place the image frequency very close to the series resonance
while the desired signal is at the parallel resonance with the local oscillator in
between and due to the availability of cheap ceramic filters for that frequency. The
plot in Fig. 12.13 does not include the gain of the matching network.

As the presented LNA does not include any measures for impedance matching
like inductive source degeneration, its input impedance is almost purely capacitive.
This fact is exploited by the on-chip matching network which uses the capacitive
LNA input together with an on-chip inductor to generate a resonant circuit. The
losses of this resonant circuit are then matched to the 50 Ω antenna. In this way,
the matching network accounts for another ∼10 dB of voltage gain. A detailed
description of the matching network can be found in [13]. Figure 12.14 shows the
combined gain and noise figure of the LNA and the matching network. When the
filter BAWs in the LNA are not tuned at all, then the total gain is 31.5 dB at a noise
figure of 4.6 dB. With maximum tuning, the gain drops to 28.3 dB at a noise figure
of 5.4 dB. The current consumption of the LNA is 2 mA.
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12.4 Performance Summary

A fully self-sufficient tire pressure monitoring sensor node is presented, which
applies BAW resonators for frequency generation instead of using a classical
PLL architecture. With this approach, it is possible to reduce the turn-on time
of the transceiver by a factor of up to 1,000 compared to conventional crystal-
based PLL systems, and therefore, the energy efficiency increases significantly. The
whole sensor node has a volume of about 1 cm3, which is feasible by integrating
the different dies into a 3D chip stack and mounting it into a MID. The node
includes sensors for pressure, acceleration, temperature, and the battery voltage. The
transceiver operates at either 2.1 or 2.45 GHz depending on the assembled BAW
devices and consumes 6 mA in transmit mode at 1 dBm output power and 8 mA in
receive mode. The sensitivity of the receiver is −90 dBm at a data rate of 50 kBit/s
and a bit error rate of 10−2.
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