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Preface

More and more signal processing is being transferred to the digital domain to profit
from the technological enhancement of digital circuits. Where technology scaling
enhances the capabilities of digital circuits, it degrades the performance of analog
circuits. However, it is important to note that the impact that technology scaling
has on digital circuits is becoming smaller and smaller, which means that, in
nanotechnologies, to enhance energy and area efficiency, we cannot simply depend
on the benefits of this scaling. Although a share of the efficiency can be obtained
from the technology, new circuit architectures and techniques have to be devel-
oped to really push the limits of efficiency.

In data converters, more specifically analog-to-digital converters (ADCs),
a decision can be made: research energy and area efficient analog circuit tech-
niques and architectures that cope with technological scaling issues, or design
algorithms that use digital circuitry to assist the poor analog technological per-
formance. The former option is the premise for the work developed in this book.

The work reported in this book explores various design techniques with the
purpose of enhancing the power and area efficiency of building blocks mainly to be
used in multiplying digital-to-analog converter-based ADCs. Therefore, novel
analog techniques are developed for the three main blocks of an MDAC-based
stage, namely, the flash quantizer, the amplifier, and the switched capacitor net-
work of the MDAC. These techniques include self-biasing and inverter-based
design for the flash quantizer and amplifier. Regarding the MDAC, it combines
three techniques: unity feedback factor, insensitivity to capacitor mismatch, and
current-mode reference shifting.

In the second part of this work, the designed amplifier is implemented and
experimentally characterized demonstrating its practical feasibility and
performance.

The final part of this work explores the design and implementation of a med-
ium-low resolution high speed pipeline ADC incorporating all the developed
circuits. Experimental results validate the feasibility of the techniques and dem-
onstrate its attractiveness in terms of power dissipation and reduced area.
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DAC
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Chapter 1
Introduction

1.1 Motivation

The world and the signals that exist in it are inherently analog. Processing these
signals in the analog domain is too complex, therefore, it is necessary to trans-
form or convert them into a digital form. Unlike analog circuits, digital circuits
are more robust to variations, are more configurable and programmable, and are
easier to design. Consequently, analog-to-digital converters (ADCs) are indispens-
able components in systems where an interface between analog signals and their
digital representation is necessary.

There is an extensive list of devices and applications where ADCs carry out
key functions. These applications range from medical imaging systems to biomed-
ical devices, from communications to instrumentation and from sensors to modern
technological gadgetry. In the case of high-speed medium-low resolution (6-8 bits)
ADCs, like the one presented in this book, these are widely used in wireline and wire-
less communications [6, 85, 89, 101], in the read channel of optical and magnetic
storage devices (e.g., DVD and Blue-ray systems) [100, 120, 178], and in low cost
test instrumentation (oscilloscopes) [3, 110]. The steady increase of technological
consumerism and interest in novel technological conceptions such as cloud comput-
ing, cognitive and software defined radios, video-on-demand, etc., has demanded
that gadgets perform better, last longer, and be smaller, i.e., the consumer has driven
the design of integrated circuits (ICs), where ADCs are included, to be energy and
area efficient.

As already mentioned, more and more signal processing is being pushed to the
digital domain to profit from the technological enhancement of digital circuits. This
is a natural outcome due to the fact that technology scaling is largely driven by, and
therefore, benefits digital circuits. Where technology scaling enhances the capabili-
ties of digital circuits, it degrades the performance of analog circuits. Note however
that, the positive impact that technology scaling has on digital circuits is becoming
smaller and smaller [17]. Voltage supply and parasitic capacitances are not scaling
the way they used to. This means that, in nanotechnologies, to enhance energy and
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area efficiency, we can not simply depend on the benefits of technology scaling and
digital circuits. Although, a share of the efficiency can be obtained from the technol-
ogy (this part comes almost for free), the major efficiency gain factor will come from
the development of new architectures and algorithms, and computer-aided design
tools.

What concerns the implementation and development of ADCs, a decision can be
made: search and research energy and area efficient analog circuit techniques and
architectures that cope with technological scaling issues, or design algorithms that
use digital circuitry to assist the poor analog technological performance. The former
option is the premise for the work developed in this book.

Therefore, the research goals and objectives of this work focus on the development
of analog design techniques and architectures that enhance the energy and area effi-
ciency of MDAC-based ADC topologies. In order to achieve this, these techniques
should:

e Enhance the performance of the ADC’s building blocks, namely, the comparator,
the amplifier, the multiplying-DAC, and the reference voltage circuitry.

e Cope with modern technological issues such as process, supply voltage, and tem-
perature (PVT) variability.

e The circuits should be designed in a standard digital CMOS technologies without
using analog options that increase the cost of the design.

All circuits, if possible, should be demonstrated in integrated silicon prototypes
to assess their functionality and performance.

1.2 Original Contributions

The main contributions of the work described in this book, based on work proposed
in previous publications, extend from the development of a flash quantizer to an
operational transconductance amplifier (OTA) and from techniques for multiplying-
DACs (MDACS) to a complete ADC. These contributions have lead to the production
of various papers in conferences and journals of the area. The contributions of this
work can be described as (in chronological order):

e Designofa 1.5-bit flash quantizer with built-in switching threshold levels using two
techniques [48]. The first based on analog inverters (similar to threshold inverter
quantization) and the second technique based on self-biasing. The latter improves
robustness against PVT variations. Analog inverters combine the pre-amplifier
and latch of the conventional flash quantizer, and permit building-in the switching
threshold levels. Employing these two techniques allowed the design of a highly
efficient inverter-based self-biased 1.5-bit flash quantizer with built-in switching
thresholds.

e Design of a highly efficient two-stage OTA based on two techniques: self-biasing
and inverters [47, 50]. Again self-biasing is employed to improve robustness
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against PVT variations and to eliminate the biasing circuitry overhead. This tech-
nique allowed achieving an approximately constant open-loop DC gain. The sec-
ond technique based on inverters allowed increasing the amplifier’s efficiency
in terms of power-to-speed ratio. By using inverters the total transconductance
per unit current is effectively doubled. Employing these two techniques allowed
the design of a two-stage inverter-based self-biased CMOS OTA with improved
efficiency. An IC prototype of the OTA was developed to validate its performance.

e Design of a unity feedback factor multiply-by-two amplifier (MBTA) [49] which
ultimately lead to the design of two unity feedback factor 1.5-bit MDACs. One
of the MDACs performs reference shifting during the sampling phase to maintain
a unity feedback factor during the amplification phase, while the other performs
reference shifting in current-mode during the amplification phase. The technique
employed to obtain the gain of two in the MBTA and MDAC circuits is sensitive
to parasitic capacitors, which is minimized with a simple analog compensation
technique. The developed unity feedback factor configuration allows effectively
doubling the energy efficiency of MDAC:sS.

e The main contribution of this work is the design of a 7-bit 1 GS/s two-way inter-
leaved pipeline CMOS ADC [51]. The designed ADC combines all previously
mentioned blocks: the inverter-based self-biased 1.5-bit flash quantizer, the two-
stage inverter-based self-biased OTA, and the unity feedback factor 1.5-bit MDAC
with current-mode reference shifting. Given that the flash quantizer has built-in
thresholds and the MDAC performs reference shifting in current-mode, the devel-
oped ADC does not need any reference voltages and, thus, precludes reference
voltage circuitry. An IC prototype was implemented to validate the performance
and functionality of the techniques employed to design the ADC.

1.3 Book Organization

The book is organized into 7 chapters. The present chapter gives an introduction and
defines the motivation behind the work presented in this book.

Chapter 2 provides a general background for all the building blocks described
throughout the book. MDAC-based ADC architectures are briefly described, which
includes their advantages and limitations. Special focus will be given to the building
blocks of pipeline ADCs, where besides detailing the function and importance of each
block, related errors and performance limiting aspects will also be given. Various
static and dynamic performance parameters, and metrics that characterise ADCs are
described. Finally, the chapter ends with a state-of-the-art of medium-low resolution
high-speed MDAC-based ADCs, as well as, surveys of two-stage amplifiers and
reference voltage circuits (in the context of A/D conversion).

Chapter 3 describes the two proposed capacitor-mismatch insensitive MDAC
architectures with unity feedback factor. Besides describing the basic concept, var-
ious analyses are carried out, namely, gain error, reference shifting error, feedback
factor, and noise. These detailed analyses show the benefits and limitations of each
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MDAC circuit. To conclude the section, a comparison is carried out with other
mismatch-insensitive MDACs and MBTAs.

Chapter 4 is divided into two major sections. In the first section, the proposed 1.5-
bit flash quantizer is described. Various analyses are carried out, namely, kickback
noise, regeneration time, metastability, offset, sensitivity to common-mode varia-
tions, and finally, the results from a working proof of a pipeline ADC that employs the
proposed circuit in all stages is shown. The section concludes with a design procedure
and a comparison with other comparator circuits is carried out. The second section
presents the proposed two-stage OTA. The analyses carried out include differential-
mode and common-mode feedback, noise, offset, slew rate, input-output ranges, and
some considerations are given what concerns the amplifier’s class. Finally, guidelines
are given for a successful design and a genetic algorithm optimization procedure is
briefly shown.

In Chap. 5 the design of a 7-bit 1 GS/s time-interleaved pipeline ADC is discussed.
All the building blocks used in the design of the ADC are thoroughly described.

Chapter 6 discusses the implementation of two IC prototypes with the objective of
evaluating their performance and functionality. The first circuit concerns the proposed
two-stage OTA and the second prototype concerns the 7-bit 1 GS/s time-interleaved
pipeline ADC. For each prototype, a floorplan, a layout, design considerations, a
printed circuit board (PCB), and a test setup will be given. Each section will end
with the demonstration of the experimental results achieved and a comparison will
be carried out with the state-of-the-art presented in Chap. 2.

Chapter 7 draws the main conclusions of the work carried out in this book, sum-
marizing all the employed techniques and developed building blocks. A section
dedicated to suggestions for future work is also given.

Finally, the book concludes with an appendix that discusses a possible solution
for on-chip integration of the reference shifting currents.
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Chapter 2
General Overview of Pipeline
Analog-to-Digital Converters

Abstract This chapter provides a general background for the work carried out in
this book. Therefore, its purpose is to cover all aspects of the developed work. First,
some A/D converter (ADC) architectures will be briefly described. The common
element of these architectures is the use of the multiplying-DAC (MDAC) circuit
as their principal block. Advantages and limitations of the architectures will also be
given. The MDAC circuit is one of the key elements of this book. Given that this work
presents a prototype of a pipeline ADC, it is important to describe each of its building
blocks. Besides detailing the function and importance of each block, related errors
and performance limiting aspects will also be given. After the description of the
pipeline converter sub-blocks, various static and dynamic performance parameters,
and metrics that characterise ADCs are given. It will be the objective here to explain
the parameters that fundamentally dictate the performance of ADCs. Finally, the
chapter is completed with a state-of-the-art of medium-low resolution high-speed
pipeline ADCs. Besides this overview, surveys of two key building blocks, namely,
two-stage amplifiers and reference voltage circuits (in the context of A/D conversion),
which deserved special attention in this work, are also presented.

2.1 MDAC-Based Analog-to-Digital Converter Architectures

There are many architectures of A/D converters, each with their own set of character-
istics and capabilities to be used in different applications. Well known architectures
are Full-Flash (or Parallel), Two-Step, Sub-Ranging, Folding, Integrating, Successive
Approximation (SA), Algorithmic, Pipeline, Sigma-Delta modulators, and Time-to-
Digital. It is also possible to find numerous combinations of the various existing
topologies, such as: time-interleaving can be used as a means of increasing the sam-
pling frequency (conversion rate) by arranging various converters of the same type
in parallel; it is very frequent to find interpolation associated with flash and folding
converters; the two-step topology can employ either flash or SA architecture in each

M. Figueiredo et al., Reference-Free CMOS Pipeline Analog-to-Digital Converters, 5
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step; the pipeline and algorithmic topologies usually employ flash converters in each
step, etc.

Part of the work carried out in this book implements an ADC topology that
employs MDAC circuits, consequently, the only converter topologies of interest, of
the ones mentioned above, are those that use MDAC circuits as a means of obtaining
aresidue with amplification (i.e., simultaneous DAC, subtraction, and residue ampli-
fication functions). With this in mind the only architectures that will be discussed are
the Two-Step (flash), the multi-step Algorithmic, and the Pipeline, targeting higher
conversion rates. The time-interleaving technique will also be briefly described.

2.1.1 Two-Step Flash ADC

The Two-Step Flash architecture evolved from the Full-Flash converter. One of the
main drawbacks of the latter is the number of necessary comparators, given by
Neomp. = 2N _ 1, which scales exponentially with the resolution of the converter
(N), making it, in some cases, impractical to implement due to the necessary die area.
The Two-Step Flash topology alleviates the number of necessary comparators by
quantizing the input in two steps, hence its name, as shown in Fig. 2.1a. The effective
reduction factor in the number of comparators when compared to the Full-Flash ADC,
is exponentially proportional to the converter’s resolution, and is approximately given

by1 2% ~! Tnother words, the higher the resolution the more area efficient it becomes
to use a Two-Step topology.

As shown in Fig.2.1a, each step (or stage) is composed of a quantizer, with a
resolution (N; and N;) inferior to the resolution (N) of the entire converter, thus
requiring less reference voltages and comparators, and consequently, occupying less
die area. Between the two steps an amplified residue voltage needs to be generated,
which is achieved with a DAC, a subtraction operation block and a gain block. These
three blocks constitute an MDAC circuit. The principle of operation is as follows: the
input is sampled by the first quantizer during the sampling phase. During the residue
amplification phase, the first quantizer decides the most significant bits (MSBs),
which are then used to reconstruct a voltage (using the DAC), that is subtracted
from the original sampled input and then amplified (by 2™1) to create an amplified
residue voltage. Still during this phase, the second quantizer samples this residue. The
objective of the amplification is to restore the residue to the full voltage range of the
converter, thus facilitating the implementation of the second quantizer (Fig.2.1b),
or eventually, reusing the same quantizer in a cyclic way. During the final phase,
the second quantizer (of resolution N;) quantizes the residue to obtain the least
significant bits (LSBs). The final digital output is assembled using digital logic, by
adding the MSBs together with the LSBs.

Basically, this topology simplifies the quantization, by trading comparators with
time. The Full-Flash converter achieves a quantization in two clock phases (one clock
cycle), while the Two-Step needs at least three phases, i.e., one and a half clock

! Assuming that the same number of bits is extracted in both quantization steps, i.e. N| = Ny = N /2.
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Fig. 2.1 The Two-Step A/D converter: a Block diagram. b Example of residue amplification.
¢ Timing diagram

cycles (Fig.2.1c). Although the throughput may be similar to that of the Full-Flash
converter (one digital output per clock cycle), the Two-Step has higher latency.? If
N7 is made equal to N>, then only one quantizer needs to be designed and, therefore,
both quantizers may use the same reference voltages. The latter is also made possible
by using a residue amplification gain of 21, The above assumptions consider that
no digital redundancy is used.

If more steps (or stages) are added to the converter to simplify its implementation
and relax the requirements of each step, which would eventually lead to a minimum
resolution per step (N = 1), the resulting A/D architecture would be the Pipeline.

2.1.2 Pipeline ADC

The Pipeline converter’s operation is basically the same as that of the Two-Step Flash.
Each stage is responsible for quantizing N;-bits, j = 1,2,..., K (N; < N) and
generating an amplified residue for further quantization (performed by subsequent

2 Latency is the number of initial clock cycles to produce the first digital output.
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stages). However, the first stage does not have to wait for the residue of a specific
sample to reach the end of the pipeline, to conclude its quantization. As soon as the
first stage has performed its task, it may quantize the next input sample. This holds
for all stages, which means that at any given time, except at the beginning when the
converter starts its operation, all stages are processing data. Thus, the throughput of
the Pipeline converter may be similar to that of the Full-Flash ADC, but its latency
is high, even higher than that of the Two-Step Flash converter. The more stages there
are in the pipeline chain, the higher the latency will be.

As shown in Fig.2.2a, each stage of a Pipeline converter is composed of a flash
quantizer and an MDAC. The flash quantizer quantizes the input sample (or residue)
and generates N bits. In the literature it is common to find 1 to 4 bit quantizers (in
half-bit intervals, 1.5-bit, 2.5-bit, etc.), the most common being 1.5-bit. The MDAC
is responsible for reconstructing a residue voltage, determined by the N; bits of the
quantizer, subtracting it from the stage’s input voltage and amplifying the result, to
generate the residue voltage. This voltage is then held and passed onto the next stage
where the stage’s operation is repeated. The amplification of the residue, by 2%/, is
justified for increasing its dynamic range to the full scale range of the converter, thus
facilitating the implementation of subsequent quantizers. Each stage’s operation is
completed in two phases (one clock cycle): the first for sampling and quantizing, and
the second for residue amplification (see the timing diagram of Fig.2.2b).

Normally, all pipeline stages are designed with the same resolution to simplify
the converter’s layout and implementation, but, design trade-offs may determine that
each stage have different resolutions. It is usual to find the first stage with a higher
resolution. Another important reason for all stages to be equal (in resolution) is that
the reference voltages are the same for all quantizers and DAC functions.

What concerns digital logic, the Pipeline converter employs digital synchroniza-
tion logic to align (over time) all bits before producing the final digital output word.
Aside from synchronizing, these converters usually employ digital correction, which
corrects for nonidealities in the flash quantizers [97]. The Two-Step Flash converter,
described above, may also employ digital correction logic. These digital blocks are
detailed further on in this chapter.

2.1.3 Multi-Step Algorithmic ADC

The Algorithmic (or Cyclic) converter, as the name indicates, quantizes the input
sample in an algorithmic or repetitive manner. Its principle of operation is basically
the same as that of the Pipeline converter, in that an input is sampled, quantized, and
a residue is amplified, and then the quantization and residue amplification process is
repeated by subsequent stages. The main difference with the Algorithmic converter
is that the conversion algorithm (sampling, quantization, and residue amplification)
is repeated in the same physical space (reutilizing the same circuits) or area, while
the Pipeline ADC repeats its operation over more area. In other words, the Algorith-
mic converter trades space for time, which means it has a longer conversion cycle.
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Fig. 2.2 The Pipeline A/D converter: a Block diagram of a stage, exemplifying its building blocks.
b Timing diagram

The converter has a minimum number of stages (usually two), where the residue
repeatedly passes through each stage, successively generating output bits, from the
MSB to the LSB, as shown in Fig.2.3a. After the LSB is generated, the process starts
over again with a new sample.

The principle of operation is as follows: the input voltage is sampled by the first
stage. It is then quantized to generate the MSBs. These bits are used to reconstruct
a voltage (using a DAC and reference voltages) that is subtracted from the input
voltage generating the residue voltage. This residue is then amplified (and held) to
the full scale range of the converter and sampled by the second stage. This process
repeats itself between the first and second stages until the LSB is generated. At this
point a full digital output is ready, while the converter is sampling the next input
sample (Fig.2.3b).
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Fig. 2.3 The Algorithmic A/D converter: a Block diagram. b Timing diagram

Unlike the Pipeline, this converter is unable to process more than one sample at
any given time, thus a converter of resolution N needs N + 1 clock cycles to quantize
a single input sample. Compared to the Pipeline ADC, this converter’s throughput is
much lower, but has the same latency. It trades throughput with die area and facilitates
layout and implementation due to the number of necessary blocks, which are much
less than that used in a Pipeline converter.

The Algorithmic architecture must employ digital circuitry to hold and align the
digital outputs of each stage before producing the final output word, and it usually
employs digital correction logic.

In order to increase the throughput, the time-interleaved technique may be
employed.
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Fig. 2.4 Time-interleaving of A/D converters: a Block diagram. b Timing diagram

2.1.4 Time-Interleaving ADCs

Time-Interleaving [11] is a technique used to increase the throughput or conversion
rate of a converter. This technique may be applied to all A/D converter topologies.
It consists of using an array of M parallel converters multiplexed at the input and at
the output as shown in Fig.2.4a. Each converter operates at a conversion rate Fs/y
(where Fy is total conversion rate), making it easier to implement. The analog input
multiplexer, adequately timed, is responsible for attributing an input sample to each
of the converters over time, when it reaches the last converter in the array it starts
over again. The digital output multiplexer guarantees that the timing sequence of
digital outputs are in accordance with the sampled inputs. Each converter added to
the array inevitably increases the die area and the power consumption of the overall
A/D conversion system. The timing diagram of operation is shown in Fig. 2.4b.
Besides the limitations produced by each unit (multiplexed) ADC, the time-
interleaved technique introduces its own limitations. These have mainly to do with
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mismatches between the various unit ADCs that compose the converter [11, 39, 80,
91, 133, 172]. This topology is very sensitive to mismatches in the offset, gain, timing,
and bandwidth of each unit ADC. All these extra errors (inherent to time-interleaving)
cause a degradation of the converter’s signal-to-noise ratio (SNR). No matter how
large the error of a unit ADC is, as long as all other unit ADCs have the same error
magnitude, no mismatch will exist. A brief description of these errors is given next
and Table 2.1 presents a summary of the effects of time-interleaving mismatches [11,
39, 80, 91, 133, 172]. For this discussion, a two-channel time-interleaved ADC will
be used as an illustrative example.

e Offset mismatch contributes with a component at DC (frequency, f = 0) in the
output spectrum, which is already expected because all ADCs have an offset, but,
it also adds a spurious tone at half the sampling frequency (Fs/2). The spectral
locations and the magnitude of these components are independent of input signal
amplitude and frequency.

e Gain mismatch contributes with a spurious tone at half the sampling frequency
minus the input frequency (Fs/2 — fi,), thus its spectral location is dependent on
the input signal frequency. The magnitude of the spurious tone is only dependent
on the amplitude of the signal. The magnitude of the input signal is affected by
this mismatch.

e Timing mismatch is due to variations in the sampling instant of each unit ADC, in
other words, differences in the relative time between samples taken. This mismatch
is similar to gain mismatch in the sense that it contributes with spurious tones at
the same spectral locations (Fs/2 — fi,), but, the magnitude is dependent on
the amplitude and the frequency of the signal. As with gain mismatch, timing
mismatch affects the magnitude of the input signal.

e Bandwidth mismatch is due to differences in the sampling networks of each unit
ADC. If each unit ADC has a dedicated sample-and-hold (S/H), and if each S/H has
a different bandwidth, then bandwidth mismatch will affect the performance of the
overall time-interleaved ADC [39, 91]. This mismatch adds similar contributions
to that of gain and timing mismatches. The main differences are that the gain part
of the bandwidth mismatch is now dependent on the input signal frequency and
the timing part has a nonlinear dependency with the input signal frequency.

2.2 Building Blocks of Pipeline Analog-to-Digital Converters

The objective of this section is to briefly overview each of the constituent blocks of a
Pipeline A/D converter. Besides an overview, errors related to each block will also be
given. Various references are given throughout the section for a more detailed cover-
age and further reading. Note that, not all the blocks described below are necessary
to build a Pipeline ADC. For example, the sample-and-hold (S/H) and decimation
blocks are not strictly necessary. It should be equally noted that the blocks described
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Table 2.1 Magnitude and spectral location of spurious tones due to mismatches and their effect
on the signal (A;, sin(27 f;,)) component for a two-channel time-interleaved ADC. The offset and
gain mismatches are given by o; and g; respectively (i = 1, 2). The relative timing mismatch is
given by r; = At;/Ts, where At; is the absolute timing mismatch and 7s(= 1/ Fs) is the sampling
period

Mismatch type Signal component Spurious component
(Magnitude) (Spectral location)
(Magnitude)
Offset — DC Fs/2
01402 01—02
Gain Ay 8382 Fs/2 = fin
A; 81—82
in— g
Timing Ajp cos2r fin M52 Fs/2 — fin
Ajp sin27 fi, 25)
Bandwidth see [91] Fs/2 — fin
see [91]

below are generic, in the sense that they are found in most Pipeline ADCs. In recent
developments some of these blocks have been substituted for more efficient ones and
some have been eliminated (mostly for power and/or area savings).

2.2.1 Sample-and-Hold

The sample-and-hold (S/H) block is found at the very beginning of the converter. Its
objective is to discretise, in time, i.e., to sample the input and hold the sampled input
for the subsequent block to process it. The S/H converts a continuous-time signal into
a discrete-time signal (the signal is still continuous in amplitude). Another circuit
with similar functions is a track-and-hold (T/H), where the main difference to a S/H
is that the output of the T/H tracks (follows) the input, then samples, and finally holds
the sample. A simple version of a S/H and a T/H are shown in Fig.2.5 with their
respective timing diagram.

S/H circuits operate in two phases, the sampling and the holding phase, as shown
in Fig. 2.5a. During the sampling phase, the switch (¢y) is closed and the capacitor
is charged to the input voltage. When the switch is opened, the input is sampled, and
because the charge on the capacitor can not be destroyed, the sampled voltage is held
on the capacitor. At this moment, the held voltage can only be sensed by a high input
impedance block such as an amplifier (unity-buffer in this case).

There are numerous errors associated to sampling and holding an input signal [9,
84, 135]. Some are mentioned below:
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Fig. 2.5 Simple versions of (a) S/H and (b) T/H, with output buffer and output waveform

e Finite sampling bandwidth if the input signal’s frequency is higher than the
sampling bandwidth (f_348 = 1/(27r Rsw Cp)), an output signal voltage with a
phase difference is sampled.

e Acquisition time is the time it takes the amplifier (buffer) to settle. This error is
associated with amplifiers which will be explained further on.

e Sampling uncertainty (aperture error) is the time uncertainty at the moment of
sampling. This error has two possible origins: a long rise or fall time, or a sampling
instant that changes from period to period. This error is particularly problematic
in the presence of high frequency signals.

e Sampling pedestal is the error voltage added to the sampled voltage caused by
the switch while it is turning off. This extra voltage is due to channel charge
injection and clock feed-through. This error is particularly problematic when the
error voltage is signal dependent, which adds distortion.

2.2.2 Multiplying-DAC

As seen in the previous section, the MDAC is a circuit which performs numerous
functions. These functions include sampling the input signal (or residue voltage from
aprevious stage), reconstructing a voltage using a DAC, obtaining a residue (subtrac-
tion of the reconstructed voltage from the stage’s sampled voltage), performing a gain
to amplify the residue, and finally holding the amplified residue for the next stage.
The block diagram of a generic MDAC is shown Fig.2.6. Normally, a switched-
capacitor (SC) network is employed to accomplish all these functions. Sampling is
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Fig. 2.6 Block diagram of a
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achieved by means of switches and capacitors, similar to that shown in the previous
subsection. The MDAC employs an operational amplifier (opamp) with a capacitive
feedback network (closed-loop) to provide the DAC, subtraction, and amplification
functions.

Inthe literature it is possible to find various techniques of implementing the MDAC
function, either in open or closed-loop, such as, closed-loop switched-capacitor tech-
niques, switched-current techniques [103], open-loop amplification [114], dynamic
source follower amplification [76], MOS parametric amplification [123], and the
substitution of the opamp for a comparator based circuit [15], among others. Each
technique has its own advantages and limitations, not discussed here.

To understand the principle of operation of an MDAC circuit, a simple closed-loop
switched-capacitor opamp-based 1.5-bit MDAC is used, as shown Fig.2.7 (single-
ended shown for simplicity) [98]. This resolution MDAC (1.5-bit) is chosen because
it is one of the most widely used of all implemented stage resolutions. The input-
output transfer characteristic is shown in Fig.2.8a (ideal case). This characteristic
can be described by the following expression

Vour = ZVin + B - VgEr, (21)

where B represents the bit decisions made by the local quantizer (represented in
Fig.2.7by X, Y, or Z which represent B = +1, B = 0, and B = —1, respectively)
and Vggr represents the converters reference voltage. Equation2.1 shows that the
MDAC has a gain component (2V;,,) and a reference shifting component (B - Vrgr).

Circuit operation is as follows: during ¢ the input (V;;,) is sampled onto capacitors
Cs and Cr. During the residue amplification phase (¢,,), Cr is put in the opamp’s
feedback loop, and, due to charge conservation, the charge on Cy is transferred to
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the quantizer decision levels. e Offset in the MDAC due to charge injection or offset of the opamp.
f DAC nonlinearity

CFr. The amount of transferred charge depends on the quantizer’s decision (X, Y,
or Z). If Y is high, i.e., if the Y switch is closed, the sampled input charge on Cy is
transferred to Cr. In this case the output (V,,,;) will simply be 2V;, (parameter B of
Eq.2.11s 0). If X or Z is enabled, then there will respectively be a charge addition
or subtraction on Cg and the resultant charge transferred to Cr. In this single-ended
version example, the DAC is only composed of capacitor Cg.

The limiting factors of closed-loop SC-MDAC circuits are given next. To aid the
enumeration of these factors, the example of the 1.5-bit MDAC will be used as well
as its transfer characteristics shown in Fig.2.8.

e Gain error caused by capacitor mismatch (between Cg and Cr) and finite opamp
DC gain [97, 102, 156]. Slopes of the characteristic vary from the ideal value of
2. See Fig.2.8b, c.

e Offset errors can be caused by offset of the quantizer decision levels (Fig. 2.8d), by
charge injection [86], or by opamp offset in the MDAC (Fig.2.8e). Offset errors
are of minor importance given that most errors can be corrected by the digital
correction logic [97].
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e Nonlinearity errors caused by DAC capacitor mismatch and nonlinearity errors
present in the opamp [102] (Fig. 2.8f).

e Thermal noise comes from the ON-resistance of the switches which is sampled
on the sampling capacitors and from the opamp [156].

e Speed conversion rate is limited by the opamp’s closed-loop configuration, namely,
the opamp’s finite speed (GBW) and the closed-loop feedback factor [98] (slew
rate may also be a limiting factor of the speed).

2.2.3 Local Flash Quantizer and Comparators

As the name indicates, this circuit is a quantizer based on the Full-Flash converter
topology. In Fig. 2.9a, a generic N-bit flash quantizer is shown. It employs, in parallel,
a number of comparators,” each with their own reference voltage, to be compared
with the input signal. The output of each comparator is either O or 1, indicating that
the input signal’s voltage is lower or higher than the reference voltage, respectively.
There are various methods of implementing the comparator: cascade of inverters
(or simple gain stages), an opamp in open-loop, and the latched comparator [66,
84]. The first two circuits are designed to amplify the input signal or the difference
between the input and reference signals to guarantee a logic output (0 or 1, or, in
terms of voltage, the negative or positive saturation voltage, respectively). The latched
comparator is composed of a pre-amplifier and a positive feedback latch. The pre-
amplifier amplifies the small differential input signal and minimizes effects caused
by the latch, while the latch guarantees logic levels at the comparator’s output.

In Fig.2.9b, the last block of the 1.5-bit flash quantizer is an XYZ encoder. This
circuitis responsible for guaranteeing, depending on the decisions of the comparators,
that either X, Y, or Z is one. As mentioned before, these signals decide the B
parameter of the reference shifting of the MDAC (see Eq.2.1). Output bits (b;, b;)
are used for digital correction (discussed further on).

The reference voltages may be generated by a resistive or capacitive divider string,
or by means of a SC network at the comparators’ input. Normally for an N-bit flash
quantizer, 2"V — 1 comparators are necessary. For a half-bit quantizer (1.5-bit, 2.5-bit,
etc.), only 2V —2 comparators are necessary. N represents the nearest integer greater
than the half-bit resolution, e.g., 1.5-bit corresponds to N = 2.

Factors that limit the performance of comparators and, thus, quantizers are given
below:

e Offset the opamp and the pre-amplifier introduce an input-referred offset error
which may be due to mismatches (between circuit components) or may be inherent
to the comparator design [52, 84, 140].

e Charge injection and clock feed-through caused by channel charge and para-
sitics associated with the sampling switches while turning off [84, 135].

3 The comparator is probably the most widely used component in A/D conversion, fundamental in
practically all topologies.
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Fig. 2.9 Flash quantizer examples: a Generic N-bit quantizer. b 1.5-bit quantizer

e Kickback noise this error occurs during switching in latched comparators. When
the comparator goes into latch mode, the high speed of the positive feedback latch
causes high speed transients, which inject charge through parasitic capacitors back
into the input signal, thus causing unwanted disturbances [52, 84, 140].

e Comparison time this is the time the comparator takes to produce a valid digital
output. The worst case scenario is described by an overdrive recovery test, which
defines the time the comparator takes to recover from a large input immediately
followed by a very small input [104, 140].

e Metastability occurs when a very small input renders the comparator to be unable
to produce a valid digital output. This error may be given as a probability of the
occurrence of a metastable state [105, 140], as a number of metastable states per
second [135], or, for the case of a flash quantizer with various comparators, as the
mean time between failures (taking into account the number of comparators) [1].

2.2.4 Operational Amplifier and Common-Mode
Feedback Circuitry

The operational amplifier, better known as opamp, is probably the most important
and most used block in analog signal processing. The word operational comes from
the fact that these blocks can be used to implement various functional operations. It
is an active circuit which ideally has high gain, high input impedance, and low output
impedance. Typically working in the voltage domain, a voltage is inputted and an
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Fig. 2.10 Opamp: a Basic symbol. b Simplified block diagram of a feedback circuit

amplified voltage is provided at the output, i.e., the opamp is a voltage-controlled
voltage source (Vs = A x (VT — V™), where A is the opamp’s open-loop gain),
as shown in Fig. 2.10a. There are more types of amplifiers, but the one that deserves
attention, given the work developed in this book, is the operational transconduc-
tance amplifier (OTA). This type of amplifier achieves a high open-loop gain (at low
frequencies) at the expense of a high output impedance. They are widely used in
SC circuits and do not need low output impedance because they usually only drive
pure capacitive loads (and not resistive loads). Their gain and speed depend on the
transconductance of specific transistors that compose the OTA.

Opamps usually operate in closed-loop form, inheriting all the associated benefits
such as, less sensitivity to circuit and process, supply voltage, and temperature (PVT)
variations, thus less distortion, higher input impedance, lower output impedance,
and higher bandwidth. Figure 2.10b depicts a simplified block diagram of a negative
closed-loop system, where A(s) represents the opamp’s open-loop gain (it represents
Fig.2.10a), B(s) is the feedback network (with associated feedback factor), and s is
the complex frequency.

As an example of the functionality and importance of the opamp, the SC circuit
of Fig.2.11a is used (this circuit is similar to Fig.2.7 for ¥ = 1). For this example
Cy, represents a load capacitor and the objective is to double the input voltage (i.e.,
Vour = 2 Vin). During ¢1, Vi, is sampled onto Cg and Cpg. During ¢», the opamp
(in closed-loop now) forces a virtual ground at its inverting input and, hence the
voltage across Cg to zero. Due to charge conservation, the charge stored on Cg,
Qs = CsVyy,, is transferred to Cr. No charge goes to the amplifier because of its
high input impedance. If Cr equals Cg then V,,; becomes 2V;,. Another way of
exemplifying the importance of the opamp is: during ¢1, the voltages at the top and
bottom plates of Cg are V;, and zero, respectively. Immediately at the beginning of
¢, the top plate of Cg is connected to zero, which forces its bottom plate (and the
opamp’s inverting input) to —V;,. Simultaneously, the opamp (in closed-loop now)
forces the virtual ground at its inverting input. In order to accomplish the virtual
ground, the output voltage has to be increased by the same amount of voltage, i.e.,
Vin. Finally, the output will become 2V}, at the end of ¢». If no opamp is used in the
aforementioned explanations, neither charge conservation nor virtual ground would
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Fig. 2.11 Example using an opamp in a feedback loop: a SC circuit. b Simplified block diagram
of the feedback scheme

occur. Consequently, the sampled charge would simply be distributed between Cyg,
Cr, and Cyr, but V,,; would not be 2V, at the end of ¢5.

Figure 2.11billustrates the equivalent block diagram of the SC circuit of Fig. 2.11a,
where the feedback network is given by 8(s) = Cr/(Cr + Cs + cjp) and the input
network is A(s) = (Cs + Cr) /(Cr + Cs + cjp) [28].

At the transistor level, many amplifier architectures exist. It will not be the objec-
tive of this work to describe any, but rather to give an idea of the common blocks used
in most of them. The basic blocks are an input stage (where the input signal is con-
nected), a gain or differential to single-ended conversion stage, and finally, an output
driver stage (used to drive the load connected at the output) [66]. It is possible that,
besides the input, the output stages be differential, thus inheriting the advantages of
fully differential circuits, which will be given further on. When supply voltages were
high (higher than 1.8V in older CMOS technology nodes), gain could be achieved
by cascoding (stacking) transistors. In this case enough gain was achieved with a
single-stage amplifier, which also has the highest speed of operation. However, due
to the power reduction necessity and low supply voltage (1.2'V and lower) tendency
of modern nanoscale CMOS technologies (0.13 pum and beyond), it is no longer pos-
sible to cascode transistors, therefore, gain can only be achieved by multiple stages,
i.e., by cascading stages. Besides gain, the output swing also decreases due to the
supply voltage reduction, thus another reason to cascade stages. At this moment, we
have arrived at a two-stage amplifier: the first stage mainly for gain and the second
for output swing and speed with a small contribution to the overall gain. Due to
compensation (to stabilize the amplifier), which is inevitable, the speed of the two-
stage amplifier is reduced when compared to its single-stage counterpart. If more
gain is needed, another stage can be added (three-stage amplifier), at the expense of
speed and stability issues.

There are a number of parameters that characterize the performance of opamps.
Most of these are limiting factors of their performance. Depending on the application
the opamp is inserted in, some become more relevant than others. Here most of them
will be described [65, 84, 92, 104, 141]. The parameters are:
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e Low-frequency gain: There are two types of gains, differential-mode (DM) and
common-mode (CM) gain. Usually an opamp is sized for a given DM gain while
minimizing the CM gain. The former is fundamental as it determines the precision
of the overall system where the opamp is used (usually in closed-loop). These
gains, measured with the opamp in open-loop, are a function of frequency. At low
frequencies they are called, the DC gain. An important sub-parameter of gain is
its nonlinearity for different output voltages. Normally, for a small output voltage
swing, the gain has its maximum value, but for larger voltage swings, the gain
tends to be smaller.

e Bandwidth: There are two types of bandwidths, small-signal and large-signal (dis-
cussed in the following item), which characterize the high frequency performance
of opamps. The former is related to the frequency dependence of the open-loop
gain, which is caused by parasitic, compensation, and/or load capacitors present in
the opamp. The open-loop gain versus frequency, has a constant value for low fre-
quencies (DC gain, explained before) and then at a certain point in the frequency,
the gain starts to decrease or roll-off (at a —20 dB/decade rate). This point is the
opamp’s bandwidth or the location of the dominant pole. The point at which the
gain reaches unity is the unity gain bandwidth ( f;,) or the gain-bandwidth product
(GBW). Note that, GBW = f,, is only applicable either for a single pole opamp
or for an adequately compensated multi-pole opamp [92, 104]. These two design
parameters, f, and GBW, determine the speed of the system the opamp is inserted
in.

e Slew rate or large-signal bandwidth determines the rate at which the opamp can
change the output voltage in the presence of large input signals. In large signal
conditions, the opamp will try to provide current to charge the capacitors (com-
pensation, load, etc.) of the system. The rate at which it does this is called the slew
rate (SR). If the current is insufficient or the opamp does not have enough time
(case of SC circuits) to charge the capacitors, the output will not reach the desired
value and nonlinear distortion will arise.

e Compensation and Phase Margin: Opamps inserted in feedback loops can be
potentially unstable, if not adequately compensated. A measure of this instabil-
ity is called phase margin (PM). In single-stage opamps (which are less prone
to instability), compensation is normally achieved (almost for free) by the load
capacitor. In multi-stage opamps (unstable by nature), compensation capacitors
and compensation schemes are inevitable.

e Settling time: This defines the time it takes the output to reach its final value within
a given settling error (associated with the desired accuracy) when a step input is
applied. This is probably the most important opamp parameter for SC circuits
given that it is a time domain parameter, that includes the effect of gain (and its
nonlinearity), small-signal bandwidth, slew rate, phase margin, and the closed-
loop’s feedback factor. Figure 2.12 [162] depicts an opamp’s output response to an
input step showing where each mentioned parameter plays its role. If any of them
are not designed correctly, their effects will be pronounced in the output response
and a longer settling time will probably occur.
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e Output swing is the maximum output voltage range possible that maintains the
opamp functioning nominally, i.e., with the desired gain.

e Common-mode input range is the maximum input voltage range that guarantees
negligible degradation of the opamp’s performance.

e Offset is the output voltage when the input is zero. Ideally the output voltage should
be zero, but will not be due to inherent design issues of the opamp (systematic
offset) and mismatches between otherwise matched transistors (random offset).
This offset voltage, if large enough, can limit the output swing.

e Noise is generated by devices with resistive components such as transistors (resis-
tive channel) and, naturally, resistors. There are many types of noise, the two most
commonly discussed are flicker (or 1/f) and thermal noise. The latter is of more
importance in high-speed or wideband opamps. Just as in the case of offset, the
opamp may be designed for low noise but never for zero noise. Noise determines
the smallest detectable input, the opamp may process.

Most parameters can be enhanced by using a fully differential structure for the
opamp. In fact, opamp performance can double. This type of structure indicates
that the opamp, besides having a differential input, also has a differential output.
The advantages of the fully differential architecture are well known and are: larger
gain, larger output swing, higher immunity to extrinsic noise, reduced distortion
(suppression of even harmonics) and enhanced speed/power ratio [150]. Although
the intrinsic noise level of fully differential circuits is higher, the signal-to-noise ratio
(SNR) will still be higher than single-ended output circuits due to the larger output
swing obtained.

An opamp designed with a fully differential structure needs to employ a special
circuit to measure and control its output common-mode voltage. This circuitis known
as the common-mode feedback (CMFB) circuit. Without this circuit the uncontrolled
output CM voltage could drift to the supply rails. The CMFB circuit guarantees that
this voltage stays approximately at midway between the supply rails. There are
continuous-time and SC-CMFB circuits. Usually in SC circuits, the SC version of
CMEB circuits is preferred.
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2.2.5 Reference V/I and Buffering

Reference circuits are essential in analog and data converter systems. They generate
reference voltages and currents that are used to bias circuits, to compare with other
signals, for addition and subtraction operations, among others. In the specific case of
data converters, reference circuits are determinant in defining the input and output
full-scale ranges. Therefore it is necessary to guarantee a sufficient level of accuracy,*
so that the overall performance of the data converter is not limited. To achieve this,
they need to be independent of external conditions such as, process, supply voltage,
temperature, and load disturbances. In the case where a reference voltage needs to
drive a large capacitor or various capacitors amounting to a large capacitance (like in
DAC circuits), or be used in a high-speed or high-accuracy SC circuit, an additional
block needs to be added to the output of the reference circuit. Commonly known as
a reference buffer, this block is used to maintain the reference voltage constant and
to guarantee that it charges and discharges the capacitors it drives, in the available
amount of time (particular case of SC circuits). In other words, the buffer must settle
the reference voltage to within a given error, within a given time slot, which depends
on the accuracy and speed of the converter.

There are many forms of generating a reference voltage (resistive or capacitive
ladders, bandgap circuits, etc.), but this is not the objective of this subsection. Instead,
an overview of the issues and difficulties designers have to overcome to buffer and/or
stabilize a reference voltage for SC converters, will be given.

It is possible to find many forms of reference voltage schemes in the literature.
The options divide into on- and off-chip buffering with (or without) the use of on- and
off-chip damping resistors and decoupling capacitors. The following table describes
and analyses the most used forms of reference voltage circuitry and buffering
schemes.

The conclusions extracted from Table 2.2 can be summarized as follows: the ref-
erence circuitry will occupy a large area, will dissipate a large amount of power,
and/or will need at least one extra pin. Most of the currently employed solutions
suffer from a combination of these drawbacks. From a system-level perspective,
neither system-on-chip nor system-in-package designs are benefitted from voltage-
domain reference circuitry. To avoid extra costs, no extra pins can be used, therefore,
on-chip high-speed buffering must be employed, a trade between cost and power
is made. If extra pins are available, then off-chip decoupling may be used (with a
low bandwidth buffer), but then a penalty in area is paid for the off-chip decou-
pling capacitors. All this to avoid on-chip decoupling because silicon area is more
expensive (valuable) than discrete components.

41In[113] it is shown that the reference circuit can have 1-bit lower accuracy than the resolution of
the ADC.
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Parameters of reference circuits and buffers that may affect the overall perfor-

mance of data converters are given next. They are:

Ringing is caused by the inductance (L) of the wirebond and converter’s capac-
itance (C) during switching in SC circuits. The ringing occurs at the natural fre-
quency of the LC circuit. To reduce and dampen the ringing, large on- and/or
off-chip decoupling capacitors and damping resistors must be used [53, 88, 113,
171].

Speed of areference circuit or buffer is determinant in the presence of perturbations
[141]. During clocking of the capacitors in SC circuits, the reference voltage is
constantly disturbed, and has to recover before the end of the phase to avoid
incomplete reference settling which causes offset errors. This error may limit the
converter’s conversion rate.

Output impedance: It is fundamental that the output impedance of the buffer
circuit be as low as possible, to adequately feed the converter with the reference
voltage, avoiding large voltage drops. To achieve low output impedance at high
frequencies, large capacitors need to be used, which consequently occupy a large
amount of area. Nevertheless, large capacitors help reduce the noise bandwidth
and suppress external disturbances, if large enough [141].

Noise: Directly couples to the stage’s input signal during sampling and also to the
output signals during the amplification phase. Because noise limits the smallest
signal that may be converted, it directly influences the full-scale range of the
converter [113].

PSR: Power supply rejection determines the capacity of the buffer to reject noise
of the supply (Vpp and ground) lines from coupling to the output buffered voltage.
If noise couples to the output voltage, it contributes to the total output noise of the
buffer.

Offset errors limit the full-scale range of the converter. Negative offsets (lower
reference voltage) saturate the residue voltage, thus reducing the conversion range,
which causes distortion. Positive offsets (higher reference voltage) cause residue
voltages to be smaller thus degrading the signal-to-noise ratio (SNR) of the con-
verter [113]. These offset errors cause interstage gain errors [155] and overall
converter gain errors.

Signal dependency: When a reference voltage and input signal are connected
to the capacitor’s plates, any variation in one signal causes a modulation in the
other. This is called signal-dependent modulation. Therefore, if a reference voltage
does not settle adequately, it induces a variation in the input signal, which is then
sampled. This modulation degrades the performance of the converter [113, 155].
Reference distribution is not an easy task, particularly when references must be
provided to widely separated locations across the die [142], or in converters with
high clock rates or high resolutions [68]. The long lines cause voltage drops which
alter the reference’s original value. If each pipeline stage uses a reference voltage
with a different value, the performance of the converter is highly degraded.
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Fig. 2.13 Simple two-phase nonoverlapping clock generator and output waveforms

2.2.6 Clock Generation

Switched-capacitor circuits need clocking schemes to turn on/off its switches to
achieve a specific function. Most data converters rely on a special scheme that permits
the signal acquired during the sampling phase to be transferred and amplified without
loss. In other words, it is imperative that no charge is destroyed or lost between the
sampling and amplification phases. To achieve this, the overlapping time between
phases must be zero. This is accomplished by a nonoverlapping clock generator.
An example of a simple two-phase nonoverlapping clock generator, widely found
and used in the literature, is shown in Fig.2.13 [105]. This simple configuration has
one clock input and two phases with 180° phase shift are provided at the output.
The nonoverlapping time is controlled by the delay of the input NAND gate and the
two inverters (before the feedback). To increase this time, more inverters (in an even
number) can be added.

There are other schemes of generating nonoverlapped phases, namely using phase-
locked loops [82] or delay-locked loops [37]. These circuits are much more complex
than the simple two-phase nonoverlapping clock generator of Fig. 2.13. They are used
in many applications such as in communication, data and clock recovery, FM demod-
ulation, and high-speed or high-resolution data converters, among others. Given that
they were not used in the work developed in this book, they will not be further
discussed.

Clock generation or clock synthesis circuits limit the performance of data con-
verters due to PVT variations, but mainly due to device and delay mismatches. These
circuits contribute the following errors:

e Clock jitter is the random variation of the time the clock falls to zero (the falling
edge is used here to define the sampling instant) around the ideal time. This error
was briefly covered in the S/H subsection. The jittering of the timebase translates
into an increase of the noise floor over all frequencies, and consequently, degrades
the SNR of the converter. As mentioned before, this error is input signal dependent.

e Clock skew is a fundamental limitation inherent to time-interleaved converters.
Each unit converter of a time-interleaved topology must sample the input at equally
spaced instants in time, given by the M/ Fs, where M is the number of unit con-
verters and Fy is the total sampling frequency. Any deviation from these ideally
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spaced sampling instants causes timing errors, which translate into deterministic
spurious tones (visible in the converter’s output spectrum), ultimately degrading
the SNR of the converter. This error is also input signal dependent and was covered
in Sect.2.1.4 (timing mismatch).

2.2.7 Digital Backend and Decimation

As mentioned in Sect.2.1 for the various topologies, a backend only composed of
digital circuits is necessary. These circuits store and align the digital outputs from
each stage, which then move on to the correction stage, and are finally buffered to
produce the final digital output word. Basically three digital blocks are necessary:
synchronization logic, digital correction logic, and output buffers. The latter block
(which is basically an even number of cascaded inverters) is optional and depends
on where the digital outputs need to go next and if they need to be buffered or not.
To exemplify the functionality of the circuits described in this subsection, a simple
4-bit Pipeline converter with two 1.5-bit stages and a final 2-bit stage will be used.
Synchronization logic is fundamental in converters that are unable to produce a
digital word in one clock cycle, i.e., are unable to digitize the analog input at once
(like Full-Flash converters). This logic is mainly composed of memory and shift
circuits, such as flip-flops (FF) or shift registers. Taking the example of Fig.2.14,
when the analog input signal is processed by the first stage, its comparator produces
digital outputs which need to be stored because the residue voltage will only be
processed by the last stage of the converter at the end of one more cycle. Therefore,
during this clock cycle, the bits from the first stage need to be stored. The same
analysis can be made for the outputs of the second stage, which need to be stored for
half a clock cycle. As can be seen in Fig.2.14a, FF, and FF}, synchronize the digital
outputs, while FF._. align the outputs of a specific input sample for later processing.
Figure 2.14b shows the timing diagram of operations and time-alignment, i.e., where
the digital outputs of each of the sampled inputs are aligned at a specific instance in
time. After all digital outputs are time-aligned they are ready for digital correction.
Digital correction logic is used to correct nonidealities and indecisions in the
comparators used in the quantizers [97, 98]. Therefore, the quantizer’s offsets can be
aslargeas +1/2Vysp = Vger/4foral.5-bitstage, which relaxes the specifications of
the quantizer. This correction logic works on the basis that each stage has redundancy
which is used for correction and eliminated by the correction logic itself. For example,
a 1.5-bit stage has a true resolution of 1-bit and 0.5-bit redundancy. It has two digital
output bits as shown by the input-output characteristic of Fig.2.8a, where possible
digital outputs are 00, 10, and 01. The 00 output indicates that the sampled input is
certainly negative, while the 10 output indicates that it is certainly positive. The 01
output indicates indecision, i.e., the quantizer does not know if the sampled input
is either positive or negative [105]. This decision is postponed to subsequent stages
and the correction logic (with the digital outputs of these stages) will correct this
indecision. All this is only possible if the quantizer’s offsets are less than =1/2V gp.



30 2 General Overview of Pipeline Analog-to-Digital Converters

. Stage 1 @1 | Stage 2 @ | Stage 3
Vin 0= 5pit | 1.5-bit I 2t
2{ o Q o | o
FE N s
D> (x2) 21 i
a ©
A 4 E
294 o
FF 2
n
\ 4 2 t \ 4 v
FF FF FF | @
P 02) | P () P 2 | ¢ BE
Fo
z: 3 o

to next digital block ...

(a)
Stage 1 J Si(1) 21((11)) ‘ $4(2) 2*‘((% ‘ S4(3) g“g)) ‘ oo ‘ ‘ |
..... Qx(1) Qx(2) Q3) | 440
Stage 2 J ‘ S(1) ra§(1) ‘ S2(2) rai(Z) ‘ 2(3) ra§(3) ‘ ‘ ‘
Stage 3 J ----- ‘ ----- ‘ S3(1) ‘ Qaq(1) ‘ S3(2) ‘ Qu(2) ‘ S5(3) ‘ Q(3) | eoe ‘

FFg - X - >< Qx(1) >< Q2(2) >< Q(3) LX)
FFe  =oem- X e >< Qa4(1) >< Qz4(2) >< Qs4(3) soe

»

A A A
Quantization of Quantization of Quantization of
sample (1) time- sample (2) time-  sample (3) time-
aligned aligned aligned
(b)

Fig. 2.14 Simple example of synchronization: a Pipeline converter, synchronization and time-
alignment logic. b Time scheme of operations

An example of how correction logic operates is shown in Fig.2.15. In Fig. 2.15a,
an ideal situation is depicted, i.e., the comparators do not have offsets. In Fig.2.15b,
one of the comparators of stage 2 has a positive offset (indicated by the curly arrow).
Even though there is an offset, the final output is the same as in the situation with no
offset. This example shows how digital correction corrects for nonidealities in the
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Fig.2.15 Example of the operation of digital correction: a Ideal situation (and indecision corrected).
b Offset error in stage 2: offset corrected

quantizers. Referring back to the example of Fig.2.15a to demonstrate how digital
correction also corrects indecisions. It is shown that the indecision of stage 1, i.e.,
stage 1 can not determine if the input is positive or negative (hence the 01 output),
is corrected by the outputs of stages 2 and 3. This can be verified because the final
result of the MSB (the sign bit of the digital output word) is 1, which indicates that
the input signal is positive (V;, = +0.1V).

In high-speed converters, the digital output buffers and digital output pads are
one of the main contributors to the increase in substrate (ground) noise. The constant
switching, charging, and discharging of the output nodes, couple undesired digital
noise into the substrate which affects the normal operation of the analog circuits.
In order to reduce the digital noise, the speed of operation (clocking frequency)
needs to be reduced. So, instead of acquiring all the outputs (at the maximum clock
frequency), if only one output in every N is acquired, no information is lost and a
lower clock frequency (now divided by N) permits reducing the digital noise. This
technique is called decimation by a factor of N, and is explained more thoroughly
further on in the book.

2.3 Performance Metrics of Analog-to-Digital Converters

It will be the objective of this section to present metrics and parameters that char-
acterize the performance of ADCs (in general). These are divided into two groups:
static and dynamic parameters. Static parameters discussed here will be offset, gain,
differential nonlinearity (DNL) and integral nonlinearity (INL). These are usually
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measured using DC, ramp, or low frequency signals. As for dynamic parameters,
these are usually measured with high frequency signals, which stimulate these para-
meters. ADC dynamic performance metrics are signal-to-noise ratio (SNR), total
harmonic distortion (THD), spurious free dynamic range (SFDR), signal-to-noise-
and-distortion ratio (SNDR) and effective number of bits (ENOB). Although noise
(represented by the SNR) does not depend on the input signal’s frequency,” it will
be discussed in the group of dynamic parameters.

2.3.1 Static Performance Parameters

The static performance of an ADC can be evaluated by its input-output conversion
characteristic. An ideal 3-bit ADC situation is shown in Fig.2.16, where the x-axis
represents the analog input (normalized to the reference voltage, Xzgr,° or in LSBs)
and the y-axis represents the quantization levels (D,,;). As can be seen the ideal
characteristic has a staircase waveform, where the width of each step is 1 LSB except
for the first and last steps. The transition levels are taken in the middle of each analog
input interval. The quantization (or amplitude discretisation) of an analog voltage,
which intrinsically has infinite levels of quantization (zero error), by an ADC in
eight quantization levels introduces an error. Graphically, this error is given by the
difference between the staircase and the midpoint interpolating line (dashed line of
the top graph of Fig.2.16) and should ideally be limited between £1/2 LSB as shown
at the bottom of Fig.2.16. This quantization error translates into an additive noise,
i.e., the quantization noise. More on this noise is given in the dynamic performance
parameters subsection.

With the understanding of Fig.2.16, it is possible to describe most A/D converter
static performance parameters.

2.3.1.1 Offset Error

Offset error is the horizontal difference between the first transition level of the real and
the ideal ADC, as shown in Fig.2.17a. It describes a shift for an analog input of 0 V,
and graphically, the conversion characteristic is shifted horizontally. An expression
for the offset error is given by

X1 — X717y,
L Tlided (1 §B), (2.2)

E offset = A

3 Intrinsic ADC noise is related with quantization and thermal noise. Other types of noise, such as,
jitter and substrate noise (due to digital switching) are partially and often considered extrinsic to
the A/D converter.

6 X and x are used because they represent either a voltage or a current.
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where A = x; g = xREF/ZN and N is the resolution of the ADC.

2.3.1.2 Gain Error

Gain error is the slope difference of the midpoint interpolating line of the real and
ideal characteristics, as shown in Fig. 2.17b. For converter gains <1 and offset errors
the output range of the ADC is limited. For gains > 1, arange of inputs have the same
output (depicted in Fig. 2.17b). For the ideal case, this slope is unity. An expression
for the gain error is given by

qr. N_q, qr,
Eguyin = ————— —1 (LSB). (2.3)
XTn ) = X1

2.3.1.3 Differential Nonlinearity

In the ideal characteristic of Fig.2.16, the horizontal difference between two con-
secutive transitions is exactly 1LSB. In the characteristic of a real converter,
any deviation from 1LSB, between consecutive transitions, causes a differential
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Fig. 2.17 Static A/D converter errors: a Offset error. b Gain error. Ideal characteristic represented
by dashed line

nonlinearity (DNL) error. Figure2.18 exemplifies some DNL errors. In an expres-
sion, the DNL can be given by,

DNL(i) = % —1 @SB), i=1,...,2N 2. (2.4)
The DNL is usually taken as the max (|[DNL(i)|) for all i. Before determining the
DNL for each code, offset and gain must be removed. This can be achieved using
the endpoint-fit line, which creates a straight line from the first (origin) to the last
(full-scale) code. The DNL profile is usually characterized by a graph with the digital
output codes (1...2N — 2) for the x-axis and Eq. 2.4 for the y-axis. An example of
this is shown at the bottom of Fig.2.18a.

Observing Eq. 2.4, it is worth noting some special cases:

e DNL(i) = 0: two consecutive transitions are equal to 1 LSB. Also true for the first
and last codes, due to the endpoint-fit line system.

e DNL(i) = —1: two consecutive transitions are equal, which means there is a
missing quantization level, or missing code.

e DNL(i) > +1: two consecutive transitions are larger than 1 LSB. High probability
of the existence of missing codes in the DNL profile [9].

The DNL characteristic provides information about the converter’s behaviour
code by code. This means that the way in which each output code is encoded (the
encoding process), has an effect on the converter’s linearity [77]. The encoding
process depends on the DAC architecture (capacitor matching) used in the MDAC
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Fig. 2.18 Static A/D converter errors: a Differential nonlinearity (DNL). b Integral nonlinearity
(INL). Ideal characteristic represented by the dashed line

circuit, and each architecture must be analysed separately [170]. Besides nonlinearity
errors contributed by the MDAC circuits, the local stage quantizers also introduce
errors with offsets. Fortunately, the latter can be corrected by the digital correction
logic. Given that DNL errors cause the quantization characteristic to be different
from the ideal one and quantization errors introduce additive noise, then DNL errors
will also translate into an additive noise component called DNL noise, degrading the
converter’s SNR [77, 105].

2.3.1.4 Integral Nonlinearity

Integral Nonlinearity (INL) is a measure of the horizontal difference between each
transition and its corresponding ideal transition. Using the endpoint-fit line to remove
gain and offset errors, the INL becomes the difference from the midpoint interpolating
line to the endpoint-fit line (straight line that connects first and last transition), as
shown in Fig.2.18b. INL can be defined by the following expression,

xr, — Al —1) —x7

7 (LSB), i=1,...,28N —1. (2.5)

INL(i) =
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The INL can also be shown to be the cumulative sum of the DNL, given by,

i—1
INL(i) = » DNL(j), i=2,....2% 1. (2.6)
j=1

The INL is usually taken as the max (|[INL(i)|) for all i. Like the DNL profile, the
INL profile is characterized by a graph with the digital output codes (1 .. 2¥ — 1) for
the x-axis and Eq. 2.5 for the y-axis. INL errors are caused by capacitor mismatch in
the DAC circuit of the MDAC and by finite gain of the opamp. There is a relationship
between INL errors and harmonic distortion [42, 105, 130]. Therefore, a large INL
indicates a large deviation of the conversion characteristic to the ideal one and could
be an indication of a large amount of distortion.

2.3.2 Dynamic Performance Parameters

The dynamic performance of an ADC is usually characterised in the frequency
domain, accomplished with the fast fourier transform (FFT). The FFT is a widely
used algorithm to perform a Fourier transform on the output time data from the ADC.
A simplified measuring process is as follows: a sinusoidal wave is used as the input
to the ADC, which produces a quantized output, that is then fed to the FFT algo-
rithm and, finally, a spectrum of the quantized input signal is produced. The output
spectrum permits measuring all the dynamic parameters that will be described here.
To aid the enumeration and description of these parameters, a hypothetical FFT of
the output of a two-channel time-interleaved ADC (some errors exaggerated) shown
in Fig.2.19 will be used. For the equations presented below, the band of interest is
considered the Nyquist bandwidth (Fs,2).

2.3.2.1 Signal-to-Noise Ratio

As the name indicates it is the ratio of the signal power to the noise power. Observ-
ing Fig.2.19, the noise power excludes DC, signal, and harmonic components, but
includes the spurious tones due to time-interleaving mismatches. The theoretical
maximum signal-to-noise ratio (SNR) that an ADC can achieve is (only taking into
account quantization noise),

SNR = 6.02N + 1.76 (dB), 2.7)

where N is the resolution of the converter. As already stated throughout this chapter,
there are other noise sources which contribute to the total noise of the ADC (further
degrading its SNR), which are clock jitter, DNL errors, and thermal noise. A more
complete expression becomes,
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Pg
SNR = (2.8)

Pj + Pyipne + P’

where Pj, P,y pnL, and Py, are the jitter, quantization plus DNL, and thermal noise
power, respectively. Therefore, the overall SNR is input signal dependent (due to
extrinsic effects): high signal frequency increases jitter and small signal amplitude
reduces signal power. To obtain the result in decibels (dB), 10 log of the respective
equation should be taken.

As shown in Fig. 2.19, the noise floor is situated such that each noise bin (discrete
line) is, on average, below the full-scale by 6.02 N 4 1.76 plus the FFT processing gain
(given by 101og(npoints/2), where npoins is the number of points used to compute
the FFT). This processing gain is particularly helpful when trying to distinguish
harmonics from noise. The more points in the FFT, the lower the noise floor will be,
but the harmonics will stay at their original magnitude.

2.3.2.2 Total Harmonic Distortion

When an input is quantized by a nonideal ADC, tones appear, in the output spectrum,
at multiples of the signal’s frequency. These tones are called harmonics, and the total
harmonic distortion (THD) measures the ratio of the sum of the harmonics’ power,
Py, to the signal’s power (Ps). In an expression this is given by
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> Pu()

THD = =2 (2.9)
Ps

h
2

where h represents the number of harmonics. THD is highly dependent on the
input signal. At high frequencies and large amplitudes, distortion becomes more
pronounced.

2.3.2.3 Spurious-Free Dynamic Range

This parameter measures the ratio between the signal power and the largest magnitude
of any spectral component (excluding the DC component). This spectral component
can be a harmonic of the input signal or a spurious tone, and is given by,

Py
SFDR = ’ L., F 2 infs 2.10
X Pecrn ()7 € SI2Nfin)e (210)

where Pypecrrum(f) tepresents all spectral components except the DC (f = 0) and
the signal components ( f = f;;). At high input frequencies or large amplitudes, the
limiting tone will probably be a harmonic, whereas at low amplitudes a spurious tone
could limit the SFDR.

2.3.2.4 Signal-to-Noise-and-Distortion Ratio

This parameter is a complete indication of the overall dynamic performance of the
converter. It is complete in the sense that it combines all performance degradation
elements, such as, the noise sources of the SNR and the distortion components of
the THD. In an expression the SNDR can be given by

Pg THD —SNR

SNDR = — =1010 +10710 . @2.11)

> Pu(i) + Pj + Pyrpne + P
i=2

2.3.2.5 Effective Number of Bits

Given that the SNDR of Eq. 2.11 will be less than the theoretical SNR limit given by
Eq.2.7, it becomes important to define a real resolution for the converter. This real
resolution is known as the effective number of bits (ENOB) and an expression for it
can be obtained by solving Eq.2.7 for N. This is given by

SNDR — 1.76
ENOB = —— — bits. (2.12)
6.02
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2.4 Overview and Comparison of Published Work

This section presents an overview of the state-of-the-art concerning the work carried
out in this book. Given that this work presents results from silicon prototypes of two
different circuits, namely an opamp and an ADC, an overview of published work
related with these circuits is presented.

Besides the overviews of these two circuits, a review of published data concerning
ADC reference voltage circuits will also be given. The objective of this review is
to obtain some insight and criteria about the power dissipated and area occupied by
these circuits in the context of A/D conversion. This review is fundamental because
the ADC described in this book precludes all reference voltage circuits, therefore
saving power and area. To be able to quantify, in average, the power and area saved
by the proposed techniques, the results from this review will become useful.

2.4.1 Two-Stage Opamps

The following overview, summarized in Table 2.3, concerns class-A and class-AB
two-stage opamps from the past ten years, simulated or fabricated in a CMOS tech-
nology with GBW >30MHz. In order to evaluate and compare the performance of
the various opamps, a figure-of-merit (FoM) will be used [118]. This FoM basically
evaluates the speed to current consumption ratio. The better the opamp, the smaller
the FoM. However, this becomes a problem because the values of the FoM become
too small, which in turn, makes it difficult to comprehend and compare, so the inverse
of the FoM of [118] will be used instead, which is given by

GBW - C
FoMop = WML [MHz - pF/mW]. (2.13)

Regarding Table 2.3, besides the technology and the supply voltage used, various
AC and transient response performance parameters are given. The settling time and
settling error are represented by T's and Ty, respectively. Figure2.20 depicts the
FoMoa of the opamps of Table 2.3 versus their respective GBW. A linear interpola-
tion line (dashed line) in Fig. 2.20 demonstrates the average value of FoMpa (GBW).
The negative slope of this line, although small, demonstrates the difficulty in achiev-
ing high GBW with high energy efficiency. This challenge is well observed by the
marked ([a], [b], and [c]) opamps. Opamp [b] [149] represents a very high GBW
opamp with a given FoMpa, while opamp [a] [73] achieves more than two times
the FoMpa but at the cost of a much lower GBW. The most energy efficient opamp
([c]) is reported in [73], and achieves a FoMoa of 1213 MHz-pF/mW by employing
a dynamic threshold technique and controlling the bulk voltage of critical transistors.
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Table 2.3 Overview of two-stage opamps from the past ten years with GBW > 30 MHz in CMOS
technologies

Ref. Tech. Vpp DCGain Ts, Ts Cr Power GBW FoMopa
[um] [V]  [dB] %] [ns@Vy,] [pFl [mW] [MHz [ME22C]

[73] 0.13 0.5 51.0 N/A N/A 6.5 0.6 112 1213

[159]* 0.065 1.0 56.1 1 8@0.5 3 1.6 450 844

[132] 0.18 1.8 74 N/A  N/A 1.75 0.362 160 773

[147] 0.13 1.2 77 0.1 3.8@0.1 4 1.94 322 664

[1491* 0.12 1.2 40.4 0.1 9.2@0.1 3.2 11 1500 436

[2] 0.18 1.0 64.4 N/A  N/A 5 0.522 36 345

[160] 0.25 1.5 78 024 72@2 8 9 280 249

[162]2 0.5 2.5 90 1 15@0.7 12 14 250 214

[184] 0.25 1.5 69.5 001 20.1@0.5 ©6 5.5 119 130

[182] 0.25 2.5 72 1 2.1@0.6 3 25 963 116

[152] 0.5 1.8 75 N/A N/A 1.8 11 562 92

[183] 0.25 1.5 80 001 7.1@0.5 4 8.9 167 75

[143] 0.13 1.2 68.7 N/A N/A 1.57 451 160 56

[1791* 0.5 3.0 84 0.1 47@1.2 10 43 153 36

[7212 0.5 3.5 90 0.1 10@1 1 3.5 120 34

4Experimental results

2.4.2 Medium-Low Resolution High-Speed MDAC-Based ADCs

The following state-of-the-art concerns medium-low resolution high-speed MDAC-
based ADCs. The resolutions chosen are 6-8 bit, with ENOB > 5 bits and sampling
frequencies, Fs > 200MS/s. Only the MDAC-based architectures are chosen for a
more fair comparison with the prototyped ADC described, as well as, the proposed
techniques. In order to evaluate and compare the performance of the various ADCs, it
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Table 2.4 Overview of 6-8bit MDAC-based ADCs with ENOB>5bits and Fg>200MS/s
designed in a CMOS technology

Ref. Tech. Resolution Fg ENOB Power Area FoMapc
[wm]  [bits] [MS/s]  [bits] mW]  [mm?] [%mp]

[79] 0.09 8 320 7.3 12.8 0.53 253

[168] 0.065 8 800 7 30 0.12 283

[15] 0.18 8 200 6.4 8.5 0.05 503

[90] 0.18 8 200 7.7 30 0.15 731

[83] 0.18 8 200 7 22 0.32 830

[26] 0.13 6 1000 53 49 0.16 1240

[75] 0.09 7 550 5.7 60 0.37 2045

[75] 0.09 7 1100 5.7 92 0.37 2206

[134] 0.09 8 250 6.2 22.8 0.81 2580

[115] 0.09 6 10300 5.1 1600 N/A 4699

[136] 0.35 8 4000 6.1 4600 28.85 33531

is necessary to use an appropriate FoM. Although highly contested, the FoM mostly
used and found in the literature is the Walden FoM [173] (or its inverted form), given
by

Power
2ENOB . min{Fg,2BW}

FoMapc = [J/conv. — step], (2.14)

where min{Fg, 2B W} represents the minimum between the sampling frequency and
two times the ADC’s bandwidth (BW). This FoM weighs the ADCs overall perfor-
mance given by its speed (Fs) and linearity (ENOB, which includes SNR and THD),
to its total power consumption. Unlike the FoMqpja, the smaller the FoMapc, the
more energy efficient an ADC is.

Table 2.4 presents the state-of-the-art of the aforementioned medium-low reso-
Iution high-speed MDAC-based ADCs. Besides showing ENOB, Fg, power con-
sumption, and FoMapc, the table also shows each ADC’s resolution and occupied
area, as well as the employed technology. The table only contemplates ADCs with
experimental results.

Figure2.21 shows the results of the FoM of the ADCs of Table 2.4 plotted against
their respective sampling frequency (Fig.2.21a) and ENOB (Fig.2.21b). The latter,
plots the FoM against normalized ENOB because the state-of-the-art consists of
ADCs with different resolutions. Therefore, the various ADCs can be compared in
terms of their linearity. The interpolation line of Fig.2.21a clearly demonstrates the
difficulty in achieving a good FoM at high sampling frequencies.

InFig.2.21 the ADC marked as [a] [79] represents the converter with the best FoM,
while [b] [115]) marks the one with the highest sampling frequency. These two ADCs
exemplify that for increasing sampling frequencies, the FoM degrades. Note however
that, they were designed with different objectives. Concerning ADC [a], it achieves
its FoM by using a multilevel power optimization algorithm based on geometric
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Fig.2.21 The state-of-the-art of 6-8 bit MDAC-based ADCs with ENOB > 5 bits and Fg >200MS/s
in CMOS technologies: a FoM versus Fys. b FoM versus normalized ENOB

programming. However, it needs two supply voltages, 1.2 and 2.1V for digital and
analog circuits, respectively. The total power of the ADC did not contemplate the
power of the reference voltage buffers. ADC [b] uses digital calibration to correct for
the nonidealities that arise from using open-loop amplifiers and mismatches between
the interleaved channels. Besides calibration, each comparator uses a trimming circuit
and each unit ADC is composed of two separate ADCs, one will be in operation
while the other will be in calibration. Regarding calibration, only the ADCs with
a high number of interleaved channels, namely, [115, 136] use digital calibration.
What concerns reference voltage circuit power, only [79] indicates this power (but
does not include it in the overall ADC power), while all others have omitted this
value or have not indicated if it is included in the total power. Moreover, adding the
reference power indicated in [79] to its total ADC power, degrades its FoM from 253
to 365 fJ/conv.-step.

2.4.3 ADC Reference Voltage Circuitry

The objective of this subsection is to obtain some knowledge and criteria concern-
ing reference voltage circuitry related to ADCs. Reference voltage circuitry can be
understood as the circuits used to generate, buffer, and decouple a reference volt-
age. As already mentioned, reference voltage buffers are one of the most power
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Fig. 2.22 Overview of the ADC reference voltage circuitry data set’s characteristics: a Architec-
tures. b Technology nodes

consuming blocks of ADCs. Besides consuming power, these circuits occupy a huge
amount of silicon area due to the necessary decoupling capacitors (and damping
resistors). In some cases these capacitors need to be so large and impractical to imple-
ment on-chip, they are placed off-chip, which brings other problems (explained in
Sect.2.2.5).

It is not an easy task compiling this overview because most articles found in the
literature do not present the power consumption and area occupied by the reference
voltage circuits. Nevertheless, the articles obtained that discriminate the power and
area (of the various blocks that compose an ADC) will be enough to obtain some
insight into this issue.

For this overview the experimental data from these references is used [4, 6, 8,
12-14, 16, 19, 20, 23, 24, 31-34, 36, 40, 53, 54, 70, 78, 81, 117, 125, 126, 129,
155, 157, 166, 168, 169, 187]. Figure2.22 is used to characterize the data set for a
better comprehension of the ADCs and their characteristics. Figure2.22 depicts the
architectures and the percentage of each architecture in the total population of the
data set, while Fig.2.22 shows the technologies used to implement the ADCs and
their percentage of the total population. As mentioned before, the main objective of
this overview is to obtain a rough estimate of the power and area of the reference
voltage circuits compared to the ADC’s overall power and area, respectively. From
the mentioned data set, the percentage of the power consumed by reference voltage
circuits (to the overall ADC power) is, in average, 29 %, while the area occupied
by these circuits (to the overall ADC area) is, in average, 19 %. This area excludes
off-chip decoupling capacitors.

From the data set it is possible to extract other interesting information, namely,
the relationship between the reference circuit’s power and: (a) its area, (b) the sam-
pling frequency, and (c) the resolution of the ADC. These relationships are depicted
in Fig.2.23. The interpolation line of Fig.2.23a clearly indicates a direct relation-
ship between the power and area of the reference circuit. The interpolation line of
Fig.2.23b shows a smaller direct correlation with Fs, while Fig.2.23c shows an even
smaller relationship with the ADC’s resolution.
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Given such a small data set, it is important to note and remember that all these
estimates and graphs correspond to a very rough representation regarding the power
and area of reference voltage circuits in the context of A/D conversion.

This concludes the overview and comparison with published work. The following
chapter presents the proposed MDAC circuits.



Chapter 3

Capacitor Mismatch-Insensitive
Multiplying-DAC Topologies with Unity
Feedback Factor

Abstract This chapter describes two capacitor mismatch-insensitive MDAC archi-
tectures with unity feedback factor. First, the conventional MDAC will be described
and analysed, to be compared with the proposed circuits. Then, each one of the
proposed MDACs will be discussed. Besides describing the basic concept, various
analyses are carried out, namely, gain error, reference shifting error, feedback factor,
and noise. These analyses show the benefits and limitations of each MDAC circuit.
To conclude the section a comparative analysis is carried out with other MDAC and
multiply-by-two amplifiers (MBTAS).

3.1 Conventional MDAC

3.1.1 Principle of Operation

The conventional and well known 1.5-bit MDAC, initially proposed in [98], is shown
in Fig. 3.1. This circuit operates in two phases. During ¢, the input signal is sampled
on capacitors Cq1 and C3; for the positive signal path, and on Cj3 and Cp; for the
negative signal path. During the residue amplification phase, ¢», C11 and Cyy are
inserted in the feedback loop and the charge stored on C»; and C»; is redistributed
with the former capacitors. For equally sized capacitors, the resulting differential
output voltage at the end of ¢,, will be two times the differential input voltage
sampled in ¢;. In addition, the output voltage will be affected by a level shifting
equal to = Vggr depending on the MDAC’s operation mode (X or Z). The X, Y, and
Z operation modes are defined by the local 1.5-bit quantizer. In Fig.3.1, X * 2 (with
X = 1 as an example) indicates that the respective switches only close if the MDAC
is in X operation mode and the current phase is ¢,.
As a result, the ideal 1.5-bit MDAC characteristic, or transfer function (TF), is
given by
Voa = 2Viqa + B - VRer, (3.1

M. Figueiredo et al., Reference-Free CMOS Pipeline Analog-to-Digital Converters, 47
Analog Circuits and Signal Processing, DOI: 10.1007/978-1-4614-3467-2_3,
© Springer Science+Business Media New York 2013
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where Vog = Vop — Von, Via = Vip — Vin, Vrer is the MDAC’s reference voltage,
and B=+1(Gf X =1),0GfY = 1), —1 (if Z = 1). Through this characteristic two
sources of error may be found. The first is related with the gain term affecting Vg4,
which should ideally be 2, and the other with the level shifting terms of Vrer,! which
should be +1, 0, or —1.

3.1.2 Gain and Reference Shifting Error Analysis

For all MDAC analyses carried out in this chapter, unless otherwise indicated, an
ideal opamp and ideal switches will be considered. Furthermore, whenever possible,
the single-ended versions of the MDACSs will be analyzed (for simplicity reasons),
but the final equations and graphs of each analysis will always correspond to the
fully differential version of the MDACs.

The exact TF of the conventional MDAC in the presence of parasitic capaci-
tors is derived next. The single-ended version of this MDAC is shown in Fig.3.2.
Considering its configuration during ¢, (Fig.3.2c), its TF is defined solely by the
charge conservation equation derived at the inverting input of the opamp, i.e.,

= Vi€ — Vi€ = =V,C11 + VrerCar, (3.2)
where it is assumed X = 1. By solving Eq. 3.2 for the output voltage, V,, results

Cy Cy
Vo=1+— )V, + —Vggr. 3.3
f) ( + C11) P+ c, VREF (3.3)

! The error related with Vggr is of minor importance, as long as this voltage is provided by a
bandgap circuit (i.e., stable over time), the MDAC’s residue characteristic maintains its symmetry
and the reference shifting errors are the same for all pipelined stages.
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Fig. 3.2 a Conventional single-ended 1.5-bit MDAC with parasitic capacitors. MDAC configura-
tion during b ¢ and ¢ ¢»

Equation 3.3 shows that the conventional MDAC is insensitive to parasitic capaci-
tances. It also shows that if the capacitors have equal values, i.e., C;; = Cy; = C,
the ideal TF of Eq.3.1 would be obtained. However, given that in current standard
CMOS fabrication processes, the ratio accuracy of two capacitances is bounded to
about approximately 0.2 %, which results in a gain error of about 0.1 % (or an equiv-
alent resolution of 10 bits), the conventional MDAC has similar accuracy limitations.
In other words, the accuracy of the conventional MDAC, and therefore ADCs that
employ it, are limited to about 10 bits.

Extending this analysis to the fully differential MDAC implementation (Fig.3.1)
results in,

V., =2 14_&4_2 Vio+ &4_& B.V (3.4)
od 274y, " acn) T \acy, T2 REF> '

The gain error (GE) is defined as the relative deviation of the term multiplying V;,4
in Eq. 3.4 from the desired value of 2. Likewise, the reference shifting error (RE) is
the relative deviation of the term multiplying Vggr from the desired value of B.
Assuming C;; = C(1 + ¢g;;), with i, j = {1, 2}, where ¢;; are uncorrelated
Gaussian random variables of the relative mismatch errors with zero mean and stan-
dard deviation o, the GE and RE can be evaluated through high level Monte Carlo
(MC) simulations using MATLAB [108]. Figure 3.3 depicts the o [GE] and o [RE]
for different values of relative capacitor mismatch errors. Each relative mismatch
data point is the result of 1000 MC runs. It can be seen that the RE is twice the
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GE. However, since the former is compensated by the DCL, the overall accuracy of
the MDAC is dictated by the gain error. At 0.2 % relative mismatch, the o [GE] ~
0.1 %, hence the 10-bit level limitation.

3.1.3 Feedback Factor

Along with the gain-bandwidth product (GBW) of the opamp, the dynamics of the
MDAC are directly influenced by the feedback factor, 8. Greater § means faster
MDAC settling dynamics (for a given power budget). For the conventional MDAC,
the B can be calculated with help of Fig.3.2¢ (for ¥ = 1). Considering only C s
as the dominant parasitic capacitance, i.e. the opamp’s input capacitance, the S is
expressed as
= V7(s) Cii

Vo(s)  Cii+Cai+Cpsi’

(3.5)

where s = jw. Consequently, for small parasitic capacitance (Cps1 < Cq1 + C21),
the B approaches its maximum of 1/2 [98].

3.1.4 Thermal Noise Analysis

The lower bound of the MDAC’s dynamic range is primarily imposed by thermal
noise. This noise appears at the MDAC’s output as a consequence of the thermal noise
of the switches of both phases of operation and the thermal noise associated with the
opamp. For the noise analysis shown in this chapter, it will be assumed, for simplicity,
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Fig. 3.4 Equivalent circuit
for thermal noise analysis of
the conventional MDAC in (a)
¢1 and (b) ¢
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that the switches are equally sized with noise voltage sources having an equal one-
sided power spectral density (PSD) of Ssw (f) = 4kT R,,,, where k is Boltzmann’s
constant, T is absolute temperature, and R,, represents the switches” ON-resistance.
Furthermore, all noise sources are treated as uncorrelated, it is assumed that the
capacitors are equally sized, i.e., C1; = Cz1 = C, and the opamp is modeled by
a single pole transfer function, A,(s) = Ag/(1 4+ s/p1), where Ag and p; are the
opamp’s DC gain and dominant pole, respectively. For simplicity, the accumulated
noise on the parasitic capacitor at the opamp’s input is neglected. The noise analysis
for ¢ is performed using the equivalent circuit shown in Fig. 3.4a. Given the voltage
noise source, vsw,1 = 4kT R,y, it is straightforward to show that the mean-square
(MS) thermal noise voltage sampled on capacitors C1; and Cp; at the end of ¢ is
kT /C [150]. The equivalent MS charge is kKTC. During ¢», the charge stored on Cy;
is completely transferred to Cq;. As a result, the MS output voltage is given by

———  kTCi1 +kTCy 2kTC 2kT
2
e @9

However, as shown in Fig. 3.4b, other thermal noise sources, namely two switches
and the opamp, also contribute to the total output noise. The voltage noise source,
Vopamp- represents the input-referred thermal noise of the opamp and has a PSD of
Sopamp(f) = 4kT Ropamp, where Rypamp is the opamp’s single-ended equivalent
input-referred noise resistance, which is dependent on opamp topology and sizing.

The transfer functions from the voltage noise sources, vsw 2, to the output can be
approximated by

H ( ) Vo C21 1 1 (3 7)
) == — R —— = S .
w2 vsw2 Cul+s/(BAop1) 1+s/(BAop1)

assuming that 8 Ao >> 1. Note that the C»1/Cy; term is only valid for the input switch.
The MS output thermal noise voltage produced by both switches in ¢, is given by

2kT Ry

2 o [ HswaG2n PP df = ———o
Vosw.2 X/o [Hsw2(j2m f)I"Ssw2(df 1 (BAopD)

(3.8)
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Similarly, the TF of vopamp to the output is

Vo 1/8
Hopam = ~ ) 3.9
v P(S) Vopamp I+s/(BAop1) 59
and hence
> . kT Ropamp(1/B)*
2 = 2 — __ opampl /177
Vopamp = /0 (Hopanp G2 ) Sopamp (£)f = =L (3.10)

Therefore, the total output MS thermal noise is

2 R
Vo = Voswt +Voswa + Vopamp = KT [5 + BAop (ZRM + "g‘;’””)} RNGRIY

For the fully differential conventional MDAC implementation, the total MS noise
can be written as

- 2 R

V2, =2 x kT [E + BAop1 (2Ron + ”/’;‘;’””)} . (3.12)
The noise analysis of the conventional MDAC did not contemplate the noise contri-
bution of the reference voltage (Vggr) circuitry. As already mentioned in the previous
chapter, if these circuits are not adequately sized and decoupled, they will add noise
to the MDAC’s output, and can even be the ADC’s limiting factor [113].

3.2 Current-Mode Reference Shifting MDAC

This section proposes an MDAC circuit with unity feedback factor that is insensi-
tive to capacitor mismatch. Reference shifting occurs in current-mode during the
amplification phase. As an abbreviation this MDAC will be called CMRS-MDAC.

3.2.1 Principle of Operation

The proposed unity 8, capacitor mismatch-insensitive 1.5-bit MDAC is shown in
Fig.3.5a. Similarly to the conventional MDAC, this circuit operates in two clock
phases. During ¢, the differential input voltage is sampled on capacitors Cy;, Cz;,
and C3;, j = {1, 2}. During ¢, capacitors C ; and C;; are associated in series around
the opamp’s feedback loop and the gain of two is obtained by voltage sum, instead
of charge redistribution, as occurs in the conventional implementation. Reference
shifting occurs (during ¢») when current sources, Ip and Iy, are turned on. These
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Fig. 3.5 a Fully differential enhanced feedback factor 1.5-bit mismatch-insensitive MDAC with
current-mode reference shifting. b Single-ended equivalent circuit during sampling (¢1). ¢ Single-
ended equivalent circuit during ¢» for GE analysis

current sources sink/source current through the series associated capacitors changing
the output voltage by an amount proportional to the respective current, feedback
capacitance and duration of ¢,. By the end of ¢, the output voltage should have
changed by an amount equal to +Vggr (differentially), for X and Z modes. This
situation is illustrated in Fig. 3.6, where the dashed lines indicate the flow of current.
Regarding the output waveforms, in Y operation mode it is exponential, but for
X and Z it has a ramped integrating characteristic until the end of ¢,. Following
this approach for obtaining a capacitor mismatch-insensitive gain of two, the circuit
becomes sensitive to parasitic capacitors Cpy; and Cp3; (nodes between C;; and
C1; in Fig.3.5). To attenuate this sensitivity, capacitors C3; are employed. Notice,
however, that these capacitors are shorted during ¢, because only the charge stored
in their parasitic capacitors (Cp;) is used to compensate the charge stored on Cpy;
and Cp3;, as shown next.
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Fig. 3.6 Equivalent circuit to Vob
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3.2.2 Gain Error Analysis

The single-ended version of the MDAC (in Y mode) shown in Fig.3.5¢c is used for
the GE analysis. The proposed MDAC’s TF is defined by charge conservation at
nodes v, and v~. Solving the charge conservation equations, the differential output
voltage can be shown to be

2
1 Cpi Crei Choi CniCrsi Cp3iCpsi
Vo =2 l_l__z(_l_pj_ p6j  Cpoj  Cp2jCpsj  Cp3j pj) Via.
4j=1 Cij Cyj Cyj C1;Cyj C1;Ca;

(3.13)

The only parasitic capacitors that contribute to the GE are Cp; and Cp3;. All
others either affect the opamp’s speed (Cp1;, Cp7;, and Cpg;) but not its accuracy,
or have the same voltage between both phases (Cp4; and Cps;). Cpe; is used for
compensation. Equation 3.13 clearly shows that the MDAC is insensitive to capacitor
mismatch because there are no ratio terms between main capacitors, but, on the other
hand, is sensitive to parasitic capacitors Cpyj, Cp3 j, and Cpe ;. By analysing the signs
of the terms multiplying V;4, it is evident that an appropriate value for Cp6; can
compensate the term Cy2;/C j. More specifically, making Ci; = 3; = C and Cpp;
= Cp3j = C), the term multiplying V;g is exactly 2 if Cps; = 0.5CCp/(C + Cp) =
0.5Cp/(1+Cp/C). If C, K« C, then Cpg; ~ 0.5C,,. This result justifies the use of
capacitor C3;, since its top-plate parasitic capacitance is directly governed by Cpg
and parasitic compensation can be achieved by making C3; = 0.5C and by proper
sizing of the MOS switches in the design phase and careful parasitic-aware layout.

To further explain the compensation issues involved, Fig.3.7 will be used. This
figure only shows half the MDAC circuit for simplicity, and adds names to the critical
switches. Charge balancing occurs between two different circuit constructions, i.e.
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C>1 and C circuitry relative to C3; circuitry. There could be concerns about certain
assumptions made regarding the nature of the nodal parasitics. It is mentioned above
that Cp61 governs C31’s top-plate parasitic capacitance (TPPC). However, Cpe1 is
also governed by switches, S; and S, connected to its node. Also, it is assumed that
Cp21 = Cp31 = C, but this requires balancing the bottom plate parasitic capacitance
(BPPC) of Cy; with the TPPC of Cj; because of the series connection. Balanc-
ing TPPC and BPPC can be difficult to achieve with Metal-Insulator-Metal (MIM)
capacitors, but is easier achieved with Metal-Oxide-Metal (MOM) capacitors (readily
available in standard libraries of many CMOS technologies).> Balancing switches
can be achieved by making S; and S, half of S4 5 and S3, respectively. Table 3.1
summarizes the effect and balancing of the crucial parasitic capacitors and demon-
strates that C 61 = C21,31/2 can be achieved by using MOM capacitors, and careful
design and layout (refer to Fig.3.7 for component names). If MIM capacitors are
employed, Cp31 will not be compensated as desired. However, referring to Eq.3.13,
Cp31 has a second order effect on the gain error and therefore, can be neglected.

The statistical analysis of the GE can be achieved by referring back to Eq.3.13
and by defining C;; =C(1 + ¢;;) and C3;=0.5C(1 + &;), with i, j ={1, 2},
Cpij =Cp(l + &pij) and Cpe; =0.5C,(1 + £pe;)/(1 + ), with i ={2, 3} and
Jj={1, 2}, where ¢;; and gp;; are uncorrelated Gaussian random variables of the
relative errors with zero mean and standard deviation o, and « = C,/C. Monte
Carlo simulations using MATLAB and Spectre are employed to evaluate the obtained
expression. The standard deviation plus the absolute mean of the GE for different
values of ¢;; and «, shown in Fig. 3.8a, proves that the GE is independent of capac-
itor mismatch, as expected. In Fig.3.8b, the GE is plotted against the o (gp;;) for
different values of « (for this simulation o (¢;;) = 0.2 %). It can be seen that the
GE degrades for increasing « and it depends linearly on the o (¢;;). In addition, the
GE continues compatible with resolutions of approximately 10 bits for « = 3 % and
o (&pij) < T1%.

The combined effects of various « and parasitic capacitor mismatches is shown
in Fig.3.9. This graph shows iso-accuracy lines that represent the accuracy (in bits,
for easier observability) of the GE. Through this graph it is possible to observe the

2 Notice that, by turning Cy; around, the floating node has two top-plates connected to it, which is
then easier to compensate. This comes at the expense of a reduction in the feedback factor because
a larger parasitic capacitor (BPPC) is connected to the opamp’s inputs.
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Table 3.1 Parasitic capacitor governance and balancing using Metal-Insulator-Metal (MIM) capac-
itors and Metal-Oxide-Metal (MOM) capacitors. Capacitor sizes defined by C11 = Cp1 = 2C31 =
C and nominal switch size defined by W/L, where W and L are the width and length of the switch’s
channel, respectively. Note that, the switch contributes a parasitic capacitance to each node it is
connected to: Cgy to one node and Cgy to the other, where Cgg = Cgq = 0.5W LC,

Parasitic Governed by Balance
Capacitor
using MIM capacitors
Cpo1 83, 84, TPPC¢c;;,  CXTPPCc+0.5WLCyx+0.5WLCyx = CXTPPCc+WLCyy
Cp3t S3, S5, BPPCc,,  CxBPPCc+0.5WLCy+0.5WLC,, = CxBPPCc+WLC,,
Cpol 51,8, TPPCc;,  § x TPPCc +0.5%

LC,, + O.S%LCOX _ CxTPPC§+WLCO,r
using MOM capacitors
Cpai S3, S4, PPCc,, C xPPCc+0.5WLCpy +0.5WLCyx = C x PPCc + WLC,y
Cp3i S3, S5, PPCc,, C xPPCc+0.5WLCpy +0.5WLC,x = C x PPCc + WLCyy
Cpol Sy, $2, PPCcy, $ xPPCc+0.5% LC,+0.5

%LC(,X _ C><PPC52+WLC[,X

PPC plate parasitic capacitance; TPPC top PPC; BPPC bottom PPC

allowed tolerances, in terms of parasitic capacitor and its mismatch, for a given
GE accuracy. For these simulations capacitor mismatch, o (g;;) = 0.2 %. Figure 3.9
shows a large area of values that achieve over 10-bit GE accuracy. Besides the GE
accuracy, the CMRS-MDAC always benefits from a two-fold gain in the feedback
factor, which will be shown shortly.

3.2.2.1 Opamp’s Finite DC Gain

Considering the effect of the opamp’s finite Ag, a more complete expression for the
GE, and consequently Cyg;, is obtained. If Cp¢; is adequately sized (and carefully
laid out) it can also compensate for the opamp’s finite A and produce a highly
accurate gain of two. The equations are too complex to show here, but the simulation
results are shown in Fig.3.10 and summarized in Table 3.2 for various values of Aq
(and respective 3¢ variations). In average, the proposed MDAC achieves an extra 2
bits in accuracy. These results show that for Ag = 60dB with 36[Ag] = 6dB, more
than 10-bit accuracy is achieved with the proposed MDAC.

3.2.2.2 Charge Injection and Clock Feed-Through

Regarding the effects of charge injection and clock feed-through on the compensation
circuit, simulations show that these result in an offset term, as shown in
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Fig. 3.8 Gain error versus (a) capacitor mismatch and comparison with conventional MDAC and
(b) parasitic capacitor mismatch (for o (¢;;) = 0.2 %). Each data point is the result of 1000 Monte
Carlo cases
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Vg =2 1+_Z(+ p2j  Yp6j  Lpoj  Lp2jLpej  Lp3j p6j) Vig
4 1 Clj Clj CZJ CUCQJ Cljc2j

(C11+C21+Cp21+Cp31) (C12+C22+Cp22+Cp32)
+ Ginj1 — ginj2 ,
CnCn CoCn

(3.14)

where g;,j1 and g;,j> represent the charge injection and clock feed-through of
the positive and negative paths of the MDAC.> As can be seen neither nonideal
effects affect the GE, given that the offset term is signal independent. The effect of
charge injection is minimized with signal independent sampling which is assumed
for these simulations, hence the offset term being signal independent. Nevertheless,
Veu (common-mode voltage or analog ground) dependent sampling occurs, which
adds an offset to the output voltage. However, by using a fully differential design,
the Vcy dependent charge injection will cancel at the differential output. Clock

3 Charge injection is given by g;,j = —0.5W LCox (Vi — V1) +0.5W LC,, Vs, where the Vg term
is signal dependent. It is assumed that half the charge is injected into each node. Clock feed-through
injected voltage is given by Vg Cp,W/(Cp, W + C).
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Fig. 3.10 Comparison between the conventional and the current-mode reference shifting MDAC
for different opamp A (and respective 3o variations), for o (¢,;;) = 5% and a = 1 %. Each data
point is the result of 1000 Monte Carlo cases

feed-through is attenuated by using dummy switches and, again, a fully differential
design. Nevertheless, careful layout practice is important to minimize parasitic cou-
plings and guarantee differential design. Figure3.11a shows the offset for various
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Table 3.2 Gain error (%) versus opamp’s Ag and 3o variations (dB)(o (g;;) = 0.2 %, o (gpij) =
5%, and o = 1 %)

Ao 3o [Ag)) 40 (5) 50 (6) 60 (6) 70 (8) 80 (8) 90 (10)
GEcuMrs 0.59 0.23 0.076 0.04 0.026 0.025
GEConventional 24 0.83 0.32 0.17 0.12 0.11

values of charge injection and clock feed-through mismatch. This offset measures
the mismatch between the charge injected in the two differential signal paths. For
the simulation, capacitor and parasitic capacitor mismatch are considered.

3.2.2.3 Vey Mismatch

By comparing Fig.3.1 with Fig.3.5a it can be noticed that V¢yy, for the CMRS-
MDAC is injected at two different nodes. The V¢ mismatch between these two
nodes does not affect the accuracy of the gain of two. However, it does add an offset
term to the MDAC’s output voltage which can be minimized with fully differential
design and careful V) path layout. Figure 3.11b shows the offset for various values
of mismatch between the sampled Vcy, of the two signal paths that should, under
ideal conditions, cancel at the differential output. For the simulation, capacitor and
parasitic capacitor mismatch are considered. As can be seen, for mismatches up to
100 %, the offset is negligible.

3.2.3 Reference Shifting Error Analysis

For the RE analysis, the circuit of Fig. 3.12 will be used. With X =1, as an example,
the current source Iy is connected to the inverting input of the opamp, while Ip
is connected to the noninverting input. To simplify the circuit analysis, it will be
assumed that the total current I}, k = { P, N'} flows through the feedback path formed
by the series associated capacitors C2; and Cy;, j = {1, 2}, and the two switches
that close the loop. This assumption is based on the fact that the remaining parasitic
paths have much higher impedance and thus only a very small fraction of the current
will flow through these paths. A fully differential analysis will be carried out for the
RE, bydeﬁning Ip = IN = IREF/2, R1 = R2 = 2R0n, Cj = C1jC2j/(C1j +C2j),
j = {1, 2}.# Defining the opamp’s input nodes’ voltages, Vp and V,, as

41f Ip and I are not exactly matched, a current error (/) is introduced and results in an additive term

appearing at the end of Eq. 3.18. It only affects the capacitor mismatch error (Eq. 3.20), depending
(Footnote 4 continued)

mainly on an /,/Iggr term. Simulation results show that, for values of I,/ Iggr up to 20 %, this
error may be neglected.
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Fig. 3.11 Differential output offset due to: a Charge injection and clock feed-through mismatch
and b V¢ ) mismatch. Simulation conditions for the capacitors: oc (¢;;) = 0.2 %, 0}, (gpij) = 5 %,
and @ = 1%. For the switches: W/L = 10/0.12, gate voltage Vg = 1.2V, threshold voltage
Vr = 0.4V, normalized gate oxide capacitance C,, = 12.6fF/um2, and normalized overlap
capacitance, C,, = 0.3fF/pum. Each data point is the result of 1000 Monte Carlo cases

Fig. 3.12 MDAC config- Voo

uration with current-mode Ri Gy Cn
reference shifting active for Ip —'\/\/\/—| H e
X = 1. Circuit used for RE

analysis N
x=1{ z=0 A

o b

= Ry Cx Ci2

Vp == Vop - (Rl + I/SC])IREF/Z (3 15)
Vi = Von + (R2 + 1/sC2) Irer /2, ’

and substituting them into V,y = —A,(V),, — V;), solving for V,,, and applying the
single pole TF of A,, we obtain
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1 1 1
\% =— (R R — + — ) IRgr. 3.16
0d (5) 2(1+S/A0p1)( 1+ 2+sC1 +sC2) REF (3.16)

Considering a step function Iggr(s) = IRer/s, V,q(t) is obtained applying the
inverse Laplace transform,

Voa(t) = (3.17)

2 C; GBW

IREF 1 (e OBW _ 1)(1 — GBWR;C;)
t ’

i=1

where GBW = Agp;. Assuming GBW «1/(R;C;) and integration (or reference
shifting) time 7; = 1/(2Fgs), we can simplify Eq.3.17 to

~ IreF e GBWE Cii+Cy  Cpn+Cx
Voa(T}) = > (Ti + . (3.18)

GBW C11Co C12C»

From Eq.3.18 three sources of error emerge: opamp’s dynamic limitation given by
GBW, capacitor mismatch (ratio terms between capacitors) and integration time
variations represented by 7;. These three sources of error are analysed next.

3.2.3.1 Opamp’s Dynamic Limitation

Assuming C1; = Cy1 = Cip = Cy = C and a fixed T;, the error due to GBW is

given by

Vod = Vodigea ~ -1
Vodigea - GBWT;’

EGBW = (3.19)

where V4., = 21rerT; / C. As an example, a 12-bit application needs N In(2) ~ 9
time constants for linear settling. Therefore, the closed-loop GBW = 9x2Fg =9/T;
in units of rad/s. Substituting in Eq. 3.19 leads to an absolute error of 11 %. Although
large, a small increase in Iggr compensates for this GBW limitation.

This compensation is demonstrated in Fig.3.13. This graph combines various
values of GBW and Iggr, including capacitor mismatch, with the final result being
Eq.3.18 (it is considered V,; = Vggr). The conditions for the simulations of this
hypothetical case are: C = 1pF, nominal GBW = 3.2GHz, T; = 420ps, which
yields a nominal /ggr = 600 wA. For capacitor mismatch it is considered o (¢&;;) =
0.2 %. The objective is to achieve Vggr = 0.5 V. Figure 3.13 has two reference lines
(dotted lines). The horizontal reference line for Irgr = 600 A shows that it is very
difficult to obtain Vggr = 0.5V for practical values of GBW. On the other hand, the
vertical reference line, for GBW = 3.2 GHz, shows that by increasing Iggr from 600
to 684 WA, Vrer = 0.5V is achieved. This corresponds to an increase of 14 % in the
reference current. Therefore, a small increase in the reference current compensates
for limited GBW.
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3.2.3.2 Capacitor Mismatch

Assuming GBW — oo and a fixed T;, the resulting error is given by

Vo V.. C(Ch+Cy Cp+C
od Udldeal ( 11 + 21 12 + 22) - ]- (3.20)

8C _— = =
Vodigea 4\ CnCy Ci12Cn

If C;j = C(1 +¢;;), where ¢;; are assumed uncorrelated Gaussian random variables
with zero mean and standard deviation o, and assuming o sufficiently small, such
that 1/(1 +¢;;) ~ 1 —¢;;, we obtain o, = o¢/2 = 0.1 % (assuming o¢c = 0.2 %).
Therefore, this error is easily corrected by the digital correction logic.

3.2.3.3 Integration Time Variation

Assuming GBW — o0, all capacitors are equal, and an integration time given by
T; (1 4 e7;), where e7; represents the deviation from the ideal integration time, the
resulting integration time error is

Vod = Vodew _ Ti(1+67) — T
Vodidea T;

e = = E&T;. (3.21)

This means that this error is dependent on the jitter noise of the system the MDAC
is embedded in. Therefore, comparing all error sources, this represents the smallest
one, which are dominated by the finite GBW of the opamp.
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A final TF expression for the CMRS-MDAC can be obtained by summing Eq. 3.13
with B times Eq.3.18 (B represents the MDAC operation mode), which is given by

2j 6j Cpoj  Cp2jCpoj  Cp3jCpej
Voa =2 |1+ — Z Cp2j Gpoj  Cpoj  Cp2jCpoj  Cp3iCroj Vig
Cij Cij Caj Ci;Cyj Ci;Crj

o—GBWT; _ ) (C” +Cy  Cip+Coxn

1
Bx-|\T;
+ 2 ( it GBW C11Cy C12Cx

) Irer. (3.22)

3.2.4 Feedback Factor

The B of the CMRS-MDAC can be derived with the help of Fig.3.5c considering
Cp71 (i.e., the opamp’s input parasitic capacitance, see Fig.3.5a) as the dominant
parasitic capacitor, which results

Vo) _ 1

By = .
Vols) 14 Cppy St

(3.23)

If Cy71 < C11C21/(C11 + C11), the feedback factor approximates unity. Therefore,
the resulting B is two times greater than that of the conventional MDAC, which
is clearly a relevant advantage since the speed/power ratio doubles. The enhanced
B also reduces the effective load, Crer = Cr + (1 — B)Crecaback (Greedback 1 the
equivalent series feedback capacitance), therefore the total gain is approximately
2.5 times over the conventional MDAC.? This can be seen in the simulation results
of Fig.3.14, where the closed-loop time constant and 12-bit settling time of the
conventional MDAC are 2.5 times that of the proposed MDAC. For these simulations
the following conditions are considered: the model of the opamp has Ag = 106dB,
GBW = 3.2GHz, and a load capacitance, C;, = 2pF.

Equation3.23 refers to the feedback factor for Y operation mode. In X and Z
modes, considering a finite output impedance of the current source (an Ry in parallel
with a Cy), the feedback factor is given by

1

Cii+Cy C1+Coy °
1 + sRsC11Ca + (CS + Cp7]) C11C)

Bxz = (3.24)

For high output resistance (Rg — 00), the second denominator term becomes neg-
ligible and for small Cs or for an adequately saturated current source (Cs has very
little effect), Eq. 3.24 becomes similar to Eq.3.23.

5 This is true when comparing both the conventional and CMRS-MDACs with an equal load
capacitor, Cy. However, in a pipeline (or similar) ADC, employing the CMRS-MDAC in all its
stages, the  enhancement reduces to 2, because of the extra sampling half-capacitor, C3;, which
loads each stage.
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Fig. 3.14 Step response comparison between conventional MDAC and CMRS-MDAC, illustrating
the effect of the B enhancement

3.2.5 Thermal Noise Analysis

Figure3.15 shows the equivalent single-ended circuits for noise analysis of the
CMRS-MDAC. The sampled noise, the noise from switch vsw 2, and the opamp’s
noise are identical to those of the conventional MDAC (see Eq.3.12). C3; do not
accumulate noise because they are shorted in ¢». Therefore it is only necessary to
determine the noise contributions of vgw2 2 and iyg.

Starting with the noise contribution of vsw2 2, assuming that C,; = C11C21/(C11+

C>1) and that the switches’ ON-resistances are negligible, we can write the noise
TF as

Vo 1/B
vsw22 [+ s/(BAopDIL + sRs(Cog + CpD)1’

Hgw22(s) = (3.25)

where 8 = 1/(1+Cp71/Cy). Consequently the MS output noise due to the switches’
ON-resistance is given by

2 — 4kTR ( 1 BAop1 ) _ kT Ron
vasw2,2 - on 2 — 22 .
481+ BAop: RS(Ceq + Cp71) B RS(Ceq + Cp713)2
@a3.

6)
where Rg(Cq + Cp71) > 1/(BAgp1) is assumed.
The TF of the last noise source, i,1, is given by

% A 1
Hini(s) = — .

= = . (3.27)
Inl (A, + l)SCeq I+ s/(AOpl))SCeq
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In the derivation of Eq.3.27 it is assumed that all noise current flows through the
feedback path and that Ag > 1. We note that this TF has a pole at zero, which
resembles an integrating characteristic, and thus, the noise PSD integral is unbounded
atthe low frequency limit. Therefore, the method used until now to compute the output
noise can not be directly applied®[151]. An alternative method uses a rectangular
window, w(t), from O to 7; (integration time), to shape the impulse response 4;,1(¢),
i.e., hintw(t) = hin1(®)w(t), and then applies the traditional method with the TF
H;, 1y [151]. The impulse response obtained from Eq.3.27 is

1 — e—Aopit

hin1(t) = C— (3.28)
eq

Applying a rectangular window function, we have
hintw(t) = hint (OW(t) = hin1 Ou(r) —u( —T)], (3.29)

where u(¢) is the unit step function. By determining the Fourier transform of Eq. 3.29
and knowing that the PSD of the noise current is S;,1(f) = 4ykTg,, (where y and
gm are the transistor’s excess noise factor and transconductance, respectively), the
contribution to the output noise can be calculated as

—342a+4e 4 — e 2
4C3qA0p1

9

- o
vtzn'nl = / |Hinlw(j2nf)|25inl(f)df =4ykTgn (
0

(3.30)
where a = Agp1T; = GBWT;. For GBW > 1/T;, Eq.3.30 can be simplified to

S5 2ykTgnT;

L= 3.31
Voinl Cezq ( )

6 The method used until now is based on the formula fooo |H(j2r f) 128( fdf.
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Considering the fully differential implementation of the CMRS-MDAC and by
adding all noise contributions given by Eq.3.12, 3.26, 3.31, we finally arrive at
the expression of the total output noise,

-5 2 R R 2yemTi
2 o wkT | 2 A 2R opamp on mdi
Vod X |:C + BAopi on + ﬂz + ,Bst(Ceq n Cp7]) + Cezq
(3.32)

The last two terms of Eq.3.32 are for X and Z modes only. Considering Rs > R,
the fourth term of Eq.3.32 is negligible and the noise from the current source can
be minimized by increasing the unit capacitance of each main capacitor. Comparing
Eq.3.32 with Eq.3.12 at first sight seems that the noise of the proposed MDAC is
larger. However, looking at Y mode operation shows that the conventional MDAC’s
noise is larger given its lower feedback factor, which increases the noise of the opamp.
For X and Z modes, the noise of the proposed MDAC is larger mainly due to the
noise of the current sources.

This concludes the analysis of the current-mode reference shifting MDAC circuit.
The following section analyses the sampling phase reference shifting MDAC.

3.3 Sampling Phase Reference Shifting MDAC

This section proposes a second MDAC circuit with unity feedback factor, insensitive
to capacitor mismatch, where the main difference compared to the previous MDAC is
the reference shifting scheme. This scheme consists of voltage-mode reference shift-
ing, which occurs immediately during the sampling phase, unlike the conventional
MDAC and the CMRS-MDAC, where it occurs during the amplification phase. As
an abbreviation this MDAC will be called SPRS-MDAC.

3.3.1 Principle of Operation

The enhanced feedback factor 1.5-bit fully differential MDAC is shown in Fig. 3.16.
The circuit operates in two clock phases but it requires valid outputs from the local
quantizer (X, Y, and Z) still during ¢;. In ¢, the differential input voltage is sampled
on capacitors Cy, C2;, and C3; for the positive (j = 1) and negative (j = 2) signal
paths. Also, a reference shifting voltage (—Vger, 0, +VgEer) dependent on X, Y, and
Z is sampled on capacitors Cy ;. During ¢, capacitors Cyj and Cy; are associated in
series and the MDAC’s output characteristic (see Eq. 3.1) is obtained by voltage sum,
instead of charge redistribution, as in the conventional implementation. As a result,
this circuit is inherently insensitive to capacitor mismatches and nonlinearities.
Like the previous MDAC, this approach for obtaining a capacitor mismatch-
insensitive gain of two causes the circuit to become sensitive to parasitic capacitors
Cp2j and Cp3; (nodes between C;; and Cy ). To attenuate this sensitivity, capaci-
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Fig. 3.16 a Enhanced feedback factor, fully differential 1.5-bit mismatch-insensitive MDAC with
sampling phase reference shifting. b Single-ended equivalent circuit during sampling (¢ ). ¢ Single-
ended equivalent circuit during ¢, for GE analysis

tors G3; are employed. Notice, however, that these capacitors are shorted during ¢»
because only the charge stored in their parasitic capacitors (Cpe;) is used to com-
pensate the charge stored on Cp;; and Cp3;. The compensation circuit is shown in
the shaded area of Fig.3.16a.

This MDAC is capable of achieving a feedback factor of one, is insensitive to
capacitor mismatch, and still uses voltage-mode reference shifting. All these benefits
are accompanied by some penalties, namely the opamp’s dynamics. As mentioned
above, this MDAC needs the local quantizer’s decision during ¢, which means
that the local quantizer has half the sampling period to make a decision. After that
decision is made, in case itis X or Z, == Vggr has to be switched in at C;’s top-plate.
This switching causes a disturbance of the sampling, and as a result, the dynamics
of the MDAC changes and the opamp needs to re-settle. To avoid prolonged settling
(after =Vggr has been switched in), the speed of the opamp has to be higher. To
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demonstrate that the GBW of this opamp (for correct settling) is not higher than that
of the conventional MDAC, consider the following. The GBW of an opamp sized
for the conventional MDAC is given by

1 Tooriti
GBW = —, ¢ = seiling (3.33)

14} n

where Teniing = Ts/2 = 1/(2Fs) is the available time for opamp settling and n is
the number of necessary time constants that guarantees a certain settling accuracy,
givenby n = N In(2), where N is the desired accuracy. As already shown, the Bcony.
of the conventional opamp is 1/2. Simplifying Eq. 3.33 results in

2N In(2)
GBW = == — 4N In(2)Fs (3.34)
TSﬂConv.

The GBW of an opamp sized for the SPRS-MDAC, where Bpiop. = 1 and only a
quarter of T is available for settling, is given by

4N In(2
GBw = V@ _ vy F (3.35)

S ﬂProp.

As can be seen by comparing Eqs. 3.35 and 3.34, the same result is rendered. There-
fore, the opamps for each MDAC will have the same GBW. To conclude this analysis,
although the feedback factor enhancement does not translate into higher power effi-
ciency, this MDAC still benefits from its insensitivity to capacitor mismatch, as
already demonstrated.

3.3.2 Gain Error Analysis

Detailed gain error analysis for this MDAC in ¥ mode has already been carried out in
the gain error analysis subsection of the previous MDAC (Sect. 3.2.2), and therefore,
will not be repeated here.

3.3.3 Reference Shifting Error Analysis

This MDAC’s TF is defined by charge conservation at nodes v, and v—, similar to the
previous MDAC. Solving the charge conservation equations, the differential output
voltage with reference shifting is given by
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2
1 Cri Cpei Cpsi  Cp2iCpsi  Cp3iCrpi

Vg =2 1+_z(+ p2j  &poj  Lpoj  Lp2jLpej  Lp3j) p61) Vig
4].71 Cij Cyj Crj Ci;Crj C1;Cyj

2

1 Cpi
1+=> 22| B Vigr, 3.36
+ 1+ 212_; -y REF (3.36)

where Vrgr represents the differential reference voltage. As can be seen from Eq.3.36
the term multiplying V4 is the same as that shown in Eq. 3.13, while the term mul-

tiplying Vrgr represents the reference shifting term, which should ideally be one.
2
Therefore, the reference shifting error is given by 1/2 > Cp2;/C1;, which is of
j=1
the order C,,/C, thus is not of great concern since it can be corrected by the digital
correction logic.

3.3.3.1 Charge Injection and Clock Feed-Through

The effects of charge injection and clock feed-through are more pronounced in this
MDAC due to the Vggr sampling. Sampling capacitors Cy;, j = {1, 2}, depending on
the MDAC’s operation mode, may sample &+ Vrgr in one signal path, while the other
signal path samples & Vggr. This means that the injected charge will not cancel at the
differential output, even under ideal conditions. Rewriting the charge conservation
equations considering Vggr charge injection and clock feed-through, the MDAC’s
TF becomes

2
1 Cpai Croi Crei CpiChsi  Cp3iCroi
Vg =211 Z( P2j PO Poj p2j“pbj P3j p61) Vig

s=Uay G G GGy GGy
2
1 Cp2j
{1+ > ) B Vagr
2 4 Clj
Jj=1
. Cu+Cu+Cm+Cpaiy  (Co+Cn+Cpm+Cpn
Tinj1 C11Coy inj2 C12Co

+ Qvref+  Qvref—

, (3.37)
Ci Cin2

where the first line represents the gain of two, the second line is the reference
shifting term, the third line represents the charge injection (gate voltage term) and
clock feed-through, and finally, the last line shows the charge injected due to the
different sampled reference voltages (source voltage term). As should be noticed, the
reference shifting error also contributes to the total offset, which is the largest offset
contributor. The total offset is shown in Fig. 3.17 for various values of charge injection
and clock feed-through mismatch. Capacitor and parasitic capacitor mismatch are
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Fig. 3.17 Differential output offset due to Vggr charge injection and clock feed-through mismatch.

Simulation conditions for the capacitors: o¢c (¢;;) = 0.2 %, 0),(gpij) = 5%, and a = 1 %. For the

switches: W/L = 10/0.12, gate voltage Vg = 1.2V, threshold voltage V;y = 0.4V, differential

Vrer = 0.5V, normalized gate oxide capacitance C,, = 12.6fF/pum?, and normalized overlap
capacitance, C,, = 0.3 fF/pum. Each data point is the result of 1000 Monte Carlo cases

Ca Cin 2R, Va2

Fig. 3.18 Equivalent circuits for thermal noise analysis of the SPRS-MDAC in: a ¢; and b ¢»

also considered. As can be seen in Fig.3.17, even for matched charge injection,
the offset error is around 9mV (a normalized full-scale input of 1 Vpp is assumed).
Nevertheless, this error can still be corrected by the DCL.

3.3.4 Feedback Factor

The feedback factor analysis is identical to the previous MDAC circuit and the g
expression is described by Eq. 3.23 (see Sect. 3.2.4). As mentioned before, neglecting
parasitics, it is nominally equal to 1.
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3.3.5 Thermal Noise Analysis

For the thermal noise analysis of this MDAC, the equivalent circuits shown in
Fig.3.18 are used. Excluding C3; (j = {1, 2}) noise accumulation from the analy-
sis, given that it is shorted during ¢», the noise analysis becomes identical to the
one carried for the conventional MDAC (Sect. 3.1.4). Therefore only the final noise
expression, for the fully differential implementation, is repeated here for convenience,

— 2 R
v2, =2 x kT [E + BAopi (ZR(m + %)} . (3.38)

3.4 Performance Summary and Comparison
of 1.5-bit MDACs

A performance summary of the key characteristics of the current-mode (CMRS) and
sampling phase reference shifting (SPRS) MDAC:S is shown in Table 3.3. The table
also compares these two circuits with the conventional MDAC, and other capacitor
mismatch-insensitive MDACs and multiply-by-two amplifiers (MBTAs) found in
the literature from the past 10 years.

Regarding the data presented in Table 3.3, there is only one other structure that
achieves a unity g [138]. It is important to notice that this MDAC achieves unity § at
the cost of using two opamps (possibly doubling the static power consumption of the
MDAC). In terms of gain error performance, it is difficult to evaluate and compare the
data because each circuit is simulated for different conditions and some references
do not present these conditions. Nevertheless, of the presented data, [189] achieves
the best gain accuracy but uses a very small value of 0, and [95, 138] achieve a very
good gain accuracy too, but [138] uses two opamps and [95] employs a complicated
timing scheme, that could result in an output modulation of the input signal.

Regarding effective load (Cpr.rr = Cr + (1 — B)C feedback)s circuits with g =1
achieve the best results. However, the results of this column must be observed with
some caution when considering a pipeline (or similar) ADC architecture, where
all stages use the same circuit structure. In this situation, Cy, is substituted by the
respective values of the ‘Input Sampling Capacitance’ column. Using as an example
the conventional and proposed MDAC:s, the effective load of the conventional MDAC
(if it is employed in all stages of a pipeline converter) is 2.5C which is the same for
the proposed MDAC:S, given their higher input sampling capacitance.

Concerning the number of necessary phases to execute circuit operation, most rely
on a 2-phase operation, while others need 3-phases or even 4-phases to complete the
gain of two (with reference shifting). Regarding circuit complexity, the conventional
MDALC is the simplest circuit to implement, while others employ a huge number of
switches [87, 144, 188, 190] and capacitors [87, 144], some need two opamps [25,
87, 138], and [190] employs a four-input opamp.
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Chapter 4
Application of Circuit Enhancement
Techniques to ADC Building Blocks

Abstract Inthe first section of this chapter, a 1.5-bit flash quantizer is proposed. This
fully differential flash quantizer has built-in thresholds, made possible by employ-
ing inverter structures as input devices. Self-biasing techniques are employed for
enhanced PVT robustness. Various analyses (confirmed with simulations) are carried
out to describe the circuit’s functionality, such as, kickback noise, regeneration time,
metastability, offset, sensitivity to common-mode variations, and finally, a working
proof of a pipeline ADC that employs the proposed circuit in all stages is given.
A design procedure is also described and the section is concluded with a perfor-
mance summary and a comparative table. The second section of this chapter presents
a two-stage amplifier with enhanced performance. Energy efficiency is improved by
using inverter-input structures, which effectively double the transconductance of the
circuit for the same current. Self-biasing is employed in both stages for improved
PVT robustness and further power reduction. The analyses carried out include
differential-mode and common-mode feedback, noise, offset, slew rate, input-output
ranges, and some considerations are given what concerns the amplifier’s class of
operation. Finally, guidelines are given for a successful design and a genetic algo-
rithm optimization procedure is briefly described.

4.1 Inverter-Based Self-Biased 1.5-bit Flash Quantizer

Conventional 1.5-bit quantizers employ 2 comparators followed by a binary XYZ
encoder. Normally each comparator has an input switched-capacitor (SC) network,
which defines the threshold voltage (Vry = £Vggr/4), followed by a dynamic
pre-amplifier stage (pre-amp), a dynamic positive feedback latch (PFBL), and an SR
digital latch. In advanced CMOS technologies with low supply voltages, the use of
the pre-amp attenuates metastability problems (caused by the reduced signal swing).
Large devices are used in the pre-amp and PFBL to reach the required accuracy
(offset), leading to a poor energy efficiency. In [122], for example, the pre-amp stage

M. Figueiredo et al., Reference-Free CMOS Pipeline Analog-to-Digital Converters, 73
Analog Circuits and Signal Processing, DOI: 10.1007/978-1-4614-3467-2_4,
© Springer Science+Business Media New York 2013
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is embedded into the SC network by employing MOS parametric amplification,
but an input SC network is still required. The input SC network can be avoided
if built-in threshold levels are created by threshold inverter quantization [94] or by
using quantum voltage comparators [186]. Although the techniques in [94] and [186]
can be readily applied in low-medium resolution flash quantizers [139, 185], they
are unsuitable for pipeline ADCs, since only a single-ended input can be accepted.
Moreover, the circuits based on these techniques are highly sensitive to process,
supply, and temperature (PVT) variations and mismatch.

In the proposed flash quantizer, the improvement of energy efficiency is achieved
by proposing a fully differential 1.5-bit quantizer that relies on a simple circuit based
on inverters with built-in threshold voltages. Self-biasing together with the proposed
design procedure makes the circuit highly robust to PVT variations and mismatch.
The generalization for sub-ADCs with higher resolutions (up to 3.5 or 4 bits) is
straightforward, since any pair of symmetrical threshold voltages is easily built.
Although the main application of this circuit targets pipeline ADCs, it is directly
applicable in other types of A/D architectures, namely, multi-stage algorithmic and
multi-step flash.

Simulation results, in standard 65 nm and 0.13 wm CMOS technologies, demon-
strate that following the suggested design methodology, the proposed flash quantizer
is capable of achieving low offset, low kickback noise, low metastability probabil-
ity errors and fast regeneration time with very low power dissipation, leading to an
enhancement in energy efficiency.

4.1.1 Principle of Operation

The 1.5-bit flash quantizer, illustrated in Fig.4.1a, has three main inverters. INV
and INV, are connected to the differential input signal while INV3, the self-biasing
inverter, has at its input a common mode voltage (V¢ys). The differential circuit
composed of INV| and INV3, defines one threshold voltage. Likewise, INV; and
INV3 form another differential circuit, which define the symmetric threshold voltage.
Assuming that the input common-mode voltage is approximately Vcyy, it is possible
to extract the following relationships

Vesni — Vasnz + Vpsisa — Vpsap = +Via/2 4.1a)
VsGpi — Vsgps = —Via/2 '
Vesn2 — Vosnz + Vpsaa — Vpsap = —Via/2 4.1b)
Vsep2 — Vsgps = +Via/2 ‘
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Fig. 4.1 Proposed 1.5-bit flash quantizer: a complete circuit with optional sampling circuit and
Ve generator. b D flip-flops. ¢ XYZ encoder. All transistor sizes (W/L) are in pm. Sizes without
brackets are for a 65 nm technology and those within brackets are for a 0.13 um one

where Vg = Vj;p — Vin, represents the differential input voltage. The two threshold!
(switching) voltages of the quantizer (+Vry) are the corresponding values of Viy
when V,, or V,, reaches (V4 — Vp)/2, or when the differential output signal V4
(= Vop — Von) is approximately Vpp/2, as shown in Fig.4.2a.

The proposed 1.5-bit flash quantizer comprises another two inverters (INV5 and
INVg), a current source (Ms5) and two transistors operating in the triode region
(Msy and Myp). The two extra inverters together with the D-type Flip-Flops
(D-FFs) regenerate the output signals from INV and INV,, which strongly reduces
the comparison (regeneration) time. Fig. 4.2b displays the simulated outputs of INV
and INV; as well as the outputs of INVs and INV¢ (V,, and V,,). The latter are
connected to CMOS switched-inverter D-FFs (see Fig.4.1b), followed by an XYZ
encoder (Fig.4.1c). The differential output signal, V,; (or V,4r, where L stands for
latched), has three possible logic states —1, 0, and 1, as shown in Fig.4.2a, which
are used to build the outputs of the 1.5-bit flash quantizer. These possible logic

! Not to be confused with the threshold voltage of a transistor.
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Fig. 4.2 Input-output wave- (@)
forms: a differential output
(Voa = Vop — Von) and dif-
ferential input signal, V;4.
b Single-ended outputs of >
INVy, INV,, INV5 and INVg 3
-0.5
(b)1.5
>
&

states permit representing the outputs of the XYZ encoder, respectively given by
X,Y, and Z. PMOS current source, Ms, has its gate voltage controlled by the out-
put of the self-biasing inverter (INV3), and is connected to the circuit in a negative
feedback loop. This loop reduces the effect of supply and process variations. As an
example, if Vpp increases, Vsgps also increases producing an increase in the bias
current, /p. This will proportionally change the current in the main inverters. Since
Mp;3 is tied to a constant gate and source voltage (V¢ and Vy), Vsgpz will remain
constant but the rising current flowing through Mp3 will cause V¢ to increase. There-
fore, Vsgps = Vpp — V¢, will remain approximately constant and compensate the
Vpp variation. Process variations have similar compensations through the negative
feedback loop. Moreover, the feedback loop also stabilizes the bias voltages when
variations in device parameters or operating conditions occur. Transistors M4 and
Myp are always biased in the triode region, which is guaranteed by their high (and
nearly constant) gate voltage, V4. Since these two devices can have different dimen-
sions, transistor M4 p introduces a degree of freedom, which can be used to optimize
the temperature compensation, particularly in deep submicron CMOS technologies.

Comparing with the self-biasing amplifier/comparator in [10] the circuit proposed
here has significant differences and improvements:

e two differential inverter comparator structures are merged by sharing the self-
biasing inverter;

e two built-in threshold levels are obtained by suitable sizing of transistors My1—3,
Mpi-3;
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e M5 is biased in the saturation region rather than in the triode region, thus reducing
the effect of supply voltage variations;

e the gate voltage of My, is V4 instead of V¢, which improves both stability and
temperature compensation;

e asin [94, 139, 185, 186], two standard-sized inverters (INV5 and INVg) improve
regeneration time and reduce metastability;

e transistor Myp is added to further improve temperature compensation in deep-
submicron CMOS technologies.

4.1.2 Circuit and Performance Analysis

4.1.2.1 Circuit Analysis

Advanced CMOS technologies lead to the reduction of the supply voltage, which
in turn cause the transistors to operate in weak-to-moderate inversion regions. This
situation becomes exacerbated in circuits with many stacked transistors, which is the
case of the present circuit. Therefore, it is probable that all transistors of the three
main inverters operate in weak-to-moderate inversion. The low biasing currents and
with Vpop (overdrive voltage, Vop = Vgs — Vrg) less than 100mV [167] will
lead to operation in these regions. The Ip-Vs characteristic of these transistors is
(approximately) exponential, given by

W \%
Ip = Ipo-e 4.2)

where I pg represents a characteristic current, W and L are the width and length of the
transistor, n is the subthreshold slope coefficient, and V; = kT /g ~ 26 mV (at room
temperature) is the thermal voltage. Coefficient n depends on the biasing and thus
is not accurately known. The values of n and /pg can be extracted from simulation
data. To extract the values of these parameters, the exponential approximation of the
Ip-Vgs curve of M p> depicted by the top plots of Fig. 4.3a, bis used. For the 0.13 pum
technology, n &~ 1.9 and for the 65 nm technology, n &~ 1.6. As suggested in [167] a
good procedure to verify a transistor in terms of its region of operation is to analyse
its log(Ip)-Vgs curve. This is depicted in the bottom plots of Fig.4.3a, b for both
technologies. As can be seen, the section where the graph is approximately linear
defines the weak inversion region. Where the graph becomes more rounded defines
the moderate inversion region. For the 0.13 wm process there is quite a reasonable
approximation to the strong inversion equation near the switching Vs, which does
not occur for the 65 nm process, suggesting that, for this technology, the transistors
operate in a weak-to-moderate inversion region.

To determine the switching threshold voltage, Vry, a derivation from Eq.4.1b and
Eq.4.2 is used. By writing Eq.4.2 for Vgs(Ip), and substituting it in Eq.4.1b, we
obtain
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By taking into account that Ipy> = Ippy and Ipy3 = Ipp3, by assuming that
Ipon2 = Ipop2, Ipons = Ipops » Ln2 = Lp2, Ly3 = Lpsz, by summing both
expressions of Eq.4.3 and by applying simple logarithmic math, the following
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expression for the switching threshold voltage is obtained

W2 Wp;

Vg = FnV, ln(
' P2 Wi

) — (Vps4a — Vpsap), 4.4

where F is a fitting parameter. Equation 4.4 represents an expression that defines the
switching threshold voltage of the 1.5-bit flash quantizer as a function of the transis-
tors’ widths (transistor lengths are easily included). Regarding Vpsy4a p, transistors
M4 p will operate in the linear region and therefore are easily sized using known
equations. An expression similar to Eq.4.3 and Eq.4.4 can be derived combining
Eqgs.4.1a and 4.2 for defining the negative threshold voltage, — Vry. This is unnec-
essary because as long as Wy = Wyo and Wp; = Wp, the threshold voltage will
be symmetric around 0V, i.e., & Vry will be obtained.

Figure 4.4 illustrates how the theoretical expression of Eq. 4.4 matches simulation
data for several threshold voltages. This curve fitting allows the determination of the
F parameter. This parameter is necessary to account for variations of n for different
bias voltages and also to take into account that the transistors operate between weak
and moderate inversion. The values for the fitting parameter are 1.2 and 1.0 for
0.13 wm and 65 nm technologies, respectively.

4.1.2.2 Kickback Noise

Inlatched comparators, kickback occurs during the switching of the positive feedback
latch (PFBL). The large and rapid transients inject charge (kickback voltage) through
parasitic capacitors into the input voltage, causing unwanted disturbances. In the
proposed flash quantizer, when the D-FFs are clocked to produce outputs Q and Q
(see Fig.4.1b), the switch at the beginning of the D-FF is opened, which strongly
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Fig. 4.5 Kickback noise analysis: a simulation setup. b Simulation results for 65nm and ¢ 0.13 wm
technologies

reduces kickback. Besides this, from the output V,,; to the input V;; there are a
cascade of parasitic capacitors, i.e., series of the equivalent Cgy of INV5 ¢ with the
equivalent Cgy of INV{ 2, which reduces the parasitic capacitance from output to
input. The kickback voltage is analysed using an identical simulation setup to the
one proposed in [52], illustrated in Fig.4.5a (Rry = 8k2), with the results shown
in Fig.4.5b, c. The kickback during switching is approximately 4 and 3 1V, for the
65nm and 0.13 pwm technologies, respectively.

However, the proposed circuit’s outputs, V,4, may vary before any clocking
occurs, given its analog architecture. These outputs may change from rail-to-rail
depending on the actual input. This will inject charge into the input voltage through
the series parasitic capacitances mentioned above. Naturally the amount of charge
injected is highly dependent on the sizing of the transistors of the inverters. For the
65 nm technology (transistor sizes are those shown in Fig.4.1a) the injected charge
results in an added voltage of 9.7 and 18.5 mV for a rising and falling output, respec-
tively. For the 0.13 pm technology the added voltage due to charge injection is 6 and
12.6mV for a rising and falling output, respectively. The proposed sampling circuit
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Fig. 4.6 Regeneration time of the output, V,4 , for various accuracies

(on the right of Fig. 4.1a) helps isolate the input voltage from any disturbances caused
by kickback.

4.1.2.3 Regeneration Time

In the proposed architecture the regeneration time (or recovery time) may be defined
as the time it takes the output, V,4, to reach a valid logic value (considering the
D-FFs are in a transparent state). It will be considered that 0.2 V represents a logic 0
and 1V, alogic 1. To determine the regeneration time, the method suggested in [140]
is employed. This method assesses the flash quantizer’s speed performance by testing
it for two extreme cases. The first case consists of a full-scale input, Vg, that changes
to Vry + 1 LSB. For the second case, the input goes from Vgg to Vg — 1 LSB with
the objective of causing indecision, and therefore the output needs to recover. The
time it takes the outputs to reach logic values determines the maximum operating
rate of the flash quantizer.

As can be seen by the voltage waveforms of Fig.4.2, for each threshold voltage,
one of the outputs, V,,, or V,,,;, changes polarity. Depending on the input voltage, both
outputs might end up changing, e.g., when the input changes from + Vg to below
— Vg or from — Vg to above +Vyg. This is considered the worst-case, therefore,
the regeneration time is simulated for this situation. The resultant waveforms (V;4
and V,q1 ) for three accuracy situations (2, 3, and 4-bit) are illustrated in Fig. 4.6, for
the 65 nm case only. The input goes from — Vg to +Vry & 1 LSB, with Vg = 0.5V,
Vg = 0.125V, and Vggr = 0.5 V. For the first test, + V7 +1 LSB, it can be seen that
the output has an initial change of polarity, due to the negative threshold voltage, and
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Table 4.1 Regeneration times for various accuracies and both technologies (Vgrgr = 0.5V)

Accuracy (bits) LSB (mV) Regeneration time (ps) Max. sampling rate (GS/s)
65nm

2 125 484 2.0
3 62.5 615 1.6
4 31.25 814 1.2
6 7.8 1580 0.6
8 2 2569 0.4
0.13 pm

2 125 280 3.5
3 62.5 405 2.5
4 31.25 612 1.6
6 7.8 1108 0.9
8 2 1520 0.65

then another change in polarity, much more prolonged due to the positive threshold.
The second change is more prolonged because the input voltage is very close to the
threshold voltage (+1 LSB). The closer the input is to the threshold voltage, the longer
the regeneration time.? The output then returns to 1.2V because the input is at — Vs
again and this starts the second test: the input goes from — Vg to +Vry — 1 LSB. As
can be seen, there is the initial change of polarity (due to —V7y), but, although the
input is close to the threshold voltage, the output stays constant and no indecision is
visible.

Table4.1 summarizes the regeneration times for various accuracies and for both
technologies. Note that the flash quantizer sized for each technology was not opti-
mized for speed. Therefore, the regeneration times for the 0.13 wm technology
appeared faster. Note also that, the current consumption for the 65 nm case is less
than half that of 0.13 um case (see Table 4.3 for details).

4.1.2.4 Probability of Metastability

The proposed quantizer relies on a pipeline architecture as shown in Fig.4.7, i.e., a
cascade of open-loop amplifiers (inverters), to produce the final outputs. Therefore,
assuming that the D-FFs are in writing mode there is, in fact, a cascade of four
inverters before the XYZ encoder. These inverters are composed of INV; (or INV,)
followed by INV5 (or INVg), and two inverters from the D-FF (see Fig.4.1). In
order to calculate the final time constant of this kind of architecture, the method for
multistage amplifiers proposed in [177] is used.

2 With an input exactly equal to the threshold voltage, the regeneration time would be infinitely
long, leading to a situation of metastability.
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The time constant is defined by

1/N 1/N
T =1, (& x N!) - (E x N!) , GBW=g,/CL, (45)
Vi GBW \ V;

where 7, is given by the inverse of the averaged GBW of the four cascaded inverters,’
N represents the number of cascaded inverters in the signal path, and V,, and V; are
the output and input voltages respectively. Using the same process to obtain the
probability of metastability as shown in [191], it follows that

V, N!
Pp=2-" (4.6)
Vrs (t,GBW)N

where V,, indicates the output voltage range that will cause a metastability error, Vrg
is the full-scale range of the input signal, and ¢, is the available time for comparison.

Assuming the values given in Table 4.2 and substituting them in Eq. 4.6, the prob-
ability of metastability can be shown to be around 10~ for both technologies (the
transistor sizes are those shown in Fig. 4.1a). These probability values can be reduced
by increasing the number of pipelined inverters, as well as optimizing the sizing of
the inverters for maximum GBW. However, by increasing the number of cascaded
inverters, there will be a sacrifice of power, area, and latency. Notice that in pipeline,
algorithmic or multi-step flash ADCs, the effect of metastability is in part relaxed
due to the digital correction logic (DCL) scheme. Although a valid logic level might

3 The averaged GBW is used here as an approximation, to simplify the calculations.
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Table 4.2 Data for metastability calculation based on simulation results for both technologies

Parameters 65nm 0.13 pm
Voe =02V, Vps=1V,t, =1ns, N =4

GBW, (GHz) 3.9 4.3
GBW;_4 (GHz) 14.9 14.5
GBW (GHz) 12.1 12

Pg 1077 1077

not be provided at the output of the D-FFs, the XYZ encoding logic (composed of
various cascaded logic gates) at the comparator’s output can, in most practical cases,
reconstruct the output voltage into a useful state. In these conditions, the effect in
the sub-code can be considered as a dynamic random offset, and hence, it is also
compensated by the DCL.

4.1.2.5 Offset

One the main limitations of comparator circuits is offset, i.e., deviations to the nomi-
nal switching threshold. These deviations can limit the performance of ADCs, namely
by reducing or increasing the ADC’s full-scale range. Offsets may occur due to mis-
match between symmetric devices or in components that alter the operating point of
the circuit. In the proposed flash quantizer, symmetric transistors are Mp; and Mp;,
and Mpy; and Mpy»>. Any mismatch between these devices will offset the threshold
voltage. Regarding devices that may alter the circuit’s operating point, these are all
the others. Of these devices the ones that do not have a large influence on the thresh-
old voltage are M5, M 44, and M4p, while transistors Mp3 and M3 have a significant
effect.

Mismatch may exist in various transistor parameters, namely, Vrg, W, L, Cyy,
and p. Mathematically, these mismatches are given by [93,131]

AVTHk
AV = —E = (N, P}, (4.72)
VT
Ap=ABE NP (4.7b)

where 8 = uCoxW/L, and Ay, and Ag are area proportionality constants defined
by the process technology. It has been demonstrated in [92,141], that the total offset
referred to a transistor’s gate is given by

Vos‘gme =

(Vs — Vru) (A(W/L)

> W/L ) + AVry. (4.8)
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To determine the total input-referred offset voltage, V. i, a set of transfer functions
(H;) need to be determined, such as the H from each offset voltage source (Vs ;) to
the output, and the open-loop DC gain (A = V,4/ V;4) of the flash quantizer. Each
offset voltage is referred to the input by multiplying the respective V, ; by the square
of its transfer function and then dividing the result by the DC gain squared. It is impor-
tant to remember to take the square (variance) of Eq.4.8. The final input-referred
offset voltage is then the root of the sum of each input-referred V,;. Considering only
the AVry mismatch of Eq.4.8, which is the largest contributor (this simplification
still yields a good approximation), the input-referred offset is given by,

" AV, H?

Vrn.i i
Vos.in = E — ) 4.9
o ((WL)Z'AIZJC) “

i=1

where n represents each transistor.

The transfer functions and open-loop DC gain are too complex to maintain a suf-
ficient level of accuracy to gain insight to the circuit and, therefore, are not shown
here. Nevertheless, a method has been given to determine the offset voltage and
simulation results will be shown instead. Monte Carlo simulation results (500 cases)
for both technologies are shown in Fig. 4.8, for the negative (top row) and positive
(bottom row) threshold voltages. The graphs on the left of Fig.4.8 correspond to
the worst-case threshold voltage that occurs below the nominal Vrg (£125mV),
while the graphs on the right are for the worst-case threshold above the nominal
Vry. For these simulations the transistor sizes of Fig.4.1a are used. Besides mis-
match variations, process, supply voltage and temperature (PVT) are also varied.
The variations considered are typical-typical (¢¢), slow-slow (ss), and fast-fast (ff)
for process, 1.2V £ 5 % for the supply voltage, and —40, 27, and 85 °C for tempera-
ture. For the 65 nm technology, with nominal temperature (27 °C) and supply voltage
(1.2V), £Vry has an average value of 125mV and a standard deviation of 8.1 mV.
The minimum threshold voltage V7y,., = £116.2mV (in average) is obtained for
—40°C and 1.26 V supply. The maximum value, Vrg,,,, = +128.9mV, is obtained
for 27°C and 1.14 'V supply. The worst-case standard deviation obtained is 8.5 mV.
Regarding the 0.13 wm technology, in nominal conditions Vg has an average value
of approximately 125 mV and a standard deviation of 7mV. The minimum threshold
voltage Vry,,,, = £109mV is obtained for 85°C and 1.26 V supply. The maximum
value, Vry,,,, = 129mV, is obtained for 27°C and 1.14V supply. The worst-case
standard deviation obtained is 7.7 mV.

Figure4.9 depicts the threshold voltage (average value) deviation with respect
to PVT variations. The objective of this graph is to illustrate the tendency of the
threshold voltage as a function of the aforementioned PVT variations. For the 65 nm
technology, Vry varies approximately 6 % for the full supply voltage range (consid-
ering all process and temperature variations). For a given supply voltage, Vry varies
with temperature approximately 6.5 % and for the three process corners considered,
less than 2.5 %. Regarding the 0.13 pwm technology, Vg varies approximately 13 %
for the full supply voltage range and for all process and temperature variations. For a
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specific voltage, Vry varies with temperature approximately 8.5 % and with process
corners less than 12 %. Figure4.9 and the described results indicate that the 65nm
technology shows much improved results, specially concerning process and supply
voltage variations. Furthermore, by analysing the graphs of Fig.4.9, which have an
identical y-axis limits for comparison, it can be seen that the range of the results for
the 65 nm technology is smaller.

4.1.2.6 Common-Mode Sensitivity

Figure4.10 depicts the threshold deviation due to variations in the common-mode
(CM) voltages of the circuit. The results indicate that Vyy deviates £2 and +7 %
for the 65 nm and 0.13 wm nodes, respectively. The simulation considered a 25 mV
variation in V¢ys. Therefore, the circuit exhibits low sensitivity to variations in the
CM voltages.

The above simulation analysis assumed that both the CM voltage of the input
signal and the voltage at the input of INV3 are the same. However, simulations show
that the latter can be used as a control voltage, to correct for deviations in the threshold
voltages. With an adaptive biasing circuit capable of generating this Vs dependent
on PVT conditions, the threshold voltages may be kept more constant, therefore
reducing the offset. Moreover, depending on the sizing and biasing conditions of the
circuit, this V), may even be used to generate more than one threshold voltage.

4.1.2.7 Proof-of-Functionality

As a proof-of-functionality, the proposed flash quantizer circuit is employed in all
sub-ADCs of a real 7-bit 500 MS/s pipeline converter, designed in the 0.13 pwm tech-
nology. The converter is composed of five 1.5-bit stages and a final 2-bit stage. All
1.5-bit sub-ADC:s rely on the circuit shown in Fig.4.1. For the final 2-bit stage, the
quantizer’s thresholds are +250mV and 0V. For the £250mV thresholds the pro-
posed circuit architecture is used, but with a resizing of the transistors’ dimensions.
The OV threshold is easily achieved by eliminating INV; (or INV3) and by making
INV3 equal, i.e., the dimensions of the transistors, to the inverter that remained (INV
or INV)).

Figure4.11 shows the electrically simulated 8192-point FFT, DNL and INL results
of the pipeline ADC for a200 MHz input signal. A SFDR of 45.5 dB and an SNDR of
41.4dB is obtained which leads to an ENOB of 6.6 dB. Concerning DNL and INL, the
maximum absolute values obtained are —0.32 and —0.59 LSBs respectively. These
results demonstrate the practical usefulness of the proposed 1.5-bit flash quantizer
circuit since good DNL, INL, and SNDR performance are achieved.
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Fig. 4.11 Proof-of-functionality of a 7-bit 500 MS/s pipeline ADC employing the proposed quan-
tizer in all pipelined stages: a 8192-point FFT. b DNL and INL

1. Using Eq.4.4, the widths (W;) of the transistors of INV{, INV; and INV3, are
obtained. Current source, Ms, is sized for an average current of the order of 100 LA
(or even less, depending on the power budget and desired speed) and with an
overdrive, Vgp, of about 100mV (biased in moderate inversion). Regarding Vy,
it is hard to define this voltage since Mj5 is a current source. However boundaries
can be defined: V4 should be lower than Vpp — Vpp = 1.1V, otherwise transistor
Ms may leave the saturation region and, on the other hand, V4 should be set
above 1V for INV| > and INV3 to operate correctly. For a current of 100 nA, the
NMOS resistors (M44 and Myp) are sized to have a voltage drop of about S0mV.
To avoid undesired short-channel effects and offsets due to process variations,
channel lengths (L;) should be above the minimum. To limit offsets due to random
transistor mismatches, minimum device areas (W; L;) should be set well above
4pum?, particularly for the transistors of the inverters.

2. Transient simulations are performed with slow ramp signals as a differential input
to verify the values of +V7y for the typical case of parameter values (z7, 1.2V,
and 27 °C). This simulation is repeated for all main PVT corners (7, and Ty,
Vbp,,., and Vpp,, .., and process corners ss and ff).

3. Compensation over the entire temperature range is optimized, by adjusting My
and Myp with different dimensions. Since this will affect Vrg, the width of My;
and Mp» should be fine tuned to restore the value of V7y.
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4. Repeat steps 2 and 3 until the best performance is reached considering relevant
PVT corners. The common-mode (CM) voltage (Vcy ~ Vpp,,;,/2) used as input
for INV3, must guarantee that all transistors in the three main inverters operate in
saturation. V¢ys can be directly provided by a bandgap circuit (always available
in any type of ADC) and no buffering is required since it is connected to gate
terminals. In a pipeline-like ADC, this Vys voltage is also normally used to adjust
the output CM voltage of the pipelined stages through dedicated CMFB circuits.
Therefore, this voltage will be readily available. Optionally, Vs can be generated
using the SC circuit shown on the right of Fig.4.1a, which always guarantees that
the input CM voltage of the proposed quantizer is approximately Vcyy.

4.1.4 Performance Summary and Comparison

Table 4.3 summarizes the simulation results obtained from the analyses carried out
in this section. Besides this, a comparison is made with other comparator circuits
found the literature. The search is limited to the past ten years and with clocking
frequencies, Fg > 0.5 GS/s.

Regarding Table4.3, the power column indicates twice the power consumed by
the respective comparator. This is done for a fair comparison, since the proposed
work is a 1.5-bit flash quantizer, i.e., it has two comparators merged into one circuit.
The resolution column indicates the accuracy of the voltage step used to obtain
either the metastability or the regeneration (comparison) time. Some authors indicate
the minimum voltage to obtain a given metastability, while others indicate the step
voltage (or differential input) used for the regeneration time analysis. The maximum
accuracy (N) possible, for each of the presented circuits, is related with the PVTM-
30 offset (Off35), given by N < log,(VEs/Oft3,), where Vg is the differential
full-scale voltage of the input signal.

The results of Table4.3 indicate that the proposed quantizer has a relatively slow
regeneration time, due to the fact that most of the other comparators employ a pos-
itive feedback latch, which accelerates their decision time. The proposed quantizer
achieves an average metastability probability error, a better than average PVTM-30
offset and one of the leading energy efficiencies among the state-of-the-art. Notice
however, that the results of all (except [122]) comparators are from measured data,
whereas the results of the proposed circuit are extracted from electrical simulations.
Regarding the applications envisaged by each comparator, most may be applied in
A/D converters, while others are designed for receiver front-ends [121], hence its
high clocking frequency.
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4.2 Two-Stage Inverter-Based Self-Biased Opamp

The power reduction necessity and low supply voltage tendency of modern CMOS
technologies has driven the evermore challenging design of amplifiers to have mul-
tiple gain stages and possibly an output driver stage. In single stage amplifiers, high
DC gain is achieved using cascode devices, but this leads to reduced output swing
(OS) due to the low supply voltage. Maintaining a high DC gain requirement but
now demanding high OS would naturally lead to the use of a two-stage amplifier
(probably fully differential to double the OS). In two-stage amplifiers, where com-
pensation is inevitable, the gain-bandwidth product, GBW (usually a specification:
achieve highest possible GBW), is given by GBW(I) ~ g;,,1(I)/Cc, where g1
represents the transconductance of the input differential pair, C¢, the compensa-
tion capacitance, and I, the biasing current of the input stage. Admitting that the
opamp is biased with constant current, /, and with C¢ being mainly imposed by
thermal noise constraints, then, one way of achieving higher GBW relies on using
an inverter structure in the input stage. This type of input stage, if properly sized,
effectively doubles the transconductance. Now g,,1 = gmp + gmn, Where g,p and
gmn respectively represent the transconductance of the PMOS and NMOS transis-
tors that constitute the inverter structure [92]. In the literature it is possible to find
numerous other techniques for increasing and compensating the GBW of single- and
multi-stage amplifiers [43, 63, 96, 145], among others, mostly relying on multipath
and feedforward techniques.

Single-stage inverter input amplifiers have already been presented in the past
[10, 174, 180]. The inverter amplifier of [10] adds an interesting feature which is
self-biasing. The advantages of amplifier self-biasing techniques are well known
[10,106]:

e they simplify the implementation of amplifiers by removing biasing circuitry, thus
saving power and die area;

e any mismatches and variations in circuit performance due to deviations in biasing
voltages are highly attenuated;

e they enable circuits to be more insensitive to PVT variations.

In amplifiers, self-biasing techniques have mainly been applied to complementary
folded-cascode and single stage inverter-based topologies [10, 106, 137].

The work developed in this book proposes combining self-biasing and inverter-
input structures in a two-stage amplifier enhancing its efficiency and achieving higher
PVT robustness.

4.2.1 Principle of Operation

The proposed two-stage inverter-based self-biased amplifier is depicted in Fig.4.12.
It consists of two cascaded inverter stages with approximately the same topology.
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Fig. 4.12 Proposed two-stage inverter-based self-biased amplifier

The input stage consists of an inverter input pair (M12,,, and M13, ) connected to
current sources, M1 and Mi4. The latter devices bias and control the common-mode
(CM) level of the input stage. The output stage has a similar topology (except that
nodes Vp, and V},, are connected together to form node V), ) and its input pair consists
of transistors M22,,, and M3, . The biasing of the output stage and its output CM
level are controlled by M3 and Mp4. Given M»>; and M»4’s biasing voltage, Ve,
these devices will probably operate in the triode/saturation boundary region [10].
Regarding compensation, node V;, and Vj,, have been separated, for the connection
of the compensation capacitors, Cc,,p, thus avoiding the inefficient conventional
Miller compensation [5,64]. In a preliminary analysis, this compensation can be
described as a cascoded-Miller type, in the sense that Cc,,p are connected to low
impedance source nodes. This method is adequate because there is no direct forward-
path between the input and output of the output stage, thus avoiding the presence of
a possible positive low-frequency zero in the transfer function (TF). Given that this
method of compensation was used (to avoid Miller compensation), there is source
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Fig. 4.13 Common-mode feedback circuits: a SC network for the output stage (CMFB,) and b
continuous time CMFB circuit for the input stage (CMFB )

degeneration of M3, . Therefore, these transistors will not have such a pronounced
effect on the amplifier’s performance parameters (e.g., GBW and DC gain) as M2, p.
The common-mode feedback (CMFB) circuits shown in Fig.4.13 define the CM
control voltages of both stages and simultaneously bias the whole amplifier. The
amplifier’s output CM level is adjusted through a dedicated switched-capacitor (SC)
CMEB circuit, CMFB,, as illustrated by Fig.4.13a, where Veyz = (Vop + Von) /2
[35]. Veurn biases Moy and Mp4, and is an input for CMFB; (illustrated in Fig. 4.13b).
CMEFB; is an inverter-based pair which compares voltage Vcy2 with a constant
voltage, Vceyo (normally provided by a bandgap circuit), and generates voltages
Vemip and Veyry which bias the input stage and control its CM level. It should be
noticed that CMFB is connected to nodes V,;» and Vp;, thus avoiding the use of extra
biasing transistors. Transistors M3;_34 can be down-scaled versions of M2y, 5 and
M>34 1, but for a better optimization of the amplifier and biasing of transistors M
and M 44,1, these should be sized separately. Capacitor Ccy (Fig.4.12) is placed at
node Vic 1y for CM stabilization.

Self-biasing voltages Veyip, Vemin and Vepyo are connected to the main ampli-
fier through feedback loops thus reducing the effects of PVT variations and the
effects caused by differential-mode (DM) and CM input variations. As an example
of compensation: suppose the voltages on nodes V,,, and V,,, have already settled, if
Vpp increases, the source-gate voltage of M»>;, Vsga1, also increases producing an
increase in the bias current /p5. This increase will change proportionally the current
in the two output inverters, increasing the output CM voltage. As a consequence,
CMFB, will produce a higher V¢, output control voltage forcing Vsgz; and Ip)
to their initial value, thus compensating the Vpp variation. A similar analysis may
be carried out for the biasing and CM control of the input stage. For example, if the
input CM level rises, the input stage’s CM output falls causing the output stage’s
CM level to rise. Vo follows this rise, and makes Veygp fall and Vieyygy rise. As
Vemip falls, Vs rises, forcing more current into the input stage’s inverters, forcing
its output to rise, thus, opposing its initial tendency. However, the opposite occurs
with Ve, which reinforces the output’s initial tendency. Consequently, there is a
negative feedback loop between Vuyp and Vocyi (= (Vop1 + Von1)/2), but, there
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is a positive feedback loop between Vv and Vocp. The amount of variation of
the aforementioned CM signals is dependent on the transistor sizing, but they are
expected to be small, given the large CM input range of the amplifier and of CMFB;
(due to the use of inverter structures), and due to the adopted self-biasing scheme.

Process and temperature variations have similar compensations through the neg-
ative feedback loops. Another fact that supports the good compensation for PVT
variations is the completely complementary (half PMOS and half NMOS) design of
the circuit.

4.2.2 Circuit Analysis

4.2.2.1 Differential-Mode Analysis

The small-signal DM equivalent circuit is shown in Fig.4.14, for simplicity only
half the circuit is shown and Cp represents a capacitive load. The DM TF can be
extracted by applying Kirchhoff’s laws, or by using a symbolic analyser, such as
MATLAB [108]. The TF with no simplifications and no assumptions is too complex
to represent and obtain a straightforward analysis. Considering some simplifications
(namely, nulling parasitic capacitances Cy;, and Cgp) and tolerating errors up to 25 %
(nulling smaller terms), a simplified TF is given by

[(Cgs13 + Cgan)Cga1 + Cg:l3cgsZ]CC53 H(Cga1 + Cgs2)8m13 — nglng]CC52
+(8m138m2 + &m128m23)Ccs
Vo o +8m128m138m2

Vi (Cga1 +ng2+Cg52)CCCLs3
+[CcCgs28m13 + ((Cgq1 + Cgaz + Cgs2)8m13 + Cgs2gmh13)cL]52
+ (8mb138m23 + 8m138m2)Ccs + (8m138012 + 80138014)802-

(4.10)

where g,,;; and g,;; represent the transconductance and the output conductance
of M;;, respectively, and g,513 is M13’s bulk transconductance, caused by bulk
effect. Cgqij and Cyy;j represent the gate-drain and gate-source parasitic capaci-
tance, and C¢ the compensation capacitance. For the sake of simplicity, minor tex-
tual generalizations are used and can be understood through the following example:
Zox = 8ox2 + gox3, x = {1, 2}. This is valid for all parasitic capacitances, output
conductances, and transconductances. The extracted TF, v, /v;, has a third order char-
acteristic with three real poles, one real zero and a pair of high frequency complex
conjugate zeros. All roots are located on the left-half of the s-plane. The DM DC
gain, without simplifications, is more direct and is given by

_ 8mntgm3 8m12(8m13 + 8013 + 8o14 + &mb13) + &m138o14
8022 + £023 8012(8m13 + 8013 + go14 + &mb13) + &0138014

Apc 4.11)
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From the nodal current equations it is possible to extract a behavioural signal path
model which gives large insight in the small-signal behaviour of the amplifier [99].
This model is illustrated in Fig.4.15 (the minor textual generalizations mentioned
above are used). C,1, C,, and C}, represent the capacitance on nodes v,1, v,, and
vp, respectively and gp represents the conductance of node vy, (refer to Fig.4.14 for
node names). Through Fig.4.15 it is possible to verify:

e the DC gain path (by nulling all capacitors), represented by the direct path (solid
line);

e the feedback loop created by the compensation capacitor, Cc. The Miller effect
through parasitic capacitance Cgg2, represented by the dashed line;

o feedforward paths through Cgy13 and Cc, represented by the dotted line;

e the poles (block with a low-pass filter function) and zeros (block with a high-pass
filter function) of the TF. In other words, the order of the TF, as mentioned above,
3rd order.*

As mentioned before, the DM TF is rather complex to maintain a useful level of
accuracy. Instead, it is more interesting to obtain insight in the role of each parameter
(gm» 8o, and capacitors) of the circuit. To provide this, pole-zero position diagrams
are used [92]. These diagrams show the tendency of AC performance parameters
(GBW, open-loop DC gain, etc.) when one circuit parameter is swept and the others
are kept constant [92]. No simplifications need to be made on the TF. Due to the large
number of circuit parameters, only some diagrams will be shown, while others will
be discussed. Parameters g,,13, gm22 and C¢ are chosen for the pole-zero position
diagrams which are shown in Fig.4.16. The parameter values used are 2g,,12.13 =
8m22,23 = 2.5mS, 28,12,13 = 8022,23 = 60 WS, go14 = 500 S, Cap12,13,22,23 =
501F, Cgu12,13,22,23 = 251F, Cgs12,13,22,23 = 1251F, Cc = 5001F, and C; = 4pF.
Each diagram illustrates the variation of the poles, low-frequency zero, unity-gain
frequency (f;,) and the product of the open-loop DC gain, Apc, and the dominant

4 Generally, an N-node system (excluding DC nodes and input node) has N initial conditions, which
correspond to N poles [71]. In this case, we have a 3-node system, hence a 3-pole system.
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pole, fa4, Apc fd.s Apc is the horizontal distance between f; and Apc fa (see
Fig.4.16¢).

Regarding g,,13, as it increases, Apc increases slightly. For a specific value of
gm13, the nondominant pole can be cancelled by the low frequency zero. To avoid
an oscillatory step response in closed-loop form (due to low phase margin, PM), a
minimum value of g;,13 should be kept. Regarding g,,,22 (and g;,23 which has a similar
effect on the TF), for rising values, the DC gain increases and a pole-splitting effect
is noticeable. There is an optimum value for g,,2> which maximizes the amplifier’s
settling time. Finally, C¢ produces the expected pole-splitting effect and does not
affect the DC gain. The optimum value is found just before the two real nondominant
poles become complex (point at which the nondominant poles meet). At this point
the PM is sufficient and the low frequency zero does not have a strong effect on the
amplifier’s step response. High values (>800fF) cause complex poles (with a low
damping factor) and the effect of the low frequency zero becomes pronounced [119].
Figure4.17 depicts the variation of the phase margin and damping factor (¢) of the
nondominant poles in relation to C¢. The data points marked by a plus symbol are for
PM >60°. It can be seen that different values of the damping factor are achieved, i.e.,
the damping factor decreases with increasing C¢. Through MATLAB closed-loop
step response simulations on each of the data points (i.e., for each C¢) it can be seen
that the settling time increases as the damping factor decreases. Therefore, although
PM> 60°, special attention must be given to ¢ as it plays a fundamental role in the
opamp’s settling [119].

Regarding the remaining circuit parameters, all g, have a similar effect on the
TF: when increased they reduce A pc and only affect the dominant pole. Transcon-
ductance g,,12 has no effect on the poles and for rising values, A p¢ increases. For
values of g,,,12 > 2mS the circuit becomes unstable with a very low PM. No parasitic
capacitors have such pronounced effects worth mentioning. Some of the conclusions
drawn for the above analysis are based on MATLAB function simulations (step,
bode, damp, margin, etc.).

5> Apc f4 = GBW only in single pole amplifiers or when a sufficient phase margin (PM > 60°) is
obtained for multi-pole amplifiers.
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Fig. 4.16 DM pole-zero position diagrams for parameters: a g,,13, b gn22, and ¢ C¢

4.2.2.2 Common-Mode Feedback Analysis

The small-signal equivalent circuit for CMFB analysis is shown in Fig.4.18 (vem2
represents the input signal and v,.,, the output signal). It is evident that there are
many paths from the input to the output: a path through M>; and Mp4 (two gain
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stages from input to output), a path through v, 1, (four gain stages) and one through
vem1n (also four gain stages). At high frequencies, the v, 1, path reduces to two gain
stages because the CM signal is coupled through 2C¢ to the output. Given the many
poles in the CM path, it is expected that the CM circuit be slower than the DM circuit.

As can be seen, the CMFB equivalent circuit of the amplifier contains 8 signal
nodes (excluding v;;2) which correspond to 8 poles, and in this case, 8 zeros. It
was not possible to extract the TF with a sufficient level of representation, even with
simplifications. The behavioural signal path model becomes too complex and difficult
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to follow, and consequently, it also does not produce enough insight when analysed.
The pole-zero position diagrams find great usefulness, especially in this situation.
Given the even larger number of circuit parameters, again, only a few are chosen
for representation here. Besides the parameter values mentioned in the previous
subsection, the remaining values used for the CMFB analysis are 2g,,14 = gm11 =
1.25mS, gm21.24 = 0.75mS, gn3i—34 = 0.1mS, 1.5g511 = 821,24 = 750 nS,
g031-34 = 200 S, ng]] = Cgsl],14 = 350fF, and Ccyy = 500fF. All other
parameters not mentioned here and in the previous subsection are considered zero,
since their effect on the TF is negligible. Figure4.19 illustrates the CM pole-zero
position diagrams for parameters g, 14, &m21,24 and g,,31—34. Besides f,, and Apc fu,
only three poles and three zeros are illustrated.

Regarding g,,14, for values larger than 0.8 mS, the CM circuit becomes unstable
because the closed-loop poles move to the right half of the s-plane (closed-loop is
considered as unity-gain configuration). As can be observed in the pole-zero position
diagram of g,,,14, there is a discontinuity of f,,. This is caused by peaking (observable
in the Bode diagrams) due to a low damping factor of the nondominant complex poles.
Interestingly, for a specific g,,14, the damping factor increases again, reducing the
peaking and f, returns to its initial frequency. Transconductances g,21 and g;24
have approximately the same effect on the CM TF. They do not affect the position
of the poles and for increasing values, the CM A p¢ and thus CM A pc f4 increase.
For values higher than 2.3 mS, the CM circuit becomes unstable because the closed-
loop poles move to the right half of the s-plane. Again a discontinuity of f;, occurs,
for g;21,24 higher than 3.7mS, caused by peaking (due to the low damping factor
of the complex poles). Concerning g,,,31—34, for values over 0.2mS, the CM circuit
becomes unstable, again due to positive closed-loop poles. Also, peaking occurs
which explains the discontinuity of f, for values between 0.4 and 1.6 mS.

As should be noticed, all parameters analysed here for increasing values, increase
the CM A pc. Regarding the effect of the remaining parameters on the CM TF, only a
few are worth mentioning. As stated before, it is important that M operate in deeper
saturation than M4 (i.e., gm11 > gm14 and Vyg11 < V,oq14), to limit the amount of
positive feedback. This is observed for very low values of g,14, the circuit becomes
unstable. There is an optimum value for C¢ and Cgs11, between an oscillatory and
a slow CM response. Finally, for high values of Cg411 (>3001F) and Cgq14 (>801F)
the CM circuit becomes unstable due to right-half plane closed-loop poles.

As mentioned before, the CM circuit is more likely to be slower than the DM
circuit. This is well observed by comparing the average value of Apc f; of the pole-
zero diagrams of Fig. 4.16 (except for C¢) with the diagrams of Fig. 4.19. The average
value of the DM Apc f; is situated between 200-300 MHz, while the CM Apc fy is
below 100 MHz. Again, some of the conclusions drawn here are based on MATLAB
simulations (step, bode, damp, margin, etc.).
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Fig. 4.19 CM pole-zero position diagrams for parameters: a g,14, b gm21.24, and ¢ g,,31-34

4.2.2.3 Noise

The noise of amplifiers can be a limiting factor in many applications, thus the need to
characterize the noise performance of this amplifier. The circuit of Fig.4.20 is used
to analyse the noise of the amplifier [141], where v,;, represents the input equivalent
noise voltage and v,,,, the output noise voltage. Transistors M1, M>1 and M4 do not
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contribute to the total output noise, because these transistors add CM noise, which in
ideal matching conditions is cancelled at the differential output [150]. Active circuit,
CMFB; (Fig.4.13b), also contributes CM noise which cancels at the differential
output.

The simplified input-referred noise voltage power of each transistor of Fig.4.20

can be represented by,
- K 1 4kT
=t Y (4.12)
CoxWi;Lj; S 8mij

where K is the flicker noise coefficient, Cyy is the normalized oxide capacitance, W;;
and L;; are the width and length of the transistor, respectively, f is the frequency, k
is Boltzmann’s constant, 7 is the absolute temperature, y is a coefficient equal to 2/3
for long channel devices (but might be larger in deep nanoscale CMOS technologies
[141,146]), gmij is the transconductance of transistor ij, and finally, i = {1, 2} and
Jj = {2, 3, 4}. The first term of Eq.4.12 represents the flicker (1/f) noise while the
second term represents the thermal noise. For all noise analyses, parameter Kr =
4x 10723 V2F [27,107] and y = 2/3.

The method described in [141] is adopted here to determine the total input-referred
noise. First, the gain of each stage is determined, given by A, and A,» (see Eq.4.11)

Ay = _ngZ(gmlS + 8013 + 3014) + &m138o14 (4.13a)

2012(8m13 + 8013 + 8o14) + 80138014

Ap = _M’ (4.13b)

8022 + 023

where g;,513 = 0S, for a more simplified analysis. Then, the impedance seen from
the output of each stage is determined,
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o 8m13 + 8013 + 8o14
8012(8m13 + 8o13 + 8o14) + 80148013

R, (4.14a)

1

Rp=——.
’ 8022 + 8023

(4.14b)

Each noise voltage source is referred to the amplifier input by converting to its respec-
tive noise current source, multiplying the latter by the squared output impedance of
that stage and dividing it by the appropriate squared gain (A, for transistors of
stage 1 or A,1Apn for transistors of stage 2). In other words, for M2, M3 and
M4, their input referred noise is v’%”grzn]jeRzl/Agl and for My, and M3 it is
Vﬁngzﬁj Rgz/(AglAgz), where vy;; is given by Eq.4.12 and g1, is described in
[141] as being an equivalent transconductance of transistor My; (j = {2, 3, 4}). This
type of transconductance needs to be defined for amplifier stages with source degen-
eration or when the output impedance is not measured at the transistor’s terminals,
as is the case for M3 and M4, respectively. The equivalent transconductances of
gm13 and g, 14 are given by

8m138014
8ml13e = s (4.15a)
e gm13 t &o13 + Lol4
&m14(&m13 + &o13)
gmide = ——" 2 (4.15b)

gm13 + go13 + go1a

respectively. The total input-referred noise spectral density is the sum of each input
referred noise voltage (two times to account for the differential circuit) and is given
by

- R2 —— - N

2 ol /2 2 2 2 2 2

Viie = 2 x |:A2 (vn128m12 + Vi138m13e + an4gm14e)
ol

2

+ Vi 8mn + Vr2123gi%123)j| ~ (4.16)

02 (
2 22

Aol A02
By simplifying Eqs.4.15a, 4.15b, and 4.16 (g,, > g,). it is possible to extract the
devices that contribute most noise to the amplifier. These devices are M, and M4,
because gm14e X gm14, Smi3e =~ gol4, and the noise of Mp; 23 is divided by a larger
gain (when referred to the input). Considering only thermal noise and the mentioned
simplifications (g, > g,), Eq.4.16 can be written in a more common way

———— 8T 2 8kT
2 _ V(]+ 8014 +gm14)% V(l_‘_gmm)’ @.17)

NIT hermal gm12 gm128m13 gm12 gm12 8m12
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where 1 4+ g;,14/gm12 yields the thermal noise excess factor. To determine the inte-
grated output noise, the thermal noise term of Eq.4.17 is multiplied by the amplifier’s
bandwidth, GBWr /2 = g,,12/ (27w Cc)m /2 (considering a first-order roll off)

8kT kT
Viorhermat = \/ ! (1 + @) GBWZ ~ /2 (1 + @) yo—  @18)
&m12 &m12 2 gmiz) " Cc

4.2.2.4 Input Offset

Similar to what occurs with noise, amplifiers have no way of eliminating offset.
Naturally it is possible to reduce and minimize offset (like noise) to the extent where
it is negligible and does not limit performance. Therefore, it is important to analyse
this amplifier to understand which devices contribute to the offset.

All analyses carried out for this amplifier (except this one) assume the amplifier
is perfectly symmetric, i.e., identical transistors (e.g., M2, and M1yp) are perfectly
matched. The manufacturing process introduces a number of uncertainties, which
lead to small variations across the chip, ultimately resulting in mismatch between
otherwise identical devices. As explained in the previous section, mismatch may exist
in various transistor parameters, namely, Vry, W, L, Cyy, and . Mathematically,
these mismatches are given by Eqs.4.7a, 4.7b, which result in Eq. 4.8.

Figure4.21 depicts the circuit for input-referred offset analysis. Only the input
stage is considered given that the offset of the output stage will be much smaller
becauseitis divided by a higher gain, when referred to the input. As mentioned before,
mismatch occurs between two devices that are, otherwise, identical. Therefore, M
can be immediately discarded from this analysis. Similar to the noise analysis, M3
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plays aminor role in the offset due to its source degeneration. Therefore, the following
expressions are for the Vs, p712 and V5 pr14 offset voltages, which have already being
simplified using Eq.4.8

Vos,m12 = Vsc12o — VsG12a
(Vs = Vru)in (AW/L)
N 2 W/L

) + AVrhi2, (4.19a)
12

Vos,m14 = VGs1ap — VG S14a
_ (Vs = Vra)ia (AW/L)
N 2 W/L

) + AVry 14. (4.19b)
14

Referring the above described offset voltages to the amplifier’s input, V, ;,, and
only considering the AVry term, given that it is the largest offset contributor, the
total input-referred offset is given by

Avry p ) ( Aviyy gml4)
Vos.in & —_— ) + ") . (4.20)
o \/(¢—<WL)12 VWD)14 gm12
The method used in the noise analysis for referring the various noise voltage sources

to the amplifier’s input, can also be applied here. In this case, instead of noise voltage
sources, offset voltage sources are employed.

4.2.2.5 Slew Rate

One important design aspect that should always be taken into consideration is the
slewing of the output. Slewing occurs in the presence of large input signals, which,
due to current limitations of the amplifier, causes the output to ramp at a constant
rate, the slew rate (SR), independently of the input signal, thus causing nonlinear
distortion [92,141]. Besides distortion, slewing has a direct influence on the settling
time [7]. Figure4.22 shows the equivalent circuits used to analyse the positive SR,
SR™T, and negative SR, SR™, of the amplifier. The following describes the situation
in one half of the fully differential circuit; naturally the opposite occurs in the other
half of the circuit. Figure4.22a shows the case of a large positive input signal. In
this case M1y, turns off (shown by the dashed lines), limiting the current to M3,
and M14,. Node V,,; is thus pulled down, leaving M3, in the deep triode region.
As node V,,1 decreases, M3, is turned off, pushing current /p, into Mpy,. Current
Ip> must be large enough to charge the load capacitor and still source current Ipj4,
through Cc,. Given that node Vj, is not a fixed voltage in the sense that it varies
during slewing, the positive SR is determined by the load capacitor, Cr, and the
output current, Icr. Cr, is charged at a rate given by



106 4 Application of Circuit Enhancement Techniques to ADC Building Blocks

(@) Von (b) Voo

Ip2| My |°‘°V(7Mz Ip | M ID'OVCMlP

Fig. 4.22 Differential-mode half-circuit equivalents for slew rate analysis: a positive input (SR ™).
b Negative input (SR™)

I Igo— 1 Ipy — 81
_cL _ B2~ Dlda 'B27 75 4.21)
CrL CrL CL

SR*

During negative slewing, which occurs for a large negative input as shown in
Fig.4.22b, M3, is turned off pulling node V,,,1 high. As node V,,1 rises, M2>, turns
off, cutting the current to M»3,. Current source M»4 still tries to sink current /p»,
which can only come from Cp, therefore, discharging it at a rate given by

_fer _ Iz

SR™ = = . (4.22)
CL CL

To simplify the carried out analysis, it is considered that when a transistor turns
off, no current flows through it. Moreover, the analysis did not consider the circuit
of CMFB; which is connected to the main amplifier through nodes V> and V.
Depending on the biasing conditions, sizing and large signal input, the circuit of
CMFB; can source current to the amplifier’s output stage, contributing to the total
SR. This situation is depicted in Fig.4.23. For example, during a large input signal
transient, V,» can decrease to below Vcy7p, where M3; would have its source and
drain terminals exchanged, therefore, instead of sourcing current to M3, (now turned
off), it would source current to the output stage. The current flows from Vpp into
node V1 p through source-gate capacitance, Cyg1, of Myj.

Finally, these analyses consider that M>| and M»4 operate in the saturation region.
It is more likely that one of these transistors operate in the triode region (depending
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on V) and in this case the output current is defined by M»» (instead of M»;) for
SRT and M3 (instead of M»4) for SR™.

In [106] a comparison is made between using self-biasing and constant biasing,
applied to amplifiers, and its relation to SR performance. The authors of [106] con-
cluded that the self-biased SR was lower by about 10 %. Simulations of the proposed
amplifier (including CMFB) show that the SR is approximately 11 % lower when
using self-biasing, which is in close agreement with [106]. Moreover, with constant
current sources, the amplifier’s SRT and SR~ are equal, but with self-biasing, SR
is slightly higher than SR™.

4.2.2.6 Input Range

To determine the input CM range (CMR) of the amplifier, it is necessary to determine
the maximum and minimum CM voltages that maintain the devices of the input stage
in saturation [92,141]. The circuit of Fig.4.24 will be used for this analysis. Main-
taining their operation in the saturation region will guarantee their desired transcon-
ductance and therefore the performance of the amplifier (Apc, GBW, etc.). For the
following analyses, Vrg;; and Vop;; denote transistor ij’s threshold and overdrive
voltage (Vgs — Vrm), respectively. To simplify the analyses, the threshold voltage of
NMOS and PMOS transistors are considered equal (in absolute value) and denoted
by Vrm. For the NMOS devices of the input stage, the input CM voltage, Vi, cm,
must guarantee, at least, the gate-source voltage of M3, V513, and M14’s overdrive
voltage, Vpopi4, which can be written as,

Vin,cm.miv = Vs13 + Vopia = 2Vop + Vru, (4.23)
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where Vigs13 = Vop13+ Vrwi13. Simultaneously, as Vi, ¢y is reduced, M1, may leave
the saturation region. M1 leaves saturation because as Vj,, cy falls, V,; falls as well
while Ve (output voltage of the input stage) rises, reducing Vspj2, source-drain
voltage of M1;. Therefore, another equation may determine Vi, car min, which is the
saturation equation for M,, given by

Vsp12 > Vsc12 — |Vru12l = Vin,em,min = Vocm1 — Vry. (4.24)

Finally, from Eqgs.4.23 and 4.24, the minimum CM input voltage is given by,

Vin,cm,min = max{2Vop + Vry, Vocm1 — Vru}- (4.25)

To determine the maximum CM input voltage, a similar reasoning can be used. To
guarantee that M1 and M, stay in the saturation region,

Vin,cm,max = Vpp — Vopi1 — Vsci2 = Vop — 2Vop — VrH. (4.26)

As Vi, cm rises, Vp1 alsorises while Vo falls, driving M3 into the triode region.
To guarantee that M3 stays in the saturation region, we use its saturation equation
and arrive at

Vin,cm,max = Vo1 + Vra1z = Voem1 + V1. (4.27)

From Eqgs.4.26 and 4.27, the maximum CM input voltage is given by

Vin,cm,max = min{Vpp — 2Vop — Vru, Vocu1 + Vru}. (4.28)

The CMR that maintains the transistors of the input stage in saturation is comprised
between Eqs.4.25 and 4.28, given by

max{2Vop + Vru, Vocm1 — Vra} < Vin,cm
<min{Vpp —2Vop — Vru, Vocm1 + Vru}. (4.29)

This means that the input stage cannot process a rail-to-rail input as could have been
expected. This is because the current through the input stage depends on the correct
operation of all transistors. For example, as the CM input rises, the NMOS devices
should conduct more, but the PMOS devices progressively cut off, cutting the current
to the NMOS devices, thus reducing their transconductance.

To explain the main difference from this kind of input stage to the ones presented
in [18, 44, 45, 74] (complementary input stages), which have a rail-to-rail input
range, the same example is used: rising CM input. Complementary input stages
have separate NMOS and PMOS inputs, therefore, as the CM input rises the NMOS
conducts "freely" as its current does not depend on the operation of the PMOS input.
The PMOS input will eventually cut off, but will not affect the NMOS input. A
similar analogy can be made for falling CM inputs.
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A drawback of the complementary input stage of the proposed amplifier is the
G, variation over the CMR, as shown in Fig.4.25. Here, G,, denotes the sum of the
PMOS and NMOS transistors’ transconductances, g, p and g, n, respectively (no
source degeneration of M3 is considered for this analysis). Figure 4.25b shows that
there is always one input, thus one g,,, conducting, which does not happen for the
proposed amplifier. The proposed amplifier’s G, variation is larger than that of the
circuits presented in [18, 44, 45, 74]. It is imperative to mention that the proposed
amplifier was not designed to have a constant-g,, rail-to-rail input.

Concerning the self-biasing voltages Ve, Vemi p, and Ve v, these are approx-
imately constant over the entire CMR of the amplifier. They maintain approximately
constant due to the fact that both stages of the amplifier and CMFB| are inverter-
based, which have larger CM input ranges than single transistor gain stages.

The minimum supply voltage for the input stage to operate correctly is given by

Vop.min = 2Ves +2Vop =2Vruy +4Vop. (4.30)

4.2.2.7 Output Swing
To analyse the amplifier’s output swing (OS), Fig.4.26, all transistors of the output
stage are considered operating in the saturation region. In this case the differential

OS is given by

OSsar = 2(Vpp — Vop21 — Vopzz — Vopzz — Vopz4) = 2(Vpp —4Vop). (4.31)
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Fig. 4.25 Input stage transconductance variation over the CMR: a proposed amplifier. b Comple-
mentary input amplifiers

The OS can be maximized by minimizing the overdrive voltages of M>1_24. If My
and M»4 operate in the triode region (most likely situation to occur, as shown in
[10]), the OS can be rewritten as

OSsat = 2(Vpp — Vop22 — Vop2s — I2(Rp21 + Rn24)) = 2(Vpp —2Vop —2Vps).
(4.32)
where /g5 is the output stage’s current, and R po1 and R y24 represent the resistance of
M>1 and Mp4 (transistors in the triode region), respectively. In this case a higher OS
can be achieved given that the resistors can be minimized, thus shifting V2 and Vj»
toward the supply rails. For the OS calculations presented above, no saturation margin
(to account for process and parameter variations) was subtracted. When designing
the amplifier, a margin of at least 40mV® per transistor (in the saturation region)
should be used.
The minimum supply voltage for the output stage to operate correctly is given by

VDD MINy,; = % +4Vop 4.33)
VDD, MINyioae = 5 +2VoD +2Vps.

The minimum supply voltage considering both stages of the amplifier is given by

OS
Vop.miv = max{2Vry 4+ 4Vop, 7 + 2Vop + 2Vps}. (4.34)

4.2.2.8 Considerations on the Amplifier’s Class

One important question arises concerning the class of the proposed amplifier given
its self-biasing and inverter-based architecture. The analog inverter is the most used
example when characterizing class-AB amplifiers. Usually those examples employ

6 This value was extracted from PVT corner simulations of the amplifier that is presented in Sect. 6.1.
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Fig. 4.26 Output stage for
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a simple inverter with no other transistors [146]. In the inverter case (class-AB), the
quiescent biasing current, /g, is usually made small (for power efficiency reasons).
The peak output current, /peqx, can be much larger than /o because the transistors’
Vs (which depends on the input voltage) can be rail-to-rail, so simple inverter ampli-
fiers can source/sink a much larger current than the quiescent current. References
[18, 55, 124, 163] are examples of class-AB amplifiers where the peak current is
much larger than the quiescent current (/peqk /I > 10). Actually, this is one of the
main requisites in class-AB amplifiers [146].

In the proposed amplifier, both stages use inverters as their input devices, but
they are also accompanied by current sources which define the current in each stage.
For the remainder of this discussion, only the output stage will be of relevance.
Transistors M>; and M4 define the current of the output stage and are biased by
the output common-mode (CM) voltage (Vcys2) of the amplifier, which, may not be
constant (depending on CM variations). Although M2, » and M3, , operate exactly
like an inverter, in the sense that, depending on their input, current flows more through
one transistor than the other, the total available current is always limited to the current
sourced/sunk by M>; and M>q, in other words, Ipeqar/Ig ~ 1. Nevertheless, under
large signal conditions Vys2 may vary, leading to a variation of the output current
which may be made larger than /o, precluding this amplifier as purely class-A.
Class-B can be ruled out since the quiescent biasing current is not null. Large input
signal simulations of the proposed amplifier show that the total output current varies
less than 15 % around the quiescent current (this is mainly due to CM variations).
So, in fact there is some variation of the output current for large input signals, but
Ipeak /19 < 1.15 < 10.

Regarding the self-biasing part of the issue, in [10] and again exampled in [55],
self-biasing is accomplished by using a differential-mode (DM) signal (usually one
of the outputs). In this case the switching currents (under large signal conditions)
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can be significantly greater than the quiescent biasing current [10,55], which would
correspond to a class-AB output. In [180] and as is the case of the proposed amplifier,
self-biasing is achieved by using a CM signal, which suffers less variations (unless the
amplifier has CM instability) than DM signals. With a more steady biasing voltage,
the output current is, in turn, held more constant.

All explanations leads to the conclusion that the proposed amplifier can be con-
sidered a class-A amplifier. Although it can not be considered purely of this class,
the output current variation under large signal conditions is very small compared to
class-AB output current variations.

4.2.3 Design Procedure and Optimization

4.2.3.1 Design Procedure and Guidelines

It is not an easy task, determining guidelines for a good and successful sizing of this
amplifier, due to the complex TFs obtained for the DM and CM circuits. Although
there is not a clear design procedure, some precautions and considerations can be
extracted from the analyses previously carried out which may provide a good starting
point. It is important to understand that this process is manual and iterative, and
obtaining a good solution immediately is challenging.

The proposed design guidelines for this amplifier are as follows:

e The minimum value of C¢ is mainly imposed by the k7'/C thermal noise con-
straints which is set by the application where the amplifier is being used. Cc¢
should not be too large to avoid complex nondominant poles and the effect of the
low frequency zero. If complex poles are unavoidable, special attention must be
given to their damping factor. If a good phase margin, 60° < PM < 70°, and
complex poles are avoided, then a good time response can be achieved.

e M, should be designed for high g, and low g, for high DC gain, i.e., large L and
low Vop. M1>’s transconductance should not be too large to avoid instability (this
gm does not affect the circuit’s DM poles). M1, is the only transistor that does not
affect the DM bandwidth. For low noise and low offset, this transistor should have
a high transconductance. To increase the CM input range, Vpp should be low.

e Transistor M3 should have a large L or low Vpp for high DC gain. High g,,,13 aids
the compensation, as it has a pole-splitting effect until a certain value, then the
circuit becomes unstable. This transistor has a minor contribution in the amplifier’s
noise and offset. To increase the CM input range, this transistor should have a low
Vob-

e Transistors M>; and M»3 should have low Vpp to increase the OS. They should
have large L for high DC gain, but small L for high speed. These transistors can
be used for additional compensation given their pole-splitting effect. Special care
must be taken with the damping factor of possible complex nondominant poles
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and the low frequency zero. The latter may have an undesirable effect on the step
response of the amplifier.

e Transistor M1 should be biased in the saturation region with a Vpg that keeps
M, saturated. M1 should be sized to guarantee the current necessary for the g,
of transistors M, and M3. To increase the CM input range, this transistor should
have a low Vpp.

e M4 should be designed always keeping in mind that, g,,14/8014 < &m11/8011,
to limit the amount of positive feedback, to maintain CM stability. M4 should
operate in the saturation region to maintain V3, 5 a low impedance node. However,
to maintain CM stability it should operate in a weak-to-moderate inversion region.
Special care should be taken when sizing M4, as this device is one of the largest
noise and offset contributors, and is the only transistor that does not affect the DM
GBW.

e Transistors M>| and M»4 should be biased in the triode/saturation boundary region,
with low Vpp to guarantee highest possible OS. These transistors should be sized
to guarantee the current for My and Mj3. The intrinsic gain of M»; and M4
(8m21,24/8021,24) should be kept as equal and as low as possible, to avoid complex
poles. For high SR, their channel widths should be made wider to sink/source
larger currents.

e Transistors M3; to M34 should be biased to have g;,,31-34/g031—-34 =~ 1 or less.
Special attention should be devoted to M3; and M34 over PVT corners as their
sizing may determine CM stability. The safest choice would be to bias them in a
deep triode region.

e CM stabilization capacitor, Ccyys, should not be too large to avoid a slow CM
response and not too small to avoid an oscillatory response. A good trade-off is
Cey =Cc.

e Optimum channel length of 1.3-to-1.5x L,,;, should be used to maintain good
insensitivity to PVT variations, minimizing short channel-length effects and, at
the same time, maximizing speed.

A good starting point, assuming C¢ is already set by thermal noise constraints,
would be to set the Ls of the inverter pairs, M2 13 and M22 23, to 1.5 X L;,i,. Set
the Ls of My1,14 and M2 24 t0 2 X Lyip. Set the Ls of the transistors of CMFB| to
1.5 x L,in. Set the W's of all the PMOS devices KN/KP7 times higher than the W's
of the NMOS devices. Finally, by following the enumerated design guidelines, the
amplifier may be designed.

4.2.3.2 Design Methodology for Optimization
As an alternative to the manual design procedure, a software-based optimization

platform, based on genetic algorithms (GA) is used. It will not be the objective of
this section to describe the functionality of this tool, but rather to give a brief overview

7 Ky, p represents iy, pCox.
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of the optimizations carried out. More information on this tool can be found in [161].
Two different combinations were employed on the platform. Initially, the GA was
combined with a frequency-domain analysis with results presented in [47]. Given
that a prototype amplifier is to be integrated, a time-domain approach had to be
followed.

Time-domain optimization can significantly simplify the calculus for circuit opti-
mization of superior order topologies (more than three poles) and provide accu-
rate results when compared to electrical simulation. With this methodology, besides
current consumption, output swing and eventually noise, the only specification to
consider is the settling time and the respective settling accuracy. Analyzing the step
response of the circuit-under-optimization, it becomes relatively straightforward to
obtain a single key performance indicator that encloses all the traditional frequency
domain indicators, such as DC gain, GBW, g, and PM.

For the amplifier presented here, the GA individual format consists of the dimen-
sions (W and L) of the transistors of the amplifier, as well as, the compensation
capacitances. During optimization, some of the design constraints (as enumerated
before) are taken into account to limit the search design space. Moreover, each opti-
mization individual is classified by a fitness value, which results from the compari-
son between the behaviour of each circuit parameter and the desired specifications.
Hence, each circuit parameter is compared by means of a partial fitness, f;, which
may assume three forms, depending on the desired type of optimization goal: maxi-
mize, minimize, or target (bounded) value, respectively represented by

Pi
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where p;,... ., represents the desired value, p; is the current performance parameter
value achieved by the individual being evaluated, and w; represents the weight (or
importance) assigned to the respective indicator in the fitness calculation.
Considering the frequency-domain approach, the following fitness function is
employed
fitnessfreq. = fApc SJGBW SPM 1,001 JOS (4.36)

where f; represents the partial fitness of each performance parameter defined below:

fapc the DC gain, to be maximized,

foBw, the gain-bandwidth product, to be maximized,
/M, the phase margin, to be bounded,

frtotal, the total current consumption, to be minimized,
fos., the output swing, to be maximized.
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For the time-domain optimization, the fitness is simply given by

fitnesstime = fSetting 100 JOS 4.37)

where fse111ing 18 defined as the differential output voltage settling time for a specific
settling accuracy, given a small-signal input step (*100mV). Parameter fsess/ing is
to be minimized. It should be clear that using the time optimization methodology, the
classification process is more simple, with the fitness function considering only the
settling time (for a given settling accuracy). Moreover, intuitively, a simplified fitness
function helps the optimization algorithm converge faster to a better final solution.



Chapter 5
Design of a 7-bit 1 GS/s CMOS Two-Way
Interleaved Pipeline ADC

Abstract This chapter discusses the design of a 7-bit 1 GS/s time-interleaved
pipeline ADC, implemented in a standard digital 0.13 pm CMOS technology. All the
sub-blocks used in the design of the ADC are also described in this chapter. Further-
more, specifications for the design and the architecture of the ADC are presented.
One of the main objectives of this work was to integrate the proposed current-mode
reference shifting (CMRS) MDAC circuit (Sect. 3.2) and verify its functionality in
a working ADC structure. As secondary objectives, the proposed amplifier and flash
quantizer (Chap. 4) circuits are also to be integrated in this prototype, in order to
verify their performance, functionality, and usefulness in a pipeline ADC environ-
ment. Notice that, with the integration of both the proposed CMRS-MDAC and flash
quantizer, the designed ADC precludes reference voltage circuitry, such as voltage
buffers, decoupling capacitors, and damping resistors.

5.1 Specifications

The designed ADC prototype was not specified for any particular application.
Nevertheless, specifications for the design were given and consisted mainly in prov-
ing the functionality of all the proposed circuits described in Chaps.3 and 4, show-
ing their potential in achieving high energy-efficiency in the design of MDAC-based
ADC:s. The target specifications for the ADC’s implementation are given in Table 5.1.

5.2 Architecture

As mentioned in Table 5.1, a pipeline architecture has been selected to implement
the ADC. To relieve the speed requirements of each building block, a two-channel
time interleaved architecture is used. Although the time-interleaved structure itself
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Table 5.1 Targeted specifications for the designed ADC

Parameter Target
Architecture Pipeline
Structure Fully differential
Technology 0.13 pm Single-Poly 8-Metal
HS RFCMOS Process
Supply Voltage 1.2V
Reference 0.5V (differential)
Signal Bandwidth Nyquist
Input Signal Full-Scale Range 1Vpp
Input Signal CM Voltage 0.55V
Resolution 7-bits
Sampling Rate 1GS/s
ENOB @ Nyquist >5bits
INL +0.5LSB
DNL +0.5LSB
—»pD Synchronization & Digital Correction Logic —> _
Fs/2 w2 B
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Fig.5.1 Block diagram of the selected architecture for the two-way time-interleaved pipeline ADC

brings other difficulties to the design of the ADC, its benefits outweigh its drawbacks.
A simplified block diagram of the overall architecture of the implemented ADC is
shown in Fig.5.1.

Concerning the analog part of the system, it is composed of a distributed front-end
sample-and-hold (S/H), followed by five 1.5-bit stages and final 2-bit stage. The S/H
is distributed to relax its specifications. Although time-interleaved timing mismatch
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issues would be solved with a single S/H, designing one for 1 GS/s with Nyquist
bandwidth would consume a lot of power and would make the timing scheme more
complex. The S/H amplifier (SHA) is shared between channels to reduce power
consumption. Each 1.5-bit stage employs the proposed CMRS-MDAC and 1.5-bit
flash quantizer. To reduce power consumption, the amplifier (based on the design
of the one proposed in Sect.4.2), and reference shifting biasing circuit are shared
between channels. The final stage is composed of a 2-bit flash quantizer which is
based on the proposed architecture of Sect.4.1. An on-chip analog buffer is used to
buffer the common-mode voltage (V¢ ) of the ADC.

Regarding the digital part of the system, the stages’ output bits are synchronized
and digital correction logic is used to correct for any possible errors. At the output,
a decimator is used to reduce the rate at which the bits are outputted (given the
high sampling rate) and finally, output buffers hold and drive the output bits. A
nonoverlapping phase generator is used to produce the two main nonoverlapping
clock signals with accurate phase shift.

5.3 Implementation Details

5.3.1 Sample-and-Hold

The architecture of the front-end sample-and-hold (S/H), as shown in Fig.5.2, is
based on the flip-around structure [181]. Fig.5.2 depicts the fully differential cir-
cuit with multiplexer switches (found at the amplifier’s input, S3), which are used
to switch the shared amplifier between channels. During the sampling phase, the
input voltage is sampled on the capacitors. During the hold phase, the capacitors
are connected between the input and output of the amplifier, and the output voltage
becomes the sampled input voltage minus an error, mostly due to finite gain and
GBW of the opamp. All switches are made of small NMOS transistors (sizes given
in Table 5.2) controlled by a clock-bootstrapping scheme, which allows achieving the
necessary early phases (indicated in Fig. 5.2 by 1°) for signal-independent sampling.
This scheme is discussed further on in this chapter.
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Table 5.2 Switch sizes used in the S/H stage

Switch Type Size W/L (jum/pum)
S1,S3 NMOS 6/0.12
S2, S4 NMOS 3/0.12
Voo
(a) (b)
(47/0.]8) M1 })—" VC;‘W2
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Fig. 5.3 Sample-and-hold amplifier: a Circuit. b Time-interleaved SC-CMFB circuit. Transistor
sizes are given in m

The capacitance value of the flip-around capacitors is 400 fF each. This value has
been chosen in order to set the ADC’s thermal noise power below half the ADC’s
quantization noise power. The amplifier used in the S/H is a single-stage inverter-input
self-biased OTA, as depicted in Fig.5.3a. Basically it is a single-stage version of the
amplifier described in Sect.4.2. It is identical to the output stage of that amplifier, in
the sense that it has the same architecture, and the circuit is biased and the output CM
level is controlled by the common-mode voltage (Vcys2) generated by the dedicated
SC-CMFB circuit. This time-interleaved SC-CMFB circuit has a fixed load (C>) and
switched load (C) as shown in Fig. 5.3b. The sizes of the transistors and capacitance
values are given in Fig.5.3. Figure 5.4 depicts the open-loop Bode diagrams of the
amplifier over PVT corners.! Table 5.3 summarizes the simulated performance of
this amplifier for the typical corner.

! Corners considered: 1, ss, and ff for process; 1.2 V£5 % for supply voltage, and —40°, 27°, and
85° for temperature.
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Fig. 5.4 Bode diagrams of
the S/H amplifier over PVT
corners
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Table 5.3 Key performance summary of the S/H amplifier
Parameter Value
Open-loop DC gain 26dB
GBW*“ 3.7GHz
Settling time? (0.1V step) 249 ps
Settling time* (1V step) 314ps
Phase Margin® 90°
Output Swing 1.3V
Slew Rate 5400 V/s
Total Input Offset 2.8mV
Power @ 1.2V 986 W W

4Cp =400 fF

5.3.2 CMRS Multiplying-DAC

The MDAC architecture adopted for all stages of the implemented pipeline ADC was
the 1.5-bit CMRS-MDAC presented and previously discussed in Sect. 3.2. Given that
this MDAC circuit has already been fully detailed before, it will be the objective of this
section to outline the design of the implemented 1.5-bit pipeline stage, discussing
its time-interleaved operation with shared amplifier and shared reference shifting
biasing (RS Bias) circuit, and indicating the alterations made to the original MDAC
circuit. The amplifier, CMFB, and flash quantizer used in the stage will be discussed
further on in this chapter.

The simplified block diagram of the implemented pipelined stage is shown in
Fig.5.5. The only blocks of interest here are the RS Bias and MDAC blocks. Figure 5.5
shows (shaded in grey) the blocks shared between the channels, which are the RS
Bias and the OTA. First the MDAC then the RS Bias circuit will be discussed.
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The unity feedback factor CMRS-MDAC circuit is repeated for convenience in
Fig.5.6a, illustrating the alterations made to the original circuit (Fig.3.5a). These
changes basically consist of removing C3 and two switches, and adding switches
S4 and Sg. It should be noticed that two switches still remained from the original
compensation circuit, as they were sufficient for parasitic compensation (using C 1)
at the 7-bit level. This type of compensation is sufficient up to 8-bit accuracy, whereas
for 9-bit accuracy (and above), C3 and all switches (with adequate matching) should
to be used. Switch S4 was added as a multiplexer given that the amplifier is shared
between channels and Sg was used to short-circuit the amplifier’s inputs, destroying
any residual charge, thus minimizing the memory effect due to the amplifier’s input
capacitance. ¢, is a very short pulse that is only high between the ending of the
sampling phase and the start of the residue amplification phase (see Fig.5.6b for an
idea). Parasitic compensation was initiated at the design level by balancing switch
sizes, but careful layout and iterative parasitic extraction ultimately dictated the
process in which parasitic balancing was achieved. It is important to mention that
this process, and therefore, the parasitic-aware layout of this MDAC circuit became
quite intensive.

A timing diagram and the waveform of the output voltage of the MDAC are shown
in Fig. 5.6b, c, respectively. After signal independent sampling takes place, the main
capacitors of the MDAC are associated in series for the gain of two. This occurs,
until the flash quantizer has made its decision, and X, Y, or Z is fed to the MDAC. In
the case of X or Z, reference shifting occurs, which is illustrated in Fig. 5.6¢ for both
modes. If too much time is given to the quantizer, the output of the amplifier could
increase to beyond its output swing (because of the gain of two), driving its transistors
into the triode region causing distortion. In the implemented ADC the quantizer’s
decision time was minimized, which helps the amplifier stay in saturation and also
less current is needed for reference shifting because more time is available. From
Fig.5.6b, the residue amplification phase starts when ¢, rises and ends when the
residue is sampled by the following pipelined stage (¢1’). Therefore, in terms of
output voltage waveform, the output can be exponential if the stage is in ¥ mode or
it can be a ramped signal in the other operation modes (shown in Fig.5.6c).
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Fig.5.6 Unity feedback factor CMRS-MDAC: a Circuit diagram. b Timing diagram of operations
¢ Output waveform of the opamp in X and Z modes

The dimensions of all the switches and capacitance values for the implemented
MDAC are given in Table 5.4 (see Fig.5.6a for parameter names). The capacitance
value of 150 fF was chosen for two reasons: to guarantee that the thermal noise was
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Table 5.4 Parameter values used in the MDACS. Switch widths are in um (lengths of all transistors
are set to 0.12 wm)

Device Type Value

S NMOS 5

S, 83 NMOS 1

Sy NMOS 0.64

Ss NMOS 0.32

Se NMOS 0.64

S7 ATG? 0.64/1.15°
Sg NMOS 2

All capacitors MOM 150 fF

2 Asymmetrical transmission gate ® NMOS/PMOS

below the quantization noise and for the equivalent series capacitance® to be large
enough so that the feedback factor was not noticeably affected by the amplifier’s
input parasitic capacitance, therefore maintaining a high (>0.8) feedback factor of
the MDAC'’s configuration. MOM capacitors were employed in the MDAC for a
better parasitic capacitance compensation and for reduced area (compared to MIM
capacitors). As can be seen in Table 5.4, the MDAC’s switches are all NMOS tran-
sistors because, similar to the S/H stage, all 1.5-bit MDAC stages also employ a
clock-bootstrapping scheme to control the stage’s switches (discussion of this topic
is given further on). This scheme also generates early phases (indicated in Fig.5.6a
by 1) for signal-independent sampling.

5.3.2.1 Reference Shifting Bias

Regarding the RS Bias block of Fig.5.5, as shown at transistor level in Fig.5.7, it
consists of NMOS and PMOS cascoded current mirrors and current sources. The
objective of this circuit is to generate /p (for sourcing) and I (for sinking). Given
the prototype and proof-of-concept nature of the implemented ADC, the currents for
the current mirrors were generated and controlled off-chip (through R.,s and Rp)>.
Due to the high speed operation of the ADC, the currents never turn off. They are
always steered to one MDAC or the other* (because the MDACS operate in opposite
phases), or in the situation where the operation mode is Y, the current is steered from
Ip directly to Iy (see Fig.5.6a for a better understanding). Given that the current
sources connect to the amplifier’s inputs in X and Z modes (for reference shifting),

2 Occurs during the amplification phase, where Cy; and C»;, j = {1, 2} are associated in series,
and the equivalent capacitance becomes half the unit capacitance (150fF), i.e., becomes 75 fF.

3 Notice that, in a future design of this ADC, as an intellectual property (IP) product, these two
currents would be generated on-chip either using an SC reference current generator [165] or using
areplica MDAC together with a servo-loop (see Appendix A).

4 The RS Bias circuit is shared between channels to reduce power consumption and circuit overhead,
and therefore provides current for reference shifting for both MDAC:s.
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Fig. 5.7 Reference shifting biasing circuit, including current mirrors and current sources

Table 5.5 Transistor dimensions of the RS Bias circuit

Transistor Size W/L (um/pum)
M 3/1

My, My, Mg, Mg 7.92/0.2

M3, Ms, M7, My 16/0.17

My 3/0.3

My, M3 16/0.12

Mz, M4 7.9/0.16

Decoupling capacitors (MOS capacitors)
Caecn, Cdecp 200 fF

it is important that when the MDAC is in Y mode, the node between Ip and Iy
maintains a voltage close to the amplifier’s input common-mode voltage. This is
crucial to reduce recovery time when the MDAC goes into X or Z mode again.
To help minimize this problem, Vs is connected between the current sources (in
Y mode), therefore avoiding this node from floating and possibly drifting (refer to
Fig.5.6a).

The dimensions of the transistors used in the RS Bias circuit are given in Table 5.5.

5.3.3 Flash Quantizer

5.3.3.1 1.5-bit Flash Quantizer

The flash quantizer architecture adopted for all 1.5-bit stages of the implemented
ADC is the one proposed and discussed in Sect. 4.1. Fig. 5.8 shows its circuit diagram,


http://dx.doi.org/10.1007/978-1-4614-3467-2_4
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Table 5.6 Dimensions and capacitances of the devices used in the implemented 1.5-bit flash quan-
tizer for Vry = £125 mV. Transistor dimensions are given in um

Device Type Value
Mp1, Mp> PMOS 13/0.15
Mp3 PMOS 4/0.24
Ms PMOS 30/0.24
Mpa, Mps PMOS 1.2/0.12
Mpy1, My NMOS 10/0.16
Mpy3 NMOS 8.5/0.16
Maya NMOS 5.5/2
Myp NMOS 1.7/2
My, Mys NMOS 0.32/0.12
S1, 82, 53 NMOS 2.5/0.12
Sa, S5 NMOS 5/0.12
Cs MOM 50fF
Caecn> Cdecp MOS 50fF

which includes the sampling circuit, the D-FFs, the XYZ encoder, and the digital
logic for timing control of the various blocks. Recall, from Fig. 5.5, that each channel
has its own flash quantizer, no sharing of any part of this circuit is done.

The analog part of the flash quantizer with sampling circuit, which is responsible
for comparison, is shown in Fig.5.8a. During the sampling phase (¢1), the input
signal is sampled on the Cg capacitors (signal-independent sampling occurs) and,
simultaneously, the input signal is connected to the quantizer’s inputs, allowing it
to initiate comparison. During the comparison/decision phase (¢;), only the held
signal is connected to the quantizer’s inputs, while the common-mode (CM) voltage
of the input signal (node between capacitors) is connected to the quantizer’s Vs
input. Devices S4, S5, Cgecn and Cyecp (MOS capacitors) have been added to hold
the sampled signal’s CM voltage more constant for the comparison/decision phase.
This phase is divided into various sub-intervals (see ¢, of Fig.5.8d ). First a certain
amount of time is allocated for the quantizer to make a decision, after which the
D-FFs open and the output of the quantizer is held. The circuit adopted for the D-FFs
is shown in Fig.5.8b. The second sub-interval is for the XYZ encoder (Fig.5.8c),
which takes the D-FF’s outputs and clock signals to make a final decision on whether
X, Y, or Z is high. This decision provides the MDAC with valid X, Y, or Z signals
for reference shifting. Therefore, these signals are at a low state during the sampling
phase, because the MDAC of the opposite channel will be in its residue amplification
phase and could be using the RS Bias circuit (recall that the RS Bias circuit is
shared between channels). The timing control circuit and complete timing diagram
of operations are given in Fig. 5.8d.

The dimensions of the transistors, switches, and capacitances used in the analog
part of the flash quantizer are given in Table 5.6 for a threshold (switching) voltage
of £125mV (a full-scale input voltage of 1 Vpp has been specified).
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5.3.3.2 2-bit Flash Quantizer

The last stage of the implemented pipeline ADC is a 2-bit flash quantizer. The
architecture employed is also similar to the 1.5-bit quantizer described in Sect.4.1,
with the exception that this one was sized for threshold voltages of £250mV, and a
simplified version of the 1.5-bit quantizer was adopted for the OV threshold level.
The latter is depicted in Fig.5.9.

Regarding the circuit of the 250 mV flash quantizer and comparing it with the
one shown in Fig.5.8a, switches Sy, S5, and both decoupling capacitors have been
removed, as they were not critical here. Two load capacitors have been added, one
between V;, and Vcyy, and the other between V;;, and Vcyy. These capacitors act
as a load for the stability of the residue amplifier of the previous pipelined stage,
given that the last pipelined stage does not have an MDAC circuit. Regarding the 0 V
threshold quantizer (Fig.5.9), which is in fact just a comparator (only one output is
necessary), the Vcys input has been replaced with a signal input and one of the signal
inverters has been removed. One of the outputs controls the biasing of the circuit,
while the other is the desired output signal. This circuit is very similar to the one
proposed in [10]. The analog part of the 2-bit quantizer is followed by three D-FFs,
similar to the ones shown in Fig.5.8b, and a 2-bit encoder, that generates the two
least significant bits of the ADC. The dimensions of the transistors, switches, and
capacitances used in the analog part of the 2-bit flash quantizer are given in Table 5.7
for the threshold levels of £250mV (see Fig.5.8a for component names) and O V
(Fig.5.9).


http://dx.doi.org/10.1007/978-1-4614-3467-2_4
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Table 5.7 Dimensions and capacitances of the devices used in the implemented 2-bit flash quantizer
for Vrg = £250mV and Vry = 0V. Transistor dimensions are given in pum

Device Type Value

S1, 82, 83 NMOS 5/0.12
Cs MOM 100 fF
CL MOM 100 fF
Vrn = +250 mV

Mp1, Mp> PMOS 9/0.12
Mp3 PMOS 60/0.12
Ms PMOS 30/0.24
Mps, Mps PMOS 0.58/0.12
My, My2 NMOS 60/0.12
Mn3 NMOS 4/0.36
Maya NMOS 6.5/1
Myp NMOS 26/1
Mpys4, Mys NMOS 0.16/0.12
Vg =0V

Mpy, Mpy PMOS 10/0.14
Ms PMOS 14/0.24
Mp3 PMOS 0.58/0.12
Mpn1, M2 NMOS 10/0.14
Maa NMOS 3.3/1
Myp NMOS 3.5/1
Mny3 NMOS 0.16/0.12

5.3.4 Opamp and CMFB

The architecture of the amplifier adopted for all MDAC stages is identical to the
one proposed and discussed in Sect.4.2. This inverter-based self-biased amplifier
was employed given its high speed at low power consumption, i.e., its high energy
efficiency. Given that no structural changes were made to the original amplifier and
CMEB circuits, no circuit diagram will be shown here. The sizes of the transistors and
capacitance values used in the amplifier and CMFB circuits are given in Table5.8.
Refer to Fig.4.12 and 4.13 for device names. The architecture used for SC-CMFB,
CMFB,, is identical to that used in the amplifier of the S/H stage (see Fig.5.3b) given
that this amplifier is also shared between channels.

Fig.5.10 depicts the open-loop Bode diagrams of the amplifier over PVT corners.
Table 5.9 summarizes the simulated performance of this amplifier for the typical
corner.


http://dx.doi.org/10.1007/978-1-4614-3467-2_4
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Table 5.8 Transistor dimensions and capacitance values used in the implemented amplifier and
CMEFB circuits. Transistor dimensions are given in pm

Device Type Value

My PMOS 7.94/0.28
Mi2q, Mi2p PMOS 10.72/0.12
My3q, My3p NMOS 8.56/0.12
Misq, Miap NMOS 3/0.95
My PMOS 71.44/0.38
M2zq, Ma2p PMOS 36.28/0.14
M>3q, Ma3p NMOS 20/0.15
Moy NMOS 64/1.16
M3, PMOS 16.82/0.14
M3, NMOS 15.84/0.13
M33 PMOS 17.92/0.13
M3y NMOS 8.68/0.13
Cca, Ccp MOM 90 fF

Cem MOM 120 fF
CMFB,

Cy MOM 90 fF

C MOM 250 fF

All switches NMOS 1/0.12

Fig. 5.10 Bode diagrams of
the MDAC amplifier over
PVT corners
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5.3.5 Switches and Clock-Bootstrapping Circuits

As already mentioned before and shown in the tables that indicate information about
the switches used in the various blocks discussed until now, most switches are simply
NMOS transistors. In a pipelined stage, the only switches that are not NMOS-only
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Table 5.9 Key performance summary of the amplifier used in the MDACs

Parameter Value
Open-loop DC gain 45dB
GBW? 2.3GHz
Settling time® (0.1V step) 511ps
Settling time? (1V step) 736 ps
Phase Margin® 57°
Output Swing 1.4V
Slew Rate 3400 V/s
Total Input Offset 4.1mV
Power @ 1.2V 1.18 mW
4Cp = 600fF

are those used to steer the current for reference shifting in the MDAC circuits, which
are ATGs (asymmetrical transmission gates) controlled by the X, Y, and Z phases.
Using small NMOS-only switches is made possible by driving all switches with
bootstrapped voltages. A block diagram of the scheme that makes this possible is
shown in Fig.5.11a, accompanied by a timing diagram given in Fig.5.11b. The
main clock generator (described in the next section) generates two nonoverlapping
clock phases, ¢; and ¢». Both phases are connected to each stage, where they are
regenerated and bootstrapped phases are produced to be used by all blocks in the
stage. The block diagram of Fig.5.11a only depicts the blocks used for one main
phase. Therefore, each stage has two of these blocks. Circuit operation is as follows:
the three inverters regenerate and delay the original main phase (¢). This phase and
its inverted counterpart (¢,) connect to one clock-bootstrapping circuit, which is
responsible for creating the early phase, ¢p. (‘B’ for bootstrapped and ‘e’ for early).
The remaining inverters are used to delay ¢ even more, creating ¢4 and ¢g4,,. These
connect to the other bootstrapping circuit, which creates ¢p. The delay between ¢
and ¢, is sufficient to create a delay between ¢p, and ¢p for signal-independent
sampling. Given that only bootstrapped phases are used to drive all switches, the
input of the clock-bootstrapping circuits could not be any specific signal voltage, it
could only be a DC voltage. This voltage, Vcp, was set to 1V, and was generated and
controlled off-chip for testability purposes. The timing diagram of Fig.5.11b shows
the bootstrapped and early phases used in each pipelined stage.

The circuit adopted for both clock-bootstrapping blocks is shown in Fig. 5.12 [41].
Given that each bootstrapping circuit drives a different number of switches, hence
a different capacitive load, they have different transistor sizings, which are given
in Table5.10. Figure 5.13 depicts the simulated result of each clock-bootstrapping
circuit, illustrating the nonoverlapping, rise and fall times, and the noncritical overlap.



132

Fig. 5.11 Implemented
clock-bootstrapping scheme:
a Block diagram. b Timing
diagram

Fig. 5.12 Clock-
bootstrapping circuit. PMOS
and NMOS transistors with
undefined bulk have their bulk
connected to Vpp and Vg,
respectively

5.3.6 Clock Generator
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The clock generator adopted for the ADC was the conventional nonoverlapping
clock generator [105], which synthesises the two main phases, ¢1 and ¢,. The circuit
diagram of the clock generator is shown in Fig. 5.14a. Each digital block of the clock
generator was sized with the help of Monte Carlo simulations in order to reduce
clock jitter and guarantee equal duty-cycle, given the high-speed and time-interleaved
nature of the converter. Both main phases connect to each stage of the converter where
they are buffered and bootstrapped phases are created as described in Sect.5.3.5.


http://dx.doi.org/10.1007/978-1-4614-3467-2_5
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Table 5.10 Transistor dimensions used in the implemented clock-bootstrapping circuits. Dimen-

sions are given in pm

Transistor Size
Clock-bootstrapping circuit ¢p

My, Ms 20/0.12
M; 30/0.12
M3, My, My 14/0.12
Me, M7 5/0.12
My 7/0.12
Mo 10/10
Clock-bootstrapping circuit ¢ge

My, Ms 12/0.12
M»> 16/0.12
M3, My, Mg 12/0.12
Me, M7 3/0.12
Mo 6/0.12
Mo 9/9
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Fig. 5.13 a Simulated timing diagram of the clock-bootstrapping circuits’ outputs. b Zoom of the
timing diagram

Fig.5.14b depicts the simulated result of the two synthesised phases of the clock
generator. The rise and fall times are approximately 50 ps and the nonoverlapping
time is 80 ps (measured at 0.1 V).



134 5 Design of a 7-bit 1 GS/s CMOS Two-Way Interleaved Pipeline ADC

1.5 2 2.5 3 3.5 4
Time, ns

Fig. 5.14 Nonoverlapping clock generator: a Circuit diagram. b Simulated timing diagram

Table 5.11 Performance summary of the on-chip common-mode voltage buffer

Parameter Value
Open-loop DC gain 20dB
GBW? 25MHz
Phase margin (PM)?* 95°
Total Input offset 9mV
Power @ 1.2V 1.5mW
Fixed load (filter) 100 pF
2Cr = 100pF

5.3.7 Common-Mode Voltage Buffer

The common-mode voltage, Vs, used throughout the converter is generated off-
chip (for testing flexibility reasons), brought on-chip, and buffered internally. The
circuit diagram of the amplifier used in the buffer is shown in Fig.5.15, which rep-
resents a single stage cascode PMOS-input circuit. It was configured in a unity-gain
configuration to buffer V. In order to limit the amplifier’s output noise and stabi-
lize its output voltage (due to the periodic clocking), the amplifier was loaded with
a decoupling capacitor composed of two MOS capacitors (one PMOS capacitor and
one NMOS capacitor) with a total capacitance of, approximately, 100 pF.
Table5.11 summarizes the electrically simulated performance of this amplifier.
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Notice that this buffer has been sized targeting the maximum conversion rate of
1 GS/s and its power dissipation does not scale with the clock frequency. Again, in
a future redesign of this ADC as an IP, an on-chip SC current reference generator
would also be integrated and Rp;,s would not be required.

5.3.8 Digital Backend

The digital backend of the converter is primarily composed of synchronization logic,
digital correction logic, and digital output buffers. Given the high speed nature of
the converter, two protective measures were adopted for acquiring the output bits.
One measure employed two random access memories (RAMs), one for each channel,
where the output bits are written to the RAM at full clock speed and then brought off-
chip at a much lower frequency. The second measure consisted of a time-interleaved
decimator, where the output buffer is clocked at a lower rate (decimated rate) and
the bits are brought off-chip at this lower frequency. A digital input, SEL, was used
to switch between both modes. The decimator will be discussed in the following
section, and no more references to the RAM will be made, since it was not found
necessary during testing. As already explained in the introductory chapter of this
book, the digital outputs of each stage (Y and Z) need to be synchronized before
digital correction. The synchronization logic block diagram is depicted in Fig. 5.16a.
This circuit is composed of shift registers, which consist of D-FFs, and delay and
buffering logic. All inputs connect to their respective D-FFs and the final outputs
connect directly to the correction logic. The input clock is generated by the flash
quantizer of the first MDAC stage (of the pipeline). This allows the synchronization
logic to know when the bits, of each stage, are ready to be saved (clocked).

As mentioned, the output bits when time-aligned, are connected to the correction
logic. This circuit is composed of a serial sequence of 1-bit full adders which produce
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Fig. 5.16 Digital backend: a Synchronization. b Correction logic

the final (and corrected) digital outputs. The block diagram of this circuit is shown
in Fig.5.16b. Finally, the outputs from the correction logic are fed to the output
buffer circuit. Here the bits are held using a bank of D-FFs followed by two cascaded
inverters for buffering. The input clock to this circuit is generated and controlled by
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Fig. 5.17 Block diagram of the time-interleaved decimator

the decimator. If the decimator is selected to be used, a lower frequency clock is
generated and fed to the digital output block. In this way the circuit is clocked at
a lower frequency, hence the decimation effect. If the RAM is selected, the buffer
circuit is clocked at full speed, and the bits are written to the RAM.

Due to time-interleaving, two of each of the above mentioned circuits, except for
the decimator, had to be employed.

5.3.9 Decimator

The high speed nature of the implemented converter demanded for a decimator at the
output to reduce the rate at which the bits are outputted, therefore facilitating data
acquisition through external measurement equipments. This section describes the
implemented time-interleaved decimator. The objective of this circuit is to discard
samples but in a time-interleaved way, i.e., acquire a sample from one channel,
then discard samples, then acquire a sample from the other channel, then discard
samples, after which the process repeats itself. A time-interleaved decimator had to
be implemented because using one conventional decimator [67] per channel, causes
the equivalent to a timing mismatch error in the output FFT. In other words, when the
outputs of each channel (separately decimated) are interleaved for post-processing,
a timing error occurs, with a similar effect in the FFT to a timing mismatch error of
time-interleaved ADCs.

The time-interleaved decimator, as described by its block diagram in Fig.5.17, is
composed of a 4-bit counter, and logic to control the reset and clock signals. The reset
signal is used to restart the counter, while the clock signals (¢;_puise) are used to clock
the digital output buffers with a lower frequency clock. In order to synchronize the
output clock signals with the rest of the circuit’s clocking, two D-FFs are used. The
counter circuit diagram is shown in Fig. 5.18a, which is composed of four cascaded
JK flip-flops (JK-FF). Besides counting, this circuit also serves to divide the main
clock (¢1 was used) frequency by 16, which is then sent off-chip to synchronize
the logic analyzer for data capture (D3 of Fig.5.18a was used). The implemented
converter has two channels, which means that a digital word is outputted every edge
of ¢1, i.e., when ¢; falls, a digital word from channel 1 is ready, when ¢ rises,
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Fig. 5.18 Circuit diagrams of: a 4-bit counter. b JK-FF with synchronous reset. ¢ D-FF with dual
edge triggering circuit with synchronous reset

coinciding with ¢, falling, a digital word from channel 2 is ready. Therefore, the
JK-FFs need to count both falling and rising edges of ¢, and to this end, dual edge
triggered (DET) JK-FFs have been used, as depicted in Fig. 5.18b. In the composition
of a JK-FF is a D-FF with synchronous reset, as shown in Fig. 5.18c. The circuit that
allows the dual edge triggering is illustrated in Fig.5.18c [116].

To sum up the decimator’s operation: it counts 14 edges (rising and falling) of
¢1 and on the 15th clock edge, it signals the output buffer of channel 1 to hold the
digital word at its input. The decimator is then reset and after 14 counts it signals
the output buffer of channel 2 to hold the next digital word. The decimation factor is
15, which is an odd number because an even number would cause the decimator to
constantly clock the same channel. Therefore, the decimator ‘ping-pongs’ between
channels. When the output samples are time-interleaved during the post-processing
stage (FFT, etc.), they will be in the correct order, and coherent sampling will not
have been lost, nor timing errors will appear in the FFT.
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Fig. 5.19 4096-point FFT
of the electrically simulated
7-bit 1 GS/s pipeline ADC for
a 20MHz input

5.3.10 Complete ADC
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To finalize this chapter, the dynamic performance of the complete ADC is evaluated.
An electrically simulated 4096-point FFT of the 7-bit ADC operating at 1 GS/s with
a -1dBFS 20MHz input signal (for typical conditions) is shown in Fig.5.19. The
ADC obtains a SFDR of 47.8dB and an SNDR of 39dB, which leads to a 6.2bit
ENOB. At this sampling frequency, the total reference shifting current per stage is
68 LA and the total power consumption of the ADC is 19.5 mW, which results in a

FoM of 265 fJ/conv.-step.



Chapter 6
Integrated Prototypes and Experimental
Results

Abstract This chapter discusses the implementation of two integrated circuit (IC)
prototypes with the objective of evaluating their performance and functionality. The
first circuit concerns the two-stage inverter-based self-biased amplifier presented
and described in Sect. 4.2 The second prototype concerns the 7-bit 1 GS/s two-way
interleaved pipeline ADC, which was presented in Chap.5. For each prototype, a
floorplan and layout will be shown, and some design and layout considerations will
be given. Equally, the designed printed circuit board (PCB) and the respective test
setup used for each circuit evaluation will be presented. Each IC prototype section will
end with the experimental results achieved and a comparison will be carried out with
the state-of-the-art. Regarding the technology employed to design and implement
the circuits, a standard digital 0.13 wm 1.2V 1P-8M CMOS process has been used.
No special device options such as, low- or high-Vr, twin- or triple-well or low
leakage devices, etc., were used. For capacitors, the technology’s Metal-Insulator-
Metal (MIM) capacitors, MOS capacitors, and our design group’s proprietary Metal-
Oxide-Metal (MOM) capacitors were used.

6.1 Two-Stage Inverter-Based Self-Biased Amplifier

To validate the theoretical results derived in Sect.4.2, an optimization using the
technique also described in the referred section, was carried out. The DM settling
time at 0.024 % error (12-bit accuracy) was set to 150 ns for a capacitive load of 4 pF.
Due to thermal noise constraints related with the target application, the minimum
value for C¢ was set to 0.5 pF. No common-mode (CM) settings were defined, the OS
was maximized, the power dissipation minimized, and the amplifier was optimized
to provide stability for closed-loop gains higher than 2. The CM voltage of the input
signal and V0 were set to 550mV. The value of Vo is obtained by taking half the
lowest supply voltage (considering =10 % variations), i.e., Veyo =~ 0.9 x Vpp/2.

M. Figueiredo et al., Reference-Free CMOS Pipeline Analog-to-Digital Converters, 141
Analog Circuits and Signal Processing, DOI: 10.1007/978-1-4614-3467-2_6,
© Springer Science+Business Media New York 2013
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Table 6.1 Transistor dimensions, and capacitor and resistor values used in the implemented ampli-
fier and CMFB circuits. Transistor dimensions are given in pm

Device Type Value
My PMOS 209/5.2
Mi2q, M12p PMOS 225/1.6
Mi3a, M13p NMOS 50.9/0.9
Misy, Miap NMOS 22.8/0.3
M» PMOS 62.9/8.6
M2zq, Ma2p PMOS 80.4/0.7
M>3q, Ma3p NMOS 194/1.2
Moy NMOS 12.6/1.7
M3, PMOS 103/1.5
M3, NMOS 5.4/1.4
M33 PMOS 103/1.5
M3y NMOS 5.4/1.4
Ccas Ccop MIM 510fF
Cem MIM 510fF
CMFB

CcmFB MIM 100 fF
Rcmrs Nonsalicide P+ Poly Resistor 50k$2

Table 6.1 summarizes the device sizing of the implemented amplifier (see Fig. 4.12
for device names). All capacitors were implemented using MIM capacitors and the
resistors (for the CMFB circuit) were implemented with nonsalicide P+ poly resistors
(readily available, as a standard option, from the technology).

6.1.1 Floorplan and Layout

Figure 6.1 shows the floorplan, the layout, and the chip photograph of the imple-
mented amplifier. Figure 6.1c highlights the amplifier core, the on-chip continuous
time CMFB circuit, the compensation capacitors Cc, and the CM stabilization capac-
itor Cc s (half on each side of the amplifier). The total area occupied by the amplifier,
with compensation capacitors and CMFB, is 179 x69 jum?. To facilitate the measure-
ment stage of our design a continuous time CMFB circuit was implemented. This
on-chip CMFB substitutes the SC-CMFB, circuit of Fig.4.13a, but has the same
purpose and consists of a 100 fF capacitor in parallel with a S0k$2 resistor loading
each output, connected at a common voltage, which represents Vo (see Fig. 6.3a
for an idea). Due to this resistance value, the CMFB circuit slightly reduced the
amplifier’s DC gain.


http://dx.doi.org/10.1007/978-1-4614-3467-2_4
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Fig. 6.1 Implementation of the two-stage inverter-based self-biased amplifier: a Floorplan. b Lay-
out. ¢ Chip photograph

6.1.2 Design Considerations

It will be the objective here to briefly describe some considerations taken during the
design and layout of the amplifier. As can be seen in the amplifier’s floorplan, its core
was separated from the rest of the circuit by means of an n-well guard ring. This is
not mandatory because the circuit is entirely analog, nevertheless it is good practice.

Given that the input signals, V;, and V;;, and the common-mode voltage, Vcyo,
are connected directly to the gates of the transistors, special precautions had to
be taken. This was necessary to avoid electrostatic discharge (ESD) issues. These
discharges can seriously damage transistors, leaving them useless or with erroneous
functionality. To protect the amplifier, two cascaded ESD protection circuits were
used. The primary circuit was composed of two RF ESD diodes, one connected from
Vs to the signal voltage and the other from the signal to Vpp. The secondary ESD
protection consisted of a 100 §2 resistor in series with the signal and another set of
diodes, but these were implemented using diode connected transistors (NMOS diode
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Fig. 6.2 Designed PCB: a Layout. b Prepared board with chip-on-board soldering of the die

from Vgg to the signal and PMOS diode from signal to Vpp). The protection voltages
were the supply voltages of the amplifier, Vpp and Vsgs.

RF pads have been used to connect the die to the PCB. The pads used for the
signal voltages and Vo were implemented with a minimum size and only the top
four metal layers were used, to reduce the parasitic capacitance to the substrate. For
the supply voltages, larger pads and all metal layers were used to reduce the pad’s
resistance.

6.1.3 PCB and Test Setup

In order to evaluate the performance of the implemented amplifier, a PCB was
designed using EAGLE layout editor. The PCB was designed with only two layers:
top layer for routing and bottom layer for routing and ground plane. The on-board
components used consisted of a voltage reference (ADR440), two low noise opamps
for driving the CM voltages (LMP7732), two 1:1 low frequency wideband transform-
ers for single-to-differential conversion (TTWB3010), and two high speed buffers
to buffer the amplifier’s outputs (AD8000). Given that the circuit-under-test is a
transconductance amplifier and resistive feedback was to be employed for closed-
loop testing, buffers had to be used for the circuit to maintain its DC gain. This
situation introduced a new issue, which was the stability of the complete closed-
loop circuit composed of implemented amplifier and buffers. To maintain stability
and not affect the measurements of the proposed amplifier, the buffers’ closed-loop
poles had to be at least ten times higher than the unity-gain frequency of the imple-
mented amplifier. Therefore the AD8000 buffers with a 1.5GHz bandwidth were
used. Figure 6.2 illustrates the designed PCB, and the prepared board with soldered
components and chip-on-board preparation of the die.

The test setup used to characterize the performance of the amplifier is shown in
Fig.6.3. This setup was adapted from a Texas Instruments fully differential amplifier
THS4521D evaluation module [164]. In Fig. 6.3a a circuit diagram of the amplifier in
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Fig. 6.3 Test setups for the amplifier evaluation: a Closed-loop circuit diagram. Setups for b
open-loop frequency response, ¢ step response, and d output noise measurement

closed-loop form is shown. For resistors R 1,2 and Ry, a value of 100 £2 was used.
Fig. 6.3b shows the setup used to obtain the Bode diagrams (magnitude and phase) of
the open-loop gain. The step response of the amplifier was evaluated with the setup
of Fig.6.3c, and finally, Fig. 6.3d shows how the output noise was measured.

The test equipment used to measure the frequency response, the time response,
and the noise is given below:

e HP 4195A Network Analyser: frequency response;

Tektronix AWGS510: generate input signals for step response;

Tektronix TDS3052 Oscilloscope: observe output signals from step response;
Rohde&Schwarz FSV Signal Analyser: noise measurements;

Tektronix P6247 Differential Active Probe (and Tektronix 1103 Probe Power Sup-
ply): probe differential signals;

Agilent 6624A DC Power Supply.
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Fig. 6.4 Amplifier’s open-loop magnitude and phase Bode diagrams

6.1.4 Experimental Results

Following the test setups described in the previous section, the amplifier’s fre-
quency response, step response, and noise were characterized. The measured open-
loop magnitude and phase Bode diagrams of the amplifier are shown in Fig.6.4.
For these measurements the amplifier was in unity gain configuration and the active
probe was connected to the amplifier’s inputs (V04 and V;,04). The AC response
was then measured between the output of the setup and the amplifier’s inputs
(Voa/(Vipoa — Vinoa))- Due to this setup, the amplifier’s inputs were loaded with
an extra 200ks2 || 1.0 pF impedance, while the amplifier’s outputs were loaded with
the RF pad, the PCB trace (parasitic capacitance much larger than initially antic-
ipated) and the input impedance of the AD8000 (=~ 2M£2 || 3.6pF). This extra
loading degraded the AC response, especially the PM and the unity gain frequency,
which were measured to be less than 45° and 30.4 MHz, respectively. The GBW
was extrapolated to be around 35 MHz. Regarding the low frequency (DC) gain of
the amplifier, over 71 dB was measured, as indicated in Fig. 6.4. The large gain of
the amplifier made it even more difficult to measure, which explains the inaccuracy
of Fig. 6.4 at low frequencies, especially in the phase diagram. Regarding extracted
layout AC simulations of the amplifier over all 27 PVT corners,' the DC gain varied
less than 10 % (£5 dB), the unity gain frequency varied less than 55 % (£16 MHz),

! Corners considered: t1, ss, and ff for process; 1.2 V5% for supply voltage, and —40°, 27°,
and 85 ° for temperature.
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Fig. 6.5 Step responses: a Small-signal. b Large signal

the current consumption varied approximately 75 % (75 pA), and the PM less than
40 % (£ 15 ©). Each parameter was normalized to the result of the typical corner.
To measure the small-signal step response, the loop of the amplifier was closed
with a gain of two and a square wave signal with S0 mVpp (100 mVpp at the output)
at 1 MHz was applied to the setup’s input, with the result shown in Fig.6.5a. Even
with a closed-loop gain of two, the amplifier still denotes some ringing (due to the
unexpected larger output capacitance). Measuring the settling time (7s) proved to be
a difficult task given the limited (8 to 9 bits) vertical resolution of the oscilloscope,
but at 1 % accuracy, the settling time was measured to be approximately 134 ns, quite
far from the (RC extracted) simulated value of 90ns (for 1 % accuracy). Regarding
extracted layout transient simulations in unity-gain configuration (all PVT corners),
the Ty was mostly affected by the ss corner where, in some cases, it was more
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Fig. 6.6 Input-referred noise voltage spectral density

than double the typical corner’s Ts. The longer settling times are mostly attributed
to CM settling issues. For the slew rate measurements, a square wave signal with
350mVpp (700mVpp at the output) at I MHz was applied to the amplifier with the
result shown in Fig. 6.5b. Due to the larger capacitive load, the measured slew rate,
SRT, was 19.8 V/us and SR™ was 19.2 V/us. When compared with the extracted
layout simulation results both slew rates decreased by about 5 V/us. As indicated
in Sect.4.2.2.5, the positive slew rate was slightly higher than the negative one.
The noise of the amplifier was characterized in unity gain configuration by shorting
the inputs to the input common-mode voltage and a 1:1 differential-to-single-ended
transformer was used at the output to measure the differential noise, with the result
given in Fig.6.6. Various averages were taken in order to obtain a more correct
reading. For abandwidth from 3.5 to 80 MHz, the total measured integrated noise was
approximately 122 wVrms. The thermal noise level at 10 MHz was 14.14 nV/v/Hz
(shown in Fig. 6.6). At frequencies around 25 MHz, there is a visible peaking in the
noise characteristic. This is due to the closed-loop peaking, caused by the low PM of
the amplifier. A DC blocking filter was used for protection of the signal analyser, so
the flicker noise could not be clearly observed. The filtering effect (at low frequencies)
of the output transformer is also partly responsible for this. The results of Fig. 6.6 and
the noise values presented here are for the complete test setup including 100 2 Ry
and R, resistors and low-noise buffers used at the amplifier’s output (input-referred
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Table 6.2 Key experimental summary of the amplifier
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Parameter Value

DC gain 71dB

GBW? 35MHz

Settling time* @ 0.1V step 134ns

Settling time accuracy 1%

Phase Margin® 45°

Slew Rate 19.5V/ps
Input-referred Noise 14.1nV/+/Hz
Power @ 1.2V 0.110mW

FoM 1750MHz - pF/mW

4 Cp > 5.5 pF " Assuming a closed-loop gain of two

Fig. 6.7 State-of-the-art two-
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. The noise introduced by these circuits play a small
role in the total measured noise.
Table 6.2 summarizes the key experimental results obtained for this amplifier.

Given that throughout the work of this book, three amplifiers were implemented:

one with measurements of a silicon prototype (the present amplifier, optimized in the
time domain) [50], one used in the ADC (described in Chap. 5), and one presented
at ISCAS2010 (simulated results only, optimized in the frequency domain) [47],
it would be interesting to see their performance compared to the state-of-the-art.
Updating Fig.2.20 by adding the results of these three amplifiers results in Fig.6.7.
It is clearly seen that the performance of the proposed amplifier, even for high GBW
(amplifier marked ‘ADC’), maintains a FoM within the top amplifiers.
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6.2 7-bit 1 GS/s CMOS Two-Way Interleaved
Pipeline ADC

6.2.1 Floorplan and Layout

The floorplan of the complete A/D converter is given in Fig. 6.8a. For a better view
and understanding, a zoom is made to the floorplan of a stage, shown in Fig. 6.8b.
Fig. 6.9 depicts the layout and chip photograph of the complete ADC. Unfortunately,
the only visible objects in the chip photograph were the MIM capacitors and the
metal-8 connections, therefore, the layout has been overlaid on the photograph for
providing a better idea. The core active area of the ADC occupies 840 x 160 um?
=0.134mm?. As can be seen in Fig. 6.9b, a large amount of area is dedicated to the
decoupling of the supply voltages, and the two SRAM blocks.

Table 6.3 gives a list of the pad assignments of the ADC IC prototype.

Five different positive supply voltages were used: VDDM: 1.2V mixed-mode
voltage, VDDA: 1.2V analog voltage, VCC:RAM: RAM supply voltage, VDDD:
1.2V digital voltage, and VCC:PADRING: 3.3V for padring. VCB is the voltage
used for the clock bootstrapping circuits. VINN and VINP are for the differential
input signal. VCM is the common-mode voltage. IVCM is the biasing current for
the Vs buffer. ICASi and IBi (i = {1, ...,5}) are for the biasing currents of the
reference shifting current mirrors. In terms of digital I/Os, CHIOUT< 0 : 6 > and
CH20UT< 0 : 6 > are the output bits of each channel, CLKIOUT and CLK20UT
are the output clocks to synchronize the logic analyser, SEL determines whether the
RAM or the decimator is enabled, RESET resets the RAM controller, and finally,
CLKIN is for the input clock.

6.2.2 Layout Considerations

This section will attempt to detail some of the considerations taken during the layout
phase of the design.

e The layout was made as symmetric as possible, with two main lines of symmetry:
a vertical line between the positive and negative sides of the MDAC’s SC network
(in each stage) and a horizontal line that runs through the pipeline core. The latter
guarantees symmetry between the two interleaved channels. Symmetry of each
building block was also guaranteed. The various circuits were laid out as tight as
possible thus minimizing parasitic capacitances.

e Separate supply lines and separate pads have been used for the analog, mixed-
mode, and digital voltages. The analog voltage lines (Vppa and Vss4) run through
the middle of the pipeline, while the mixed-mode and digital lines were laid out
as far as possible at the top and bottom of the pipeline (see Fig.6.8b). To reduce
the resistance of each voltage line, two wide metal layers running in parallel (M5
and M7) were used.
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Fig. 6.8 Floorplan of the: a complete ADC and b time-interleaved stage

e The Vp voltage (used for clock bootstrapping) was laid out near the digital lines,
also using two wide metal layers running in parallel (M5 and M7). A dedicated
input was used for the V¢p voltage.

e The remaining die area was used to place large decoupling capacitors for the supply
voltages (40 pF each) and Vp (105 pF).



152

Fig. 6.9 a Layout of the
ADC. b Chip photograph with
overlaid layout. Chip area is
1525 x 1525 pm?; ADC core
area is 840 x 160 pm?

e All blocks, analog and digital, were shielded by an n-well guard ring. Special
attention was devoted to: the amplifiers, the analog part of the flash quantizers, the
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biasing blocks, and the switches found at the amplifier’s inputs.
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Table 6.3 Pad assignments of the ADC

1 LCUT 13 ICAS2 25 CH20UT< S > 37 CHIOUT< 6 >
2 VDDM 14 IB2 26 CH20UT< 4 > 38 CLKIOUT

3 VSSM 15 ICAS3 27  CH20UT< 3 > 39  CLK20UT

4 VCB 16 IB3 28 CH20UT<2> 40 GND:RAM

5 VINN 17 ICAS4 29 CH20UT< 1> 41 VCC:RAM

6 VDDA 18 IB4 30 CH20UT<O0> 42 SEL

7 VCM 19 ICASS 31 CHIOUT< 0> 43 RESET

8 VSSA 20 IBS 32 CHIOUT<1> 44  VCC:PADRING
9 VINP 21  RCUT 33  CHIOUT<2> 45 VCC:PADRING
10 IVCM 22 GND:PADRING 34 CHIOUT<3> 46 VSSD

11 ICAS1 23 GND:PADRING 35 CHIOUT<4> 47 VDDD

12 IBI 24  CH20UT< 6 > 36 CHIOUT<S5> 48 CLKIN

e To minimize the timing mismatch, in the S/H all the lengths and couplings of
the clock/phase lines were equalized. The same was performed for the positive
and negative lines of the MDAC that connect to the amplifier’s input switches.
The main clock phase lines, from the nonoverlapping clock generator, were also
matched.

e To adjust the gain of the MDAC, 3 fF capacitors were placed at the MDAC’s critical
nodes (see Cp21,22 of Fig.3.5).

e Dummy block layers were added to the design over all critical circuits, namely:
amplifiers, MDACs’ SC network, flash quantizers’ sampling capacitors, and
CMEB circuits. This was performed in order to avoid the foundry adding lay-
ers (due to metal coverage rules) near or over critical circuits of the converter.

e Regarding the digital backend, the synchronization logic was placed along the
pipeline, to avoid the accumulation of parasitic capacitances on long lines. The
last bank of flip-flops of this block (the time-alignment flip-flops) was placed at
the end of the pipeline. The time-interleaved decimator was placed after the final
2-bit stage in the middle of the pipeline. The correction logic and output buffers
were placed in the middle of the pipeline after the decimator.

6.2.3 PCB and Test Setup

To evaluate the performance of the implemented ADC, a PCB was designed using
EAGLE layout editor. It was designed with four copper layers: top layer for rout-
ing, second layer was a ground plane, third layer was used for the supply voltages,
and the bottom layer had routing and was used as another ground plane. On-board
components consisted of a voltage reference (ADR440), three low noise opamps
for driving the CM voltages (Vcuminpur for the input signal and Ve, for the chip)
and Vep (LMP7732), one 1:1 wideband transformer for single-to-differential con-
version (ADT1-1WT), and a digital buffer (SN74ALVCH16244DL). Four supply
voltages were used on-board, analog 1.2V for the analog and mixed-mode voltages
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(b)

Fig. 6.10 Designed PCB: a Layout. b Prepared board with chip-on-board soldering of the die

of the chip, digital 1.2V for the digital and RAM supplies of the chip, analog 3.3V
for components ADR440 and LMP7732, and digital 3.3V for the digital buffer.
All supply voltages were decoupled globally using capacitors with various capaci-
tance values (10 nF — 10 F), an inductor, and again locally (near the chip) with more
capacitors (of the same values). The CM voltages and Vg were also decoupled with
large capacitors (330 wF). All currents were generated and controlled with variable
resistors. The RESET and SEL signals were controlled with a DIP switch. The PCB
was prepared for chip-on-board soldering of the die.

Figure 6.10 illustrates the designed PCB, and a prepared board with soldered
components and chip-on-board soldering of the die. As can be seen from Fig. 6.10b,
not all the above mentioned components were used. The digital buffer was eventu-
ally bypassed because it caused instability in the PCB’s supply voltages (there was
some difficulty soldering this component which could have caused shorted paths or
damaging of the chip). Bypassing this component was not a problem because the
rate of the output bits was low (due to decimation) and the on-chip digital pads had
enough strength to drive the logic analyser’s measuring pods. A simplified diagram
of the setup employed to test and measure the performance of the ADC is shown in
Fig.6.11. A list of the equipment used during the testing process is given next.

e Agilent 6624A DC Power Supply: supplied the four voltages, 1.2V (analog and
digital) and 3.3V (analog and digital);

Marconi Instruments 2041 and HP 8753ES: generated the input signal;

Stanford Research Systems CG635: generated the clock signal;

Agilent 16702B Logic Analyser: captured the digital data;

Agilent 34401 A Multimeter: voltage verification and current measurement;
Tektronix TDS3052 Oscilloscope: verification of node voltages, input and clock
signals;

Allen Avionics Bandpass Filters: used to filter the input signal;
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Fig. 6.11 Simplified test setup used to measure the performance of the ADC

e Laptop running MATLAB: get data from logic analyser and compute FFT,
DNL/INL, etc.

6.2.4 Employed Methodology for Tuning the Reference Currents

It was not an easy task to define a valid methodology to tune the currents in order to
have the correct reference shifting (RS), which in turn would maximize the perfor-
mance of the ADC. For this task, an ideal pipeline converter designed in MATLAB
was used to arrive at an approximate method for current tuning. Remember that the
currents for the current mirrors of each stage were generated and controlled off-chip,
given the proof-of-concept nature of the implemented ADC.2

The ideal converter, used in MATLAB, was ideal in the sense that no building
block had deviations from its nominal operation, except for the RS currents, which
were under test. The ADC parameters used as a means to determine the converter’s
performance were DNL, INL, SFDR, SNR, THD, and ENOB. The following gives
a brief description of the tested methods:

e Method 1: starts by increasing (in relation to the desired RS values) all RS currents
to approximately the same value. Then, by only varying one RS current at a time

2 Naturally, in a redesign of this ADC, the generation of all required reference currents will be
provided and automatically adjusted on-chip. As mentioned before, this can be achieved through
a SC reference current generator [165] or using a replica MDAC together with a servo-loop (see
Appendix A). Note that, no self-calibration will be required.
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(starting from stage 1) from O to the increased value, determine for which inter-
mediate value, the ADC’s performance is maximized. Naturally, the performance
maximizes when the RS current is at the same value of all the others, i.e., the
increased value. None of the performance parameters gave valid information for
when the RS current was around the desired value.

e Method 2: starts by increasing (in relation to the desired RS values) all RS currents
to approximately the same value. Then, by varying the RS currents of all stages
simultaneously, from O to the increased value, determine for which intermediate
value, the ADC’s performance is maximized. The performance maximizes when
the RS current is at the desired value. This method is nearly perfect, but it depends
on all RS currents being exactly the same for each stage, which would probably
not happen in a real fabricated chip due to thermal noise, mismatch, offset, etc.

e Method 3: is the same as method 1, which starts by increasing the RS currents,
but instead of starting at stage 1, this method starts at stage 5 (the last MDAC
stage). Here the results obtained were approximately the same as in Method 1. No
relevant information is extracted from the performance parameters when the RS
currents are near the desired value.

e Method 4: starts by decreasing all the RS currents to lower values. Starting at
stage 1 (maintaining all other currents constant) and by varying its current from
0 to a value way passed the desired one, the DNL minimizes and the THD and
SFDR maximize when the RS current is at (or near) its desired value. ENOB
maximizes just below the desired value because of the SNR. Maximization of the
THD and SFDR occur for the desired value because, for low RS values, there is a
large amount of distortion due to residue saturation throughout the pipeline, and
by adjusting the RS current of the MSB stage, valid information can be extracted.
Step 2 would be to leave the RS current of stage 1 at the value that maximizes
THD and SFDR (and minimizes DNL), and vary the RS current of stage 2, and so
on.

e Method 5: starts by decreasing all the RS currents to lower values. Starting at stage
5 (maintaining all other currents constant) and by varying its current from O to a
value way passed the desired one, no valid information was extracted. This is due
to the incapability of the least significant stages to produce a substantial (visible)
effect on the ADC’s performance.

During the testing stage of the design, Method 4 was adopted. Testing initiated by
adjusting the input signal (frequency, amplitude and its common-mode value), the
clock frequency, Vs voltage, 1.2V supply voltages, and the currents for the current
mirrors that generate the cascode voltages (Vcas) of all stages. Then Method 4 was
put in action by tuning the currents for the current mirrors that generate the biasing
voltages (Vp), that ultimately determine the amount of reference shifting. Various
iterations of Method 4 were done, i.e., start at stage 1, go on to the next stage until
stage 5, and then return to stage 1 for finer tuning, and so on. This process was
repeated until the ENOB was maximized, which was the final objective.
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6.2.5 Experimental Results

The proposed ADC was designed to operate at a sampling frequency of 1 GS/s. This
rate was only accomplished at the schematic level, where an ENOB of 6.2 bits was
achieved (results shown in Sect. 5.3.10). RC extracted layout simulations showed that
the MDAC’s output characteristic had a nonlinearity when switching from X (or Z)
mode to Y mode and vice-versa. The nonlinearity has mostly to do with the impedance
of the current source, which was not high enough to suppress input signal modulation
at the current source’s output node. Besides this, even harmonics were higher, which
could have resulted from mismatch between the current sources (amplifier’s CMFB
circuit was unable to adjust the differential outputs) and/or different current reference
shifting for X and Z modes. This distortion limited the ENOB to about 4.6 bits at
1 GS/s. Reducing the sampling frequency to 700 MS/s and by solving layout related
and current source issues, it was possible to increase the ENOB to 5.4 bits. Due
to the tape-out deadline, no further corrections and improvements were possible.
Therefore, the best result going into the testing stage of the design, was an ENOB of
5.4 bits at 700 MS/s (with a low frequency input).

After some initial testing of the silicon prototypes, it was clear that the converter
had a duty-cycle error, caused by the lack of an on-chip duty-cycle restorer.3 This
fact in addition to the other mentioned limitations, reduced the maximum achievable
sampling frequency to 640MS/s, achieving a similar ENOB to that of the last RC
extracted simulation. Therefore all the measured results that follow are for Fy =
640 MS/s.

Figure 6.12 illustrates the DNL and INL of the time-interleaved ADC at Fg =
640 MS/s. The results show that a good linearity is achieved with a maximum DNL
of +0.57/ — 0.52 and a maximum INL of 4+-1.12/ — 0.97. The static linearity of the
ADC was measured using a sine wave code density test with 2!8 samples [42].

To measure the dynamic linearity of the converter, a low and high frequency input
signal was used. Figure 6.13a depicts an 8§192-point FFT for an input frequency of
10.7MHz (this particular value was used due to the bandpass filter employed) and
Aj, = —0.5dBFS . Due to decimation by a factor of 15, the frequency axis is
limited to (Fs/2)/15 =~ 21.3MHz. As should be noticed, the noise floor’s range
is quite small, this is because 32 averages were taken for all FFTs. The plot of the
figure indicates the results obtained, as well as, the location of the 2nd to the 6th
harmonics and the time-interleaved (TI) spur. The THD was measured accounting
thirteen harmonics, but only six are shown to avoid loading the plot. The TI spur,
which appears just left of the fundamental, arises due to mismatches between the
gain and timing of the two interleaved channels. At this input frequency, the spur is
low with a power of —57 dB.

3 Although the clock, provided externally by the CG635 clock generator, may have a precise duty-
cycle, the clock input pad (Schmitt-triggered) has unmatched rising and falling times.
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Fig. 6.12 Static linearity test (a)
for Fg = 640MS/s: a DNL ' P
and b INL MaXDNL =0.57

DNL, LSB

INL, LSB

For the high frequency test, an Fs/2 =~ 319MHz, A;, =-0.5dBFS input was
used, with the results depicted in Fig.6.13b. Again, an 8192-point FFT averaged
32 times was used. Comparing the results for the low frequency input, the THD
degraded 1.1dB, the SNR degraded 1.5 dB (mostly caused by the rise of the TI spur),
the SFDR decreased 5.7dB (also limited by the TI spur), which resulted in a final
SNDR of 32.2dB and an ENOB of 5.1 bits. The lack of a duty cycle restorer is well
present in this FFT, as the timing error caused the TI spur to rise, degrading both
the SNR and SFDR. Regarding jitter, by removing the energy of the TI spur from
both FFTs and recalculating the SNR, an equal SNR is obtained, meaning that the
noise floor did not increase (which would have been caused by jitter). Therefore, the
degradation in SNR from a low frequency to a high frequency input is mainly caused
by the TI spur.

The total power consumed by the ADC (including reference circuitry) was
15.5mW which resulted in a FoM of 706 f]/conv.-step. This power excludes the
Ve um buffer (not optimized for 640 MS/s), the digital output buffers, the decimator,
the RAM, and its controller.

Figure 6.14a depicts the SNDR and SFDR for various input signal frequencies
for Fg = 640 MS/s, where a linear degradation is noticeable. Fig. 6.14b depicts the
SNDR and SFDR for various sampling frequencies and f;,, = 1 MHz. The results are
approximately constant for Fg < 640MS/s. The ADC maintains a SFDR above 6 bits
forinput signals up to Fs/2, and above 7 bits for sampling frequencies up to 700 MS/s



6.2 7-bit 1 GS/s CMOS Two-Way Interleaved Pipeline ADC 159

(a) 0
SNR = 35.5 dB

: : THD =-38.0dB | -
m ~20 R S R SFDR = 44.2dB | "7 1
o : : SNDR =336dB |
_aga‘ Hs Hs ENOB = 5.3 bit He
2
=
€
<

-80 i i i ;

0 5 10 15 20
Decimated Frequency, MHz
(b o
SNR = 34.0 dB
: THD = -36.9 dB .
m —20f R SFDR=138.5dB |~~~ " - 1
° Tl : SNDR = 32.2 dB :
. H»
g " Hg ENOB = 5.1 bit |
=
=
g
<

0 5 10 15 20
Decimated Frequency, MHz

Fig. 6.13 Dynamic linearity test for Fg = 640MS/s and A;, = —0.5dBFS. 8192-point FFT for:
a 10.7MHz input and b Fg/2 input

(for low frequency inputs). Regarding ENOB, the ADC maintains approximately 5
bits for sampling frequencies up to 700 MS/s (for low frequency inputs).

Figure 6.15 depicts the total power consumption of the converter and the reference
shifting current per stage for various sampling frequencies. Each figure has an inter-
polation line and its inclination is indicated, showing how the techniques proposed in
this book scale with the sampling frequency. For Fs=640 MS/s the power consumed
was 15.5mW with 57.8 LA per stage used for reference shifting.

The distribution of the power consumption of the overall converter is illustrated
in Fig.6.16, using simulation results obtained for Fg = 640MS/s. The pie chart
shows that, as expected, the opamps are still the most power consuming blocks of
the converter (notice that the pipeline ADC has not been scaled down), followed by
the flash quantizers and the clock bootstrapping circuits. Measurement results show
that 90 % (13.9mW) of the power is attributed to analog and mixed-mode blocks,
while the remaining 10 % (1.6 mW) is used to power digital circuitry. To conclude
this section, Table 6.4 summarizes the key experimental performance characteristics
of the ADC and a comparison with the state-of-the-art is carried out in Fig.6.17
by updating the original data of Fig.2.21. Figure6.17 shows results from CMOS
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Fig. 6.14 SNDR and SFDR versus: a f;, for Fs = 640MS/s. b Fs for f;,, = 1 MHz

ADCs with resolutions of 6-8 bits, with ENOB > 5 bits, and sampling frequencies
>200MS/s. As can be seen in Fig.6.17a, the proposed ADC is situated better (in
terms of FoM) than the average, and ranks fourth in this state-of-the-art. The analysis
of the state-of-the-art must be carried out with some caution, which is well illustrated
by the interpolation line, i.e., as the sampling frequency increases, it becomes difficult
to push the FoM. An interesting example of this would be to only consider ADCs
with Fg >500MS/s, and in this case, the proposed ADC would rank second. In
terms of accuracy (Fig. 6.17b), the proposed ADC drops 1.9 bits for a Nyquist input,
mainly due to the timing mismatch, which becomes the dominant limitation in terms
of dynamic range. Therefore, the performance of the ADC is largely penalized due
to the lack of a duty-cycle restorer.
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Table 6.4 Measured key performance parameters of the ADC

Parameter Value
Technology UMC 0.13 pm CMOS
Resolution 7 bits
Sampling Rate, Fg 640 MS/s
Supply Voltage 1.2V
Input Range 0.8 Vpp—diff.
RS Current per Stage 57.8pnA
Input Capacitance 400 fF
DNL | INL +0.57/ — 0.52LSB +1.12/ — 0.97LSB
SNR (fin = 10.7|1319MHz) 35.5dB 34.0dB
THD13u (fin = 10.7|319 MHz) —38.0dB —36.9dB
SFDR (fi, = 10.7|319 MHz) 44.2dB 38.5dB
SNDR (fi» = 10.7|319 MHz) 33.6dB 32.2dB
ENOB (fin = 10.7|319 MHz) 5.3 bits 5.1 bits
Active Area 0.134 mm?
Power dissipation @ 1.2V 15.5mW
FoM ( fi, = 10.7|1319MHz) 615 fJ/conv.-step 706 fJ/conv.-step
(a) (b)
L e 10°
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Fig. 6.17 The state-of-the-art of 6-8 bit MDAC-based ADCs with ENOB >5 bits and Fs >
200MS/s in CMOS technologies: a FoM versus Fs. b FoM versus normalized ENOB



Chapter 7
Conclusions

7.1 Final Remarks

This book has explored various design techniques with the purpose of enhancing
the power and area efficiency of building blocks mainly to be used in MDAC-based
ADC:s. The developed techniques mostly rely on improving the circuits in the analog
domain, while not using any type of digital or mixed-signal calibration. It was out of
the scope of this book to propose any type of digital assistance schemes or algorithms,
but rather develop novel techniques that improve the technology’s analog capabilities.

To meet this goal a number of analog techniques were developed or used to
enhance the performance of the various circuits proposed in this work. The following
highlights and summarizes the most important:

self-biasing for improved PVT insensitivity;

inverter-based design for improved power/speed ratio, i.e., better efficiency;
unity feedback factor MDACSs for improved efficiency;

capacitor mismatch insensitive MDACs for improved matching;

current-mode reference shifting for MDACs, which eliminate reference voltage
circuitry (including associated buffers and decoupling capacitors), therefore
improving power and area efficiency of the overall ADC.

The combination of some of these techniques allowed designing four circuits,
three of which were integrated in a larger block, demonstrating their effectiveness,
functionality, and performance. These circuits are:

e a 1.5-bit flash quantizer employing self-biasing and inverter-based design;

e an operational transconductance amplifier (OTA) with self-biasing and inverter-
based design;

e an MDAC with unity feedback factor, insensitive to capacitor mismatch, and
current-mode reference shifting capability;

e a multiply-by-two-amplifier (MBTA) with unity feedback factor and insensitive
to capacitor mismatch.

M. Figueiredo et al., Reference-Free CMOS Pipeline Analog-to-Digital Converters, 163
Analog Circuits and Signal Processing, DOI: 10.1007/978-1-4614-3467-2_7,
© Springer Science+Business Media New York 2013
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The first three itemized circuits were integrated in a high-speed medium-low res-
olution pipeline ADC, designed and implemented in a standard 0.13 pm CMOS
technology (without using any special devices or options) with experimental results
given in Sect.6.2. This IC prototype allowed assessing the functionality and per-
formance of these circuits. An IC prototype of the amplifier (exclusively) was also
designed and implemented in the same technology, and tested, with experimental
results given in Sect.6.1.

For each of the mentioned circuits a complete description and various theoretical
analyses are carried out. A comparison with their respective conventional counter-
parts and a final comparison with the state-of-the-art is also performed. Moreover,
advantages and limitations of each circuit is described, and for most of the limita-
tions, viable solutions are given. Finally, simulation results, and in the case of the
amplifier and pipeline ADC, experimental results are presented.

Looking back at the research goals and objectives of this work outlined in the
introductory chapter of this book, practically all goals were accomplished except for
the fact that the performance of the ADC did not push the state-of-the-art as was
initially planned and desired. It was probably too audacious to integrate three novel
circuits into a pipeline ADC, and still expect to push the limit in ADC performance.
Nevertheless, interesting results have been achieved, that prove the practicality, func-
tionality and performance of each of the designed circuits.

In the continuation of this work further research can be carried out in various
aspects of the designed circuits. In particular, the following ideas seem very promising
to pursue.

e Redesign of the pipeline ADC, pushing the 1 GS/s (and beyond) limit, solving all
issues: MDAC’s input-output characteristic nonlinearity and inclusion of a duty-
cycle restorer (or a more sophisticated clocking scheme). Integration of a circuit
that generates the reference shifting currents (e.g., SC current reference generator
or replica MDAC with a servo-loop). Reduce thermal noise of current sources
(for current-mode reference shifting) by adding decoupling capacitors. Remove
the S/H block and scale-down the pipelined-stages to reduce power (for instance,
use one opamp sizing for the first two MDACs and a down-scaled version for
the remaining MDACS). Optimize power of clock bootstrapping circuits and flash
quantizers, as these occupy too much of the total power consumption.

e Target higher resolution (10-12 bit) ADCs, to benefit from the advantages of
the proposed MBTA and MDAC circuits being insensitive to capacitor mismatch.
Simultaneously, the current-mode reference shifting (in the MDAC case) capability
at these resolutions can also be assessed.

e Analyse the portability of the proposed techniques, especially the MDAC, to deeper
sub-micron CMOS nodes, such as 65 and 40 nm.

e Develop a new technique to self-bias both stages of the amplifier, improving CM
speed and stability at the output. This will also lead to a faster differential settling,
possibly improving the amplifier’s efficiency.

e Derive a time domain figure-of-merit (FoM) for multi-stage amplifiers that takes
into consideration the settling time, the settling accuracy, and the input step
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amplitude. This will allow for a better comparison of class-A and class-AB ampli-
fiers, as well as, single and multi-stage amplifier architectures.

e Extend the self-biasing techniques to other circuits, such as, clocking circuits,
digital circuitry, ring oscillators, VCOs, PLLs, RF circuits, among others. Some
of this work has partially been done, such as, clock generators [46], multi-stage
amplifiers with common-gate devices [147], LNAs [38], and ring oscillators [154].



Appendix
Solution for Current Reference Shifting
Integration

The following solution solves two issues of the implemented ADC described in
Chap. 5: integration of the currents for reference shifting and reduction (and
control) of the reference shifting period to allow linear settling before the end of
the amplification phase [127]. As already described in Sect. 3.2, a current-mode
reference shifting technique is employed to substitute the voltage reference
circuits. The objective is to emulate the effect of a reference voltage (Vggr), which
can be achieved using a capacitor, a current, and a certain amount of time, i.e.,
AV =[At/C. In an SC-MDAC circuit, two of the three mentioned quantities are
readily available: the capacitor is the one found in the opamp’s feedback loop, the
maximum time available is the amplification phase, and only a current source
needs to be added to the circuit (substituting the reference voltage). To determine
the correct amount of current for reference shifting, a global reference shifting
controller, composed of a replica of a pipeline stage and a discrete SC-integrator,
is used (Fig. 1.1). These two circuits operate together to generate the biasing
voltages for the cascode current mirrors and sources of all the ADC’s stages. Note
that, the Vrgr of Fig 1.1 does not need to be buffered.

A.1 Replica Stage

As the name indicates the replica stage is an exact copy of a pipelined stage. Any
deviations or changes to the circuit’s nominal operation will be reflected in this
replica stage, and therefore, corrected. The replica circuit helps minimizing issues
caused by charge injection of the MDAC’s current control switches, duty-cycle
deviation between the main phases, and undesired parasitic effects (opamp’s input,
etc.). Scaling of the replica stage is possible, with respective degradation of
reference shifting accuracy. Given that the ADC’s performance depends on the
matching between the replica and the ADC’s stages, caution must be taken during
transistor sizing to avoid large mismatches.
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Fig. 1.1 Block diagram of the global reference shifting current controller
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Fig. 1.2 Timing diagrams: a MDAC of the replica stage. b MDAC of a pipelined stage. 1: Gain
of two starts, 2: Current reference shifting, 3: Charge injection, and 4: Settling

The MDAC circuit of the replica stage has its inputs tied to analog ground,
therefore, it always (differentially) samples zero. The flash quantizer has its inputs tied
to a differential voltage that forces X always to be high, i.e., it always forces the MDAC
to perform reference shifting (summing the reference). The outputs of the replica stage
are connected to the integrator and compared with the desired reference shifting value,
which depends on the full-scale range of the ADC. The timing diagram of Fig. 1.2a
illustrates the output of the replica stage, which has a gain of two of 0 V (because of the
0 V input voltage), reference shifting (X = 1) and a final period to settle. Figurel.2b
shows a possible output voltage waveform of a pipelined stage, with a gain of two of
the sampled voltage, followed by reference shifting and a final settling period.

A.2 Current Reference Shifting Period Controller

The controller, responsible for generating a shorter phase (shown in Fig.1.3),
initiates operation with capacitor, C, discharged. The input, represented by X, Y, or
Z, goes from 0 to 1, which causes the output (XYZ*) to rise, because INV,’s output
is also high. This output connects to the MDAC’s transmission gates and current
sinking is initiated. Simultaneously, M, turns on and charges C until INV,’s output
becomes zero. This causes XYZ* to fall, terminating the current sinking period.
When the input falls, at the end of ¢,, M, turns on, discharging the capacitor.
The capacitor and M ,’s ON-resistance (R) determine the charging/discharging
time constant, T = RC <1/2Fs, where Fy is the ADC’s sampling frequency.
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Fig. 1.4 Integrator circuit for time-interleaved stages. For single channel ADCs, one of the
channels of the integrator may be discarded

A.3 Discrete SC-Integrator

The SC-integrator, as shown in Fig.1.4, is based on the conventional parasitic-
insensitive architecture. The circuit diagram illustrates an integrator for a time-
interleaved ADC with two channels. For single channel ADCs, one of the channels
of the integrator is removed. The outputs of the replica stage are connected to the
integrator and are compared (differentially) with the desired reference shifting
voltage. The output of the integrator drives a current mirror of the biasing circuit to
generate two biasing voltages, Vcas and Vp. These voltages drive the current
sources of the replica stage (and the current sources of all stages of the ADC) in a
negative feedback loop. This analog calibration scheme allows to continuously
adjust the biasing voltages until the desired reference shifting is achieved, taking
into account all the nonidealities of a pipeline stage.
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